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Summary

Towards a High-Capacity Multi-Channel Transmitter in Generic Photonic
Integration Technology

Optical communication networks provide the foundation of today’s information society by con-
necting people around the world through the global internet. The ever-increasing demand for
more network capacity, fueled by social media, Big Data and the Internet of Things, drives the
development of optical transceiver components towards lower cost, smaller sizes, less power
consumption and higher performance. Photonic integrated circuits (PICs) are regarded as the
technology of choice to meet these requirements, as they provide high-volume manufacturability,
increased scalability and open up the way to continued miniaturization. With the appearance of
photonic foundries offering generic integration platforms, the accessibility of PIC technology is
greatly increased and its entry costs are greatly reduced.

This thesis focuses on monolithically integrated parallel optical transmitters, fabricated in
the InP material based COBRA and Oclaro platforms, utilizing wavelength-division multiplexing
(WDM) to create low-cost, high-capacity, intensity modulation direct detection (IM/DD) solutions
for access networks and short-reach datacom applications. In order to sustain a further increase in
transmitter capacity, both the channel symboling rate and the parallel channel count are expected
to scale up, leading to difficulties in high-speed modulator design and challenges due to higher
integration densities.

We first examine the bandwidth limitations of Mach-Zehnder modulators (MZM), clearly in-
dicating the technological steps that are required to achieve higher operation speed, and demon-
strate 20 Gb/s and 40 Gb/s channel rates on the COBRA and Oclaro platforms respectively.

We then present a comprehensive study of electrical, optical and thermal crosstalk effects
that emerge at high integration densities, which impair the transmitter operation. We successfully
identify circuit-level, radiative and substrate crosstalk as the major electrical coupling mechanism
between channels and establish design rules that relate them to component placement and optical
performance. The minimum modulator separation distance, below which electrical crosstalk
exceeds -40 dB and starts to degrade the transmitter performance, is determined to be 50 µm in
the current technology platform. Optical crosstalk in form of back-reflections into the laser cavity
is investigated and we show that both the reflection magnitude and phase have severe influences
on the behavior of the laser, whereas adjustment of the latter can lead to steady operation regions
and poses a means to control the laser stability. Subsequently, we quantify thermal crosstalk in
closely spaced tunable laser arrays and find a minimum separation of 100 µm for which the
crosstalk induced wavelength shifts are tolerable below 0.1 nm. Alternatively, compensation of
thermal crosstalk induced wavelength variation is demonstrated with phase tuning sections in
the laser design.

Finally, two multi-channel WDM transmitter demonstrators are designed and characterized to
illustrate the capabilities of the generic photonic integration approach to provide high-capacity
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and high-density transmitter PICs. The first transmitter, fabricated in the COBRA platform, con-
tains six 22 nm tunable channels operating at an aggregate capacity of 160 Gb/s and the second
transmitter, fabricated in the Oclaro platform, utilizes eight 10 nm tunable channels with 300
Gb/s aggregate capacity. By using the insight gained on the crosstalk effects and implementing
appropriate design rules both transmitter demonstrators could be designed to occupy minimum
chip space, showing state-of-the-art component densities of 11.5 mm−2 and 6.3 mm−2 and a
record-high capacity density value around 10 Gb/s/mm2.

The results presented in this thesis are a first step in examining the miniaturization limits
of photonic integration technology, in particular, the emerging proximity effects when chip sizes
of increasingly more complex circuits shrink, and by obtaining a better understanding of the
underlying mechanisms, we aim to arrive to viable technological solutions to reduce these effects.
This will become especially important in the future when the need for ever-increasing capacity
pushes PIC technology to its extremes with respect to component density, performance and cost.
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Chapter 1

Introduction

The necessity and ability to communicate and exchange information with the world is an integral
part of us as human beings. Communication between people helped form societies and societies
slowly transformed into civilizations. Today, we live in a civilization where communication is
of fundamental importance. Communication networks span the entire globe and information
exchange occurs at an unprecedented level in terms of volume and speed. We are generating,
sharing and receiving data almost instantaneously through a variety of devices, interconnected
to form a global internet, which has become now part of our daily lives. Information is being
shaped, processed and transported from one place to the other around the world to suit our
needs. We have arrived in the information age.

This was made possible through a series of groundbreaking technological developments,
among which the use of optical fiber for information transfer was decisive in realizing todays
communication networks. The ability to transmit enormous amounts of data over thousands of
kilometers is enabled by the low signal attenuation in silica glass, the material used for optical
fiber, and the fact that information is encoded on properties of light, resulting in a huge usable
bandwidth for data transmission. Technology, however, has to constantly evolve in order to keep
up with the steady increase in bandwidth demand and transmission capacity that is required by
our information society. Therefore, the ability to control and manipulate light, the carrier of the
information, with an increasingly higher level of sophistication becomes key to go beyond the
limits of today’s communication capabilities. Photonic integration is regarded as a potential tech-
nology to provide exactly that in a compact and cost effective way, with the prospects of easy
scalability and mass production. Just as microelectronics integration revolutionized the way we
manipulate electrons and brought us to our present technological level, photonic integration is
predicted to have the same effect on the use of photons and pave the way for technologies of the
21st century. Initiated and driven by the requirements of optical communications, photonic inte-
gration has reached a level of maturity nowadays that will have a profound impact on the future
progression of communication technology. In this first chapter, we start with outlining where
and how optical technologies are already used in communication networks and how photonic
integrated circuits (PICs) can further increase performance and reduce cost. We make the case
for a generic photonic integration approach and point out the challenges that need to be solved,
hereby providing motivation for the work described in the following chapters of this thesis.
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Figure 1.1: (a) Illustration of a single optical link and a wavelength division multiplexed link. (b) Structure
of long-haul, metro and access networks in telecom. (c) Optical links in data center structures
and an illustration of potential optical interconnects on chip level [3]. (d) Total internet traffic
forecast until 2020 [4].

1.1 Multi-Channel Optical Transmitters

In optical communications information is sent by an optical transmitter (Tx) through the trans-
mission medium, the optical fiber, and detected by an optical receiver (Rx). The information is
encoded onto an optical carrier signal with a wavelength in the telecommunication window1,
generated by a laser source, by means of a modulator device [1]. It is because of the high oscil-
lation frequency of the optical carrier signal, which lies around 190 THz, that a high amount of
data can be transported by it. The data then occupies a certain amount of bandwidth around the
carrier in the wavelength domain as indicated in Fig. 1.1a. As the bandwidth of the transmis-
sion medium is large compared to the spectral content of the data, multiple data channels can
be transmitted through the same fiber, using carrier signals at different wavelengths, properly
placed next to each other. Those carrier signals are generated separately, one wavelength per
laser source, and multiplexed together before being sent through the fiber. On the receiver side,
the set of carriers are de-multiplexed so that each is detected separately. This principle, called
wavelength division multiplexing (WDM), was proposed as early as the 1980s and led to a sig-
nificant increase in total transmission capacity through a single fiber [2]. It established the idea
of wavelength channels so that both transmitter and receiver can operate with multiple of those,
introducing the concept of parallelism to optical communications.

The single optical link just described is used to interconnect nodes to form an optical net-
work. The globe-spanning optical network we have today can be differentiated into three types,
corresponding to the distance to be covered as shown in Fig. 1.1b. The core networks range
from hundreds to thousands of kilometers and act as the backbone of the internet. Metropolitan
networks, often in ring form, connect large city areas to the core networks and have a reach of
tens to hundreds of kilometers. Finally, the connection to the individual subscribers and clients
occurs through the access networks that are responsible for the last hundreds of meters to few
kilometers. WDM technology was first used in core networks to increase transmission capacity
but soon found its adoption also in the metropolitan networks, because the advantage of higher
capacity without the need to add additional fibers and to bear the huge installation expenses
overcomes the costs connected with more modules at the transmitter and receiver side. With an
increasing demand for higher bandwidth from the clients and end users, driven by recent devel-
opments such as video streaming, social networks and cloud computing, also the access networks
are in need of more throughput and WDM is expected to penetrate also fiber-to-the-home (FTTH)
access in the form of WDM passive optical networks (WDM-PON) with up to 40 Gb/s down- and

1Depending on distance and speed it can range between 800-900 nm or 1260-1675 nm.
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10 Gb/s upstream [5, 6]. This leads to stringent requirements on the multi-channel transmitter
and receiver hardware as they need to be suitable for high-volume and low cost manufacturing.

Next to telecommunication networks, the field of data communication, the information ex-
change between data centers, server clusters and even from server to server, is now also based
on optical technologies. As illustrated in Fig. 1.1c, optical fibers connect data centers over long
distances with each other and are used within data centers in inter-server communications with
standards such as gigabit ethernet. Here, the main motivations for the use of optics are, in addi-
tion to its high transmission capacity, lower power consumption and a higher connection density
as the fiber itself occupies much less space than copper connections. Higher connection density
also requires smaller form-factor pluggable transceiver modules, which led to the standardiza-
tion of various compact reference solutions [7]. The transceiver hardware therefore needs to
undergo a steady process of miniaturization and integration to meet those requirements. With a
further increase in required transmission throughput to 100 Gb/s and 400 Gb/s from hundreds
of meters up to several kilometers, consolidation of multiple wavelength channels using WDM
technology is envisaged also for data communications [8, 9]. Small form-factor multi-channel
optical transmitters will therefore be needed.

Going to even shorter distances, optical technologies will also be required for board-level
and chip-level interconnects in the future and they will replace electrical interconnections there.
One of the main issues is again power consumption in electrical interconnects that makes up a
significant amount of the total energy cost in high-performance computing systems and mega-
scale data centers. Optical interconnects are believed to have an advantage here and can replace
electrical connections at increasingly shorter distances, whenever throughput, density, cost and
power consumption favor optical solutions over electrical ones [10–12]. With the recent move
of computing architectures towards more parallelism and multi-core operation, multi-channel
transmitters using WDM can be envisaged to be even placed close to the CPU as illustrated in Fig.
1.1c to support the up-scaling of information transfer in those systems.

It is evident that optical communication technology is found nowadays throughout the com-
plete span of information transport systems ranging from very long distance trans-oceanic links
to very short distance connections between servers and it has the potential to replace traditional
electrical interconnects even on chip-scale distances. Key technology requirements in this re-
gard are scalable multi-channel transmitter and receivers that, as well as offering performance
improvements, also need to fulfill economic requirements concerning cost, volume and power
consumption. The never stopping growth of global internet traffic as illustrated in Fig. 1.1d is
driven by the demand for more capacity in all three mentioned areas, in telecom, datacom and
computing. Optical transceiver developments has to follow that by scaling both in channel speed
and also in number of channels. The former can be achieved through improvements in compo-
nent performance such as better laser and modulators, and through the use of advanced modu-
lation formats combined with digital signal processing, thus increasing the spectral efficiency per
wavelength. The latter follows the concept of parallelism and can be realized by incorporating
more channels into the transmitter. In any case, both scaling directions would require ever more
complex transmitters with more components that need to be combined together. On the other
hand, these transmitters need to have increasingly smaller form-factors and be manufacturable
in high volume at low cost. This points inevitably to the direction of component integration and
it is here where the technology of photonic integrated circuits comes into play and where it has
gained significant importance in recent years2.

2It should be noted here that the specific requirements on transmitter and receivers for the three areas telecom, datacom
and computercom are different in practice. Performance increase in form of more throughput per fiber is the main driver
for long-haul telecom links, resulting in recent developments of coherent optical communication with techniques such as
Nyquist-WDM and OFDM that bring the capacity close to the theoretical nonlinear Shannon limit [13,14]. More recent work
on multi-core fiber use space-division multiplexing to exceed that limit and demonstrate up to 1.5 Pb/s ·km transmission [15].
The criteria of cost and form factor are less important here. For access networks and datacom applications, volume and low
cost are the main drivers so that simple transmitter components are preferred. Finally power consumption is the main issue
in optical interconnects for computer communications.
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Figure 1.2: (a) Concept of photonic integrated circuits. (b) Development of photonic integrated circuit com-
plexity over time. Data from [23] extended with [24].

1.2 Photonic Integrated Circuits

With photonic integrated circuits (PICs) we mean the combination of several optical components
which are connected together to form a functional circuit on a single monolithic substrate mate-
rial. This technology allows the integration of multiple devices, e.g. lasers, detectors, modulators
and filters as indicated in Fig. 1.2a, into a single semiconductor chip.

Shortly after the first demonstration of the semiconductor laser in 1962 the concept of pho-
tonic integration, or integrated optics as it was called at that time, was proposed in the Bell System
Technical Journal with the prospect of similar advantages as integrated electronics [16]. These
include the ability for wafer scale mass production, resulting in lower device costs, the ability to
scale to higher integration density and smaller component size, leading to less power consump-
tion and higher operation speed and the addition of functionality because more complex circuits
can be created. After initial demonstrators that integrated a few components on a chip [17–19],
the complexity of PICs steadily increased through the years with the invention of the arrayed
waveguide grating (AWG) [20]. With its help multi-channel devices could be realized and an
exponential increase in number of components per chip was observed, shown in Fig. 1.2b, which
was later named as the Moore’s Law in photonics [21], reflecting the similarity with Moore’s Law
in microelectronics [22], that foresees a doubling of transistor numbers per chip every two years.

Clearly, the historical development of PIC complexity was driven by the needs of optical com-
munications and its focus on parallelism in WDM transmitter and receivers as the majority of
demonstrators were aimed at this application space. It led finally to the first commercial deploy-
ment of a WDM transmitter PIC with 51 components, fabricated by the company Infinera in 2005,
that contains 10 wavelength channels each operating at 10 Gb/s [25]. Shortly after, more com-
plex WDM transmitter and receivers followed from Infinera that are still the state-of-the-art today
in large-scale photonic integrated circuits with respect to chip complexity, transmission capacity
and number of channels [26–28].

The mentioned examples and also the ones shown in Fig. 1.2b are from PICs fabricated on the
indium phosphide (InP) material system, in which lasers can be easily realized because InP is a
direct bandgap semiconductor. Recently, with the promise of cheaper material and manufacturing
costs and close integration with CMOS electronics, silicon has been proposed as a new material
system for PICs [29–31]. Considerable research effort and investment has been spent on silicon
photonic integration, or silicon photonics, to realize WDM transmitters and receivers, because
silicon, as an indirect bandgap material, does not easily allow lasing operation. Nevertheless,
multi-channel transmitters were achieved in silicon photonics both as research demonstrators
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(recent examples [32–34]) and commercial products3 and are the subject of very active research.
The majority of demonstrations still rely on external laser sources or use a hybrid integration
approach to connect modulator with laser chips and the future prospects of both InP and silicon
photonics is presently heavily debated and no conclusion can be made on which material system
will prevail in the long term [35]. It is predicted, however, that InP will have a higher importance
in commercial products in the short term [36]. Within this work, we investigate photonic circuits
fabricated in the InP material system4.

Although research on photonic integration started early, its commercial use for large-scale in-
tegrated PICs was only seen in the recent 5 to 10 years. The rate of exponential chip complexity
growth in Fig. 1.2b for photonics is also significantly lower than its microelectronic counterpart in
Moore’s law. Instead of a doubling every two years, we can observe the same complexity increase
only after three years in photonics. In part, the reason of the slow progress lies in differences
in the research and development methodologies followed in electronic and photonic integration.
In photonics the majority of integration technologies are developed and optimized for a specific
application. This results in many different specialized technologies that are neither easily con-
solidated nor of use to applications outside the original scope. This kind of fragmentation and
constraint prevented the creation of a working ecosystem and widespread adoption of photonic
integration by a bigger user community. In contrast, electronic integration nowadays is often
performed by a few large foundries that have standardized platforms, supporting a wide range of
applications5. A broad spectrum of functionalities can be realized by combining basic functional
components, offered by foundries, such as transistors, resistors and capacitors, to form bigger
circuit designs. It has been proposed that a similar strategy should be adopted for photonic inte-
gration to accelerate and facilitate the design, fabrication and application of PICs. In fact, recent
research collaborations in Europe have successfully created such a foundry based ecosystem lead-
ing to the emergence of generic photonic integration technology [23, 37]. In parallel, the many
specialized photonic integration processes will certainly continue to exist, as they can provide
high performance whenever needed in a specific applications.

1.3 Generic Photonic Integration Technology

The goal of the generic photonic integration approach is to facilitate the use of PIC technology
for a broad range of applications and thereby accelerate its commercialization. It does that by
focusing on standardization of the integration platform and cost reduction of the integration
technology.

Standardization is ensured through the use of basic building blocks that fulfill optical func-
tions, such as manipulation of the amplitude or phase of light and its guiding. The corresponding
building blocks are the semiconductor optical amplifier (SOA), the phase modulator and the pas-
sive waveguide, as shown in Fig. 1.3. More complex functions and circuits can be composed
out of the basic building blocks to form composite building blocks that include both passive com-
ponents such as splitters, combiners and filters, as well as active components, such as lasers,
modulators and detectors. This way, increasingly more complicated circuits can be realized that
build on well-established sub components, which eases the design of large-scale photonic circuits
that are needed e.g. for multi-channel transmitters.

3Product announcements based on silicon photonics have been made by companies such as Intel, Teraxion, Lumentum,
Kaiam and Luxtera by the time of September 2016.

4As the principle of integration is the same for both InP and silicon most of the used methodologies in this work also apply
for silicon based photonic circuits.

5It should be noted here that some companies in microelectronics, such as Intel and a few others, are not foundry oriented
but dedicate their process to specific products. Nevertheless the foundry model benefited the progress of microelectronic
integration.
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Figure 1.3: Concept of the generic foundry model for photonic integrated circuits. Standardized platforms
with basic and composite building blocks form complex circuit designs that are manufactured in
multi-project wafer runs.

Because such a platform is highly flexible, it can be attractive to many applications and users,
even outside the area of optical communications6, so that many circuit designs can be formed.
Due to the standardization of the platform it is possible to combine all these designs in wafer-
scale fabrication within multi-project wafer runs (MPW), in which each user is allocated a certain
cell for its design on a wafer. After fabrication of the wafer, individual cells are returned and the
fab costs can be shared by the entirety of the users, therefore reducing the entry cost to photonic
integration technology.

This concept, pioneered through the COBRA integration platform7, has been adopted by the
Fraunhofer Heinrich-Hertz Institute (HHI) and the company Oclaro in case of the InP material
system and both have offered foundry services. Numerous PICs were fabricated in generic inte-
gration processes so far including but not limited to circuits for WDM applications [40–45]. Other
application areas that used the generic photonic foundry services cover gas and strain sensing,
particle physics and THz electronics [23].

Created from the needs of optical communications, photonic integration technology has now
matured into an enabling technology that is not solely used for information transport anymore
but also benefits other areas of technology. Nonetheless, the future needs of multi-channel optical
transmitters and receivers keep driving PIC technology to its limits. The required degree of com-
plexity and parallelism in WDM applications pushes photonic circuits towards higher integration
density, smaller footprint, and economics require at the same time improved energy efficiency
and cost effectiveness with high volume production. These requirements are creating technolog-
ical challenges for photonic integration technology applied to WDM transmitters that need to be
addressed in order to continue its success story.

1.4 Emerging Challenges

Many of the emerging challenges that are of concern have their origin in the small physical dimen-
sions of photonic integrated circuits. Fig. 1.4a depicts one of the WDM transmitters presented in
this work with about 200 components, illustrating its compactness. Given the same functionality

6Photonic technologies for sensing in metrology and biology for example are gaining importance and can potentially
benefit greatly from photonic integration technology [38,39].

7The COBRA platform, first developed in the COBRA Research Institute, is now commercially adopted by the company
SMART Photonics.
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Figure 1.4: (a) Photograph of a WDM transmitter PIC fabricated in the COBRA platform. (b) Evolution of
PIC complexity normalized to chip area (Examples from [23,24]). (c) Overview of challenges for
WDM transmitter PICs.

and performance, smaller sized chips will have an advantage over their bigger competitors as
more can be manufactured on the same wafer, reducing the cost per chip. Smaller modules can
be realized, thus leading to higher interconnect density or more capacity can be achieved with
the same module size. Finally, higher component speeds can be sustained because of reduced
parasitics and less power consumption. Fig. 1.4b plots the complexity development of PICs over
time similar to Fig. 1.2b but normalized to its chip area. It can be observed that the compo-
nent density also follows a trend similar to Moore’s law and increases exponentially with time.
However, this cannot be sustained indefinitely and limiting factors will appear when certain inte-
gration densities are reached. In fact, in the case of microelectronic integration, this seems to be
happening and Moore’s law is slowed down in recent years due to thermal issues and quantum
effects dominating at ever smaller feature sizes [46, 47]. In case of integrated photonics simi-
lar effects will appear that limit further scaling towards higher integration density independent
whether it is a generic or specialized platform.

Fig. 1.4c illustrates the main challenges for future scaling of photonic integrated circuits. On
one side, there are fundamental limitations related to physical effects that manifest themselves
as crosstalk. High-frequency signals that propagate in dense photonic circuits generate electro-
magnetic interference, leading to electrical crosstalk noise. Especially in case of high bit rate
multi-channel communications, this can lead to degradation of the information signals, intro-
ducing errors in the transmission. Undesired reflection and cross-coupling of light in the wave
guiding network on chip can lead to optical crosstalk, which becomes less manageable with in-
creasing circuit complexity and reduced separation distances. Furthermore, active devices such
as lasers exhibit resistive heating and heat extraction becomes more difficult with smaller chip
sizes, resulting in performance degradations due to thermal effects, including thermal crosstalk
affecting adjacent devices.

Next to the physical mechanism, there are challenges of a more technical kind, such as finding
approaches to reduce power consumption but still guarantee that those methods are cost effec-
tive. One of the major technical issues lies also in the packaging of photonic circuits. Traditional
ways are based on hybrid assembly of electronics and photonics via wire bonding [48], but these
ultimately run into problems of low interconnect density and package parasitics that limit further
scaling of photonics and its maximum operation speed. Suggestions involving wafer bonding or
flip chip bonding of electronic and photonic chips show great potential but packaging of PICs
remains a difficult task and is the subject of active research [49–52].
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The challenges that are present in photonic integrated circuits for high-capacity multi-channel
transmitters lead to the formulation of several questions which we want to address in this thesis.
To suit the increasing demand for more capacity, WDM transmitter PICs need to scale in two
directions: higher modulation speed per channel and higher integration density, leading to more
channels per transmitter. For the former target it is meaningful to investigate how modulator
speed can be increased, especially in the context of generic integration platforms, and what fac-
tors influence the performance of the modulator building blocks. Concerning the latter aspect, it
is of great interest to study when miniaturization will affect transmitter performance and to what
degree. In particular, the question arises, what minimum size can be achieved for WDM trans-
mitters before crosstalk effects are dominating and furthermore, which technological solutions
exists that can reduce crosstalk and sustain further miniaturization. Finally, there is the question
if generic photonic integration has the necessary capability and provides the right performance
for multi-channel WDM transmitter applications and how they perform with respect to special-
ized platforms such as those for existing commercial products. This work tries to address those
questions and explore the application space of WDM transmitters within the generic photonic
integration approach.

1.5 Thesis Outline

The thesis describes the developments towards high-capacity multi-channel WDM transmitters
realized in generic photonic integration technology and aimed at short reach applications such as
FTTH or small form-factor optical transmitters. Emphasis is put on component and transmitter
design and especially on various crosstalk phenomena that might affect transmitter performance.

In chapter 1 the importance of multi-channel WDM transmitters for telecom and datacom
has been described. Photonic integration is mentioned as a key technology that can be applied
here to enable a further increase in transmission capacity and volume production. We made the
case for a generic integration approach which reduces the cost of entry for PIC technology and
pointed out emerging challenges that will limit further scaling in complexity and density of PICs.

Chapter 2 gives an introduction on the two generic integration platforms used in this thesis.
The main aspects of both the COBRA and Oclaro platforms are presented in order to prepare for
following discussions in later chapters.

Chapter 3 discusses the design of high-speed modulators, which are essential for WDM trans-
mitters, in both the COBRA and the Oclaro platform, and determines the achievable transmission
speed per channel. Starting from modeling and design of traveling-wave Mach-Zehnder modu-
lators in the COBRA platform, we report measurement results of two different designs and point
out ways towards higher modulation speed and efficiency. Characteristics are also presented of
a capacitively-loaded traveling-wave modulator from the Oclaro platform that utilizes a newly
designed broadband coplanar-stripline RF transition.

Chapter 4 deals with the issue of electrical crosstalk as one of the challenges in PIC scal-
ing. We explain the main sources of crosstalk propagation and then focus on its measurements
in densely integrated modulator arrays, leading to an experimentally found relation between
separation distance and crosstalk strength. The influence of electrical coupling on optical modu-
lation is further investigated both in simulation and experiment and we point out ways to achieve
crosstalk reduction.

Chapter 5 explores the mechanisms of optical crosstalk in WDM transmitters, especially re-
flections of light occurring in the photonic circuit that find their way back into the laser cavity,
causing problems for stable operation. We present simulation results on the impact of such feed-
back light on laser operation and discuss experimental results for the feedback effect obtained on
a packaged DBR laser fabricated on the Oclaro platform.
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Chapter 6 presents the problem of thermal crosstalk in WDM transmitters. Joule heating
causes a temperature rise that affects laser operation in a negative way. We discuss design rules
for laser arrays on the COBRA platform based on thermal simulations and show experimentally
with an array of DS-DBR lasers from Oclaro that the presence of tuning sections can compensate
in certain situations for thermal crosstalk.

Chapter 7 details the design and characterization of two prototype transmitter PICs that
are realized in generic integration platforms. The first transmitter PIC is a six channel device
fabricated in the COBRA platform, based on a tunable coupled-cavity laser design with traveling-
wave modulators as presented in chapter 3. The second transmitter is an eight channel device
fabricated on the Oclaro platform, based on a tunable DBR laser design with capacitively-loaded
modulators also discussed in chapter 3. We present static and dynamic measurement results of
both devices and demonstrate the feasibility of multi-channel transmitters in generic integration
technology.

Finally, in chapter 8, a summary of the main conclusions from the previous chapters is given
and their implications are discussed. An outlook on possible directions for future research is
presented in the end.

This research was funded by the Dutch STW project ELPHI8 (No. 11354). We acknowledge
cooperation with the European FP7 PARADIGM9 project, with the foundry partners Smart Pho-
tonics and Oclaro Technology Ltd, the packaging partners Tyndall National Institute, the research
partner Nokia Bell Labs and the user partners TE Connectivity, Genexis, IBM and Fraunhofer
HHI.

8ELPHI: Exploring the Limits of Photonic Integration
9PARADIGM: Photonic Advanced Research And Development for Integrated Generic Manufacturing





Chapter 2
Generic Photonic Integration Platforms

The introduction chapter already mentioned the advantage and importance of a generic photonic
integration platform and why providing easy access to it is highly beneficial for the success of
photonic integration as a whole. Several foundries that offer such platforms exist in the European
photonic integration landscape, all with similar capabilities on offer, but slightly different in their
details [37]. Within the JePPiX consortium, three foundries were offering MPW services during
the time frame of this thesis work: the SMART Photonics, Oclaro and Fraunhofer HHI foundries.
Their respective integration platforms exhibit differences. The COBRA platform can be seen as a
general purpose, low complexity platform, that is suited for fast prototyping purposes. The Oclaro
platform has more advanced features and is better suited for Tx-applications whereas the HHI
platform is optimized for high-speed Rx-applications. All three foundries are steadily improving
their capabilities. Oclaro has recently decided to stop offering open access to its foundry process.

In this chapter details of the COBRA and OCLARO generic foundry platforms are presented.
All the devices discussed in this thesis have been fabricated within one of these two platforms
and are the result of either a standard, an experimental or a custom MPW run within those
platforms. By describing the basic technology choices common to the two processes and outlining
the differences between them, we present the foundations on which the devices and circuits
discussed in later chapters are built.

2.1 COBRA Integration Platform

The COBRA platform is based on a 3-step epitaxial growth with MOVPE1 on highly doped n-InP
substrate material. The three growth steps are for the active core, the passive core and the upper
cladding layers respectively. This can be seen in the schematic of Fig. 2.1 which depicts the cross
section of different basic components in the COBRA platform. The first growth step establishes
the multi quantum-well (MQW) layers which are sandwiched between quaternary InGaAsP layers
to define the gain material. An etching process is then introduced that removes the gain layers
except at locations where semiconductor optical amplifiers (SOA) are needed. A following second
growth step defines a passive bulk InGaAsP layer (Q-1.252) for low-loss waveguides, so that the
active and passive layers are at the same height and connected via a butt-joint interface. The
third growth step establishes the upper cladding layers, formed by p-InP and InGaAs.

Components, such as waveguides, SOAs and phase-modulators, are created by etching through
the epitaxially grown layers and subsequent passivation and planarization to form ridge waveg-

1MOVPE: Metalorganic Vapour Phase Epitaxy
2Q-1.25: quaternary InGaAsP with material bandgap at 1.25 µm
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Figure 2.1: Basic building blocks in the COBRA generic integration platform with cross sectional view.

uides. Four etch steps lead to the definition of deep and shallow etched waveguide sections, an
isolation and an interconnect section. The latter two are used for electrical purposes. The iso-
lation section is made by etching through the top InGaAs and p-InP layer and has the function
to electrically disconnect neighboring devices. The interconnect section is formed when the top
InGaAs layer is etched away and metal is placed on top of the passivation layer.

Both the shallow and deep etched ridge waveguides can be used for guiding light through
the circuit. The former has a lower attenuation of around 2 dB/cm at the expense of a larger
minimum bend radius of 400 µm. The deep waveguides allow for tighter bends with down to 50
µm bend radii but exhibit higher propagation losses of about 4 dB/cm. Therefore a combination
between shallow and deep waveguides is used in the transmitter circuits discussed in this thesis
to allow for flexible routing within the limited chip area. The shallow waveguide has a width of 2
µm allowing propagation of the fundamental and first order mode whereas the deep waveguide
with 1.5 µm width only guides the fundamental mode. Those two etch depths apply also in the
definition of most of the available passive components on the COBRA platform, such as multi-
mode interference couplers (MMI) and reflectors (MIR) and arrayed-waveguide gratings (AWG).

The SOAs are based on shallow etched ridge waveguides with a multi quantum-well core
design with emission bandgap energy at 1.55 µm. The SOAs allow for the propagation of both
transverse-electric (TE) and transverse-magnetic (TM) polarized modes but optical gain is higher
for the TE mode, leading to a preference of TE output in lasers. The passive waveguides have a
bulk InGaAsP core layer with 1.25 µm bandgap, so that their absorption is low at telecommuni-
cation wavelengths in the 1.55 µm band.

The electro-optic phase modulators can be realized with both shallow and deep etch waveg-
uides. They operate in a reverse-bias condition and use a combination of field and carrier based
electro-optic effects in the bulk Q-1.25 material. More details on the working principle are given
in chapter 3 when the high-speed modulator is discussed.

The COBRA process uses the organic polymer polyimide for the purpose of protecting the
ridge waveguides and planarizing the entire wafer. Polyimide is deposited onto the wafer by
spin-coating and etched back to the height of the InGaAs contact layer. This process is repeated
multiple times to ensure a flat profile throughout the whole wafer. After planarization, electrical
interconnections can be realized by placing metal lines on top of the polyimide layer. In a recent
update of the process, it allows for selective removal of the polyimide after illumination, e.g. at
places where the n-InP layer needs to be accessed electrically. This makes n-metal deposition
possible and also allows for transitions of the electrical interconnects from the top level to the
n-InP level as shown in Fig. 2.1.

Using elementary functional components, also called basic building blocks, for optical gain,
phase-shifting, optical and electrical routing, as depicted in Fig. 2.1, more complex compo-
nents and circuits can be built up, including lasers, Mach-Zehnder modulators, detectors, AWGs,
splitters and combiners. Those more complex components can then be used to form an optical
transmitter circuit. Fabrication of standard MPW runs is performed by the SMART Photonics
foundry since 2013.
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Figure 2.2: (a) Basic building blocks of experimental Oclaro generic integration platform and cross sectional
view. (b) Cross section of RF lines and contacting schemes for p and n contacts.

2.2 Oclaro Integration Platform

The Oclaro integration platform is very similar to the COBRA platform with respect to epitaxial
growth and processing. It is also based on n-doped and p-doped InP layers that enclose a quater-
nary core layer for waveguiding and provides a set of basic building blocks. The cross section of
different basic building blocks is given in Fig. 2.2.

The waveguides are based on deeply etched ridges where the core layer can be tuned in its
emission bandgap. For SOAs the core consists of MQW material at 1.55 µm bandgap and for
electro-optic phase-shifters the MQW has a bandgap of 1.42 µm. This allows for selective place-
ment of either efficient low-loss phase-shifters or gain sections. In case of passive waveguides, a
low-loss tunable infill replaces the MQW structure. The three different core layers are realized
with subsequent regrowth processes, so that butt-joint interfaces are present at the transitions. In
addition to active and passive waveguides, the platform also includes distributed Bragg-reflection
sections (DBR) where a periodic index perturbation is introduced between the top p-InP cladding
and the core guiding layer. This section can be used to form narrow-band reflectors for use in
DBR lasers. Furthermore, selective area growth (SAG) is used to form spot-size converters that
adiabatically increase the mode size on the chip to enable more efficient coupling to fiber. After
the epitaxial growth and waveguide definition, the structures are then passivated using an inor-
ganic dielectric. Following that, a metalization step forms the electrical contacts for devices and
for routing of electrical signals.

One of the advantages of the OCLARO platform lies in its improved high-frequency capabil-
ities. Next to DC metal lines, RF lines are supported using a coplanar waveguide geometry as
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illustrated in Fig. 2.2b. For this, the semiconductor layers are completely removed and a thick
passivation dielectric is used. This reduces the losses at microwave frequencies because no doped
layers are present anymore, allowing for higher bandwidth RF interconnections. To improve fur-
ther on the high-frequency performance, a semi-insulating InP substrate can be used as a basis for
epitaxial growth in the process. In that case, the ground contacts for the SOAs and phase-shifters
have to be accessed from the top of the chip through openings in the passivation and etching
through the top p-InP and core layers. The metal contacts are then placed on the exposed n-InP
layer.

The OCLARO devices discussed in this thesis all follow this approach and have been fabricated
in an experimental MPW run using a semi-insulating substrate.



Chapter 3

High-Speed Modulator Design

The purpose of the modulator component within an optical transmitter is the conversion of infor-
mation from the electrical domain into the optical domain. It is one of the two main components
in any optical transmitter, next to the laser source, and it significantly influences the specifica-
tions and the performance of the transmitter including its capacity, output power to extinction
ratio and overall power consumption. Advancements in modulator design and development are
therefore crucial for achieving high-performance transmitters. We will first present the state-of-
the-art in high-speed modulator development and then look at the specific design variants within
the COBRA generic platform. To improve on modulation speed, accurate microwave modeling is
required and this is discussed as an enabling methodology to better understand the limitations
on modulation speed. We present optimization of the modulator design and discuss several fab-
ricated devices. After presenting measurement results, we point out the performance limiting
factors, which have been studied in detail for the COBRA platform. At the end of this chapter we
conclude with the design and measurement of a high-speed modulator on the Oclaro platform
that can overcome those limitations.
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Figure 3.1: Structure and modulation of the optical intensity in case of (a) Mach-Zehnder and (b) electro-
absorption modulators.
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Table 3.1: State-of-the-art in III-V modulators

Reference Year Type EO bandwidht Speed Vpi Integrability

[53] 2009 EAM 39 GHz 40 Gbaud 2 V DFB-EAM
[54] 2008 EAM 60 GHz 86 Gbaud 4 V DFB-EAM
[55] 2012 EAM 35 GHz 56 Gbaud 1.7 V DFB-EAM
[56] 2013 MZM 20 GHz 28 Gbaud 4 V DBR-MZM/hybrid
[57] 2009 MZM 30 GHz 40 Gbaud 3 V no laser
[58] 2015 MZM 42 GHz 60 Gbaud 2.5 V DFB-MZM
[59] 2008 MZM 35 GHz 40 Gbaud 3 V no laser
[60] 2016 MZM 67+ GHz 120 Gbaud 1.5 V no laser

1 Modulation speed is reported in Gbaud as several examples operate with higher order
modulation formats.

3.1 State Of The Art

3.1.1 Optical Modulator Types

Optical modulators can be based on different working principles where the electrical information
is mapped onto properties of the optical signal. The optical carrier field has three properties that
can be changed to encode information, namely its intensity, phase and polarization. Historically,
the first optical communication systems worked with modulation of the optical signal intensity,
mainly because the receivers used square law detection, whose response is directly linked to
the optical signal intensity. Intensity modulation can be achieved either by directly changing
the current to the laser source or by using a modulator device, external to the laser source.
In the former case, frequency chirping of the output optical signal is inevitable, which limits the
transmission distance and capacity due to fiber chromatic dispersion [61]. The reason for this lies
in the inherent coupling of the real and imaginary part of the index of refraction in semiconductor
materials [62]. Whenever the absorption is changed by current modulation in the laser, the
optical phase undergoes change as well, resulting in frequency broadening of the optical output.
Furthermore carrier dynamics in semiconductor lasers tend to limit its direct modulation speed
to several Gigahertz. Therefore, for high-speed applications, external modulators are preferred.

Many types of external modulators exist, each with their respective advantages and draw-
backs. A good overview can be found in [63]. The two most commonly used modulator types
are the Mach-Zehnder modulator (MZM) and the electro-absorption modulator (EAM). The for-
mer is employed in most of the long-haul optical links as a high-performance, versatile modu-
lator device, whereas the latter is used more in short-reach applications such as in access and
metropolitan networks. Fig. 3.1 shows the working principle of both modulators. In a MZM the
optical signal is split into two and propagates through two waveguides, where in each the opti-
cal phase can be changed depending on an applied voltage signal. At the end both waveguides
are combined and the two optical signals superimpose at the output. Depending on the phase
difference ∆φ = φ2 −φ1 between both arms of the MZM, the output signal is the result of either
constructive or destructive interference and the intensity-phase relation is described by a cosine
square function. In case of the EAM, the optical absorption is a function of applied voltage and
the transmission through the device can be controlled in this way. The intensity-voltage relation
shows a gradual and smooth decrease of transmission with increasing voltage values.

In terms of chirp performance, the MZM is preferred over the EAM, as the chirp of the output
signal can be set in an exact way by controlling the propagation constants in each arm of the
modulator, i.e. zero chirp output can be achieved when the propagation constants are equal
in magnitude but opposite in sign [64]. This property of MZMs makes them ideal for long-
haul applications where zero chirp or negative pre-chirping can be achieved [65]. In contrast,
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Figure 3.2: (a) Schematic showing a traveling-wave electrode on a MZM. (b) interaction of a propagating
microwave and optical CW-signal at different times and locations along the propagation direction.

EAMs suffer from the same inherent link between intensity and phase modulation as in directly
modulated lasers. Although it is possible to control the chirp parameter of the output pulses
in case of EAMs, the method is not straight forward and restricts the bias voltage to specific
values [66]. From a high-frequency point of view, both the EAM and the MZM are electrically
decoupled from the laser source, so it is possible to optimize their microwave design separately
from the laser and achieve high modulation speeds. Table 3.1 contains some of the recent work
on MZ and EA modulators on III-V material systems. In general, EAMs exhibit larger insertion
loss due to the absorptive nature of the device and are limited in extinction ratio and optical
bandwidth, whereas MZMs have less insertion loss, higher extinction ratio and optical bandwidth
at the expense of a bigger footprint and often larger drive voltages.

In this work we decide to use MZMs as the preferred modulator choice for multi-channel
transmitters, opting for more performance and tolerating a bigger device footprint. Apart from
the advantages in device performance, using MZMs also gives the possibility to employ higher
order modulation formats such as DQPSK or 16-QAM by using multiple nested stages of MZMs
[67]. This becomes more and more important if the goal is to go towards higher bit rates and
spectral efficiencies. An increase in spectral efficiency by using higher-order modulation format
can make use of the same analog bandwidth but at the same time increase the total transmission
capacity. In addition more robustness towards fiber impairments can be achieved.

A more practical reason for MZMs is specific to the COBRA integration platform. The process
allows for only one MQW layer which is normally adapted to an optimized laser operation. EAM
operation with this MQW material would show increased insertion loss and low modulation
efficiency because the operating wavelength would be too close to the band edge.

3.1.2 Traveling-Wave Modulators

Most of the recent high-bandwidth modulators utilize a traveling-wave electrode instead of a
lumped element electrode to carry the electrical data signal. A lumped electrode exhibits a cer-
tain capacitance and together with a finite series resistance, its RC charge and recharge time
limits the usable modulation speed. This capacitance can be circumvented by using a traveling-
wave approach, where the microwave signal propagates from the start of the electrode to its end.
The electrode behaves as a transmission line and the signal only sees the transmission line capac-
itance per unit length and not the capacitance formed by the total electrode so that RC roll-off is
effectively overcome [68]. Further increase in modulation speed can be achieved if both the elec-
trical signal and the optical signal are matching their propagation speed, so that the interaction
takes place at the same relative location throughout the length of the modulator [69].

Fig. 3.2a depicts the structure of a traveling-wave electrode used in a Mach-Zehnder modula-
tor. The RF data signal is fed from the left and co-propagates with the underlying optical signal.
During the propagation along the electrode, the electro-optic interaction takes place. In the ideal
case, the optical and electrical group velocities are matched and their interaction accumulates



18 High-Speed Modulator Design

500 1000 1500 2000

Electrode length (µm)

0

2

4

6

8

10

RC
 b

an
dw

id
th

 (G
H

z)
Lumped electrode operation

(a)

500 1000 1500 2000

Electrode length (µm)

0

20

40

60

80

100

Ba
nd

w
id

th
 (G

H
z)

Velocity mismatch limitation

nµ  = 6

nopt = 3

(b)

Figure 3.3: Calculated modulation bandwidth in case of (a) a lumped element electrode with 2 µm ridge
waveguide width and (b) a traveling-wave electrode with velocity mismatch factor of 2 for COBRA
phase-shifting sections.

along the whole electrode length as shown in Fig. 3.2b. As a result the local phase change stays
at the same place of the optical envelope and travels along the electrode. The traveling-wave
electrode needs to be properly terminated at the right end to reduce reflections.

A simple way to demonstrate the advantage of the traveling-wave approach over the lumped
electrode in terms of modulation speed is to estimate the 3dB bandwidth in both cases. The RC
limited bandwidth can be calculated as

flumped = 1

2πRC
, (3.1)

with R the access resistance and C the lumped electrode capacitance. Fig. 3.3a depicts the
achievable bandwidth for a waveguide width of 2 µm, depending on the electrode length L,
assuming R = 50 Ω and a parallel plate capacitor approximation for the modulator capacitance.

In case of a traveling-wave electrode, it can be shown that the modulation bandwidth is
limited by the velocity mismatch between the optical and electrical signal, when we assume ideal
conditions 1 [70]:

fT W = 1.4c

π|nopt −nµ|L
, (3.2)

with c the vacuum light velocity, nopt and nµ the effective optical and microwave index and L
the electrode length. Fig. 3.3b shows that even in case of a velocity mismatch of factor 2 the
traveling-wave approach exhibits much higher modulation bandwidth. The walk-off becomes
only a limitation above 40 GHz for typical MZM lengths of 1.3 mm in the COBRA integration
platform. Below that frequency, impedance mismatch and microwave attenuation are the limit-
ing factors for traveling-wave modulators [71, 72]. To make use of the advantage over lumped
element electrodes, we designed the modulators in this thesis to work in the traveling-wave
mode. More insight into the traveling-wave operation is given in the subsequent sections.

3.1.3 Bandwidth-Efficiency Trade-Off

From Fig. 3.3 we observe that the bandwidth of the modulator depends on its electrode length
both in case of lumped and traveling-wave operation. In fact the lumped operation with suffi-
cient long L can be seen as a traveling-wave configuration where the input feed is positioned

1Zero microwave loss and no impedance mismatch
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at the transmission line center, so that two waves propagate towards the start and end of the
lumped electrode. Its standing-wave pattern imposes the lumped element RC limitation [73].
Longer electrodes have more accumulated electro-optic interaction and therefore require less
drive-voltage. However, due to a larger propagation distance of the electric drive signal, mi-
crowave losses will attenuate it, resulting in a drop in electro-optic bandwidth. This trade-off
between drive voltage and modulation bandwidth is characteristic for electro-optic modulators
and depends among others on the specific technology used. The COBRA platform which is based
on electro-optic modulation in bulk Q-1.25 waveguides, exhibits a relatively weak electro-optic
efficiency when compared to other waveguide technologies based on multi quantum-well ma-
terial. As discussed previously, the platform is the result of many compromises that enable the
proper functioning and integration of a complete palette of active and passive components into a
relatively simple process for multi-project wafer runs. Yet, by adjusting the technology or making
appropriate changes to the platform, e.g. introducing a semi-insulating substrate, its capabili-
ties can be increased. An inclusion of quantum-well material into the electro-optic phase-shifters
would mark an additional step towards high performance and make the electro-optic efficiency
comparable to most of the state-of-the-art demonstrations from the literature. More insight into
how exactly those two technological changes will affect the bandwidth-efficiency limitations of
modulators in the standard COBRA platform will be discussed in the following sections.

3.2 Traveling-Wave Modulator in COBRA Platform

In this section we look at the modeling, design and characterization of traveling-wave Mach-
Zehnder modulators on the COBRA generic integration platform. We first present a basic MZ
modulator building block on which we detail the static and dynamic analysis methodologies, its
design and characterization results. Afterwards, limitations on modulator speed and efficiency
are discussed and a second optimized design is presented.

3.2.1 Static Modeling and Design

The static behavior of a traveling-wave MZM is governed by the performance of the electro-optic
phase-shifters. They consist of a standard optical waveguide that is electrically in contact with
a microwave transmission line. The design of the transmission line and the underlying optical
waveguide structure directly influences the modulator static and dynamic performance.

Fig. 3.4a shows the structure of the shallow ridge waveguide used in the COBRA platform.
Light is guided in the core layer through total internal reflection, which is situated between a top
cladding and a bottom buffer layer, both with lower refractive indices. This waveguide structure
allows for the propagation of the fundamental and first order mode, both TE and TM polarized,
due to the wide ridge width of 2 µm. The deeply etched waveguide as described in chapter 2
has a ridge width of 1.5 µm and only guides the fundamental mode with the two degenerate
polarizations. It is often used when small waveguide curvatures are needed in a design because
the mode is more confined with respect to the shallow waveguide, leading to less radiation losses
in the bends. As it behaves very similar to the shallow ridge waveguide concerning its electro-
optic properties and only minor differences are expected we will focus on the shallow waveguide
in the following to detail the modeling methodology.

Fig. 3.4b depicts the optical field distribution of the fundamental TE mode for the shallow
waveguide. The results are obtained from simulations performed using FIMMWAVE [74] with
the material parameters as listed in Table 3.2. The refractive indices for the different layers and
compositions can be obtained using the modified single oscillator model [75] as described in
appendix section A.2.
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Table 3.2: Phase-Shifter layer stack

Layer Composition Thickness Doping Refractive index Carrier mobility Conductivity
(nm) (cm−3) n′ n′′ (cm2/V s) (S/m)

contact layer InGaAs 280 1 ·1019 3.7434 1.4660 96 23000
top cladding p-InP 1350 0.5−1 ·1018 3.1645 0.0447 95-110 1520-880
core I i-InP 210 6 ·1016 3.3640 1.9 ·10−3 - -
core II i-Q1.25 510 6 ·1016 3.3636 5.0 ·10−3 17070 16400
buffer layer n-InP 1500 5 ·1017 3.1676 6.2 ·10−3 2300 27600
substrate n-InP 20000 4−6 ·1018 3.1645 8.8 ·10−3 1800 57600
1 This is a simplified layer stack that can be used for DC and RF modelling. Some of the layers in the actual layer

stack have been omitted.

The exact layer design in the COBRA platform has been previously optimized for low optical
loss and high electro-optic efficiency. The core layer Q-1.25 is separated from the p-InP cladding
through an intrinsic InP buffer layer (core I in table 3.2), whose purpose is to separate the optical
mode field from the lossy p-cladding. This can be seen in Fig. 3.4c where the optical mode is
centered around the Q-1.25 layer. Both the buffer layer and the core layer have been previously
tuned in terms of doping concentration to allow for a good trade-off between optical loss and
electric field strength. As can be also seen from Fig. 3.4c, the electric field at varying reverse
bias voltages has different penetration depths into the core area. At 0 V the built-in potential
difference between the p-doped InP and the non-intentionally doped InP generates an electric
field that sweeps out the carriers, creating a depletion region. With increasing reverse bias, the
depletion area grows into the direction of the core layer until it reaches a thickness of several
hundred nanometers. The depletion into the p-InP remains under 100 nm through this process.

This build-up of electric field together with the depletion of carriers causes a change in the
effective refractive index seen by the optical mode. This effect strongly depends on the overlap
of the two mechanisms, i.e. depletion of carriers and electric field, with the optical intensity dis-
tribution. Therefore, the core layer doping concentration influences the electro-optic interaction.
A high doping leads to a reduced depletion zone, resulting in smaller carrier induced effects. The
electric field is stronger, but the total overlap with the optical mode is also reduced. Furthermore,
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Figure 3.5: (a) Simulated conduction and valence band energies along the p-i-n hetero-junction at 0 V and
for a p-InP doping concentration of 1 ·1018cm−3. (b) Electric field distribution for varying bias
voltage from 0 V to -12 V. COMSOL Multiphysics was used in both cases with the values listed in
table 3.2 and the geometry in Fig. 3.4.
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Figure 3.6: (a)Schematic showing modulation of the depletion layer thickness for different revers bias volt-
ages. (b) Analytically calculated depletion layer thickness and simulation result from COMSOL.

optical absorption due to dopants increases. A doping concentration which is too low widens the
depletion zone. Although the overlap of the electric and optical field increases, the electric field
strength is reduced and the strength of carrier based effects is also reduced. A good compromise
of 6 ·1016cm−3 has been identified from previous studies [76].

Static modelling of the electro-optic interaction in the phase-shifter can be performed in two
parts. At first, the electric field distribution and depletion thickness in the core layers need to be
obtained. In a second step, the electro-optic interaction can be estimated and the effective index
change that is seen by the optical signal is calculated. Given the effective index change, the phase
change in a MZM for a given length and voltage can be calculated.

From an electrical point of view this waveguide is a typical p-i-n hetero-junction. Fig. 3.5a
depicts the simulated conduction and valence band energies in this case and one can clearly
observe the 1.2 V built-in potential. The result is a depletion area without any carriers inside.
This depletion area exists already at zero bias voltage and changes its thickness according to an
externally applied voltage as can be seen in Fig. 3.5b. Both results were calculated with the
COMSOL MULTIPHYSICS simulation package.

If the applied voltage is positive, directed from the p to the n side, the depletion area is
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reduced until a current flow sets in. If the voltage is applied in reverse direction, the depletion
area is increased and no current flow is possible2. The modulation of the depletion layer thickness
can be done through a change in the reverse bias voltage and is illustrated in Fig. 3.6a. Not only
does the depletion layer thickness change but also the electric field over the layer is varied. The
modulation of the thickness can be estimated analytically according to the Shockley model [77]

w =
√

2εr

q

(
1

Np
+ 1

Nn

)(
Vbi −V − 2kT

q

)
(3.3)

Vbi =
kT

q
ln

Np Nn

n2
i

,

where k is the Boltzmann constant, Np , Nn doping concentrations, Vbi the built-in potential, q
electron charge and V the applied reverse bias. Fig. 3.6b shows the calculated depletion thick-
nesses for varying bias voltages. The analytical result agrees well with the COMSOL simulations.
The outcome will be used in the calculation of the electro-optical effects, in particular the carrier-
based effects.

The presence of this electric field will induce an effect on the optical properties of this waveg-
uide. In particular, linear and quadratic electro-optic effects will occur and change the refractive
index of the material locally. Together with carrier-induced electro-optic effects, the modulation
of the depletion thickness and electric field strength leads to a modulation of the local refractive
index [78,79]. This is used to change the phase experienced by the optical signal passing through
the phase-shifter section. Each of the mentioned effects can be estimated for the COBRA layer
composition using the methodology described in appendix A.3. Their influence on the refractive
index is summed up as

∆n =∆nPockel s +∆nK er r +∆nPl asma +∆nBF . (3.4)

From Fig. 3.4c, it can be seen that not all regions of the optical mode experience the refractive
index change equally. To account for this effect, the overlap between the intensity distribution
I (z) and the refractive index change ∆n(z) has to be taken into account and an effective index
change can be calculated as [78]:

∆ne f f =
∫ ∞
−∞∆n(z) · I (z)d z∫ ∞

−∞ I (z)d z
. (3.5)

With the electric field dependence on the spatial variable z and knowledge of the depletion
thickness for any given voltage, the above integral can be evaluated for the reverse biased p-
i-n junction for each individual electro-optic effect and the results are shown in Fig. 3.7a for a 1
mm long phase-shifter.

An almost linear dependence of the phase change with reverse bias voltage is obtained. How-
ever, the individual effects are non-linear and we can observe that at low bias both field-induced
and carrier induced phase shift is equal in strength. At high bias, the quadratic Kerr effect domi-
nates and overtakes the other effects. The results are calculated for a phase-shifter along the [11̄0]
direction and for TE polarized light. In case of TM polarized light, the Pockels effect vanishes and
the phase-shift efficiency is reduced. Furthermore, the Pockels effect is direction dependent in
such a way that its contribution acts against the other electro-optic effects, when light is traveling
parallel to the [110] direction. Therefore the electro-optic efficiency is maximum for TE polariza-
tion, parallel to the [11̄0] direction. A phase shift of π can be achieved at 9 V reverse bias for
1 mm long electrodes. The results are consistent with prior analysis of waveguides with similar
geometries from the COBRA platform [80].

2Except the dark current as result of electron and hole tunneling through the barrier
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Figure 3.7: (a) Simulated electro-optical effects for a 1 mm long phase-shifter in [11̄0] direction for TE po-
larized light. (b) Length versus Vπ for various fabricated modulators from different MPW runs
compared to simulations. The curves for the three varying doping concentrations are calculated
by assuming the electric field distribution generated by 5 ·1016cm−3. Contour lines with label 1
and 2 indicate π and 2π phase change.

A longer phase-shifter will require less voltage for the same phase-change because the interac-
tion between the optical mode and the electric field occurs over a longer section. This relation is
shown in Fig. 3.7b, where the Vπ voltage is depicted for varying phase-shifter lengths. Overlayed
are experimental data obtained from various modulator fabrication runs. It should be noted here
that the core layer doping concentration has a significant effect on the modulation efficiency.
Three different doping concentrations ranging from 4−6 ·1016cm−3 of the quaternary core layer
are plotted and it can be observed that Vπ for a given length changes its value by 1 V. This also
explains the spread in the experimental data as they originate from wafers coming from different
epitaxial growth runs, where the doping concentration has varied from run to run. Hence, to
have accurate control over the phase-shifter efficiency and lowest Vπ values, good control on the
epitaxial layer growth is required.

The static modeling results can be used to determine the constraint on phase-shifter length
from the lower side. Commercial broadband modulator drivers with 7 V to 8 V peak-to-peak
output are readily available but higher voltage output is more difficult to achieve and also requires
a higher power consumption. Consequently, phase-shifters should operate with Vπ values not
higher than 7 V to 8 V, resulting in a minimum length of 1.2 - 1.3 mm.

This analysis does not include any dynamical effects. As will be shown in the following sec-
tion, the phase-shifter length influences the maximum modulation bandwidth possible. Shorter
electrodes show faster modulation but are in conflict with low Vπ values. A methodology to
analyze the dynamic behavior of the phase-shifter is now given.

3.2.2 Electrical Transmission Line Analysis

When the modulator is operated in the traveling-wave mode, the electrical signal propagates
along the electrode, which acts as a transmission line. Therefore, its behavior can be accurately
described by transmission line theory. The voltage signal that runs along the electrode and that
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carries the data information is responsible for inducing the electro-optic effects, as calculated in
the previous sections.

Out of the four contributing effects, the linear and quadratic electro-optic effect can be seen
as instantaneous with respect to the change of electric field. Their speed is then determined
by the speed of change of the electric voltage signal. The response speed of the carrier-based
electro-optic effects depends on the relocation speed of the involved carriers. In case of the
reverse-biased p-i-n junction, electrons are swept from the intrinsically doped core layers into the
n-doped buffer layer and have to travel a distance of 400 nm in average through the quaternary
layer for a bias of -8 V. Given the saturation velocities in InGaAsP and InP of 1.5 ·107cm/s and
0.8 ·107cm/s under high electric field [81] this effect has response times below 9 ps and would
allow operation speeds up to 50 GHz [82]. Below that frequency, the bandwidth of the modulator
will then be completely limited by the field-based effects and consequently is determined by the
transmission line speed, in particular its ability to carry the voltage signal without distortion and
attenuation along the whole electrode. Accurate modeling and optimization of the transmission
line for high-speed operation is therefore important and will be the focus in this section.

Transmission line models have been extensively used to study and analyze traveling-wave
operation in modulator electrodes in the literature both for electro-absorption and Mach-Zehnder
type devices [83–88]. The general transmission line can be represented by a per unit length
equivalent circuit and the telegrapher’s equations [89]. A more detailed description is given in
appendix B.1. The total transmission line length can be split into sections of small ∆z so that the
circuit elements are defined through their per unit length values R = R ′∆z,L = L′∆z,G =G ′∆z,C =
C ′∆z. Such a transmission line can also be represented as a linear time-invariant system (LTI)
that relates its input to its output in the form of a two-port or 4-pole network. Given the two-port
representation shown in Fig. 3.8, one can define a complex transfer function H(ω) that relates
the input and output voltages of the transmission line:

H(ω) = V (ω, z = L)

V (ω, z = 0)
. (3.6)

In the case where there are no reflections at the input and output interface, the transfer function
takes the value e−γL with γ=α+ jβ the complex propagation constant of the line with damping
α and phase constant β and L the length.

Signal propagation along the transmission line is completely defined if its characteristic impe-
dance ZC and the propagation constant γ are known together with the boundary conditions at
the input and output. These values can be obtained either from measurement or synthesized with
analytical or numerical calculations. In both cases, the concept of scattering matrix is very useful
in describing the 2-port transmission line, which is briefly explained in appendix B.2.

An ideal modulator electrode would transfer any input signal without any change to its out-
put. This requires loss free and distortion free transmission, which would mean that α(ω) = 0
and β(ω) is linear. For optimum electro-optic interaction and highest possible bandwidth, the
electro-optical walk-off during traveling-wave operation, that is the difference between optical
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Figure 3.9: Simulation procedure using a 3D EM solver and the calculated electric field distribution of the
Q-TEM mode at 10 GHz for a phase-shifter electrode.

group and electrical phase velocities, should be zero as well. This imposes a requirement on the
effective microwave index nµ, with

nµ =β c0

2π f
(3.7)

as the propagation velocity is vel = c0/nµ. It has to be the same value as the optical group velocity
nopt in the waveguide.

In practice and for the COBRA phase-shifter electrodes those parameters are not ideal and a
finite attenuation, dispersion and optical to electrical velocity mismatch are present. It is the task
now to determine those transmission line parameters for a given modulator electrode configura-
tion and optimize those for high-speed modulation.

Experimetally, the values of the scattering matrix can be directly obtained for a fabricated
structure using a vector network analyzer at each frequency of interest and the transmission line
parameters can be extracted. In simulations, the scattering matrix can be synthesized for a given
modulator geometry with its underlying layer structure using either analytical formulas or if that
is not possible, full vectorial field simulations. From the scattering matrix, the transmission line
parameters γ and ZC can be obtained through a transmission line parameter extraction process
as described in appendix B.4. The following section describes the process of using a full-vectorial
field simulation software tool to obtain the transmission line parameters and how the simulation
model is calibrated with experimental data.

3.2.3 Electro-Magnetic Full-Wave Simulation

There are several approaches that can be used for the modeling and design of high-speed mod-
ulator electrodes. Early work focused on analytical techniques such as conformal mapping and
the method of lines [90–92] but were mostly only efficient for relatively simple transmission line
geometries which were used in case of LiNbO3 modulators. For multi-layer substrates including
doped semiconductor layers for devices based on InP substrates, those techniques become more
complex to use. With time, vectorial full-wave methods such as spectral-domain analysis [93],
finite-element method [94] and finite-difference time domain [95] gained popularity. With the
availability of off-the-shelf state-of-the-art full-wave electro-magnetic simulation tools, accurate
results can be achieved using the latter approach [96,97].

Simulation Model

We utilize the software package CST Microwave Studio to simulate the high frequency behavior
of the modulator electrode on the COBRA platform.3 The simulation procedure starts with the

3simulation of z invariant structures using 3D EM tools also accounts for radiation field losses.
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Figure 3.10: Schematic of the modulator electrode test structure pair. On-chip ground connections are used to
allow for direct probing. The effect of pad and feed line can be de-embedded after characterizing
a direct THRU device.

definition of a 3D structure that incorporates the exact electrode geometry as depicted in Fig.
3.4 with the material parameters listed in table 3.2. The conductivity values σ noted in the table
were calculated from the doping concentration n, p and the carrier mobility values according to

σ= qµn n +qµp p (3.8)

with electron charge q, electron and hole mobilities µn ,µq . As accurate determination of the
exact doping concentration is difficult, this serves merely as an orientation value for the conduc-
tivity in the real device. Therefore in the model, we allow for the conductivity values to change
slightly during the calibration procedure with experimental data.

After setting up the simulation model in the software, a suitable mesh (tedrahedral mesh)
needs to be created for the model. A mode-solver is then used to calculate possible microwave
mode solutions in the 2D input port area. Figure 3.9 shows such a mode solution for the phase-
shifter cross-section. Due to the highly conductive substrate, the simulated structure is a metal-
insulator-semiconductor transmission line and can show different modes of propagation [98].
The quasi-TEM mode is of interest here and displayed in the previous figure. As expected it
resembles an ideal microstrip Q-TEM mode and is concentrated in the depletion region of the
core guiding layer.

The simulation software then launches an RF signal into the port and propagates it using a
finite integration technique [99]. At the second port, the signal is received and the scattering
parameters are computed for the specified frequencies. A structure length of 100 µm is chosen
here so that its scattering parameters are cascaded to form the desired modulator length. This
is a trade-off between efficient computation time per structure and complexity of the network
cascading process. Finally, the reverse bias dependence of the modulator electrode is accounted
for using the depletion thickness variation with bias as previously calculated and shown in Fig.
3.6b.

The simulation model has been calibrated using experimental data on 2 mm long phase-
shifter electrodes. The phase-shifter test structure has been fabricated in the COBRA generic
platform and consists of the electrode, embedded between two probing pads and connecting
feed lines as shown in Fig. 3.10. Next to it, a thru test structure which is made out of a direct
connection from the probing pads and the feed lines is fabricated as well. By using the thru
de-embedding technique as described in appendix B.3 the characteristics of the electrode (DUT)
can be extracted. The probing pads are realized in a ground-signal-ground configuration so
that standard coplanar RF probes can be utilized. However, the transmission line works in a
microstrip mode because the distance from the ground return conductor to the signal conductor
is orders of magnitude higher than the thickness of the p-i-n depletion area. This allows for on-
chip measurement with direct probing and the extraction of the transmission line parameters.
Standard calibration procedures known as "short-open-load-thru" are used together with specific
calibration substrates (impedance standard substrate4) to shift the measurement reference plane

4Impedance standard substrates (ISS) contain high-precision open and short circuits as well as 50 Ω loads. By probing
those standards, for which the characteristics are well known, the effect of the fixture can be de-embedded.
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Figure 3.11: Simulated and measured (a) electrode parameters and (b) scattering parameters for L = 2 mm
at -8 V reverse bias. (c) Simulated and measured microwave index.

to the tips of the RF probes, accounting for its effects and that of the connecting cables [100].
The simulation results for a 2 mm long phase-shifter are shown together with the measure-

ment results in Fig. 3.11. The transmission line parameters were extracted after successful
de-embedding from the transfer matrices using the technique described in appendix B.4.

To obtain good agreement from the model with the experimental results, two parameters
from table 3.2 needed to be adapted. The first is the p-InP cladding conductivity, which was
set to 150 S/m instead of the noted value. This leads to higher microwave attenuation in the
simulation as the series resistance of that layer grows. However, this was required to match the
relatively high attenuation extracted from measurements. It indicates that the test sample doping
concentration in the p-InP must have been lower on average than the target value. In practice,
the doping profile is not constant throughout the p-InP layer but is subject of a dopant diffusion
process from the InGaAs contact layer. This effectively reduces the doping concentration in the
p-InP layer. The second adjustment was made on the conductivity of the n-doped InP substrate. It
was raised to 9 ·105 S/m which implies a two times increased doping concentration, still situated
in a reasonable estimation range.

An important parameter that can be read from the S21 plot is the electrical -6 dB bandwidth.
In this case, the value is 6 GHz and indicates when the voltage amplitude drops by a factor of
2. Because the voltage is responsible for the electro-optic phase shift, a drop by 0.5 results in
a drop in optical modulation depth of 0.5. Therefore, the electrical -6 dB bandwidth roughly
corresponds to the electro-optic -3 dB bandwidth and is a good indicator for the bandwidth of
the modulator [82].

The reflection coefficient S11 is relatively high due to an impedance mismatch between the
modulator electrode and the network analyzer system impedance of 50 Ω. At 10 GHz, the mod-
ulator’s characteristic impedance is merely 20 Ω. This is typical for single mode (optical) ridge
type microstrip metal-insulator semiconductor lines on a conductive substrate. The low impe-
dance is mainly caused by the high depletion capacitance. Unfortunately, the capacitance cannot
be reduced significantly as optical design considerations and requirements on the electric field
strength inside the depletion area limit it. Narrower waveguide ridges and higher core layer
thicknesses would reduce the capacitance but the former leads to an increase in optical losses
and the latter would reduce the electric field strength and therefore modulation efficiency. A
detailed discussion can be found in [101] and applies also for the COBRA phase-shifter.

The microwave attenuation of the phase-shifter is around 1.5 dB/mm at 10 GHz and is defined
for the electric field attenuation. This allows in theory a maximum length of 2 mm for the field to
drop by a factor of 0.5 if no reflections are present. Because reflections are present, the bandwidth
is even lower and only 6 GHz.
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Figure 3.12: Dependence of impedance, attenuation, transmission and reflection on the electrode width for
a 2 mm long phase-shifter.
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Figure 3.13: Simulated electric field distribution for signal metal width values w=10 µm, w = 20 µm and w
= 30 µm. Additional stray capacitance build-up for w = 30 µm.

The microwave index has a value between 6 and 8 below 10 GHz and shows the characteristic
low frequency dispersion. This implies that there is a velocity mismatch factor of around 2. Speed
limitations from this effect will become evident above 40 GHz.

An easy to change variable in the electrode geometry is the signal metal width. We will
analyze its influence on the transmission line parameters in the following with the help of the
calibrated simulation model.

Electrode Width Influence

The width of the electrode directly influences the transmission line parameters and the elec-
trical bandwidth of the modulator electrode. The initial simulations and measurements were
performed for w = 20 µm. Fig. 3.12 shows the dependence of the parameters on a variation in
electrode width and Fig. 3.13 depicts the electric field distribution for three values. It can be
observed that the characteristic impedance increases when the width decreases. This is caused
by an increase in the series resistance and a reduction in stray capacitance from the metal. How-
ever, connected to the width reduction, the microwave losses also increase because of a higher
resistance in the metal. An optimum between low loss and high impedance (closer to the 50 Ω
reference impedance) is given for a width of 10 µm. This can be observed on the S11 transmission
plot which shows a maximum for this electrode width.

Because the definition of the optical waveguide involves etched trenches on both sides of
the ridge, additional losses are introduced when the metal width becomes larger than 22 µm
extending into the trench area and causing an additional field build-up at the edges. This explains
the loss increase observed in Fig. 3.12a for larger electrode widths.
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Figure 3.14: (a) Simulated scattering parameters for three different long modulator electrodes (w = 10µm).
(b) Dependence of electrical bandwidth on electrode length.

Electrical Bandwidth

With the calibrated model different lengths of the modulator electrode can be simulated. Fig.
3.14a shows the scattering parameters of three modulator electrodes with different length for the
optimized width of 10 µm. Fig. 3.14b plots the -6 dB electrical bandwidth against the electrode
width. Similar to the static modeling of the efficiency of the electro-optic phase shift process, the
electrical bandwidth is also strongly dependent on the phase-shifter length. Longer electrodes
have lower bandwidth as losses degrade the electrical signal before it reaches the output. This
imposes an upper bound on the length of phase-shifters in the COBRA platform. If more than 10
GHz of bandwidth is required, the length should not exceed 1.4 mm. The optimization in terms
of electrode width introduced a small improvement.

3.2.4 Equivalent Circuit Model

The full vectorial 3D electro-magnetic simulation is able to accurately describe the microwave
propagation behavior in the COBRA modulator electrodes. However, they are very computation-
ally intensive because calculations have to be performed on large numbers of mesh cells which
span the 3D geometry. To simplify the computational load, equivalent circuit models are very
promising and have been used extensively in high-speed transmission line problems. In particu-
lar for electro-absorption and MZ modulator applications, it was shown that equivalent circuits
produce accurate modeling results [87,101–105].

The previously discussed equivalent circuit with RLGC distributed elements is applicable in
general to any kind of transmission line and assumes that the physical propagation effects are
taken into consideration by the four distributed elements. Modeling and analysis of modula-
tor electrodes using this general transmission line model have been performed previously in the
literature [106]. One of the main disadvantages of using this approach is that the actual modu-
lating voltage, responsible for the refractive index change in the optical waveguide, is not easily
accessible.

Figure 3.15a shows a SEM image of the phase-shifter cross-section with the corresponding
electrical characteristics of the epi-layers. The depletion region acts as a capacitor Cm with a
leakage R0 and additional parasitic capacitance between the top metal and the n-doped InP can
be modeled by C0. The actual modulating voltage drops across the depletion capacitance Cm . As
these effects are not captured by the general RLGC model, a modified circuit is needed. Figure
3.15b shows the modified equivalent circuit model for a section ∆z of the phase-shifter. The
model has been first proposed to describe slow-wave propagation in MIS transmission lines [98],
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Figure 3.15: (a) SEM image of modulator cross-section and equivalent circuit. (b) Modified transmission line
equivalent circuit model used to describe the COBRA modulator electrode.

traveling-wave photo detectors [107, 108], and it has been extensively used for modeling of
electro-absorption modulators [83–88]. We will use it to model traveling-wave phase-shifters for
Mach-Zehnder modulators because the underlying cross-section is almost identical.

To obtain the equivalent circuit element values, several procedures are possible. One way is
to use conformal mapping to calculate capacitance and inductance values directly [109]. Another
way is to estimate the values after making certain assumptions on the properties of the modulator
electrode. In [87], it is assumed that R0 is very large (open circuit), C0 negligible and Rcon <<ωL
at higher frequencies so that Cm , Lm and Rcon can be estimated directly from the measured
values. The fact that we can observe stray capacitance in the field simulations and also the fact
that the metal is realized through evaporation and sputtering without an additional plating step5,
indicates that those assumptions cannot be made in this case and a more complex technique needs
to be used for the circuit element extraction.

Hence, we utilize a parameter fitting method similar to [101] that estimates initial values
by fitting the experimental data to analytical expressions. A subsequent optimization process is
performed to refine those fitted results. The circuit in Figure 3.15b can be split into its series
impedance Zs and parallel admittance Yp elements and its real and imaginary parts are:

Zs = Rcon

√
ω

2π
+ jωLm (3.9)

Yp = ω2RsC 2
m

1+ω2R2
s Cm

+ jω

(
C0 +

Cm

1+ω2R2
s C 2

m

)
(3.10)

We have neglected the leakage shunt resistance R0 as that is usually in the MΩ range. From
the measurement, one can calculate the series impedance Zs = Zcγ and parallel admittance Yp =
γ/Zc . Thus, Rcon can be fitted to ℜ{Zs } and Lm to ℑ{Zs } using equation (3.9). Knowing both
values, equation (3.10) can be used to fit ℜ{Yp } with Rs and Cm and ℑ{Yp } with C0. The values
obtained in this way on a 10 µm wide phase-shifter fabricated in the COBRA generic platform
are listed in table 3.3.

Because this fitting process is under determined as five variables are fitted to two complex
measurables, the results do not match with the measurement yet. A subsequent optimization al-
gorithm implemented in Agilent’s Advanced Design System ADS [110] takes the fitted elements
as initial values and refines those to match the experimental results. For that, five target func-
tions are defined6. Both the transmission (S21) and reflection (S11) coefficients generated by

5The resulting metal layer is only several hundred nanometers thick, contributing to a higher series resistance Rs .
6The target function are defined as the difference to the experimental values.
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Table 3.3: Results of the parameter extraction procedure on 1 mm long phase-shifter at -6 V reverse bias.

RS (Ωmm) Cm ( pF
mm ) Lm ( nH

mm ) Rcon ( Ω
mm

p
GHz

) C0( pF
mm ) comment

24.40 0.95 0.49 5.25 0.61 fitted
29.85 0.19 0.53 9.40 0.52 after optimization
0.48 0.71 0.20 0.77 0.16 from [101]
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Figure 3.16: Comparison of the scattering parameters generated by an equivalent circuit model with an ex-
perimental measurement on 1 mm long phase-shifter electrodes. (a) Scattering parameters and
(b) transmission line parameters.

the equivalent circuit are compared to the measured values. In addition, the microwave attenu-
ation α, characteristic impedance ZC and effective index nµ are calculated from the equivalent
circuit and also compared with the measurement. A quasi-Newton algorithm is used to converge
these five target functions and the results are listed in table 3.3 next to values from a similar
phase-shifter reported in [101].

It should be noted here that the conductor resistance Rcon has been taken per square root
of the operating frequency so that the total conductor resistance is R = Rcon

p
ω/2π, which repre-

sents conductor losses due to skin-effect [89]. This value is higher in the COBRA phase-shifter
compared to [101] mainly because no electro-plating is applied on the 400 nm thick sputtered
metal layers so that the resistance is rather high. In addition, the sheet resistance of the p-InP
layer is rather high due to the gradient doping profile caused by the diffusion process.

The extracted inductance values are very similar and the stray capacitance values are slightly
higher than the ones from literature, mainly because of the slope in polyimide planarization
which causes the metal to hang over the optical waveguide as shown in the SEM picture. The
junction capacitance values from the fitting is in the same range as reported from literature.
When using a parallel plate model, the depletion capacitance takes the value of 0.5 pF/mm which
is comparable to the obtained values. After optimization the estimated junction capacitance is
slightly lower. We believe that the optimization process improves on the value gained from the
fitting procedure. For the sake of equivalent circuit model accuracy, the given value can be used,
as this set of parameters accurately describe the electrode behavior.

Using the set of equivalent circuit values, the scattering parameters of a 1 mm long phase-
shifter can be predicted 7 and are compared to the measurement in Fig. 3.16a. A very good

7The results are based on a cascade of 32 unit cells and it has been checked that the output converges after 16 unit cells.
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Figure 3.17: (a) Illustration of drive and termination conditions for the modulator electrode. (b) Parallel
admittance network for the modulator electrode. The modulating voltage falls over the junction
capacitance.

match can be achieved. The transmission line parameters from both the measurement and the
equivalent circuit are plotted in Fig. 3.16b and also here a good match can be achieved. This
indicates that the presented equivalent circuit model is able to accurately describe the modulator
electrode behavior. Furthermore, we have gained insight into the physical elements that make up
the electrode and their values. By using this equivalent circuit the next section details, how the
electro-optic modulation performance can be predicted.

3.2.5 Electro-Optical Analysis

Up until now, measurements and simulations have been carried out to obtain the electrical trans-
mission characteristics of phase-shifter electrodes. They are important as an indication for the
modulator’s operation speed. The proper description of the modulator, however, is its electro-
optical response, which refers the optical output intensity modulation to its electrical input sig-
nal. During propagation of the electrical signal, it affects the optical field. Because the electrical
signal degrades during propagation inside the phase-shifter due to transmission line losses, its
signal quality is best at the start and reduces towards the end. The optical response is therefore
better than the pure electrical transmission. In practice however, the electrical feeding network
also affects the signal quality and the measured electro-optical response is comparable to the pure
electrical one or oftentimes worse. Given the electrical performance, the electro-optical response
can be theoretically estimated for the modulator.

Frequency Response Model

Figure 3.17a depicts a phase-shifter that is driven by an ideal RF source with a source impedance
of ZS . It is terminated at the end with a load ZL to suppress back-reflections of the RF signal.
The modulating RF voltage V (ω, z) along the phase-shifter is a function of frequency and position.
One can define an average modulating voltage seen by the optical signal along the complete line
that is responsible for the electro-optic phase shift according to Kim and Li [72,93]

V (ω) = 1

L

∫
L

v(z,ω)d z (3.11)

= Vg
(
1+ρ1

)
2

·
eiβo L ·

(
V++ρ2V−

)
eiβe L −ρ1ρ2e−iβe L

, (3.12)

where Vg is the source voltage, the RF source and load reflections are determined by the phase-
shifter’s characteristic impedance ZC , source and load impedances ZS and ZL through

ρ1 = ZC −ZS

ZC +ZS
,ρ2 = ZL −ZC

ZL +ZC
. (3.13)
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Figure 3.18: (a) Electro-optic frequency response from calculation and measurement of 1.25 mm long COBRA
phase-shifter. (b) Modulator device layout including bended RF feed line and probing pads.

The velocity mismatch between optical and RF signal is described with their respective indices
nopt for the optical signal and nµ for the RF signal through

βo = ω

c
nopt ,βe = ω

c
nµ− iα (3.14)

and V± stand for the terms

V± = e± jφ± ·
sinφ±
φ±

, (3.15)

φ± = (βe ∓βo )L

2
(3.16)

Here c is speed of light, L the length of the phase-shifter, ω = 2π f the modulation frequency
and α the microwave attenuation. Assuming linear dependence of refractive index change with
available RF voltage 8, a modulation reduction factor r (ω) at frequency ω can be defined, which
is normalized to the modulation response at DC [93]:

r (ω) = V (ω)

V (ω= 0)
=

∣∣∣∣ 1−ρ1ρ2

1+ρ2
·

V++ρ2V−
eiβe L −ρ1ρ2e−iβe L

∣∣∣∣ (3.17)

The above formula describes the modulation index with respect to the average voltage on a
transmission line. Because in our modulator, the voltage on the line is partially split between the
series resistance RS and the junction capacitance Cm as shown in Fig. 3.17b, we have to take its
frequency behavior into account by multiplying above index by a correction factor, made from
the series RsCm circuit, so that the new modulation index is

r ′(ω) =
∣∣∣∣ 1−ρ1ρ2

1+ρ2
·

V++ρ2V−
eiβe L −ρ1ρ2e−iβe L

·
1

1+ jωRsCm

∣∣∣∣ . (3.18)

This analytical formula includes the influence of impedance mismatch at both ends of the
electrode, the microwave attenuation of the signal, the velocity mismatch between the optical
and electrical signal and the influence of a series resistance in the parallel admittance circuit,
into the calculation of the electro-optic modulation response. It can be computed directly from
the equivalent circuit model which was calibrated to the test structures previously. This allows us
to study the influence of certain parameters on the modulation response.

8This is valid for small signal analysis
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Figure 3.19: (a) Influence of the termination resistance value on the frequency response. (b) Dependence of
the electro-optic bandwidth on the termination resistance and electrode length.

Fig. 3.18a shows the model output compared to an experimental EO-response curve of a 1.25
mm long modulator. The calculation was performed with the extracted equivalent circuit values
from the previous section and the experimental data were from the first generation modulators
presented in the next section. One can see a good agreement between simulation and experiment.
It should be noted here, that the model assumes an ideal source in front of the phase-shifter and a
termination directly at its end. This corresponds to the theoretical speed limit of the phase-shifter.
In practice, the RF signal needs to be fed to the beginning of the phase-shifter via feeding lines
on the chip that start from a probing pad. The achievable speed is less than predicted because
the signal entering the phase-shifter is already degraded. Fig. 3.18b shows how the phase-shifter
in the experiment is accessed via probing pads placed between two 250 µm short feed lines. The
slight overestimation of the modulation response is caused by those feed lines.

Effect of Termination Impedance

To avoid back-reflections of the modulating RF signal, which is traveling along the electrode, a
termination load is usually applied to the end of the electrode. The value of that termination
significantly affects the modulation bandwidth. In experiments, we usually employ terminations
with 50 Ω because of a lack of broadband terminations at other values and because it is the
instruments reference impedance. In theory 50 Ω is not the ideal value to maximize modulation
bandwidth. When the modulator is terminated with its characteristic impedance, which is around
25 Ω to 30 Ω at 10 GHz as we have seen from previous analysis, no reflections occur. When the
load has a different value, the reflections are positive for ZL < ZC and negative for ZL > ZC , so
that in the former case, the modulating voltage is amplified by the reflection and in the latter case
is reduced. The former case is sometimes used in literature to improve the modulation response
as more drive voltage is available and it is known as the impedance peaking technique [72]. The
latter case only reduces the modulation response and is not useful in general.

Fig. 3.19a depicts the modulation response for varying termination loads for a 1250 µm long
electrode. Due to the peaking at lower termination values, the -3 dB point is shifted towards
higher frequencies and allows for faster modulation speeds. However, the roll-off at higher fre-
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Figure 3.20: Influence of (a) series resistance Rs and (b) junction capacitance Cm on the modulation response
at 50 Ω load for an electrode length L = 1250 µm.

quencies is also increased, so that this technique has to be used with care. Too low termination
values will impair the modulation due to pulse distortions originating from the peaking of the
modulation transfer. At 30 Ω the termination is exactly the value of the characteristic impe-
dance, which yields a very straight frequency response. Lower values lead to the peaking of the
response over 0 dB.

Fig. 3.19b shows the variation of the EO response bandwidth with both the electrode length
and termination resistance. We can observe that the bandwidth increases for shorter electrode
lengths and converges to a maximum of 24 GHz. This limit is imposed by the admittance RSCm
which does not permit higher modulation speed for the given values. We will analyze the effect
of the series resistance Rs and the junction capacitance Cm on the frequency response in the
following.

Effect of Circuit Parameters

Fig. 3.20a and 3.20b show the influence of the series resistance and junction capacitance on
the modulation response. Their effect is stronger at short electrode length so that we can better
demonstrate the behavior at L = 250 µm. One can think of it as approaching the lumped electrode
configuration where the modulation is limited by the RsCm constant again. A slight change in
the resistance Rs from 10 Ωmm to 40 Ωmm will increase the bandwidth from 17 GHz to 37 GHz.
Equally, a reduction of the junction capacitance from 0.4 pF to 0.16 pF, which corresponds to
reverse biasing it to -9 V would increase the bandwidth from 12 GHz to 25 GHz. This shows
that the optimization of the p-InP doping profile and thus Rs has a significant influence on the
dynamic characteristics of the modulator. Reverse bias of the modulator will also increase its
bandwidth.

Variation in the other two equivalent circuit parameters C0 and Rcon also affects the mod-
ulation response which is shown in Fig. 3.28 in case of a 1250 µm long modulator. A lower
conductor resistance, which scales with the square root of frequency, increases the EO bandwidth
and a reduced stray capacitance has the same effect. The former can be achieved with wider
electrodes but this has been discussed previously and is only effective to a certain point, as the
microwave attenuation and stray capacitance would increase. Another method is to use electro-
plating on top of evaporated metal to reduce its resistance9. The stray capacitance can be reduced

9Plating increases the thickness and cross section area, reducing the series resistance.
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Figure 3.21: Influence of (a) conductor resistance Rcon and (b) stray capacitance C0 on the modulation
response at 50 Ω load for an electrode length L = 1250 µm.
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Figure 3.22: Schematic illustrating a time-domain model of modulator. The modulating voltage has been
determined with circuit simulations in the time domain and is used to compute the optical index
change with time.

through a more uniform planarization process10.

Time-Domain Model

We have used a frequency domain model in the previous section that is based on the equivalent
circuit description to calculate the electro-optic frequency response of the modulators in the CO-
BRA platform. With this model, the influence of different circuit elements on the small-signal
response function was analyzed. The model has been verified with experimentally measured EO-
response curves. Here we develop a large-signal time-domain model that can predict the optical
modulation output.

The model is based on the equivalent circuit description from the previous section and schemat-
ically shown in Fig. 3.22. A pseudo-random bit sequence is generated and coupled via a short
feed line into the modulator electrode and via another short feed line at the end it reaches the
termination load. Both feed lines are 250 µm long and represent the effects of on-chip feed line
structures of the fabricated sample. Their characteristics were extracted from test structures with
the THRU-deembedding method.

The equivalent circuit was applied to 32 sections of length L/32 for the modulator electrode
and for each section, the modulating voltage v(i , t ) was calculated. The model output converges
for section numbers exceeding 16, so that 32 sections gives sufficient accuracy. With the knowl-

10Non-uniform planarization can lead to a "hanging effect" as seen in Fig. 3.15a, increasing the stray capacitance.
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Table 3.4: Parameters used in the time-domain large-signal model.

Parameter Value Parameter Value

phase-shifter length ∆L L/32 Wavelength 1550 nm
Feed line length 250 µm Bitrate 10 Gb/s
Optical attenuation 2 dB/cm SNR (noise loading) 5 dB
DC bias -2.3 V Drive voltage 5 V
Number of bits 5000
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Figure 3.23: Eye-diagram simulations for varying termination resistance values of a 1.25 mm long modulator
in decreasing order: (a) 90 Ω, (b) 50 Ω, (c) 10 Ω.

edge of v(i , t ) for each section i , its refractive index change can be calculated to be ∆ne f f (i ) from
an average voltage over that section

v̄(i , t ) = v(i +1, t )+ v(i , t )

2
(3.19)

and the total phase change along the electrode can be determined from

∆φ(t ) =∑
i

2π

λ
∆L∆ne f f (v̄(i , t )), (3.20)

with λ the wavelength and ∆L the length of each section. Here we use the previously described
modeling of the electro-optic effects to calculate the index change when the voltage is known.
The optical output intensity waveform I (t ) under continuous-wave input Ei n (t ) can be calculated
then from the phase change and optical attenuation α by using the Mach-Zehnder interferometer
equation

Eout = 1

2
e−

α
2 Le− j∆φ(t ) ·Ei n + 1

2
e−

α
2 L ·Ei n . (3.21)

The implementation of the equivalent circuit model is performed with Agilent’s Advanced Design
System (ADS) simulation suite [110] and the electro-optic interaction is implemented into the
MATLAB software package [111].

Fig. 3.23 shows an example of the model output eye diagrams for the COBRA modulator
electrode discussed so far. The simulation parameters are displayed in table 3.4. Here, three
values for the termination resistance of the electrode have been chosen to illustrate the effect of
low impedance peaking in the time-domain. One can observe the effect in the eye diagrams, in
particular, the rising edge becomes steeper at lower impedance values which corresponds to the
increase in EO frequency response. From the simulation results, it is evident that on-off-keying is
feasible at 10 Gb/s for the standard COBRA phase-shifters when terminated with 50 Ω.
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The time-domain model together with the frequency domain model are both based on the
equivalent circuit description of the modulator electrode and represent fast and efficient ways to
analyze the modulator electro-optic performance when the electrical parameters are known. We
have discussed how those electrical parameters can be obtained from parameter extraction proce-
dures applied to measurements on suitable test structures. The presented methods for electrical
equivalent circuit and electro-optical time and frequency domain modeling can be consolidated
into standard software environments, such as Agilent’s ADS, to facilitate the design of high-speed
modulators.

3.3 First Generation COBRA Modulator

In this section, we explain the most important figure of merits of high-speed MZ modulators
and present the design and characterization of the first generation modulators on the COBRA
platform.

3.3.1 Performance Figures

As already discussed in previous sections, the mapping of electrical information onto the optical
carrier can be described by an electro-optic transfer function H(ω) that relates the optical signal
modulation to the electrical one. When normalised to the DC value, this transfer function also
indicates how much the modulation decreases with increasing frequency. The frequency at which
half of that modulation is achieved with respect to the DC value, is called the -3 dB bandwidth of
the EO response.

The optical modulated output is a product of the input signal spectrum with the EO frequency
response, or in the time domain the convolution of both. This means that knowledge of the EO
frequency response curve is fully sufficient to predict the optical modulator output for any given
electrical input. A 10 Gb/s PRBS signal has its first spectral zero at exactly 10 GHz (see Fig.
3.24). Usually, the modulation eye diagram is acceptable if the -3dB bandwidth is around 60 to
70 percent of that frequency.

Measurement of the EO-frequency response is performed with a 67-GHz Lightwave Com-
ponent Analyzer (Agilent N4373C). Before each measurement, the electrical two-port network
analyzer needs to be properly calibrated. As the modulator electrical input is usually provided
through on-chip probing, the effect of the high-frequency probe and that of the cable connec-
tion to the instrument is de-embedded through on-wafer calibration with an impedance standard
substrate.

In the Mach-Zehnder modulator, the output intensity varies with the state of constructive and

PRBS spectrum Sin(ω)
with Tb bit period

sinc envelope

1/Tb 2/Tb f

EO
 re

sp
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f3dB f
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Figure 3.24: The EO-response function of a modulator fully characterizes its linear time invariant behavior
for any given input stimulus.
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Figure 3.25: Transfer function of a MZ modulator. Optical intensity changes with reverse bias. Efficiency
increases at higher bias values due to the quadratic EO effect.

destructive interference in the interferometer. By applying a reverse biased voltage the relative
phase difference of the interfering signals coming from the two arms can be changed. The half-
wave voltage Vπ is the voltage required to induce a π phase change between the two. This also
shifts the intensity from a maximum to a minimum as shown in Fig. 3.25.

Measurement of the half-wave voltage is performed by sweeping the reverse bias voltage and
measuring the variation of the optical output intensity. The value can be obtained for the DC case
but in many cases the dynamic Vπ value varies at higher frequencies. We use the DC measurement
to determine the half-wave voltage for the COBRA modulators.

Bandwidth and half-wave voltage are the most important parameters with respect to high-
speed modulator characterization. Additional characteristics include the insertion loss of the
device which is the amount of optical power that is lost from the input to the output of the
modulator. The insertion loss should be as small as possible in modulators.

Normal operation of the modulator occurs with the bias point at quadrature position in Fig.
3.25 where the transfer curve has the best linearity. The amount of linearity in general is also
an important figure of merit for modulators, especially when utilizing higher order modulation
formats such as PAM-4 or QAM modulation. An ideal modulator transfers any input RF signal
swing to an output optical intensity swing in a linear way. In reality, nonlinearities generate
quadratic and cubic terms that create second and third order harmonics.

Next to the electro-optical bandwidth there is also the concept of optical bandwidth. Because
the electro-optic behavior differs at different wavelengths, its modulation, bandwidth, Vπ and
insertion loss are all changing with wavelength. The optical bandwidth specifies a wavelength
range in which the given parameters do not change significantly.

3.3.2 Modulator Characterization

For the design of the first generation modulators on the COBRA platform, we used the insight
gained in the previous sections, so that we could choose the optimum parameters with respect to
the design space for Vπ and the modulation bandwidth.

The phase-shifter length of the modulator was chosen to be 1250 µm long which should
support a 3 dB bandwidth of 9-10 GHz at a Vπ of 8 V. Both the time and frequency-domain sim-
ulations predicted reasonable modulation performance for that length. For the high-frequency
electrode we chose the microstrip transmission line configuration. To allow for direct probing of
the modulator device, coplanar ground-signal-ground probing pads have been used in conjunc-
tion with coplanar RF probes. The on-chip ground return lines were chosen to be far away11

(150 µm) from the central signal line as shown in Fig. 3.26a which depicts the layout of the

11in relation to the junciton thickness where the microstrip mode is built-up along hundreds of nanometers
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Figure 3.26: (a) Mask layout of the first generation COBRA modulator based on a microstrip transmission
line. (b) SEM image of the planarization of the phase-shifter. A trench in the planarization could
be observed in the proximity of the waveguide. (c) Simulated electric field of a microwave signal
at 10 GHz. Additional stray capacitance is introduced due to the trench.

modulators. This guarantees that the coplanar mode is suppressed and instead the microstrip
mode is excited, which is shown in a simulated field profile in Fig. 3.26c. One technological
choice in the mask design unfortunately led to an uneven height profile along the electrode. This
is illustrated in the SEM picture in Fig. 3.26b where the second polyimide passivation layer near
the optical ridge waveguide has been omitted. This causes additional stray capacitance that im-
pairs the modulator’s performance. In an updated design this omission has been corrected. Both
deep and shallow waveguide versions of the modulator have been designed and fabricated in a
MPW run.

The electrical scattering parameters of the high-speed electrode have been measured and are
shown in Fig. 3.27a. One can observe an electrical -6 dB bandwidth of 8.3 GHz and 6.6 GHz for
the deep and shallow waveguide respectively. The small difference in bandwidth originates from
the slight difference in waveguide geometry. The deep waveguide ridge is narrower with 1.5 µm
than its shallow counterpart with 2 µm exhibiting a reduced depletion layer capacitance which
leads to a better microwave behavior.

The DC efficiency of the modulator is shown in Fig. 3.27b. The half-wave voltage is in both
cases around 8 V as expected. The insertion loss is 10 dB. The measurement was performed with
an external laser, where the input polarization was controlled to be TE oriented for obtaining the
most efficient phase shift.

The dynamic behavior of the first generation modulator is shown in Fig. 3.28a where the
EO-frequency response is plotted in case of a 50 Ω termination resistance and in case of an open
circuit at the end. Clearly, the terminated case yields higher modulation bandwidth at 7.7 GHz
and 7 GHz for the deep and shallow modulators. For the open line case, reflections that reduce
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Figure 3.27: (a) Measured electrical scattering parameters of shallow and deep phase-shifters. (b) DC switch-
ing characteristic of the fabricated first generation COBRA modulators. Vpp = 5 V and bias at
quadrature.
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Figure 3.28: EO-frequency response at -6 V bias and small signal excitation for 50 Ω termination and open
end cases. (b) Detected eye diagram at 0 dBm input power for a 231 −1 PRBS sequence at 10
Gb/s.

the drive voltage decrease the bandwidth to below 5 GHz. Modulation eye diagrams at 10 Gb/s
NRZ-OOK are shown at 0 dBm optical power in Fig. 3.28b for both modulators. It is also evident
here that the deep phase-shifter performs better than the shallow version. Open eyes are achieved
in both cases which proves the feasibility of this design for 10 Gb/s modulation.

From the experimental characterization, it is clear, that the present modulator design shows
several issues. The main one concerns the high amount of noise in the eye diagrams. Although
the EO-response shows expected results and the transitions in the eye diagram show fast rising
and falling edges, they exhibit too much noise. In the next section, we will identify the source of
the noise and present an improved version of the modulator.

3.4 Bandwidth Limitations and Improvements

The previous sections dealt with the static and dynamic modeling of the COBRA modulator, based
on a microstrip electrode design. The main drawbacks in terms of speed and efficiency were
related to the high microwave loss in the transmission line caused by the doped semiconductor
environment, its low characteristic impedance and in general the weak electro-optic effect in
bulk quaternary material. In this section, we will present a way to overcome some of the high-
frequency related limitations by utilizing a coplanar microstrip electrode design and show that
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Figure 3.29: (a) Cross section of the first generation modulator electrode. A microstrip transmission line
with on-chip RF ground return is used. (b) Cross section of the second generation modulator
electrode. A coplanar microstrip transmission line is used where the ground metal is in contact
with the n-InP layer. The corresponding electric field distributions at 10 GHz show that the latter
configuration exhibits a stronger E-field.
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Figure 3.30: (left) Mask layout of the second generation COBRA modulator, utilizing a coplanar microstrip
electrode design. (right) Cross section of the modulator electrode.

additional technological changes in the generic platform could yield favorable performance for
future COBRA modulators.

3.4.1 Second Generation COBRA Modulator

Coplanar Microstrip Electrode Design

The performance of the first generation COBRA modulators is only moderate and can reach
speeds of 10 Gb/s modulation. One of the issues include a noisy modulation output despite
the fast rising and falling transitions and despite the reasonable EO-response curves that can be
observed in the measurement. Further analysis and comparison with experimental tests indi-
cate that the reason lies in the weak electric field generated inside the depletion area at higher
frequencies and an improved modulator based on a new electrode design is discussed here.

The previous design is based on the fact that the RF ground, which lies on top of the poly-
imide passivation layer and which is required for on-chip direct probing, is separate from the DC
ground, which is connected to the chip’s backside metal and therefore also connected to the n-InP
buffer layer below the waveguide. This separation is not harmful for the RF propagation because
the microstrip mode is still excited as shown in prior simulations and the measured transmission
line parameters confirm this. In addition DC bias is applied through the DC ground, so that the
p-i-n junction is reverse-biased correctly. However, the dynamic modulation of the electric field
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Figure 3.31: Simulation results from a 3D EM solver for geometry variations of the coplanar microstrip elec-
trode. (a) Characteristic impedance, (b) microwave index, (c) attenuation and (d) electrical
bandwidth for L = 1300 µm depending on the signal to ground separation and the width of the
ground electrode.

in the depletion area is weaker than in the case when the RF ground is directly connected with
the DC ground, i. e. when it lies on top of the n-InP buffer layer. This is effectively illustrated
in Fig. 3.29. In Figure (a), the on-chip ground lines are on top of the polyimide and positioned
far away from the signal line, so that the microstrip mode is excited and the maximum electric
field strength in the depletion layer at 10 GHz is 14 ·106 V/m. In comparison, Fig. (b) shows the
ground metal directly on top of the n-InP layer, which yields a higher electric field of 27.7 ·106

V/m. This means that the dynamic Vπ is actually higher for the previous case, requiring a larger
voltage to achieve the desired modulation12. This caused a smaller eye opening in the previous
measurements. Because the eye diagrams were taken at a specific optical input power to the de-
tector, higher amplification was needed which introduced more noise into the eye diagram. The
same effect contributes to the better eye diagram in case of deep phase-shifters, as the electric
field is stronger there with respect to the shallow phase-shifter.

With respect to a higher dynamic electric field build-up, the second configuration should
be preferred, where the ground metal is in contact with the n-InP. The distance between the
ground and signal lines has to be much smaller in this case to yield reasonable transmission
line parameters as we will see in the following. Because of that small distance, the electrical
propagation of the signal is of hybrid nature, a combination of the microstrip mode which builds
up in the depletion area and of the coplanar mode, which extends from the signal to the ground
electrode.

12Higher Vπ is caused by weaker electric field and associated with that a reduction in field and carrier based EO effects.
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Figure 3.32: Measured DC switching of the second generation COBRA modulator for L=1250 µm. (b) Elec-
trical scattering parameters.

With recent technological upgrades of the COBRA process, trenches could be defined that
remove the passivation and the cladding and core layers at defined positions, so that the coplanar-
microstrip electrode can be realized in practice. Fig. 3.30 depicts the mask layout of a MZ
modulator based on this transmission line. Coplanar probing pads are defined at the top level
of the chip and their ground lines are connected to the ground of the new electrode through a
sloped transition of the metal, which bridges a height different of 2.2 µm.

To study the influence of the geometrical parameters on the electrode performance, 3D full-
wave simulations were performed and Fig. 3.31 shows the results for the new structure. After
maintaining the signal metal width wsig of 10 µm the separation s between the ground and
the signal metal and the width wgnd of the ground metal are both design parameters that can
be changed. It can be observed that the coplanar electrode design introduces a new degree of
freedom into the design space. In particular, the transmission line parameters vary significantly
with changing s. In principle, impedance matching to 50 Ω seems possible now at larger sepa-
ration distances, yet it is not an acceptable solution because both the microwave index and the
attenuation have very high values at that point.

The same interplay between impedance match and attenuation as discussed in previous sec-
tions will determine here the electrical bandwidth for a given geometry and length. Fig. 3.31d
depicts the -6 dB bandwidth for an electrode length of 1.3 mm and shows that at small separation
distances, the low attenuation will yield a high electrical bandwidth. Overall, the width of the
ground metal has much less influence on the performance.

For the second generation modulators, we chose a design with the values wgnd = 10 µm,
wsig = 10 µm and s = 10 µm. The length was kept at 1.25 mm to have a reasonable half-wave
voltage and therefore the same drive voltage requirements as before. One of the two arms of the
MZ modulator has a waveguide core layer containing active multi quantum-wells in order to test
the EO efficiency in that case. The results are reported in a later section.

Characterization Results

The new modulator design was realized through one of the COBRA/SMART Photonics MPW runs
and the results are presented and discussed here.

The static performance of the modulator is shown in Fig. 3.32a where the output power is
measured as a function of reverse bias applied to one modulator arm at varying bias conditions of
the second arm. The insertion loss is around 10 dB and the DC extinction around 10 dB. The DC
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Figure 3.33: Electro-optical frequency response measurement of the second generation COBRA modulators.
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Figure 3.34: (a) Eye diagrams for 1000 µm long, second generation COBRA modulators and (b) detected
BER curves. (c) Detected eye diagrams under pulse amplitude modulation (PAM-4).

extinction is impaired in this specific design due to the fact, that the optical absorption of both
arms differ slightly due to the inclusion of MQW material in one of the two arms. The bias sweep
was performed on the passive waveguide electrode. The half-wave voltage is 8 V and matches
well with previous measured devices from the first generation designs and calculations.

The electrical scattering parameters were measured with the VNA and are shown in Fig.
3.32b, indicating an electrical bandwidth of 15 GHz at 6 V reverse bias. The impedance match
is not optimal, because the design yields an electrode impedance of around 25 Ω, again much
lower than the drive impedance, which is reflected in the increased S11 reflection curve between
4 to 15 GHz. The electro-optic frequency response is shown in Fig. 3.33a and 3.33b. A 3 dB
bandwidth of 7.5 GHz can be observed and the reflection curve is identical to that of the pure
electrical measurement, which is to be expected.

In comparison to the first generation modulators, the static and frequency response measure-
ments do not show any significant improvement. This is also expected as the same trade-off
considerations and bandwidth limitations as before apply for the coplanar microstrip electrode.
It will however be evident in the following modulation measurements that the second generation
electrode design is superior to the first design, mainly because of the stronger dynamic electric
field build-up across the depletion layer.

To characterize the time-domain characteristics of the modulator, back-to-back transmission
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Figure 3.35: (a) Loss contributions in the second generation COBRA modulators obtained from 3D EM simu-
lations. (b) Simulated bandwidth-length trade-off of COBRA modulators based on n-doped and
semi-insulating InP substrate material.

of NRZ-OOK signals is performed and the BER is measured. Fig. 3.34a depicts the optical eye
diagrams at varying bit rates from 10-25 Gb/s. A reasonable eye opening can still be observed at
25 Gb/s. The Q factor of 5.8 at 15 Gb/s indicates that the modulator operates at the threshold for
theoretical error-free transmission.13 The BER results are shown in Fig. 3.34b where error-free
operation is possible up to 15 Gb/s. At 20 Gb/s modulation, an error floor at 10−7 is visible. If
forward-error-correction (FEC) codes are used, the modulator can easily operate at 20 Gb/s.

Recently, multi-level intensity modulation formats such as pulse-amplitude modulation (PAM)
have become popular for short-reach optical interconnect applications. They require a certain
level of linearity in the modulator transfer function, because multiple electrical voltage levels
need to be mapped to optical intensity levels. To demonstrate the feasibility of PAM-4 modula-
tion with the second generation COBRA modulators, electrical four-level signals were input to
the modulator and its optical eye diagram is shown in Fig. 3.34c. At 10 Gbaud the four opti-
cal intensity levels are clearly distinguishable and open eye patterns can be observed. No BER
measurements were performed due to the lack of a defined precoding and additional detection
hardware.

We have discussed and presented how the coplanar microstrip electrode design could improve
on the previous pure microstrip design due to a stronger electric field modulation in the depletion
area. This was achieved by putting the RF ground electrodes in direct contact with the n-InP
layer after selectively removing the passivation at those locations. Operation speed of the COBRA
modulator could be increased this way to 20 Gb/s. In the next sections the focus will lie on how
to further increase the bandwidth of the modulator.

3.4.2 Towards Higher Bandwidth

We stated in previous sections that high microwave losses limit the bandwidth of the COBRA
modulators. Losses are generated mainly due to the semi-conducting nature of the materials
used to form the transmission line; losses are rather high in case of semi-conductors. We will
explain the main loss mechanism in semi-conductors in a small primer.

In an ideal transmission line without any losses, no absorption or scattering of the guided
electro-magnetic wave takes place. In other words, the structure does not include any resistive
elements, so that the complete energy which is input to the line is transferred to its output. This
also implies that the conductors have no resistance (R=0) and that the dielectrics which are

13NRZ-OOK Q factor of 6 corresponds to 10−9 BER in theory.
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used to separate the two conductors have no conductivity (R →∞). In practice, this condition
can never be satisfied. Examples for high bandwidth, low loss transmission lines are hollow
waveguides, where air is the dielectric and a metallic surrounding acts as the waveguide. In this
case, losses are caused from the absorption of electro-magnetic waves by the metal and from
scattering processes due to surface roughness.

For high-performance planar transmission lines, low losses are achieved through high-frequency
type dielectric materials, that only have a small amount of conductivity. Usually this is repre-
sented as the imaginary part of the permittivity and goes into a factor known as tanδ. This
finite conductivity creates losses due to current leakage between the conductors. Additionally,
the conductors themselves are imperfect and have finite resistance. Due to the skin effect this
resistance increases also with operating frequency because the electric field penetrates deeper
into the conductor, causing a current density distribution that is more concentrated towards the
outside of the conductor. These two effects are the main contributions to losses in case of planar
transmission lines and they are represented in the transmission line equivalent circuit through
the series resistance and the shunt admittance.

In case of the COBRA modulator electrodes, the two conductors are the signal and the ground
metals and the dielectric is the depletion zone under reverse bias. The electrical connection of the
metal to the depletion zone is performed with doped semi-conductor layers. They can be seen as
lossy metals or lossy dielectrics depending on the conductivity values they exhibit. The physical
loss mechanism is however the same. Fig. 3.35a shows the contribution to the transmission
line losses from each layer in the COBRA electrode, calculated from 3D EM simulations. It can
be clearly seen that up to 10 GHz the main losses are caused by the imperfect conductors. The
increase in resistance due to the skin effect is proportional to the square root of the frequency and
is reflected in the plot. Reduction of this loss contribution can be performed through thicker and
wider metals with better conductivity values or electro-plating a second metal layer on top. Those
steps will certainly increase the bandwidth of the modulator but are not effective for frequencies
exceeding 10 GHz.

For higher frequencies the dielectric loss14 dominates and in particular the absorption in the
p-doped cladding is the major cause. A solution for this is however difficult because higher dop-
ing concentration would increase optical absorption and lower doping would decrease the electric
field available for modulation. Possible ways by using an n-doped layer instead and transitioning
from that to a very thin p-doped layer to form a n-p-i-n junction has been demonstrated by [57]
successfully. This would be difficult to implement into the COBRA platform given the compati-
bility requirement with all the other passive and active components. Reduction of the p-InP loss
remains therefore a critical task for improving the bandwidth of the modulator.

A second source of loss is the n-doped substrate, which exceeds the conductor losses above
30 GHz. A very high doping concentration to reduce the resistance of the substrate is not feasible
so a simple way is to utilize a low conductivity, semi-insulating substrate. Several studies have
shown that this can increase the bandwidth of modulators [112, 113]. Fig. 3.35b depicts the
electrical bandwidth of the COBRA modulators when a semi-insulating substrate is used. At
1 mm electrode length 20 GHz of bandwidth is possible and poses a significant increase with
respect to the conventional n-doped substrate. In the following we present results obtained on
phase-shifter test structures that were fabricated in an experimental COBRA/SMART Photonics
MPW run which utilizes a semi-insulating InP substrate.

An optimized design based on the coplanar microstrip transmission line discussed in the pre-
vious section has been determined through 3D EM simulations and is shown in Fig. 3.36 with the
electric field distribution of the microwave mode. According to the simulations the design should
have 1.3 dB/mm microwave loss, a line impedance of 23 Ω and a microwave index of 6.5, all at
a frequency of 10 GHz. This yields an electrical bandwidth of 14 GHz at 1.3 mm length.

14Losses of the semi-conductor, which acts as a dielectric.
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Figure 3.36: phase-shifter test structure layout for fabrication on semi-insulating InP substrate material and
its simulated electric field at 10 GHz.

The device was fabricated but a process design kit issue led to an increase of metal dimensions
by 2 µm on each side. The measured performance of the phase-shifter is shown in Fig. 3.37.
Because the actual dimensions only varied slightly from the design values, the transmission line
parameters mostly are as expected. A low impedance of 25 Ω with an index of 6.4 was measured.
The attenuation value is lower than expected and remains below 1 dB/mm until 13 GHz. This can
easily be caused by variations in the electrical properties of the semi-insulating substrate material
from the simulated values. It should be noted here that the rise of attenuation with increasing
frequency occurs significantly slower in this case than compared to the n-doped substrate as
shown in Fig. 3.11a. Instead of 3 dB/mm at 25 GHz, the attenuation here remains at 2 dB/mm.
This leads to an electrical bandwidth reaching 17.5 GHz for a length of 1.2 mm.

The experimental results on the phase-shifter test structure show clearly that the employment
of semi-insulating substrate can reduce microwave attenuation, especially at higher frequencies.
The modulator bandwidth can be effectively increased. A common cathode n-InP layer can be
used for electrical connection. With the increased modulator bandwidth, its length can be in-
creased while keeping the same speed. This is an attractive way to reduce the Vπ value for the
modulator and consequently the drive-voltage. The same reasoning applies also in reverse. By
increasing the efficiency of the modulation, the length can be reduced and speed is gained. The
next section will detail possible ways for the COBRA platform to increase modulation efficiency.

3.4.3 Towards Higher Efficiency

The electro-optic modulation in the phase-shifters occurs through the use of the electric field
based and carrier based effects, when a reverse bias is varied along the depletion area of the
waveguide. In case of the COBRA platform, those effects are rather weak in the bulk quater-
nary material and a VπL product of 9 Vmm is achieved. In comparison several state-of-the-art
modulators operating at 7 Vmm [114], 4.2 Vmm [115], 6.6 Vmm [116] and 6 Vmm [56] were
demonstrated based on the more efficient Quantum Confined Stark Effect which occurs in multi
quantum-well material. We present here measurements on Vπ of modulators that utilize the CO-
BRA active MQW material in one of its arms instead of the standard passive Q-1.25 bulk material
and demonstrate that the QCSE can be used in principle on the COBRA platform to increase the
modulation efficiency.

The modulator design is identical to the second generation modulators discussed in previous
sections except that we modulate the voltage on one arm which holds active MQW material with
a bandgap at λg = 1.55 µm. Usually, to efficiently use the QCSE, the MQW bandgap should be
significantly lower than the operating wavelength so that it is transparent to the light passing
through. Under reverse bias, the bandgap shifts towards higher wavelength and absorption is
increased. Combined with that, the refractive index is also altered. For the proof-of-concept
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Figure 3.37: Electrical measurements on fabricated test structures on semi-insulating substrate. (a) Electrical
scattering parameters of a 1300 µm long electrode. (b) Line impedance, (c) attenuation and (d)
microwave index values extracted from measurements.

on the COBRA platform, we avoid a second MQW growth step and utilize the standard active
material. Therefore, optical absorption even in the unbiased condition is very high. This is
reflected in the insertion loss of 20 dB of the modulator device.

The DC switching characteristic can be seen in Fig. 3.38a. At 1550 nm 4.3 Vmm can be
measured whereas at longer wavelength of 1630 nm, the efficiency reduces to 6 Vmm with
slightly lower insertion losses.

Fig. 3.38b illustrates the increase in efficiency by using the QCSE on the COBRA platform.
Vπ values around 5 V are possible for electrode lengths shorter than 1 mm. This enables the
utilization of shorter modulator electrodes which increases the modulation bandwidth.

For practical use however, the active MQW material is not suitable in the MZ modulator due
to the high optical absorption and device insertion loss. A second MQW with shorter bandgap
wavelength needs to be grown during the process to account for modulator phase-shifters. This
is subject of active effort in the COBRA platform.

We have demonstrated that the QCSE can be used in the COBRA platform to increase the
modulation efficiency and reduce Vπ or modulator length and increase its bandwidth.
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Figure 3.38: (a) Experimental DC switching curves obtained for 1000 µm long modulators with standard
COBRA active material utilizing MQW at λg = 1.55 µm. (b) Comparison of Vπ voltages for MQW
and bulk material.

3.5 High-Speed Modulator in Oclaro Platform

The discussion and analysis of traveling-wave modulators on the COBRA generic integration
platform yielded several conclusions which are important for the realization of high-speed mod-
ulators. The main requirements are low loss microwave transmission lines that are impedance
and velocity matched, so that the modulating signal can travel undistorted along the electrode.
Additionally, higher modulation efficiency can yield shorter electrodes for a given Vπ target and
therefore increase the modulation bandwidth even further.

In this section, the focus is on the modulator building block from the Oclaro foundry, which
implements several of the above mentioned aspects into a state-of-the-art modulator. The devices
discussed in the following were the result of an experimental Oclaro foundry MPW run and use
the technique of capacitive loading to improve the RF performance of the modulators.

3.5.1 Capacitively-Loaded Modulator

The capacitively-loaded traveling-wave modulator is well known in the literature for its high-
speed, low loss performance [70,117–119]. It is based on a decoupling of the electrical transmis-
sion line and the optical waveguide. In this way, the microwave loss mechanisms that act on the
semiconductor layers of the optical waveguide, which pose severe impairments for the COBRA
modulators, can be circumvented.

The basic design is shown in Fig. 3.39. The transmission line is realized as a stripline elec-
trode consisting of a ground and a signal metal. The design of this stripline (CPS) can be done

CPW-CPS transition

n-bias

imbalance

TW-Electrode S

G
G

G
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Figure 3.39: Schematic of capacitively-loaded stripline electrode used in high-speed modulator by Oclaro.
Input and output coplanar RF feed lines are connected to modulator electrode through CPW-
CPS transition.
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Figure 3.40: (a) Illustration of CPW-CPS transition. (b) SEM image of air bridge connecting capacitive loading
pad with main stripline electrode. (c) Air-bridge of stripline electrode to cross optical waveg-
uides. (d) Photograph of fabricated modulator device from Oclaro.

independently from the optical waveguide design of the modulator, because the connection to
the latter is realized through small pad elements that are placed on top of the waveguide and are
connected to the CPS via air-bridges. This allows for impedance matching of the CPS to a desired
value by varying its geometry accordingly. In addition, it can be placed on top of low-loss di-
electrics to reduce the attenuation, so that the electrical signal can travel unhindered through the
CPS. At regular intervals the voltage is applied to the optical waveguide through the capacitive
loading elements and contributes to the electro-optic modulation.

For this concept to function in an efficient way, both waveguide arms are connected electri-
cally by a shared n-InP layer, acting as a common cathode for the device. Push-pull driving of both
modulator arms is desired because of the possibility of zero chirp output. This can be achieved
in this modulator design through the series push-pull driving scheme [70]. A common positive
potential is applied to the n-InP layer through a close-by metal pad, so that both modulator arms
are reverse biased. A subsequent RF voltage swing from the ground to the signal electrode will
induce opposite directed electric fields in the waveguides, yielding efficient modulation of the
optical phases.

The design of the CPS line with the capacitive loading elements has been performed by Oclaro
and the device was available as a building block. Because the generic Oclaro platform utilizes
coplanar waveguides (CPW) for RF signal routing, a transition element was required that can
connect the modulator CPS transmission line to the CPW. Such a device with similar operating
principle as discussed by Mao [120] has been designed in this work and included in the modulator
device, so that its input and output electrodes can be contacted by GSG high-frequency probes.

Furthermore, the Oclaro platform utilizes MQW material for its modulator waveguides, so
that the more efficient QCSE is applied for the electro-optic interaction. Combined with the
impedance and velocity matched CPS electrode and the use of low-loss dielectrics, the modulator
exhibits very good high-speed properties.

The fabricated device is shown in Fig. 3.40. Due to process related issues, the air-bridge
definition is not ideal, so that several air-bridges do not make electrical contact. Upon further
investigation, the cause was identified to be a disconnection between the bridge and the capac-
itive loading pad. This is shown in Fig. 3.40b. The wider air-bridges which connect the main
CPS electrodes are not subject to this processing issue and are intact as can be seen in Fig. 3.40c.
The devices that make electrical contact via the air-bridges to the capacitive loading pads exhibit
high forward bias series resistance in the range of hundreds of Ω and we suspect that the cause
originates from the same processing issues. Nonetheless, several working devices were identified
and their measurement results are reported in the next section.
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Figure 3.41: (a) Measured S-parameters of CPW-CPS transition. (c) S-parameters of complete modulator
electrode from pad to pad. (c) DC switching curve of modulator with 12 V common cathode
potential. (d) EO frequency response measurement. (e) Detected back-to-back NRZ-OOK eye
diagrams from 25 Gb/s to 40 Gb/s. (f) BER curves for 25 Gb/s, 30 Gb/s and 35 Gb/s modula-
tions.

3.5.2 Modulator Characterization

The characterization results of the fabricated modulator are shown in Fig. 3.41. Plot (a) confirms
the operation of the electrical transition element from CPW to CPS transmission line. The design
of the transition is depicted in Fig. 3.40a and involves one additional on-chip wire bond that
joins the ground metal from both sides. The fabricated transition elements exhibit an electrical
bandwidth exceeding 40 GHz and are well suited to provide a broadband interface to the modu-
lator electrode. Fig. 3.41b shows the electrical scattering parameter measured from pad to pad of
the depicted device. The -6 dB bandwidth is at 40 GHz, including the effect of the RF transition
element. The reflection is below -15 dB until 25 GHz, indicating a good impedance match to
50 Ω. Fig. 3.41c shows the intensity variation when the bias potential is held at 12 V and the
ground to signal voltage is varied. A small drive voltage of only 2 V is required for modulation
which can be attributed to the quadratic nature of the QCSE and the high bias voltage applied.
The electro-optic frequency response is shown in Fig. 3.41d where a 3 dB bandwidth of 35 GHz
can be observed. The corresponding eye diagrams ranging from 25 Gb/s to 40 Gb/s are shown
in Fig. 3.41e. Very clean and open eyes are possible at 25 Gb/s and reasonably open eyes can
be generated at 40 Gb/s. Here the eye diagrams are taken at 0 dBm optical input power for a
PRBS sequence length of 231 −1. It should be noted here that the electrical path to the input of
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the modulator is the limiting factor during the test, as the purely electrical eye diagram at 40
Gb/s already shows imperfections. BER curves are taken for the back-to-back transmission case
and indicate error free operation at 30 Gb/s. If FEC is applied, error-free modulation at 35 Gb/s
is possible. Additional modulation at 20 Gb/s and subsequent transmission through 20 km SMF
could be successfully performed with this type of modulators and will be shown later in chapter
7.

3.6 Summary

In this chapter the most common types of integrated optical modulators and their working princi-
ples were reviewed and the considerations that led to the choice of traveling-wave Mach-Zehnder
modulators for the optical transmitter in this thesis were described. The underlying principles be-
hind the bandwidth-efficiency trade-off which limits the modulator performance were developed
and illustrated with the help of static and dynamic modeling techniques. In particular, we ap-
plied electro-magnetic and equivalent circuit modeling techniques to investigate the electrical
bandwidth of modulator electrodes and developed subsequently an electro-optical model that
can estimate its frequency- and time-domain response. These models were applied to the COBRA
platform modulators and two specific designs were fabricated and characterized.

The first generation COBRA modulator utilizes a 1.25 mm long microstrip electrode with a Vπ
of 8 V and its bandwidth was limited by transmission line loss and impedance mismatch to 8.3
GHz. 10 Gb/s NRZ-OOK modulation was possible with the devices but a weak dynamic electric
field modulation in the waveguide core led to noisy output patterns.

The second generation COBRA modulators utilize a coplanar microstrip electrode where the
RF ground is connected to the DC ground. Comparable EO bandwidth of 8 GHz and Vπ values
could be achieved at the same electrode length but thanks to a stronger electric field built-up,
the modulation output could be improved as compared to the previous devices. 20 Gb/s open
eye diagrams could be achieved and 15 Gb/s error-free transmission was possible. In addition,
PAM-4 modulation at 20 Gb/s was demonstrated.

Both designs are constrained by platform limitations in terms of efficiency and speed and we
presented results on how technological changes in the platform can lead to higher performances
for the modulators. Microwave losses could be reduced below 1 dB/mm at 10 GHz by using a
semi-insulating substrate, so that the phase-shifter electrical bandwidth was increased to 17.5
GHz at 1.3 mm length. The efficiency can be increased, leading to Vπ values below 5 V for a
modulator length of 1 mm, by utilizing MQW material in the optical waveguides. Those plat-
form changes are the subject of present efforts for the COBRA process and will lead to higher
performances of future MPW runs once implemented.

Finally, we investigated an Oclaro capacitively-loaded traveling-wave modulator building
block, which combines low-loss and impedance and velocity matched electrodes with efficient EO
modulation in MQW material. We designed a broadband coplanar to stripline transition element,
working up to 40 GHz, so that the modulator stripline electrode can be connected to standard
coplanar RF feed lines. Those devices were fabricated in an experimental Oclaro MPW run on
semi-insulating substrate and showed high-speed performance with 35 GHz EO bandwidth and
Vπ values of 2 V. Open eye diagrams up to 40 Gb/s NRZ-OOK modulation were observed and
error-free back-to-back transmission up to 30 Gb/s was measured.





Chapter 4
Electrical Crosstalk

Electrical crosstalk can be seen as the phenomenon of undesired transmission of an electrical
signal from a source to a target through a crosstalk channel, causing the target device to degrade
in performance. It can occur in all types of electronic environments and was initially studied in
case of telephone and radio transmission and introduced as the field of electromagnetic compat-
ibility [121]. With the rapid development of the microelectronic industry and its miniaturization
efforts combined with a push towards high-speed signaling, electrical crosstalk issues and their
mitigation became an integral part of modern microwave and millimeter-wave integrated circuits
and also plays an increasingly larger role in very-large scale silicon integrated circuits [122]. In
essence, crosstalk affects signal integrity and proper analysis of its generation, propagation, im-
pact and reduction is therefore crucial in the field of microelectronic integration. This has led
to an extensive and active research field [123–126]. The state-of-the-art to deal with crosstalk
in electronic IC design is now rather standardized in form of a series of implemented models
into electronic design tools such as CADENCE [127]. They are based on sets of equivalent circuit
models describing the electrical behavior of the IC substrate, the noise generation and recep-
tion mechanisms [122, 128]. Following that, network and parasitic extraction procedures are
responsible for generating the model values from actual design and CAD layout [129,130].

In case of photonic integrated circuits, the issue of electrical crosstalk has only recently gained
more attention. Especially with the emergence of large-scale photonic integrated circuits and
densely-integrated multi-channel transmitter and receiver chips, operating at very high signaling
speeds, electrical crosstalk can pose a severe problem. It will even become a limiting factor for
further miniaturization efforts in the photonic integration industry if not properly addressed.
In the real application, any photonic circuit is embedded into electronics in form of a high-
speed assembly board or a printed circuit board, so that the electrical crosstalk problem is not
limited to the PIC itself but is also subject to the environment outside the PIC. Several papers
addressed in particular crosstalk generated from the package or the package to chip interface
[51,131,132]. Studies of electrical crosstalk originating from the PIC itself are not yet common.
Early studies focused on current crosstalk between lasers and detectors [133] and detector arrays
[134], introducing concepts such as capacitive, inductive and substrate crosstalk to optoelectronic
integrated circuits. General considerations on the performance limits of densely integrated PICs
imposed by electrical crosstalk are presented in [135, 136] but the analysis is based on very
simplified assumptions on the transmission line structure on the PIC. Negative impact of electrical
crosstalk on transmitter and receiver performance was previously observed in [137].

In general, research effort spent on electrical crosstalk in PICs and its understanding is still
low compared to that in the micro-electronics field. Consequently, there is a current lack of ac-
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Figure 4.1: (a) Schematic of a four channel transmitter chip. (b) Experimental setup for measuring the bit
error rate and eye diagram in back to back transmission. Both aggressor and victim are driven
with 2 Vpp in single-ended configuration, biased at -4.4 V and terminated with 50 Ω. Victim
channel at λ=1550.44 nm.

curate and convenient methodologies to deal with this issue. Transformation and application of
methodologies from the micro-electronics integration community to photonic integrated circuits
takes time and is not always straight forward. In this thesis we have adopted a more phenomeno-
logical approach to studying electrical crosstalk in WDM transmitter PICs. Parts of the results
presented here have been already published in [138, 139] and are reproduced here in slightly
adapted form.

As an introduction to this chapter, we present a small case study where a transmitter assem-
bly exhibits electrical crosstalk and suffers from performance degradation because of it. A four
channel transmitter PIC containing four Mach-Zehnder modulators and four lasers is packaged
in an electronic assembly and shown in Fig. 4.1. A common evaluation method for the trans-
mitter performance is to measure its back-to-back transmission bit-error rate (BER) as a function
of received optical power. This measurement is shown in Fig. 4.2a and 4.2b in case a single
modulator is under operation and compared to the case when a neighboring modulator is si-
multaneously driven. In the latter case, a second high-speed electrical signal propagates from
the signal generator through the assembly and PIC into the neighboring modulator. It’s presence
causes electrical crosstalk to the first modulator, which manifests itself in the form of noise and
which can be observed in the optical eye diagrams. Because of this noise, more optical power is
needed at the receiver to achieve the same BER, which causes a power penalty to the transmitter
assembly. This simple example measurement illustrates how electrical crosstalk effects can cause
performance degradation in a PIC assembly1. It should be noted here for this introductory ex-
ample, that coupling is caused both in the electrical packaging and in the PIC part of the whole
assembly and that the total noise generated is responsible for the measured power penalty.

The above demonstration clearly shows that electrical issues in PICs oftentimes are related to
the whole assembly. However, for the crosstalk analysis in this thesis, we will restrict ourselves
solely to the part of the PIC itself and do not consider any other systems outside the PIC bound-
ary. Assembly technology spans a wide range of topics from packaging methods to high-speed
transmission line design on PCB or ceramics and signal integrity issues related to that, so that
covering crosstalk generation including the electronic assembly would be outside the scope of the
thesis. Nevertheless, it should be noted here that the assembly is equally important, especially for
system level considerations, with respect to crosstalk reduction in the whole transmitter module.

This chapter starts with an explanation of three main crosstalk mechanisms, that exist in
the context of PICs: circuit level, radiative and substrate crosstalk. Following that, we focus
on a phenomenological approach to crosstalk and quantify through experimental measurement

1More details on the experimental settings are provided in the captions of Fig. 4.1 and 4.2.
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Figure 4.2: Measured BER curves of a modulator in single-drive operation compared to the case when its
closest neighboring modulator is simultaneously operated at (a) 5 Gb/s and (b) 10 Gb/s with
PRBS input (27 −1).

of suitable RF feed line and modulator test structures its magnitude in PICs fabricated in the
COBRA integration platform. We explore the effect of common ground or ground bounce noise
on coupled RF interconnects and present a simulation approach that can describe it. Following
that, substrate noise and its injection and reception mechanisms are elaborated with the help of
phase-shifter test structures. Results are then shown also for coplanar and strip line geometries.
In addition, we present measurements that show the effect of electrical crosstalk on time-domain
signals. In the second part of this chapter, we focus on the impact of electrical crosstalk on the
optical performance of the modulators and investigate power penalties caused by crosstalk noise
to establish a suitable crosstalk tolerance for PICs. Finally, we propose certain crosstalk reduction
techniques for implementation in the future.

4.1 Electro-Magnetic Interference in PICs

As stated in the introduction, we restrict the analysis to InP photonic integrated circuits, which
can contain active and passive optical components as shown in Fig. 4.3. Many of these compo-
nents such as lasers, modulators and detectors are connected to high-speed electronics through
on-chip RF transmission lines and especially for the traveling-wave modulator, the device itself
represents a high-speed transmission line. Each of those high-speed components can potentially
act as a noise source to its neighboring components. With increased miniaturization and an in-
crease in integration density of components, the distance between the devices decreases, which

MZM

RF interconnect

PIC

phase-shifter Bond pad

Laser array Detector array

Figure 4.3: Illustration of a multi-channel transmitter PIC. Electrical crosstalk can occur between lasers, RF
interconnects, modulators and detectors.
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Figure 4.4: (a) Illustration of two coupled transmission lines with pure dielectric substrate and their equiva-
lent circuit models for radiative coupling mechanism (b) Modeled radiative coupling of a 1 mm
long modulator phase-shifter (equivalent circuit values are taken from chapter 3) under lossless
assumption for purely capacitive and inductive coupling and when both effects are combined. Cm
and Lm values are for each unit cell, which is repeated 32 times within the 1 mm length.

makes them more susceptible to electro-magnetic interference.
Coupling between two devices in a PIC can occur through three fundamental mechanisms,

resistive, capacitive and inductive [140]. The first way is when a current path between the
two devices exists and a charge flow can occur. Capacitive coupling occurs when electric fields
generated by the first device extend to the second device and introduce a potential difference
there. The third way, inductive coupling, occurs when magnetic fields generated by the first
device induce currents in the second device. These three physical mechanisms manifest into
three categories of crosstalk noise if applied to the case of photonic integrated circuits. One
usually distinguishes between radiative crosstalk, circuit level crosstalk and substrate crosstalk.
Radiative coupling is usually associated with capacitive and inductive effects2 whereas circuit
level crosstalk is caused by resistive current paths and substrate crosstalk can be induced by all
three mechanisms. We will discuss each of the three categories in more detail and indicate how
important each contribution is in the context of the generic integration process.

4.1.1 Radiative Coupling

Radiative coupling from one device to the other describes the process where changing electro-
magnetic fields of one device generates noise in the other device. This involves capacitive and
inductive coupling paths, so that one can represent it in an equivalent circuit through a mutual
capacitance and mutual inductance connecting the two devices. In case of transmission lines,
the mutual capacitance Cm and inductance Lm are then of a distributed nature, comparable to
the transmission line equivalent circuit elements. This is illustrated in Fig. 4.4a for a coupled
transmission line unit section [141].

In the semiconductor chip environment, capacitive coupling occurs through any dielectric
material or the air which separates the two devices. This can be the passivation dielectric or the
air above the chip but the electric fields do not penetrate into the conductive substrate or semi-
conductor epi-layers.3 The substrate does not prevent inductive coupling as the magnetic fields
reach through it to the neighboring devices. It is determined by the mutual inductance between
the two devices.

2This is the case when we assume a certain proximity between the two coupled elements (near-field). If both elements
are very far away (far-field) radiative coupling can still occur, e.g. through propagation of electro-magnetic waves.

3At high frequencies, the skin effect causes effective penetration of the fields into the conductive layers.
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Figure 4.5: (a) Circuit illustrating common impedance coupling between two transmission lines. (b) Com-
mon impedance coupling occuring between two modulator electrodes (L=1 mm) as discussed in
chapter 3 when the ground return path has an impedance of 5 Ω.

Both capacitive and inductive coupling increase with frequency. The changing magnetic fields
induce a voltage in the recipient device proportional to jωLm , acting as an extra voltage source,
whereas the changing electric fields generate currents proportional to jωCm in the recipient
device, introducing a current source. In practice, a combination of both effects makes up the
radiative coupling and can lead to a periodic frequency behavior, characteristic e.g. in a two
coupled-line system, where energy transfer is maximum at multiples of a resonance frequency.
Fig. 4.4b shows an example of two coupled lossless transmission lines that exhibit purely capac-
itive or inductive coupling. When both effects are present a periodic coupling can be observed
due to the LC resonance behavior of this effect [142].

Extraction of the mutual capacitance and inductance values for a certain line geometry or
component placement has been the goal of extensive research in case of microwave circuits and
micro-electronics [143–145]. This procedure is called parasitic network extraction. In simple
geometries it can be done using analytical calculations [146] but for more complex arrangements
and transmission lines on multi-layered substrates which applies for most of the photonic circuits
today, electro-magnetic simulation tools or accurate microwave measurements have to be used
[143, 147]. Even then those procedures only work well when the radiative coupling is the sole
mechanism that contributes to crosstalk and the simple multi-conductor transmission line model
in Fig. 4.4a can be applied. This is not the case in photonic circuits where the substrate is not
purely dielectric and homogeneous but has multiple layers with different conductivities so that
several other crosstalk mechanisms play a role and a different approach has to be taken.

4.1.2 Circuit Crosstalk

One of such mechanisms is circuit crosstalk which combines effects where noise is generated on
the level of electrical circuits. Unforeseen connections that were not included in the circuit design
or connections that were initially not taken into account contribute to circuit crosstalk. Usually, it
is of resistive nature and represents conductive connections between two points in a circuit [121].

In case of PICs, possible causes are imperfect ground planes or suboptimal electrical layouts
and metal routings that cause undesired effects. This kind of crosstalk can be difficult to account
for during design, which is why we aim to establish guidelines in this work that help to circumvent
such effects. The ultimate goal is to resolve circuit level crosstalk in the design stage.

Fig. 4.5a shows an example of circuit level crosstalk. An often encountered issue in integrated
circuits is the ground connection of devices that leads back to the source. It is popular to use a
common ground connection in many applications to reduce the circuit complexity. Therefore,
two or more devices are connected to a common ground return but if that connection is not
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Figure 4.6: (a) Substrate network in case of the COBRA platform. (b) Illustration of simple substrate noise
due to capacitive noise injection. The model is based on a two-layer substrate with 300 nm
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perfect and its resistance R0 not zero, a voltage drops along the ground line due to the common
return current. This voltage can be picked up as crosstalk from each device because it contributes
to a fluctuation of the ground potential. This is known as common impedance coupling, ground
bounce or common ground noise. Fig. 4.5b depicts the magnitude of ground bounce crosstalk
in case of two modulator electrodes as discussed in chapter 3 that are connected by a com-
mon ground return path. The results are based on the equivalent circuit representation and a
common ground impedance of 5 Ω. It can be observed that this noise component is rather inde-
pendent from frequency because it is a resistive coupling effect. In case transmission line losses
are present, the coupling reduces with frequency as line losses increase and less signal power is
available to generate noise.

4.1.3 Substrate Noise

The third type of crosstalk is related to the substrate material on which the integrated devices
lie on. Different components are able to inject and receive noise from the substrate which rep-
resents a complex medium for noise propagation due to its multi-layered and semi-conductor
nature. Crosstalk investigation in case of micro-electronic integrated circuits has been focusing
on understanding substrate related effects as the major aspect [148–151]. One can distinguish
between injection, propagation and reception mechanisms in the context of substrate crosstalk.
Resistive and capacitive injection of noise can occur through ohmic contacts with the substrate or
through oxide or passivation capacitances. Subsequent propagation of the noise in the substrate
through a conductive mechanism results in a long reach of substrate crosstalk. This is especially
true for highly doped semiconductor substrates. At different locations on the chip this noise can
then be picked up by devices through the same resistive and capacitive mechanisms.

Fig. 4.6a shows an equivalent circuit representation of the substrate in case of the COBRA
generic platform. Using the principle of partial element equivalent circuits physical parts of the
device can be translated into equivalent circuit components [152,153]. Devices such as RF lines
and phase-shifters can inject noise into the substrate through passivation and depletion capaci-
tances. As the passivation layer and the depletion zone are rather thin in the COBRA platform,
significant injection occurs. A complex resistive network is responsible in the substrate for noise
propagation. Not only is the n-InP substrate resistive but also certain devices are connected
through the p-InP cladding layer, adding to the complexity of the noise propagation network.

To illustrate the amount of coupling, Fig. 4.6b shows calculated results for a simple two-layer
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substrate with only polyimide and n-InP underneath and when injection and reception occurs
through metal pads that are spaced a certain distance D away. The coupling increases with
frequency due to the capacitive injection and reception mechanisms. The dependence on separa-
tion distance is due to the resistive propagation mechanism. In the COBRA integration platform
the substrate shows resistive behavior due to its high doping concentration (∼ 1018 cm−3) and
consequently high conductivity value whereas capacitive effects only appear at frequencies ex-
ceeding one terahertz, after which the impedance associated to the capacitance becomes larger
than the resistance [154]. In case of a semi-insulating substrate material the resistivity is very
high (ρ ∼ 107 Ωcm) and capacitive effects are dominant from the start.

The aforementioned three coupling mechanisms constitute the full set of possible ways cross-
talk noise can reach from one device to the other in the context of photonic integrated circuits.
In practice, it is difficult to isolate and quantify these effects separately at device level. The
measured crosstalk characteristics will be a combination of all three effects and it is difficult to
separate those into their individual contributions. In the following, we will therefore follow a
more phenomenological approach that investigates the overall electrical crosstalk on a device
level. This is helpful in determining design and spacing rules for WDM transmitter PICs and
represents a practical approach to electrical crosstalk quantification. Knowledge of the main
crosstalk concepts as discussed in this section helps to understand the experimental results.

4.2 Electrical Crosstalk Quantification

4.2.1 Phenomenological Approach

We focus here on the electrical coupling between RF interconnects and RF modulators as those
are usually long, distributed devices that carry high-speed signals. However, it should be noted
that electrical crosstalk also appears in many other devices that can occur in photonic circuits.
A phenomenological approach is followed where we design test structures that are identical to
the devices used in a WDM transmitter but that allow for accurate measurement of its electrical
coupling. The coupling can be quantified for different geometrical variations, leading finally to
design rules which are useful for achieving a maximum integration density on a given platform.

In particular, we are interested in the crosstalk from one RF interconnect line or Mach-
Zehnder modulator to the other when both are placed closely together. The first is called the
aggressor as it generates a signal and the second is named the victim because it receives the
crosstalk noise. RF interconnects are used in PICs to feed the modulator sections with data sig-
nals, so that primarily, we are interested in their far-end crosstalk (FEXT) characteristics, which
is defined as the undesired noise coupled from the input at the near-end into the output of the
neighboring line at the far-end. Also for the modulators, we are interested in FEXT, as it co-
propagates with the optical signal in the traveling-wave electrode and affects its electro-optical
modulation stronger than the counter-propagating near-end crosstalk component. For that, four
different test structures, named interconnect and type I to III, consisting always of pairs of RF
lines or modulators, are designed that differ in the way how the ground return path is imple-
mented.

Fig. 4.7 shows the schematic layout of the four studied test structures which are fabricated
on the COBRA integration platform and therefore are based on the same epitaxial layer structure
as discussed in chapter 3. The first is based on a coupled interconnect line section with varying
length L, electrode width W, and separation distance D. The four ends of the coupled line section
are connected to RF on-chip probing pads, so that the coupling can be directly measured through
GSG probes, without introducing additional measurement fixtures. The grounds of the four
probing pads are linked via on-chip ground connections G1 to G4 as indicated in the figure.
The on-chip grounding solution is often seen in combination with wire-bonding to packages
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Table 4.1: Geometrical parameters of test structures.

RF interconnects Type I Type II Type III

Separation distance D (µm) 25, 50, 100, 200 30, 80, 180, 280 30, 80, 180, 280 40,90,140,190
Coupling length L (µm) 1000, 2000 1250 1250 1250

Electrode width W (µm) 10, 20 20 20 10
Ground width G2-G4 (µm) 75 25 25 -

Ground width G1 (µm) 75 25 (D=30,80µm) 25 (D=30,80µm) 25
Ground width G1’ (µm) - 35 (D=180,280µm) 35 (D=180,280µm) -

Ground length G1,G2 (µm) 1800 1500 1500 1150
Ground length G3,G4 (µm) 800, 825, 875, 975 260, 310, 410, 510 - -

(in order of incr. D) (in order of incr. D)
Measured samples 1 2 1 2

utilizing coplanar RF lines, because of an easier ground connection compared to the back-metal
ground case. Nevertheless, signal transmission in the coupled line section occurs through a
microstrip mode because its distance to the ground connections G1 to G4 is large with respect to
the thickness of the SiO2 and polyimide layers to allow a coplanar field built-up [155].

The phase-shifter test structures are similarly designed and consist always of two single-drive
MZMs placed close to each other with varying separation distances D between the driving elec-
trodes and with probing pads that are used to connect directly to the coupled structure. In case
of the type I devices, an on-chip ground ring connects the probe grounds together and is used
for the current return path instead of the back-metal ground plane of the entire chip. For type II
devices this ground is disconnected between the two modulators at positions G3 and G4 whereas
for type III devices each modulator also has its own separate ground electrode.

Table 4.1 summarizes the geometrical parameters of the fabricated interconnect and phase-
shifter test structures. Here should be noted that the ground connection width G1 in case of type
I devices is smaller for the first two separations distances and the width G1’ is larger for the last
two separation distances.

The frequency-dependent FEXT is measured using a two-port vector network analyzer (Agi-
lent N4373C). The corresponding ports of the test device are connected to the VNA through RF
probes and the other two ports can be terminated into 50 Ω loads (terminated condition) or left
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Figure 4.8: FEXT for RF interconnect test structure when the two not measured ports are (a) terminated into
50 Ω and (b) left open.

open ended (open condition). Measurements are performed for both conditions. In the latter
case, the propagating RF signal will see an open circuit at the end of the electrode and undergo
reflection, so that it travels back to the source. In the former case, most of the signal will be dissi-
pated in the termination load and only a part will be reflected due to impedance mismatch of the
electrode’s characteristic impedance with the load resistance. In a real world scenario both mod-
ulators would be terminated into their respective characteristic impedances, resembling more
the first case. Calibration of the VNA is performed using the short-open-load-thru (SOLT) tech-
nique on impedance standard substrate to shift the measurement reference plane to the probe
tips [100].

4.2.2 Coupling in RF Interconnects

Measurement Results

First, the measurement results of the interconnect test structure are discussed. The measured
FEXT gives a frequency-domain description of the coupling between two lines. Figure 4.8a shows
the measured FEXT between port 2 and 3 of the RF interconnects with L=1000 µm and W=20
µm, when the remaining two ports are terminated into 50 Ω. The crosstalk increases with fre-
quency until it reaches a maximum between 4 and 5 GHz, independent of coupling distance.
This suggests that the cause of the noise up to that frequency is due to a mechanism that is not
affected by the separation distance. It turns out that here, it is caused by an imperfect common
ground connection, shared by both interconnect lines. This connection is established through the
two terminating RF probes at port 1 and port 4 which electrically bridge the ground returns G1
with G3 and G2 with G4, respectively. The observed coupling can be clearly attributed to ground
bounce noise.

At higher frequencies, an overall FEXT reduction as well as a stronger dependence on sep-
aration distance D is observed. The reduction of crosstalk is mainly caused by high-frequency
attenuation in the interconnects, which prevents crosstalk noise from propagating in the victim
line. The dependence on separation is indicative for a radiative crosstalk contribution.

A possible way to eliminate the ground bounce noise and verify that it is dominating the other
two crosstalk mechanisms, is to disconnect the outer ground connection at port 3 and port 4 by
leaving those probe pads in an open state, which is shown in the measurement in Fig. 4.8b.
Here it can be observed that coupling now depends on the separation distance between the lines.
Furthermore, the highest crosstalk level at 25 µm separation (FEXT<-22dB) is lower than in the
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Figure 4.9: Average crosstalk calculated from DC to 20 GHz for varying line separation distances and termi-
nation states.

previous case (FEXT>-20 dB) with common ground noise and decreases with higher separation
distances. This indicates that the common ground noise is the dominating mechanism and with-
out its presence, radiative and substrate noise reduces with increasing separation distance as one
would expect.

The crosstalk peak observed at 8 GHz for all four separation distances is due to reflection
resonances from the two open ports of the test structure. It should be noted here that the coupling
at very low frequencies starts at around -40 dB and decreases rapidly up to 2 GHz after which
the radiative crosstalk dominates and is responsible for the shape of the curve. This will be
further explained in more detail in a following section on substrate noise injection with the help
of additional measurements.

Because it is not intuitive to relate the frequency dependent crosstalk curves directly to the
separation distance, as different mechanism can cause varying features in the measurement
curves, a simpler quantifier for the overall amount of crosstalk is needed. For that we build
the average crosstalk from DC to 20 GHz. Because we are studying devices with moderate mod-
ulation speeds at 10 Gb/s, we chose the upper frequency limit of the averaging to account for
spectral components within the first two spectral zeros of 10 Gb/s NRZ-OOK PRBS signals4. With
the newly defined quantifier, the distance dependence can be better studied.

Fig. 4.9 depicts the average crosstalk calculated in this way from the frequency dependent
measurements with varying separation distances for the interconnect structures. Generally speak-
ing, crosstalk reduces with increasing separation distance. However, there is a difference between
the measurements made when the two additional ports are loaded (TERM) or left open (OPEN).
In the former case, where the major cause of noise was attributed to a common ground connec-
tion, the coupling reduces only until 50 µm and then stays constant between -35 dB to -40 dB
even when the separation is increased. In latter case, when radiative and substrate coupling are
dominating, the average crosstalk keeps reducing beyond the separation of 50 µm. This is con-
sistent with the insight that open ended coupled lines exhibit stronger capacitive coupling and
terminated coupled lines are subject to more current flow, leading to common ground noise in
the given case [121].

The coupling length does not have a strong influence on the average crosstalk. In the ter-
minated case, shorter lengths have slightly higher crosstalk due to less attenuation of the initial
signal that travels along the interconnect. In the open case, especially for small separation dis-

4A 10 Gb/s NRZ-OOK signal has its first spectral zero at 10 GHz. Spectral contributions outside the second spectral zero
are neglected here as they contain very low signal power.
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Figure 4.10: (a) Simulated radiative and substrate coupling in comparison with the measurement in OPEN
condition. (b) 3D-EM simulation model of coupled RF interconnects with electric field distribu-
tion at 10 GHz.

tances, longer coupling leads to slightly higher crosstalk because of the radiative contributions5.

Simulation of Radiative and Substrate Crosstalk

To have more insight into the coupling mechanisms in both the open and terminated cases, we
present simulation results here from a 3D-EM simulation and subsequent circuit level analysis.

Simulation and modeling of interconnect crosstalk in the field of microelectronics has been
studied in various papers, for example based on distributed coupled transmission line circuit ex-
traction techniques [143] or 3D full-wave simulations using FEM or FDTD techniques [156,157].
The former approach becomes more complex and difficult to apply for multi-layered semicon-
ductor cross-sections, which is the case here when dealing with phase-shifters and interconnect
lines on photonic chips. Hence, an easier way is to use 3D full-wave solvers as have been previ-
ously demonstrated in [94, 95, 109] for simulation of modulator electrodes. This has been also
successfully applied in chapter 3 on a single phase-shifter. We extend the model in the full-wave
solver CST MWS to incorporated two phase-shifters in close proximity. This model can estimate
the radiative and substrate crosstalk contributions and in combination with additional circuit
simulations in ADS [110], the influence of the ground return noise can be included and the over-
all crosstalk can be predicted. The latter is achieved by representing the ground electrodes in
ADS through scattering matrices obtained from the EM simulations. First, the simulation of the
radiative and substrate crosstalk is detailed.

Figure 4.10b shows the coupled interconnect line model in the 3D-EM solver for obtaining the
pure radiative and substrate crosstalk contributions. Overlayed is the electric field distribution
at 10 GHz. Capacitive and inductive coupling occurs through the air on top of the interconnect
metal lines. Through the capacitance of the passivation layers and the depletion layer, noise
is injected into the substrate and can travel to the neighboring line in form of substrate noise,
contributing in addition to inductive coupling [158].

A short section of 100 µm is simulated to reduce simulation time and its 4-port S-parameters
are further cascaded in a circuit simulator to obtain the results of different coupling lengths.

5Crosstalk is defined here using scattering parameters that relate with each other the measured powers coming from the
device’s four ports (compare Appendix B.2). Because of the relatively high microwave losses of the lines, crosstalk noise is
steadily reduced during propagation along the line. Therefore, longer lines exhibit lower noise in case it is generated by
ground bounce. For the radiative coupling, crosstalk is also added along the coupling length so that a combination of both
effects determine the measured value.
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Figure 4.11: (a) FEXT at 10 GHz for RF interconnects depending on coupling length and distance without
ground bounce noise.

Using this approach, the configuration of the RF interconnect test structure can be simulated
when it has been measured in the OPEN state and Fig.4.10a shows that the FEXT results from the
model are in good agreement with the measurements. It is evident that crosstalk becomes higher
than -40 dB only if the separation distance is below 50 µm. Therefore, we use the simulation
model to study the coupling at small separation distances.

Fig. 4.11 shows the FEXT simulation result at 10 GHz for varying separation distances up
to 43 µm and coupling lengths up to 2.3 mm. Once again, we can observe that crosstalk is less
dependent on the coupling length. A variation from 800 µm to 2300 µm increases the noise mag-
nitude only by 4 dB. Instead, the separation distance has a much stronger influence. Crosstalk of
-19 dB at 1 mm length falls off to -29 dB if the separation is increased from 18 µm to 43 µm. The
weak dependence on the coupling length L is however to be expected. The substrate crosstalk
contribution does not scale strongly with coupling length because the noise component propa-
gates inside the substrate after its injection and is dependent on the total distance from injection
to reception position, leaving only the radiative part as a function of coupling length. From the
literature, it is well known that when two lines are in a coupled configuration, a periodic power
exchange between the lines occurs. This behavior can be derived from coupled mode theory and
follows a sinusoidal form with sin

(
κ f L

)
, where κ is a factor and f the operating frequency and

L the coupling length [142, 159], indicating that the crosstalk magnitude is periodic with both
frequency and coupling length6. The latter can be clearly seen in Fig. 4.11, where the coupling
saturates towards 2.3 mm, pointing to a decrease again at longer lengths, due to the periodicity.

It can be observed that significant coupling exists for low separation distances. The coupling
reduces with a fast pace when the separation distance grows.

Simulation of Common Ground Noise

To incorporate the common ground noise into the simulation, we can convert the interconnect
test structure as illustrated in Fig. 4.7 to an equivalent circuit shown in Figure 4.12. The two
measurement ports have the form of voltage sources and the two terminating ports are repre-
sented as 50 Ω impedances. Because the shared ground planes G1 to G4 are connected through

6This represents the same effects as the periodic LC coupling described previusly and shown in Fig. 4.4b
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Figure 4.12: (a) Equivalent circuit of electrical connections between the four ports connected to the crosstalk
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circuit in case the two ports not being measured are left open. No shared ground connection
exists between the two other ports. (c) Equivalent circuit of test structure when shared ground
is disconnected at point G3 and G4. (d) Equivalent circuit in case of ideal ground.

0 5 10 15 20 25

Frequency (GHz)

-20

-15

-10

-5

0

M
ag

ni
tu

de
 (d

B)
 

S11
S21

L = 100 µm

(a)

0 5 10 15 20 25

Frequency (GHz)

0

5

10

15

20

25

Im
pe

da
nc

e 
(O

hm
) |Z|

Impedance of ground

(b)

Figure 4.13: Simulated S-parameter of a 75 µm wide and 100 µm long ground connection with its charac-
teristic impedance.

the ground pins of the RF probes, these can be arranged as an impedance ring network. In this
circuit, port 1 and port 2 are directly connected to the impedance network, so that there is fi-
nite electrical transmission between the two ports which has been measured as overall crosstalk
in the experiment. The impedances G1 to G4 are responsible for ground bounce noise as they
connect the left and right part of the circuit, determining the amount of ground coupling and its
characteristics.

Fig. 4.12b depicts the case when the two previously terminated ports 3 and 4 are now left
open. The electrical connection between port 1 and port 2 is now interrupted, so that trans-
mission can only occur through the coupling between the interconnect sections, which has been
measured as substrate and radiative crosstalk in the experiment. To eliminate ground return
crosstalk in a real world PIC, interconnects and phase-shifters therefore need to have isolated
ground returns on chip without connection between each other. The corresponding equivalent
circuit in that case is illustrated in Fig. 4.12c.

The equivalent circuit discussed so far has been implemented in the simulation tool ADS
with each of the components represented by S-parameters obtained from full-wave simulations.
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Figure 4.14: Simulated overall crosstalk including common ground noise using the circuit in Fig. 4.12a.

The material parameters used are the same as listed in table 3.2 from chapter 3. The ground
connections and 90 degree bends that are found in the experimental structure are also modeled
in CST MWS using 75 µm wide RF interconnect lines with the same cross section and appropriate
length. Its characteristics is shown in Fig. 4.13 for a length of 100 µm. Additionally, the S-
parameters of the probing pads have been determined by measuring a THRU structure and using
the THRU de-embedding method from appendix B.3 so that their influence can be accounted for
in the simulations.

The outcome of the circuit simulation is shown in Fig. 4.14 with the experimental traces
overlayed. We can conclude that this hybrid approach, which uses the s-parameter representation
of the coupled line sections and its return grounds, determined through 3D-EM simulations, and
subsequently used to construct the equivalent circuit, is capable of reproducing the experimental
results.

Both from measurement and from simulation, it has been found that the shared ground return
path between the two coupled RF interconnects introduces common ground noise. This noise is
rather high and independent of separation distance. By measuring the coupling when the ends of
the two interconnects are left open, this noise can be eliminated and the radiative and substrate
coupling is quantified. A minimum separation of 50 µm is needed to yield a crosstalk lower than
-40 dB in this case. In the next section, this insight will be verified on three types of coupled
phase-shifter test structures, among which two types have separate ground return electrodes.
This makes it possible to measure the radiative and substrate contributions in a situation when
all four ports are terminated with 50 Ω.

4.2.3 Coupling in RF Phase-Shifters

Figure 4.15a and 4.15b show the FEXT measurement results for the three phase-shifter test struc-
tures in case of terminated and open ends. Curves from the same modulator type with lower
crosstalk correspond to larger separation distances but the exact value has not been specified for
the sake of better visibility.

For type I devices we can observe a similar trend for the frequency dependent coupling in
the terminated condition as in case of the RF interconnects, discussed previously. Crosstalk ex-
hibits a maximum around 4 GHz and decreases towards higher frequencies due to the general
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Figure 4.15: Frequency dependent coupling for type I-III phase-shifter test structures in (a) terminated and
(b) open conditions. If no shared ground is present (type II, III), coupling reduces around 20
dB.

0 100 200 300

 Distance (µm)

-60

-40

-20

0

 M
a
g
n
it
u
d
e
 (

d
B

)

P2 P3 TERMINATED

type I (2 samples)

type II

type III (2 samples)

b)

(a)

0 100 200 300

 Distance (µm)

-60

-40

-20

0

 M
a
g
n
it
u
d
e
 (

d
B

)

P2 P3 OPEN

type I (2 samples)

type II

type III (2 samples)

a)

(b)

Figure 4.16: Average crosstalk from DC to 20 GHz for type I to III devices plotted against the separation
distance for (a) terminated and (b) open case.

attenuation of the RF signal at higher frequency. Also here, crosstalk is dominated by common
ground noise, which is caused by the shared ground ring structure, surrounding the coupled
phase-shifters. In the open configuration, the common ground is not disconnected here, so that
the FEXT curves remain distance independent in Fig. 4.15b. The two phase-shifter pairs with the
smaller coupling distance have comparable crosstalk curves which are around 5 dB higher than
the other two structures with larger separation distances. The reason lies in the different ground
connection widths G1 and G1’ between the former and latter two structures as given in Table
4.1 and indicated in the schematic of Fig. 4.7. Because the wider ground connection has lower
impedance, more return current flows through it and less is measured as crosstalk through the
other paths.

For type II and type III devices, the common ground connection is not present: each phase-
shifter has its own return ground. This is reflected in the measured FEXT which exhibits about
20 dB less coupling with respect to type I devices. This difference in crosstalk decreases at higher
frequencies but is still clearly visible. Above 10 GHz, the dependence on separation distance
becomes more visible and crosstalk varies correspondingly. This is even more true in the open
configuration, which emphasizes capacitive coupling [121].

The exact interpretation of the resonances in the crosstalk curves is not straight forward as
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geometrical features such as line geometry, bend radius and probe pad dimensions come into
play together with layer compositions to form a complex coupling circuit that determines the
final shape of the FEXT curve. However, certain common features can be observed among them.
At low frequencies, resonance peaks are visible at 0.5 GHz and 2.5 GHz for type II and III devices
and the crosstalk level takes similar values. This originates from capacitive injection of noise to
the substrate through the ground return electrodes. The capacitance is located in the polyimide
layer between the top ground metal and the first p-InP layer below it. We will illustrate this effect
more clearly in the next section. For type I structures, those resonances are masked by ground
crosstalk noise which is at a much higher level.

Within one type of modulators, the crosstalk level can vary for different separation distances.
Therefore, we utilize the average crosstalk from DC to 20 GHz again as a suitable quantifier to
assign a single crosstalk value to a given structure. Fig. 4.16a and 4.16b depicts the dependence
of that average crosstalk with separation distance for the given test devices in the terminated
and open conditions respectively. Logarithmic fitting has been applied to the data, assuming an
inverse square decrease of coupling with distance.

It now becomes more evident that crosstalk in type I devices is about 20 dB higher than in type
II and III devices. This can be observed in both the open and terminated cases. The absolute value
does not decrease below -30 dB within a range of 300 µm for the separation distance. In absence
of a shared ground return path, coupling for the type II and III devices is between -40 dB to -50
dB for separation distances exceeding 50 µm. In general, the crosstalk levels in the open case are
higher than in the terminated case for separation values less than 100 µm and the opposite is true
for separation distances larger than 100 µm. The crosstalk dependence in the open case shows
also more variation with separation distance, indicating a capacitive mechanism for the coupling.
The electrode acts as an antenna where the forward and reflected signals radiate and couple to
the next modulator. For the terminated case a return current can exist in the ground connection,
leading to conductive coupling noise, which can be picked up by the neighboring phase-shifter.

The electrical crosstalk results for the three types of phase-shifters show that ground bounce
noise leads to significantly higher coupling. In its absence, crosstalk is 20 dB lower and decreases
with separation distance, which is a direct figure of merit for modulator integration density on
the COBRA integration platform. A minimum separation of at least 50 µm needs to be retained
in order to keep the crosstalk level below -40 dB which is in good agreement with the results
obtained for the RF interconnects.

4.2.4 Substrate Noise Injection

In the previous two sections it has been observed that in the FEXT measurements for both the RF
interconnects and phase-shifters, there exists a peak in the coupling at low frequencies, which is
independent of separation distance. With the help of additional test structure measurements, the
cause of this peaking will be explained in this section.

In Fig. 4.17a the additional test structures are illustrated. They consist of pairs of GSG probing
pads, separated by a certain distance D. The placement of the ground pad has been altered so that
three different types are possible. In the first type (P-GND to P-GND) the ground metal is placed
on top of the passivation layer, acting as a pure RF ground. All the phase-shifter and interconnect
test structures for crosstalk discussed so far utilize this kind of ground connection. The second
type (N-GND to P-GND) contains one probing pad structure where the ground metal is in direct
contact with the n-doped buffer, after removing the top p-InP and intrinsic core layers. The other
probing pad remains on top of the passivation layer. In the third type (N-GND to N-GND) both
probing pads have their ground metal pads in direct connection with the n-InP layer.

Fig. 4.17b shows the measured electrical transfer from one pad to the other for the three
different test structure types. The first observation is that separation distance has a very weak
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Figure 4.17: (a) Substrate injection test structure consisting of two probing pads of different types separated
by a distance. (b) FEXT curves depending on the placement of the ground pad.

influence on the electrical coupling in this kind of test structures. As was pointed out previously,
radiative coupling has the strongest dependence on separation distance and was observed in the
coupled line cases. Here however, the test devices do not contain coupled line sections but act
more like point sources of radiation, exhibiting weaker radiative crosstalk. The influence of its
contribution is visible in the measurement, but not significant. At very high frequencies above 20
GHz, the influence of separation distance is slightly more distinct, as radiation becomes stronger.

The influence of the ground pad placement on the crosstalk curve is in comparison much more
pronounced. When the ground is placed on top of the passivation dielectric, the crosstalk is flat
with frequency and exhibits the distinctive peaks at low frequencies, as was observed previously
on the phase-shifters and interconnect lines. In case the ground metal is on the n-InP layer,
crosstalk starts at very low values and increases at high frequencies, typical for pure radiative
coupling. When the hybrid situation is present and one probing pad has ground on n-InP and
one has it on top of the passivation, the crosstalk characteristics are exactly in between the other
two types. The results indicate strongly that the low frequency peaks observed in the previous
measurements and also that the majority of crosstalk up to 10 GHz are generated by the ground
metal contact. Through the passivation dielectric, noise is injected into the highly conductive
substrate, where it propagates and bridges even long distances. At the reception side, the same
capacitive mechanism can pick up the noise which contributes to overall crosstalk. In contrast,
injection does not occur when the ground pad is in contact with the n-InP layer.

We can use the same averaging method to quantify the amount of noise measured through
the two pads. Because its radiative content is small, the averaged value would represent a lower
limit for conductive substrate crosstalk given a high enough separation distance. Fig. 4.18a shows
the plot in case the ground metals are on top of the passivation layer. To compare with previous
results, the trend lines for the RF phase-shifter measurements are plotted. The new measurement
indicates the amount of substrate crosstalk that is present when a P-GND configuration is chosen.
Additional radiative crosstalk in case of the RF phase-shifters adds up to the substrate noise so
that the blue curve is slightly above the new measurement. Furthermore, the limit imposed
through substrate crosstalk does not change much with separation distance. This is especially
true for larger distances, when radiative coupling is negligible.

Fig. 4.18b illustrates the same graph on a different separation distance scale and now in-
cluding the influence of the other pad test structure types. Here, we used linear trend lines to
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Figure 4.19: (a) Mask layout of stripline and coplanar electrode types. (b) Cross section of coupled phase-
shifter structures detailing different placement of ground metals.

extrapolate the measurement points to indicate the approximate level of substrate crosstalk for
each probing pad type. A reduction of substrate crosstalk of 10 dB can be achieved when both
pads have their ground metal on the n-InP layer. In that case, the level of substrate crosstalk is
less than -60 dB and should be insignificant for most WDM transmitter applications. It is therefore
strongly recommended to place the ground on n-InP for future modulator electrode designs, also
because of the advantages in gaining more modulating electric field strength as was discussed in
chapter 3.

In this section, it was found that substrate crosstalk is significant if the devices use ground
metals that are placed on top of the passivation layers. To avoid excessive substrate injection of
noise, ground metals should be in contact with the n-InP layer. The crosstalk level in that case
can be reduced from -50 dB to -60 dB. Furthermore, due to the high conductivity of the substrate,
noise propagation through it is not very sensitive to the separation distance.

4.2.5 Coplanar and Stripline Geometry

Up until now, the RF interconnect and phase-shifter test structures investigated in this work are
based on the microstrip transmission line with on-chip ground returns that are electrically placed
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Figure 4.20: Measured FEXT characteristics of L=1150µm long and w=10 µm wide phase-shifters. (a)
stripline electrode with P-GND configuration, (b) stripline electrode with N-GND configuration,
(d) coplanar electrode with P-GND configuration

far away. In this section, coplanar and stripline electrode geometries that have very narrow signal
to ground separations are studied with respect to their electrical crosstalk7.

Two different electrode configurations with either a coplanar (GSG) or stripline (GS) geom-
etry as shown in Fig. 4.19a have been designed. For each configuration, two ways of ground
metal placement have been realized, either on top of the passivation (P-GND) or in contact with
the n-InP layer (N-GND), as illustrated in Fig. 4.19b. The previous section has indicated that
ground placement changes the amount of coupling in probing pad structures and here we will
verify the outcome on coupled RF phase-shifters.

Fig. 4.20 shows the frequency dependent FEXT for the two electrode types, each with two
ground placement configurations. The stripline electrode geometry allows for very small sepa-
ration distances up to 15 µm and is potentially the best choice for achieving highest component
integration density when only geometrical factors are of concern. When the ground metal is on
top of the passivation, the FEXT curves in Fig. 4.20a show the characteristic low frequency peaks
that are caused by capacitive noise injection into the substrate. Furthermore, radiative crosstalk
is also very pronounced as its dependence on separation distance is clearly visible up until 50
µm. A coupling minimum can be observed which shifts towards higher frequencies, the higher
the separation distance becomes. At D = 15 µm and D = 20 µm this minimum is masked by sub-
strate crosstalk but is visible once its frequency moves out of that range. The resulting FEXT has
the shape of a severely attenuated bandpass filter whose pass frequency shifts with increasing
separation distance. This is caused by the fact, that the ground and signal lines are all on the
same height and resemble the structure of an interdigital bandpass filter [160]. The interdigital

7We acknowledge Nokia Bell Labs for collaborating on the device design and providing the measurement facilities for the
results discussed in this section.
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Figure 4.21: Average crosstalk from DC to 20 GHz for stripline and coplanar electrode test structures.

filter is made out of a series of similar shaped, coupled elements, so that the individual couplings
can act in phase to form a specific spectral pass or stop band. In case the ground metal is on
n-InP, the low frequency peak is not present, as depicted in Fig. 4.20b, and FEXT increases with
frequency. The dependence on separation distance is much more obvious here, indicating that
the radiative contribution is dominating.

For the coplanar electrode configuration, the same difference between P-GND and N-GND
exists. In Fig. 4.20c the low frequency peaks are visible for the P-GND structure. However, the
bandpass behavior is not pronounced because the two additional ground lines in the coplanar
structure prevent this effect. Also because of those two additional ground lines, the minimum
separation distance starts at 55 µm. For the N-GND configuration, shown in Fig. 4.20d, overall
crosstalk is even lower than in the stripline structures. This can be attributed again to the two
additional ground lines that act as shielding lines and reduce the radiative coupling between the
two signal lines. Overall, we observe much higher dependence on separation distance for the
N-GND configuration and a low frequency peaking again for the P-GND configuration.

To compare the results with the microstrip electrode measurements from before, Fig. 4.21
shows the average crosstalk versus the separation distance for the stripline and coplanar elec-
trodes. The coupling of the coplanar P-GND structures follows the results from the previous
measurements very well. In case of the stripline P-GND structures, a reduction of crosstalk be-
tween 10 µm and 60 µm is seen. This reduction is caused by the resonance minimum shown
previously in the frequency dependent curves. Without this interdigital filter effect, the crosstalk
values would match well with the previous results, as is the case outside of the affected separation
range.

For the N-GND structures, a reduction of crosstalk with separation distance corresponding to
radiative coupling is observed. At very low separation distances, the crosstalk is actually higher
than in the P-GND case. This becomes understandable when assuming that less power is injected
into the substrate and is available for radiative coupling. For separation distances higher than 40
µm the coupling reduces below the level of the P-GND test structures. This reduction in principle
would continue until it reaches the substrate crosstalk limit of around -60 dB as shown in Fig.
4.18b. Because in the N-GND case the coupling is dominated by the radiative mechanism, the
coplanar electrode structure exhibits more than 5 dB reduction of crosstalk with respect to the
stripline case.

From the measurements on stripline and coplanar electrode test structures it can be concluded
that the effects of the ground placement observed before on probing pads are also valid for
coupled phase-shifters. In general, it is preferred to have the ground metal in contact with the
n-InP layer instead of placing it on top of the passivation layer. Substrate crosstalk is reduced
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Figure 4.22: Electrical eye-diagrams after transmitting through (a) phase-shifters (type I) and (b) RF inter-
connects with and without the presence of crosstalk noise. (c) Variation of Q-factor in measured
eye-diagrams.

in this case and no low frequency peaking is present. However, if very dense integration and
small separation distances below 40 µm are required, a P-GND scheme with stripline electrodes
could be considered, because of a reduction in crosstalk due to an interdigital resonance in the
frequency range of interest.

Starting from a frequency-domain measurement of the crosstalk between coupled RF inter-
connects and phase-shifters it has been concluded that a series of effects contribute to the overall
crosstalk. Circuit level crosstalk in form of common ground noise has been identified and in
its absence the coupling can be reduced by 20 dB. By measuring appropriate test structures, a
difference to substrate coupling was observed depending on the placement of the ground metal.
Placing it on top of the passivation layer leads to a lower limit of -45 dB to -50 dB of substrate
crosstalk. Making direct contact with the n-InP layer, this level can be reduced further to -60 dB.
The frequency-domain description so far is well suited for quantifying the crosstalk and its rela-
tion with separation distance. In the following, we will extend the analysis into the time-domain
and describe how crosstalk noise will degrade modulated signals.

4.2.6 Impact on Time-Domain Signals

For analyzing the effect of crosstalk on the time-domain signal, we use the RF interconnect and
phase-shifter type I test structures. The measurements have shown that the crosstalk maximum
lies around 4 to 5 GHz and can have values up to -18 dB for the phase-shifter and -20 dB for
interconnects respectively. A high-speed data signal propagating in the interconnect or phase-
shifter will get distorted by close-by interconnects and phase-shifters carrying other signals that
act as an aggressor. In particular, the spectral components of the aggressor signal get transfered
through the crosstalk channel to the first interconnect or modulator line. To investigate this
effect in the time-domain, a pulse pattern generator is used as a data source and its signal is fed
to an interconnect or phase-shifter (victim). Its delayed copy is used to connect to a neighboring
aggressor line. The coupling noise from the aggressor influences the signal quality in the victim
line which can be seen in Figure 4.22a and Fig. 4.22b, where the eye-diagram is shown for
phase-shifters and RF interconnects with and without the presence of crosstalk noise.

Crosstalk noise widens the zero and one levels, reducing the eye opening, and introduces
additional jitter to the signals. Hence, the eye quality degrades in presence of crosstalk as shown
in Figure 4.22c in form of Q-factor plots. The Q-factors with the aggressor line switched on
are always lower than in the case without aggressor line. This effect is less visible at higher
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Figure 4.23: (a) Schematic illustrating the electrical coupling from one line to the other. Its characteristic
is extracted from 3D-EM simulations and implemented in a circuit simulator. (b) Simulated
electrical eye-diagrams with and without the presence of crosstalk.

bit rates, because the phase-shifter and interconnect lines approach their bandwidth limitations
and exhibit low Q-factors even without crosstalk noise. The eye-diagram measurements show
how the frequency-dependent crosstalk influences the signal quality inside the interconnect and
phase-shifters.

Knowledge of the crosstalk frequency transfer function X (ω) which acts on the aggressor sig-
nal and transfers some of its power to the victim line as shown in Fig. 4.23a is beneficial because
the noisy outcome of the victim line signal can then be predicted for any arbitrary input. As an
example, we determined the transfer function for the RF interconnect case through measurement
and 3D-EM simulations as discussed in section 4.2.2. A propagating time-domain signal on the
victim line experiences the coupled noise and its response can be simulated. Fig. 4.23b shows
the simulation output with and without crosstalk for the RF interconnects discussed before. We
can observe a qualitative match between the experimental eye-diagram degradation and the sim-
ulated outcome. This technique can be easily used in future to analyze signal integrity issues due
to crosstalk, once the transfer functions of the given problem are obtained.

4.3 Effect on Optical Performance

The observed degradation of electrical signal quality in the interconnects and phase-shifters will
also affect the modulated optical output of the MZM. Noise in the drive voltage in one arm of
the modulator will convert to phase noise for the optical signal in that arm and consequently
lead to intensity noise at the interferometer output. To investigate the performance degradation
of modulators due to electrical crosstalk we first present analytical calculation results from an
intuitive simple model, which will give us insight into the performance degradation process.
Afterwards, experimental measurements on pairs of MZ modulators are performed to determine
the effect of electrical crosstalk on optical modulation.

4.3.1 Simple Intuitive Model

The most simple way to build a transmitter array is to place single-drive MZ modulators as shown
in Fig. 4.24a close to each other, where each modulator contains one traveling-wave electrode.
For the sake of simplicity, the following analysis is performed under the assumption of a lumped
electrode drive condition.
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Figure 4.24: (a) Schematic showing two MZ modulators in close proximity so that voltages are coupled to
each other. (b) Phase-voltage relation in phase-shifter with the ideal destructive and constructive
positions.

Each modulator electrode will be driven with the voltages V1 and V2 respectively and we can
introduce a factor p that represents the attenuation of the drive voltage from its ideal peak-to-
peak swing, so that the available voltage is pVpp . Each modulator is biased at its quadrature
point using the bias voltage to Vbi as =Vπ/2. Depending on the information pattern si g (t ) which
can take values of ±1, the voltage on the first modulator’s electrode can be written as

V1 = Vπ
2

+ si g (t )p
Vπ
2

. (4.1)

The phase change experienced by the optical signal in that modulator arm will have the values

∆φ1 = π

2
+ si g (t )p

π

2
. (4.2)

when we assume a linear phase-voltage relationship as depicted in Fig. 4.24b so that the destruc-
tive (∆φ1 =π) and constructive (∆φ1 = 0) interference points are reached in case of an ideal p = 1
drive condition.

In presence of electrical crosstalk, a coupling factor s1 and s2 can be introduced that represents
the voltage coupling from the first modulator to the second and vice versa. It can be assumed that
s1 = s2 due to reciprocity and any secondary coupling is neglected. The drive voltage on the first
modulator then reduces by a factor of (1− s) and experiences noise from the second modulator
of magnitude spVπ. The voltage values for the worst case scenario when the crosstalk noise acts
against the modulating voltage for the "off" and "on" states are shown in Fig. 4.24b and can be
written as

VOF F = Vπ
2

+ (1− s)p
Vπ
2

− spVπ (4.3)

VON = Vπ
2

− (1− s)p
Vπ
2

+ spVπ. (4.4)

The corresponding phase differences in the first modulator then have the values

∆φ1 =
{
π
2 + (1− s)p π

2 − spπ, in case "off"
π
2 − (1− s)p π

2 + spπ, in case "on".
(4.5)

One can show that the intensity transfer function of the Mach-Zehnder modulator depends on
the phase difference between the two arms ∆φ in the form of

P = E 2
0

2
e−αL (

1+ cos(∆φ)
)

(4.6)
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Figure 4.25: (a) Power penalty for varying crosstalk levels s and drive reduction factors p. (b) Dependence
of power penalty on both factors.

where α denotes the optical attenuation and L the modulator length. The exact derivation of
(4.6) is given in appendix C. This phase change ∆φ now deviates from its ideal value in presence
of crosstalk as shown in equation (4.5) and leads to a degradation of the optical extinction ratio,
defined as the ratio ER = Pon /Po f f between the intensities in "on" and "off" state. One can write
the extinction ratio using equation (4.6) then as

ER = 1+ cos
[π

2 (1+p −3sp)
]

1+ cos
[π

2 (1−p +3sp)
] (4.7)

depending on the crosstalk coupling s and the drive voltage reduction p. From the extinction
ratio the power penalty value δ can be calculated which gives the amount of additional power
needed at the receiver to obtain the same bit-error rate with respect to the ideal extinction ratio
case [1]:

δ= 10log10
1+ER

1−ER
. (4.8)

The calculated results for the power penalty are shown in Fig. 4.25a for varying drive voltage
reduction p and crosstalk s values. Here s can be compared to the measured electrical crosstalk
level obtained in the previous section, as it represents the voltage coupling from one modulator to
the other. The factor p simulates the effects of microwave attenuation, reflections and a general
reduction of the drive voltage from its ideal value. It can be observed, that additional power
penalty is introduced if p 6= 1 which corresponds to a reduction of the optical extinction and eye
opening. Furthermore, crosstalk results in additional increase in power penalty. One notices the
onset of degrading impact of crosstalk when its level rises above -30 dB. The power penalty then
increases rapidly so that at -10 dB crosstalk, we have more than 10 dB power penalty already.
The results indicate that electrical crosstalk can lead to significant performance degradation of
the modulated output signal and according to the analytical model, effects are visible for crosstalk
levels above -30 dB. A 1 dB power penalty threshold for the amount of crosstalk is predicted to
lie around -20 dB

In practice, there are many other factors that determine the modulation output signal quality,
starting from imperfections in the RF path, optical imbalance of the MZ interferometer, reaching
to laser source imperfections so that accordingly, supplementary effort is required to incorporate
all related effects into the modeling. Above analysis can act as an initial guideline and clearly
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Figure 4.26: Experimental setup to measure the impact of electrical crosstalk on optical performance of the
modulators. Aggressor and victim drive signals are generated by a single PPG by decorrelating
its inverted output with a time delay.

Table 4.2: Properties of devices I, II and IV.

Type Separation (µm) Crosstalk mechanism Average FEXT Electrode configuration

I 30, 80, 180, 280 ground bounce -26 dB to -20 dB microstrip
II 180 radiative & substrate -42 dB microstrip
IV 40, 90 radiative & substrate -40 dB to -50 dB coplanar stripline

illustrates the negative effect of electrical crosstalk on optical modulation. To quantify this effect
more accurately, measurements on test structures are described in the next section.

4.3.2 Performance Degradation Measurement

Experimental Setup

The same test structures as were used for the measurement of the pure electrical crosstalk can
be used to quantify the impact of electrical crosstalk on the optical modulation output. The
different types of MZ modulator pairs introduced in Fig. 4.7 of section 4.2 are well suited for
this task because it is possible to operate either one or both of the modulators at the same time.
Type I devices consist of two single-drive modulators with a ground ring structure providing
the current return path, which creates ground bounce noise. Type II and IV devices eliminate
ground bounce by providing individual current return paths for each modulator. The former has
a microstrip electrode configuration whereas the latter uses a coplanar stripline configuration. In
the following part, we present measurements on type I, II and IV devices. Because of a technology
issue affecting the electrical contacting of type III devices, modulation experiments could not be
performed for those. The relevant properties of the measured devices are listed in table 4.2.

Fig. 4.26 shows the experimental setup that is used here. The performance of one modu-
lator is measured and compared to the case when the neighboring modulator, the aggressor, is
switched on. As crosstalk noise from the aggressor modulator travels along the victim modula-
tor’s electrode, it affects the change of refractive index and turns into noise in the optical output
signal. Both modulators are biased at their quadrature point and a PRBS sequence of 27-1 which
is amplified to 5 Vpp is used for the drive signal and its delayed inverted sequence is used as the
aggressor signal. For the measurements we had only one PPG available and therefore generated
the second signal by delaying the first signal sufficiently. A coaxial cable delay of around 20 bit
periods at 10 Gb/s was used for de-correlation. We validated this approach by using a second
PPG to provide the aggressor signal. The results from a single PPG are consistent with those
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Figure 4.27: Bit-error rate measurements and eye-diagrams of (a) modulator type I and (b) modulator type
II with and without the presence of crosstalk. Type I devices experience common ground noise
and type II devices only exhibit substrate and radiative crosstalk.

generated using two sources and confirm that the methodology of using a single PPG for both the
drive and aggressor signal is viable. Selected measurements performed with a PRBS sequence
of 215-1 showed the same results. The two modulator electrodes are terminated with DC blocks
and 50 Ω loads respectively and eye diagrams or bit-error rates are taken after amplification and
bandpass filtering (BW < 1 nm).

Measurement Results

Fig.4.27a shows the experimental results for the type I structures, which suffer from ground
bounce noise. The modulation eye diagram is clear and open but when the second modulator
is switched on, noise is added to it and the eye opening is reduced. This effect is more severe
at higher modulation speed, which can also be seen in the BER measurements. The additional
power penalty introduced by crosstalk to the back-to-back transmission increases with modula-
tion speed. At 10 Gb/s the modulator approaches its bandwidth limitation which explains the
emergence of an error floor in the BER measurements. In case of the type II modulators however,
almost no eye diagram degradation is observed due to crosstalk from the second modulator, as
shown in Fig. 4.27b. Here, the overall coupling is much lower because of the absence of the
shared ground return path. Additional power penalties to the transmission as shown in the BER
measurement are lower with respect to type I modulators. This difference is summarized in Fig.
4.28 where the crosstalk induced power penalty is plotted for various modulator types and bit
rates. Clearly, the type I modulators perform worst and the other modulator types that do not
suffer from ground bounce noise are subject to less crosstalk induced power penalty. Type IV
modulators show the least power penalty due to the low coupling they exhibit.

In order to determine the crosstalk tolerance of the given modulators, the average crosstalk
level experienced by the modulator pairs can be related to the additional power penalty value
caused by it. This has been performed at different bit rates for type I, II and IV devices so that
a variety of average crosstalk levels are available. Fig. 4.29 depicts the results for four different
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Figure 4.29: Dependence of power penalty introduced due to electrical crosstalk on average crosstalk level.
Reference is always power level without crosstalk.

bit rates. Clearly, the trend of the power penalty curves resembles the prediction from the simple
model discussed earlier in this section. At low crosstalk levels, no degrading effects are visible,
but once the coupling reaches a certain level, the power penalty increases rapidly. This threshold
is around -40 dB at 6, 8 and 10 Gb/s for a 1 dB penalty and more relaxed around -27 dB at 4
Gb/s. This suggests that crosstalk impairment becomes even more limiting at higher modulation
speeds beyond 10 Gb/s. The measured data from two separate PPGs fits well into the data set
generated by one single PPG, ensuring the validity of the latter approach.

The estimated crosstalk tolerance together with the data on average crosstalk for a given sep-
aration distance shown in Fig. 4.16a pose a convenient design guideline for achieving minimum
modulator separation and therefore maximum integration density on the COBRA platform. To
avoid possible performance degradation of a transmitter PIC in this generic foundry, modulator
separation should exceed 50 µm yielding average crosstalk below -40 dB and ground return paths
should be isolated from each other.

The results presented here were obtained through experiment and lie below the predicted
value of around -20 dB from the intuitive model shown in section 4.3.1. As already mentioned
before, many additional effects are not taken into account in the simple model. One example
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is that the modulation speed has a major influence on the measured crosstalk tolerance but
it has not been included in the modeling as a parameter. For lower modulation speeds, the
experimentally obtained tolerance value approaches the one from the model. Similar to this the
discrepancy between the simulated and measured crosstalk tolerance values is caused by a series
of other not included effects.

4.4 Crosstalk Reduction

In the last section, the focus shifts to possible ways of crosstalk reduction in photonic circuits.
From previous sections, it was understood that electrical crosstalk can have a severe impact
on the optical device performance. The analysis followed a phenomenological approach where
design guidelines were established that minimizes the measured crosstalk between modulators
by utilizing separate ground returns and different RF grounding schemes. Relations were found
between the separation distance and the measured coupling so that spacing rules can be applied
to avoid excessive crosstalk. In this section three different technological solutions are proposed
that do not act on the individual components but are more globally applicable on the chip level.

It has been found that coupling occurs through radiative and substrate crosstalk in absence
of circuit level noise. The purpose of crosstalk reduction techniques is then to find ways to
target each of the two effects or both together and block or reduce the crosstalk transfer. In
the following, changes in the substrate material properties and thickness will be introduced that
could reduce crosstalk. In addition, metallic shielding is proposed that can reduce the radiative
coupling and etched trench isolation techniques are studied.

4.4.1 Material Parameter Variation

Because crosstalk noise can travel through the substrate, its properties will significantly affect
the noise propagation. In the COBRA integration platform the substrate is highly n-doped and
exhibits a high conductivity (σ > 20000 S/m) depending on the exact doping level. Its behavior
is therefore of resistive nature for the frequencies of interest and only becomes capacitive for
frequencies above 1000 GHz8 [148]. Other photonic platforms, especially the Oclaro integration
platform can offer a semi-insulating InP substrate with much lower conductivities (σ ∼ 5 S/m).
In that case, the substrate resistance has a different value and noise propagation will vary. In
the ideal case, an insulating or a perfectly conducting substrate would be used and both would
yield zero crosstalk because either currents cannot propagate through the substrate or they are
drawn directly to ground. Fig. 4.30a shows the substrate crosstalk at 10 GHz when assuming
the simple capacitive injection mechanism and resistive propagation from Fig. 4.6b for vary-
ing finite substrate conductivity values. Here, we can observe that crosstalk is maximum for a
certain conductivity value and decreases both if the substrate becomes either more or less con-
ductive. In this case, the threshold is around 1000 S/m or 0.1 Ωcm. On each end of the range
of possible conductivities, the substrate approaches more the ideal case, explaining the reduction
in crosstalk. At the critical conductivity value, the resistive network representing the substrate
takes values in such a way that the maximum current transfer to the receiver device is achieved.
The dependence of substrate crosstalk on its conductivity value leads to the simple possibility of
varying the substrate doping concentration in order to achieve low crosstalk levels. This can be
performed without big influences on the optical device performance.

Another way to reduce the noise propagation in the substrate is to apply substrate thinning.
It has proven effective in several attempts for silicon micro-electronics integration [161, 162]. A

8This gives the cut-off frequency where the impedance associated with the substrate capacitance equals its resistive
impedance [150]
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Figure 4.30: (a) Influence of substrate conductivity on crosstalk propagation and (b) influence of substrate
thickness. Calculations performed on model shown in Fig. 4.6b at D = 200 µm and 10 GHz.

thinner substrate will yield a smaller resistance, connecting devices from the top to the bottom
of the chip, resulting in more currents directly drained to the bottom ground and less currents
propagating to neighboring devices. Fig. 4.30b shows the simulated crosstalk for varying sub-
strate thickness values with the same parameters as before. The COBRA platform has a standard
of 200 µm for the substrate thickness. A reduction of its thickness would significantly decrease
coupling.

The two mentioned techniques are simple to follow in a generic integration platform. How-
ever, at the time of the thesis, no modifications could be performed on the COBRA MPW process.
To still illustrate the viability of those approaches, we have characterized coupled RF lines on an
Oclaro platform chip utilizing a semi-insulating substrate with a reduced thickness of 135 µm.
The coupled RF lines are 1 mm long and based on coplanar transmission lines. The measured
average crosstalk from 0 to 20 GHz is again used to quantify the coupling and shown in Fig.
4.30c and compared with the results from the COBRA platform. It can be observed, that the
coupling is much lower than in the devices realized on the COBRA platform. This is due to the
combination of a series of effects. The semi-insulating property reduces current flow and also the
thinner substrate reduces the resistance to the bottom ground.

Although both doping concentration changes and substrate thinning are effective ways to
suppress substrate noise, there are certain drawbacks that arise when using these techniques. A
complete insulating wafer requires top-side n-contacting of active devices and requires additional
optimization of the metalization process. Thinner substrates tolerate less mechanical stress and
at a certain point, the amount of thinning is limited by the mechanical requirements of the chip.

4.4.2 Metal Shielding

Another approach to reduce overall crosstalk is to utilize shielding around devices. Metallic
shields have the ability to absorb and reflect electric and magnetic fields incident to them [140,
163], so that the transmitted fields through the shield are reduced significantly in strength. Using
this principle, insertion of additional lines in integrated circuits, preferably grounded, have led
to effective shielding of radiative crosstalk [157, 164]. Using the same physical mechanism,
Faraday-like enclosures were realized in [165] to shield both radiative and substrate noise.

Those techniques are usually based on sophisticated processing capabilities, such as the pos-
sibility of through-silicon vias or multiple levels of metal traces. As the generic integration plat-
forms used here apply a very simple process, a simplified shielding can be implemented as shown
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Figure 4.31: Radiative crosstalk from 3D-EM simulation of L=1200 µm long 10 µm wide coupled phase-
shifters with and without the influence of a grounded shielding electrode between. (b) Effect of
a shielding electrode for varying separation distances.

in Fig. 4.31b, where a metal trace is inserted between two phase-shifters. It turns out that
grounded shields are more effective, so that it is preferable to place the shield in contact with the
n-InP after etching a trench into the p- and i-layers.

To illustrate the effectiveness of this simple shielding in the COBRA platform, we performed
3D-EM simulations where the crosstalk between two coupled phase-shifters with 1200 µm length
and electrode width w = 10 µm with and without the shield are compared. The shield width here
has the value 10 µm. In the simulation, the substrate was deliberately thinned down to reduce
substrate crosstalk, so that the results represent the effectiveness of the shield against radiative
coupling.

Fig. 4.31a shows the simulation result for various separation distances. A 5 dB reduction
could be observed and this effect is visible for the whole range of separation distances as Fig.
4.31b illustrates. This means, that with a relatively simple method, radiative crosstalk can be
reduced by 5 dB. Of course, its contribution is significant only when separation distances shrink
below 50 µm. The narrow shield can still be applied in that case, as it does not occupy large space
on the chip and therefore does not limit integration density. In future MPW runs, implementation
of this approach can be studied in more detail and its effect on the optical performance can be
evaluated.

4.4.3 Deep Trench Isolation

Similar to shielding of radiated emission, trenching of the substrate and insertion of guard rings
or guard trenches into the substrate are commonly used techniques to reduce noise coupling
through the substrate [161, 166, 167]. In case of conductive substrates, the deeper the isolation
trench reaches into the substrate, the more it increases the lateral resistance of the remaining
substrate part below the trench and therefore reduces the coupling. Complete through-substrate
vias would have the effect of separating the substrate into two isolated parts and represents
a form of shielding again. If incursions into the substrate are not possible to such an extent,
highly-doped guard rings around sensitive devices have been shown to reduce noise reception in
opto-electronic devices [168].

Selective doping of areas is not supported in the COBRA generic platform, so that the trench-
ing option is investigated here. As of now, the platform only supports trenches that reach until
the n-InP layer of the chip with a depth of 2.35 µm. This effectively separates the resistive p-InP
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Figure 4.32: Measured crosstalk from substrate coupling between two P-GND pads on two sample chips C2
and C3 with and without trenches in the p-i-layers. Trench is 2.35 µm deep and 10 µm wide
and reaches to the n-InP layer.

layer but does not reach into the doped substrate, so that noise propagation in the substrate is
not altered. Fig. 4.32a shows probing pad test structures as discussed in section 4.2.4 but with
the insertion of the trenching between the pads. The width was chosen to be 10 µm to keep the
footprint of the trenching small and allow for its application in very densely integrated arrays.
Fig. 4.32b shows the measured average crosstalk of the test structures from DC to 20 GHz with
and without the inclusion of the trenches. As expected, no significant crosstalk reduction could be
observed. To have a measurable effect, these trenches need to reach deeper into the conductive
substrate. This could be explored in future work for minimization of substrate crosstalk.

It should be noted here that specifically in case of semi-insulating substrate material, there can
be two different grounding schemes for the components. A simple way is to use the n-doped InP
layer as a common ground for all components on the chip. As already discussed, common ground
noise could be an issue, especially when the n-doped layer does not have ideal ground properties.
Separation of the ground between components is usually desired to avoid additional noise. This
can be done with the trenching approach. For this purpose, the trench only needs to reach until
the semi-insulating substrate. Although noise can still propagate through the substrate itself, the
highly conductive n-InP layer is disconnected. The trench isolation solution therefore could be a
viable option especially for isolating components on semi-insulating substrate.

4.5 Summary

This chapter started with outlining the basic physical mechanisms for crosstalk generation, prop-
agation and reception in case of photonic integrated circuits. They can be grouped into radiative
(capacitive or inductive), circuit level and substrate crosstalk. Equivalent circuit models were
used to illustrate their effects and can be established for a given platform. Due to the complexity
of the parasitic circuit element extraction procedure, we used a phenomenological approach in
the experiments.

Suitable coupled RF interconnect and phase-shifter test structures were designed and mea-
sured so that the electrical coupling between them could be accurately characterized. It was
found that common ground noise, originating from a shared imperfect ground connection be-
tween devices was the major cause of crosstalk noise. In that case, the coupling does not depend
on separation distance or length but is determined by the properties of the common ground con-
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nection between devices. This can be avoided when the shared ground is disconnected between
neighboring elements or individual ground returns are used, leading to a reduction of crosstalk
of around 20 dB.

In absence of a common ground return, both RF interconnects and phase-shifters showed
radiative and substrate crosstalk. The former varies strongly with separation distance whereas
the latter remains at a relatively constant level also for long distances due to the high substrate
conductivity and the resistive crosstalk propagation mechanism. Considering both effects, a min-
imum distance of around 50 µm has to be respected to obtain coupling lower than -40 dB.

In addition, we have investigated substrate crosstalk levels for three different pad grounding
schemes and found that the P-GND configuration, where the metal is on top of the passivation
layer, is to be avoided due to capacitive injection of noise into the substrate. The N-GND scheme,
where the metal is in direct contact with the n-InP layer, is best suited to achieve minimum
substrate crosstalk levels, reducing its value from -50 dB to -60 dB.

Subsequently, the impact of crosstalk on time-domain signals was investigated and electrical
eye-diagram degradation could be observed. Consequently, the optical performance of modula-
tors has been found to suffer due to electrical crosstalk. Additional transmission power penalties
are observed in presence of electrical crosstalk noise. A coupling tolerance of around -40 dB was
determined for 1 dB additional power penalty. The experimental findings are qualitatively in
good agreement with simulation results obtained by an analytical model, which relates electrical
crosstalk to optical performance degradation.

Finally, three technological ways to reduce electrical coupling are suggested, involving vari-
ation of material parameters, the use of electric shielding and by means of substrate trench
isolation. Initial results were presented and potential aspects that can be explored in more detail
in future work have been indicated.

The presented results are useful in establishing design rules for the COBRA integration plat-
form with respect to electrical crosstalk minimization and further increase in integration density.
The gained insight on the crosstalk generation and propagation mechanisms can be also applied
to photonic integrated circuits in general,outside the framework of generic integration platforms.
This will contribute to the ongoing developments towards miniaturization and scaling to higher
integration density.



Chapter 5
Optical Crosstalk

In this chapter the focus is on optical crosstalk1 that can impair the WDM transmitter perfor-
mance. In particular, optical crosstalk can occur between components or channels when two
optical fields add up or interfere in an undesired way, creating an effect that disturbs or degrades
the component’s operation. This becomes very important when integration density on the PIC
is increased and component size is reduced. The close proximity of devices can lead to opti-
cal coupling effects and undesired reflections or crosstalk can occur in more complex photonic
circuits.

In the field of optical communications, optical crosstalk and its effect on transport networks
has been extensively studied [169, 170]. It has been found that interferometric crosstalk gener-
ated in optical components or multi-path interference occurring in the transmission channel can
severely degrade the system performance [171, 172]. These kind of interference effects can also
be generated in the optical transmitter, in this case the WDM transmitter PIC, and then propa-
gate through the whole transmission system to cause performance degradation at the receiver.
Therefore, studying optical crosstalk in the WDM transmitter is essential.

In photonic integrated circuits, passive components such as AWG multiplexers and couplers
are not ideal devices and can generate cross coupling between their outputs [173,174]. Another
source of crosstalk can arise when optical waveguides run parallel to each other or cross through
a waveguide crossing [175, 176]. In this case, scattering effects can couple the optical field
from one waveguide to the other. Furthermore, reflections can occur at the inputs to AWGs
and waveguide crossings and disturb other components when the reflected signal travels back.
A significant amount of effort is spent in research to reduce optical crosstalk and reflections
in passive components. Advancements made there can then be transferred to improved device
implementations in photonic integration platforms such as the COBRA or Oclaro platform.

Next to the passive components, active devices on a photonic circuit can be severely affected
by optical reflections and crosstalk. Especially reflections can interact with the working principle
of components and cause undesired behavior in active devices. In this chapter we study how
active devices will be affected by reflections caused by non-ideal passive components. In particu-
lar, the tunable laser source in a WDM transmitter can be subject to multiple reflections that are
generated both within and outside the transmitter chip. Fig. 5.1 depicts a schematic of a parallel
WDM transmitter. As no practical realization of an integrated optical isolator presently exists,
spurious reflections originating from discontinuities along the signal path, e.g. at the input of the
modulator, multiplexer or output of the PIC, cause a small fraction of the optical field to travel

1The term crosstalk includes the effects of coupling and reflections which induce interaction of the original field with the
coupled or reflected one.
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Figure 5.1: Illustration showing the locations in the parallel transmitter PIC where reflections can occur.

back to the laser. These reflections, although small in magnitude, can cause detrimental effects
to laser operation [177]. Therefore, it is necessary to study the behavior of the laser under the
influence of external small reflections, also known as feedback.

We first present the general theory of laser operation under external feedback and discuss
the mathematical equations that describe this effect. Afterwards, numerical simulations are per-
formed to demonstrate the dynamic behavior of lasers under feedback. For that a distributed
Bragg reflector laser (DBR laser) is taken as an example. We also compare our investigation with
simulation results obtained from the commercial photonic circuit simulator PICWave. Finally, we
present measurement results of a fabricated DBR laser with an integrated on-chip reflector, where
the conditions of feedback can be controlled, and show that both feedback phase and strength
have a major impact on the DBR laser operation.

5.1 Semiconductor Laser with Optical Feedback

The topic of optical feedback and its effect on semiconductor laser operation has been the focus of
intensive research efforts since its invention. Dynamic effects of a laser coupled to an external res-
onator were observed in the early 1970s [178]. With the growing importance of semiconductor
lasers for use in optical communication systems, noise properties under external optical feedback
became an important field of study [179]. Different types of feedback have been identified and
depending whether the distance to the external reflection exceeds the coherence length or not,
the returning light can interfere with the laser light in either magnitude or in both magnitude
and phase, resulting in coherent or incoherent feedback. In case of coherent feedback, the phase
has an important role in determining the lasing operation. Various effects such as damping or
enhancement of relaxation oscillations were observed, depending on the distance of the external
reflection to the laser cavity [180]. An important contribution to the theoretical description of the
feedback problem was made by Lang and Kobayashi in [181] where a rate-equation approach was
used with an interfering electric field term that is delayed by the external cavity round-trip time
to model the effect of feedback. The Lang-Kobayashi equations proved to be capable of describing
almost all experimentally observed phenomena arising from weak external optical feedback and
form still the state-of-the-art in modeling feedback dynamics in semiconductor lasers. Reviews
on the past efforts and current progress on this topic can be found in [182–185].

Throughout the studies, five different regimes have been identified that give a rough classifi-
cation of the effect of external optical reflection to a semiconductor laser [186]. In regime I, the
laser emission spectrum can be broadened or narrowed, depending on the phase of the feedback
light. In regime II, mode hops can occur from lasing modes to neighboring modes that are created
due to the external cavity [187,188]. Some of the modes are also not stable and exhibit periodic
intensity variations due to undamped relaxation oscillations. In regime III, the lasing mode may
be stabilized by the feedback and significant linewidth reduction can be the result. In regime IV,
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Figure 5.2: (a) Fabry-Perot laser with external reflection causing feedback. (b) The left hand side of equation
(5.8) is plotted as a function of ∆ωs0. Solutions are represented through zero-crossings of the
function and multiple solutions exist for higher feedback strength.

which is named "coherence collapse" [177], the laser is not stable and multiple external cavity
modes are present and in regime V the laser operates in a coupled-cavity state. Both the distance
of the external reflection to the laser cavity and the strength of the optical feedback play a role in
determining in which regime the system operates [189].

In this section, we follow the description of [185,190] for the general theory of laser operation
under feedback.

5.1.1 Rate Equation with Optical Feedback

Fig. 5.2a shows the basic structure of a Fabry-Perot laser with reflectivity values r1, r2, optical gain
g and cavity length Lint with an additional reflector r3 placed at a distance Lext that generates the
feedback. The rate equations that describe the laser operation can be shown to be the same as for
a solitary laser but with an additional feedback term added which represents the time-delayed
electric field after one round trip in the external cavity [190]:

dE(t )

d t
= 1+ iα

2

[
GN (N (t )−N0)− 1

τp

]
E(t )+κE(t −τext )e−iωthτext (5.1)

d N (t )

d t
= J − N (t )

τs
−GN (N (t )−N0) |E(t )|2 . (5.2)

The slowly varying envelope function E(t ) of the electric field is taken here2 and coupled to the
carrier density N (t ) in the gain material. The lasing frequency of the solitary laser at threshold is
ωth . The feedback strength is represented with the factor

κ= 1

τi nt

(1− r 2
2 )r3

r2
(5.3)

that relates the external reflectivity to the cavity reflectivity. Without loss of generality, we can
assume a real κ here, because its phase is small and can be neglected compared to ωthτext at the
frequencies of interest. The round trip times of internal and external cavities are calculated from
the effective index ne f f and light velocity c through τ= 2ne f f L/c. The remaining parameters are
the gain coefficient GN , transparency carrier density N0, photon and carrier lifetimes τp and τs ,
linewidth enhancement α and injection current J = j Jth with threshold current Jth .

2We use the complex field notation Ẽ(t ) = E(t )eiωt with ω the optical oscillation frequency.
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Equation (5.1) can be split in its real valued amplitude E(t ) and phase φ, yielding

dE(t )

d t
= 1

2

[
GN (N (t )−N0)− 1

τp

]
E(t )+κE(t −τext )cos(θ(t )) (5.4)

dφ(t )

d t
= α

2

[
GN (N (t )−N0)− 1

τp

]
−κE(t −τext )

E(t )
sin(θ(t )) . (5.5)

The feedback phase term θ has the form

θ(t ) =ω0τext +φ(t )−φ(t −τext ), (5.6)

where ω0 denotes the laser frequency without feedback3. The equations (5.4), (5.5) and (5.2)
are called the Lang-Kobayashi equations and describe the laser operation under weak feedback
conditions4. Steady state solutions to this set of delayed differential equations exist and can
be determined by assuming variables to remain constant with time, so that E(t ) = E(t −τ) = Es ,
N (t ) = Ns , θ(t ) = θs with linear phase φ(t ) = (ωs −ω0)t . This yields the solution set:

Es =
√

j Nth −Ns

τsGN (Ns −N0)
, Ns = N0 +

1

GNτp
− 2κcos(ωsτ)

GN
(5.7)

ωs −ω0 =−κ(αcos(ωsτ)+ sin(ωsτ)).

The last equation, that describes the frequency variation from the solitary lasing case, can be also
written as

∆ωs0τ+C sin(∆ωs0τ+ω0τ+ tan−1α) = 0, (5.8)

with C = κτ
√

1+α2. It shows that more than one steady state solution can exist if the feedback
strength increases beyond a certain level. This is shown in Fig. 5.2b where the left hand side of
equation (5.8) is plotted as a function of ∆ωs0. In absence of feedback, the function is a linear
line with only one solution, depicting the oscillation frequency of the solitary laser. When the
feedback strength is increased, multiple solutions next to the solitary one appear and are called
external cavity modes, as the oscillation frequencies are determined by the external cavity in
those cases. In practice, operation at one of those steady state modes can be disturbed due to
small perturbations, e. g. spontaneous emission, so that the laser can hop between the set of
external cavity modes. At high feedback strength, this can lead to deterministic chaotic behavior
or low frequency oscillations [191].

5.1.2 Dynamic Behavior

To investigate the dynamic behavior of lasers under weak feedback, the Lang-Kobayashi equations
need to be evaluated numerically. We implemented the equations using MATLAB [111] and
applied a modified Runge-Kutta algorithm for numeric integration [193]. Numerical simulation
can act as a convenient tool to study the dynamic behavior of the laser and we show in this section
calculated time-domain intensity traces and spectral densities of the laser output. As an example
a DBR laser is used where peak grating reflectivity values and effective lengths are calculated for
the DBR sections, so that a corresponding Fabry-Perot system is obtained5. Details of the DBR
laser are presented in the next section. Table 5.1 lists the parameter values used in the numerical

3We use ω0 here instead of ωth because the laser frequency deviates slightly from its threshold value above threshold.
4It is derived under the assumption that only first-order reflections influence the laser and multiple reflections in the

external cavity are neglected.
5Peak reflectivity and effective length are introduced in the DBR laser design in Chapter 7.
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Table 5.1: Parameters used in rate equations, partly taken from [192].

Symbol Parameter Value Unit

Gn Gain coefficient 8.4 ·10−13 m3s−1

N0 Transparency carrier density 1.4 ·1024 m−3

τp Photon lifetime 1.927 ·10−12 s
τs Carrier lifetime 2.04 ·10−9 s
τi nt internal cavity round trip time 1.04 ·10−10 s
τext External cavity round trip time 3.32 ·10−9 s
r2 laser reflectivity 0.71
r3 External mirror reflectivity (variable)
j = J/Jth normalized injection current 1.11
Lext External cavity length 14 mm
Li nt Internal cavity length 440 µm
α Linewidth enhancement factor 3
λ Optical wavelength 1550 nm
c Speed of light 8.4 ·10−13 ms−2

Nth Threshold carrier density 2.02 ·1024 m−3

Jth Threshold current 9.89 ·1032 m−3s−1

ne f f Effective group index 3.55

simulations. The feedback strength κ is changed via the external reflectivity r3 and a feedback
length of 14 mm was used to represent the DBR laser which will be discussed in the experimental
part of this chapter. The injection current was held at 1.11 times the threshold current and a
linearized gain without saturation effects was assumed.

First, the laser is simulated without the effect of feedback κ = 0. The time domain intensity
I (t ) = E 2(t ) is plotted in Fig. 5.3a which is constant, indicating that the laser is in stable operation.
The power spectral density (PSD) shown in Fig. 5.3b, calculated from the time domain trace,
shows no additional oscillations.

When the external reflectivity is increased to yield a moderate amount of feedback at κ =
0.54 ns−1 the laser exhibits periodic oscillations around the steady state intensity, shown in Fig.
5.3c. This oscillation frequency can be observed in the spectral density plots in Fig. 5.3d as peaks
at integer multiples of 1.7 GHz, which correspond to the relaxation oscillation (RO) frequency of
the solitary laser. The feedback has the effect of sustaining the RO in the laser which has been
previously experimentally observed in [194].

This oscillation exhibits a period doubling and tripling when the feedback strength increases
to κ = 0.74 ns−1. Many sharp peaks are now visible in the spectrum in Fig. 5.3f and lead to the
large time-domain oscillations as shown in Fig. 5.3e. The laser intensity varies strongly with
time but still in a periodic manner. However, when the feedback strength further increases to
κ = 1.21 ns−1 these oscillations transition into chaotic behavior. Very large intensity variations
can be observed in the time-domain in Fig. 5.3g and the spectrum becomes very broad and
non-regular in Fig. 5.3h, indicating the onset of coherence collapse or deterministic chaos.

The numerical simulations show that feedback indeed has a big influence on laser operation.
Very small reflections can induce undamped RO oscillations in the laser that interact with the
external cavity frequencies and result in the generation of higher harmonics if feedback is further
increased. At moderate feedback levels, caused e.g. by 3% intensity reflection, the laser can tran-
sition already into chaotic behavior and its coherence is lost. This demonstrates how detrimental
spurious reflection can be.

In above example, the feedback length is 14 mm, below the laser coherence length, so that
the interaction of the reflected electric field with the field in the cavity depends on the phase. It
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is therefore interesting to investigate the influence of the feedback phase on the lasing operation.
For that, we add an additional phase term φE to equation (5.6) that we can freely change to simu-
late varying feedback phase conditions and investigate their effect on the laser. The simulation is
performed with a feedback strength of κ= 0.37 ns−1 which leads to undamped RO shown in Fig.
5.4a and 5.4f. By varying the feedback phase, the RO can be reduced as shown in the subsequent
plots in Figure 5.4b-d and g-i. The intensity oscillation is reduced significantly until a constant
intensity is reached between π and 1.6π. Also the RO frequency peak is suppressed below -60
dB. At 2π additional phase value, the initial conditions are reached so that the undamped RO is
observed again.

This demonstrates that the undesired oscillatory behavior of the laser due to feedback can
be suppressed by adjusting the feedback phase to a certain value range. This can be understood
when looking at Fig. 5.2b which depicts the steady state solutions that are determined by the
feedback phase condition (5.8). Addition of phase φE shifts the argument in the sinusoidal
function so that the external cavity mode locations are changed. Depending on that change, the
modes can move to less stable or more stable locations. A relaxation oscillation depicts a less
stable solution that oscillates between external cavity modes. These modes can then be shifted
so that less oscillations occur.

With the help of numerical simulations of the Lang-Kobayashi equations, we investigated
the effect of feedback strength to the laser operation. It has been found that weak and moderate
feedback can lead to undamped RO and chaotic behavior of the laser. A possible way to avoid this
undesired effect is to control the feedback phase, so that at certain phase conditions, undamped
RO can be suppressed. In the following section, we present a DBR laser design that incorporates
such a feedback phase control and discuss simulation results on its stability and measurement
results from a fabricated device.
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Figure 5.3: Time domain traces of the laser output intensity (left) and calculated power spectral densities
(PSD)(right) for increasing feedback strength κ according to numerical simulations. External
cavity length is 14 mm and the remaining parameters are as listed in Table 5.1.
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Figure 5.4: Numerical simulation results of the influence of the feedback phase on laser operation (r3 =
0.055, κ = 0.37 ns−1). The feedback phase is increased from 0 to 2π and the time domain and
corresponding spectra are shown in (a)-(e) and (f)-(k) respectively.
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5.2 DBR Laser with On-Chip Feedback

5.2.1 Laser Structure

In order to investigate the effect of feedback in more detail for a practical device, we use a
fabricated DBR laser chip6. The device is schematically shown in Fig. 5.5 and consists of a linear
cavity formed by two DBR gratings of length 100 µm for the front and 180 µm for the rear
section. A SOA section of 400 µm length is used for the gain medium. Isolation sections of 10
µm length are used to electrically disconnect the grating and gain sections. The rear output of
the device is connected to an on-chip delay line that is terminated in a multi-mode interference
reflector (MIR) to form the external cavity. The MIR has an intensity reflection of R3 = 0.5 and the
external cavity is 14 mm long. Included are an additional SOA section and a phase tuning section
through which the strength and the phase of the feedback signal can be separately adjusted. The
front output of the laser leads to the chip facet and acts as the main output waveguide. The total
device forms a laser cavity that is connected to an on-chip external cavity, where the reflection
amplitude and phase can be varied so that the structure is well suited for experimental study of
the feedback effect.

A laser with slightly different dimensions has been characterized previously in a bare chip
form and the results show good agreement with the predictions from the simulations of the
previous section [195]. In this section, we extend the work with additional simulation and mea-
surement results. In particular, we use a circuit simulator, in which measurement based, accurate
building block models are available, to study the effect of both feedback strength and phase on
laser operation of the fabricated DBR laser. In addition, we perform more detailed measurements
on a packaged version of the DBR laser and compare the results to the simulations.

5.2.2 Simulation in PICWave

In this section, the photonic circuit simulator PICWave is used to study the effect of feedback
on the presented DBR laser device. As all components of the laser are well characterized from
the photonic foundry and behavioral models of those are available in PICwave, we expect more
accurate results that can correctly predict the device performance in the experiment. PICWave
is a general purpose simulator that utilizes a time-domain traveling-wave model (TDTW) [196]
to evaluate the photonic device and circuit behavior. Such a technique has proven to gener-
ate comparable results as the Lang-Kobayashi rate equation approach when used on feedback
problems [197].

Fig. 5.6 shows the block diagram representing the DBR laser in PICWave. The dimensions
of the grating, SOA sections and delay lines are set to match the fabricated device. The MIR is
modeled using scattering parameters that produce an intensity reflection of 0.5. Electrical sources
can be applied to the sections individually to simulate current injection.

6The fabrication of the device was performed by the Oclaro foundry.

PIC
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DBR DBR

Electrical isolation

Output

Main cavity On-chip feedback circuit
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Figure 5.5: Structure of the DBR laser device consisting of a linear cavity and an on-chip feedback circuit with
amplitude and phase control.
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Figure 5.6: Schematic in PICWave for simulating DBR laser with on-chip feedback circuit.

(a) (b)

(c)

Re
la

tiv
e 

∆λ
  t

o 
15

50
 n

m
 (n

m
)

Time (ns)

∆λ (nm)

In
te

ns
ity

 (d
Bm

/n
m

)
O

ut
pu

t p
ow

er
 (m

W
)

Time (ns)

Figure 5.7: No feedback condition as light is absorbed in the RSOA section which is reverse biased at -5 V.
(a) Spectral evolution showing stable lasing (Ig ai n = 65 mA) with varying feedback phase tuning
with time. (b) Optical spectrum at t=30 ns and (c) stable time domain amplitude with small
relaxation oscillations.

First, the general laser output is simulated. Fig. 5.7 shows the results obtained when the laser
is operated with 65 mA gain current, corresponding to 3.5 times the threshold current, and no
feedback is present. The feedback circuit is switched off by reverse biasing the rear SOA (RSOA)
section at -5 V. Both the spectral evolution with time and the intensity does not change and the
spectrum shows a stable lasing mode with small RO peaks next to the main mode.

Next, the laser behavior under feedback is investigated and in particular its dependence on
the feedback phase. For that, the phase current is linearly increased from 0 to 5 mA in the
simulation time frame of 40 ns and the RSOA current is held constant at 4.5 mA to provide a
moderate feedback strength. Fig. 5.8 depicts the spectral evolution of the laser output over time.
Although the phase current is linearly increased with time, its influence on the feedback phase is
nonlinear. The corresponding times where an additional π and 2π phase change are induced are
indicated in the plot. We can observe that the initial spectrum shows undamped RO peaks next to
the main mode, a result of the moderate feedback, but with increasing feedback phase, the laser
goes back to stable operation. It falls back to an oscillatory output power after π phase change
and the cycle repeats itself every 2π. It should be noted that at higher current values, the phase
change per unit current is smaller so that the 3π value is only reached after 40 ns. The lasing
spectra at various feedback phases are shown in Fig. 5.8b-e. They confirm that the RO peaks are
suppressed at stable lasing conditions and are sustained when the laser is not stable.

Finally, we study the laser output when the feedback strength is increased further by setting
the RSOA current to 10 mA. The output light is amplified twice in the external cavity so that the
reflected field is high and strong feedback is present. Fig. 5.9a shows the spectral evolution of the
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Figure 5.8: Moderate feedback condition when the RSOA is operated with 4.5 mA injection current. (a)
Spectral evolution for varying feedback phase φ tuning (phase current is linearly ramped from 0
to 5 mA within 40 ns, yielding multiples of π phase change of the feedback signal in a nonlinear
manner). Periodicity with π can be observed. (b) and (d) show undamped relaxation oscillations
whereas (c) and (e) show their suppression by a properly adjusted feedback phase, leading to a
stable lasing mode.

laser output when the feedback phase is varied by increasing the phase tuning current from 0 to
5 mA within 80 ns. No stable lasing mode can be observed and multiple peaks are visible. Quasi
chaotic oscillations in the intensity plot in Fig. 5.9c can be observed and the spectrum shown in
Fig. 5.9b at 5 ns shows a very broad spectrum, indicating the onset of coherence collapse.

The simulation results obtained from PICWave for the presented DBR laser design with the
on-chip feedback circuit confirm the insight gained from the numerical results in the previous
section. Under moderate and weak feedback, the laser exhibits undamped RO oscillations. Those
can be stabilized and suppressed when the feedback phase is changed appropriately. For higher
feedback strength, the laser transitions into a chaotic behavior with broadened spectrum and
random intensity oscillations. The next section presents measurement results of the fabricated
device.

5.2.3 Experimental Results

For the measurements, the fabricated DBR laser chip was assembled in a conventional gold-box
package. The measurement setup is shown in Fig. 5.10. The package is set to stabilize the
device temperature at 18◦C and the output of the packaged device is connected to an optical
isolator and then split with a 30/70 coupler. One output is fed to a photodiode and the electrical
signal is viewed on the electrical spectrum analyzer after amplification. The other output is di-
rectly measured with a high resolution optical spectrum analyzer (APEX) with 0.16 pm resolution
bandwidth. This ensures that intricate details around the lasing mode can be resolved.

First, the influence of feedback strength on the laser operation is measured. The RSOA current
is increased from 0 mA to 10 mA and the electrical and optical spectra are captured. The electrical
spectra correspond to the power spectral density plots shown in the numerical simulation section.
The results for electrical and optical spectra are shown in Fig. 5.11. It can be observed that the
laser exhibits three different operation regimes. When no feedback is present and most of the
reflected light is absorbed in the RSOA, the laser is stable and the optical spectrum shows a
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Figure 5.9: Development towards coherence collapse and onset of chaotic behavior for IRSOA = 20 mA. (a)
Spectral evolution when the feedback phase is tuned (phase current is ramped from 0 to 5 mA in
80 ns). (b) Optical spectrum at t=5 ns and (c) time domain amplitude showing chaotic oscilla-
tions.
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Figure 5.10: Experimental setup of the measurement.

distinct main mode. Neither the electrical nor the optical spectrum show any RO peaks. When
feedback is present, that is when the RSOA current is increased, RO peaks appear next to the
main laser mode. The electrical spectrum shows a distinct peak at 4.5 GHz corresponding to
the RO frequency. When feedback is further increased, this transitions to coherence collapse
and the laser mode is significantly broadened and the electrical spectrum becomes also very
wide. Interestingly, there are several RSOA current value that lead to a suppression of these
instabilities. The corresponding electrical and optical spectra for those occurrences indicate stable
laser operation. This is the case in Fig. 5.11 for a RSOA current values of 5.5 mA. This can be
explained by assuming that the feedback phase has a big influence on the stability of the laser
and by increasing the RSOA current, the phase value is also changed due to the Kramers-Kronig
relations. At a certain value, the phase stabilizes the laser output, very similar to what has been
shown in the previous simulation results. However, the conditions for this stable operation are
not met when the RSOA current further increases, so that only a few RSOA current values lead
to this condition. The experimental measurement therefore reveals that the feedback causes the
laser to develop RO peaks and become unstable depending on the exact feedback strength. It
shows very good qualitative agreement with the PICwave simulation results.

Next, the influence of the feedback phase on the laser stability is investigated. The laser is
operated with 65 mA gain current, as in the previous simulations and the phase tuning current is
increased from 0 to 2 mA. Fig. 5.12a and Fig. 5.12b show the evolution of the optical and elec-
trical spectrum, respectively, with increasing phase current. Starting from a non-stable operation
where the laser exhibits RO peaks with period doubling (see Fig. 5.12c and 5.12d), it transitions
to a stable operation area between 1 mA and 1.5 mA phase current, where the single lasing mode
is visible as shown in Fig. 5.12e and 5.12f. The non-stable operation starts to set in again after
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1.5 mA; this behavior shows periodicity and starts repeating itself after 1.7 mA, marking approx-
imately the 2π phase change point. In the stable operation regime, the RO peak is suppressed, as
can be clearly seen in the electrical spectrum. The prediction made in the numerical and PICWave
simulations that the feedback phase has an important influence on the laser stability and that it
can be adjusted to yield stable lasing operation ranges are thus confirmed.

To have a better overview of the necessary feedback phase tuning values to yield stable op-
eration, stability maps for the DBR laser are created by varying the laser gain current from 20
to 60 mA, the feedback phase current from 0 to 2 mA and measuring the SMSR value of the
laser output. This is repeated for three different RSOA current values of 2.45 mA, 3.1 mA and
4.1 mA to study the stability under three different feedback strengths. The results are shown in
Fig. 5.11. Laser operation with SMSR>19 dB indicated by a white color are regarded as stable.
It is evident that at low feedback strength (RSOA=2.45 mA) the laser is stable for most of the
gain and phase values. When the feedback strength is increased, the laser becomes unstable and
only for certain phase values, stability is restored. Those areas of stability have been previously
predicted in [198]. It should be noted here that the area of stability vanishes for increasing feed-
back strength, as shown in Fig. 5.13d, occurring at gain currents higher than 50 mA. This can
be explained by the fact that the system transitions to a coupled-cavity state instead of being in
the weak feedback regime, because the feedback field is very strong due to the high laser output
power.

In the experiment, the laser operation was investigated for varying feedback strengths by
changing the RSOA current and for changing feedback phase by adjusting the phase tuning sec-
tion current. It has been found that with increasing feedback strength, ROs are sustained first
and finally the laser enters a coherence collapse state. By changing the phase of the feedback
light, certain stability regions can be targeted so that the laser operates stable even under weak
feedback. This is no longer the case if the feedback strength is further increased, which was
realized here by increasing the gain current. The experimental results are in good qualitative
agreement with both the numerical and PICWave simulations performed before and confirm that
the simulations are a valuable tool to predict laser behavior under feedback conditions.
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Figure 5.11: (a) Electrical spectrum evolution with increasing RSOA current and corresponding spectra at
indicated RSOA values. (b) Optical spectrum evolution for increasing RSOA currents and corre-
sponding spectra at indicated locations. With increasing feedback strength, the laser transitions
from stable operation via undamped RO operation to coherence collapse.
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Figure 5.12: (left) Optical spectra and (right) electrical spectra of the laser output for varying feedback phase
current values. (a) Spectral evolution showing the transition from sustained RO via period
tripling to stable operation. (b) Corresponding electrical spectrum evolution. (c) and (d) show
oscillations at 1/3 and 2/3 of the RO frequency of 6.7 GHz. (e) and (f) show stable operation
with SMSR > 40 dB. (g) and (h) show sustained RO at 6.7 GHz. Gain current is 65 mA and
RSOA current 4.5 mA
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Figure 5.13: SMSR mapping of a DBR laser with on-chip reflector with varying feedback strength and feed-
back phase. The former is changed through the RSOA current and the latter through the phase
tuning current. (a) Very weak feedback (RSOA=2.45 mA), weak feedback (b) RSOA=3.1 mA
and (c) RSOA=4.1 mA. (d) shows an extended stability map at RSOA=3.1 mA.
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5.3 Summary

In this chapter we focused on optical crosstalk, in the sense that two optical fields interact with
each other in an undesired way, which can easily occur in WDM transmitter PICs. In particular,
this is the case when spurious reflections within the chip cause a fraction of the laser light to
propagate back to the main cavity resulting in a weak feedback effect.

Starting from the basic theory of feedback in semiconductor lasers, we performed numeri-
cal simulations which revealed the detrimental effects that are initiated by the feedback light.
An external reflectivity of 0.08 in the numerical example, which corresponds to 0.64% intensity
reflection or around -20 dB, can already cause sustained relaxation oscillations in the laser, re-
sulting in intensity variations at its output. At higher external reflection values, e.g. 3.2% or
-15 dB intensity reflection, the laser can transition into a coherence collapse state, so that ran-
dom intensity oscillations are the result. The simulations further revealed the importance of the
feedback phase on the stability of the laser operation. By changing the feedback phase to certain
values, these instabilities can be suppressed. By controlling exactly the feedback phase value,
this provides a potential means to suppress the instabilities caused by feedback. In practice, pre-
dicting the proper phase value that leads to a stable operation for a specific laser design is not
straightforward and a mapping procedure is required.

To investigate the feasibility of this control mechanism, we performed simulations on a fabri-
cated DBR laser in PICWave and characterized its behavior under controlled feedback conditions.
Both the PICWave simulations that utilize measurement based models for the building blocks,
and therefore yield accurate results, and the experimental data confirm our findings from the
numerical simulations. Depending on the feedback strength, the fabricated laser moves from
stable operation via sustained RO to coherence collapse. By adjusting the phase of the feedback
in certain value ranges, obtained in the experiment, the stability of the laser can be restored.

The results discussed in this chapter are important for the design of parallel transmitter PICs
because without the availability of an integrated optical isolator yet, spurious reflections are in-
evitable in photonic circuits. Having controllable phase tuning sections within each transmission
channel, it may be possible to adjust the feedback phase of those spurious reflected fields to re-
duce instabilities in the lasers. In practice, to obtain the exact current values that are needed to
fulfill this condition, the laser needs to undergo a multi variable mapping procedure, taking into
account many parameters such as gain current, reflection magnitude and phase current. More
work needs to be done to develop a practical solution that can stabilize the laser in an easy way.





Chapter 6
Thermal Crosstalk

Previous chapters have dealt with electrical and optical crosstalk effects arising in densely inte-
grated parallel transmitter circuits. In this chapter, the focus is on thermal crosstalk, which is of
equal importance to device and circuit performance. Heat generation in a photonic circuit can
occur in many places, e.g. whenever an electric current flows through an area of finite resistance
and causes Joule heating. This is especially the case in laser devices where high pump currents
are normal and it is known under the term of self heating [199] which acts negatively on the
laser performance and poses the most prominent heat source in photonic circuits. Apart from
lasers, also other heat sources exist. Areas of high optical or microwave absorption lead to heat
generation when either the optical or microwave signal power is absorbed by the material. Fur-
thermore, purposeful increase of temperature in a desired location using resistive heating is often
applied to induce thermo-optic tuning of active and passive devices. Multiple heat sources exist
in a typical photonic circuit and its number scales directly with the number of components on the
chip.

Thermal crosstalk then describes the undesired heating of a component by other components
that are placed nearby. Similar to the electric and optical crosstalk effects already discussed,
thermal crosstalk also requires a crosstalk path, which is in this case the semiconductor chip itself.
In particular, InP, which is used as the substrate, has a high thermal conductivity and heat can
spread effectively through the substrate. The high thermal conductivity is advantageous in the
sense that heat can be efficiently removed by applying a heat sink, e.g. to the bottom of the chip.
However, it also leads to efficient heat spreading to the sides where other components lie and
results in large thermal crosstalk. This has been for example observed between lasers and EAM
modulators [200] or lasers and MZ modulators [201]. With the trend towards higher integration
density and smaller distances between components, thermal coupling between components will
pose a big challenge for PICs in the same way as it is already dictating the limits of large-scale
microelectronics integration.

In case of a parallel transmitter PIC, the majority of thermal crosstalk occurs in the laser array.
Such a situation is illustrated in Fig. 6.1, where heat is generated in the active sections of the
laser array and can spread horizontally to neighboring channels, locally increasing the operating
temperature and having a negative impact on the laser performance. Several studies have found
that the additional heating in laser arrays decreases with separation distance [202–205], so that
spacing rules can be applied to keep the thermal crosstalk below a certain limit [202]. We will also
examine a laser array configuration in this chapter and analyze how much impact the thermal
crosstalk can have on its operation. First of all, effects of heating on the laser operation are
reviewed to establish the main possible impairments due to a temperature rise. Then, numerical
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Figure 6.1: Illustration showing an array of lasers on a photonic circuit that generates heat and causes thermal
crosstalk between them.

simulations are performed to investigate the temperature rise in the vicinity of an active section.
For that, we regard an active section from the COBRA integration platform. Finally, experimental
results from an array of tunable lasers from Oclaro are discussed to demonstrate a real example
where thermal crosstalk can affect device performance. We then show how the presence of fine
tuning sections on the laser can compensate for these thermal effects.

6.1 Heating Effects in Lasers

In a semiconductor laser, temperature changes affect many key properties such as optical gain,
optical losses, recombination rates, material bandgap energies and carrier mobilities. This leads
to a variation in the laser output behavior. One of the important parameters of the laser is its
threshold current density, above which stimulated emission dominates and the gain overcomes
the losses in the cavity and significant optical power is built up in the laser. Its dependence on
temperature can be described through [192]

Ith (T ) = I0eT /T0 , (6.1)

where I0 is a constant and T0 is a characteristic temperature used to indicate how sensitive
the threshold current behaves with rising temperatures. For InGaAsP lasers T0 is around 50-
70 K, resulting in a threshold current density increase by multiple times when temperature is
increased by 50 K. The physical causes are related to an increase in carrier leakage through the
pn junction, increase in non-radiative recombination mechanisms and a higher inter valence band
absorption [206].

In addition, both the carrier lifetime and the optical gain are reduced when temperature rises.
The former was measured to reduce in InGaAsP lasers by a factor of two over a range of 50 K
and differential gain was observed to reduce by a factor of five [207]. These effects have been
mainly contributed to Auger recombination, which takes up a significant amount of the available
carriers that are then not available for stimulated emission anymore.

At higher temperatures the ability of the carriers to move through the semiconductor also
reduces, resulting in lower mobility values. This affects the conductivity of the epitaxial layers
and yields higher resistance values, which causes more Joule heating again. This type of positive
feedback loop can lead to significant self heating in lasers.

Next to the laser related effects, there are also material parameters that are temperature
dependent. The refractive index in InP is temperature dependent and its change is described by
the thermo-optic coefficient dn/dT which has the value of 2 ·10−4 K−1 at 300 K [208]. A small
temperature change would therefore already vary the refractive index and result in a wavelength
change at the laser output. Spectral variation can also occur due to a shift of the maximum gain
peak in the material towards higher wavelengths with an increase in temperature.
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From the mentioned effects, it can be concluded that temperature rise has mainly negative
effects on lasing operation. To know which of those effects are relevant and applicable in the
presence of thermal crosstalk in parallel transmitter applications, it is necessary to quantify the
temperature increase. In the next section, we present thermal simulations that can predict the
temperature rise due to Joule heating in lasers.

6.2 Thermal Simulations

6.2.1 Electro-Thermal Model

Heat generation and transfer in the photonic circuit is governed by Joule heating and Fourier’s
law. The electric current flows through a finite resistance and power is dissipated in the form of
heat. The heat can then transfer from its source to the rest of the PIC. If we neglect convection
and radiation effects and purely look at the conductive heat transfer in a solid, the following
equation applies:

Cρ
dT

d t
+∇ · (−k∇T ) =Q. (6.2)

Here, C is the specific heat capacity at constant pressure, ρ the material density, k the thermal
conductivity, T the temperature and Q the heat source which can be evaluated from the current
flow I through the resistance R using Q = I 2R. In many cases we are only interested in the
steady-state solution so that dT /dt = 0. Solution of equation (6.2) can be performed numerically
using a finite-element method [209] and we choose the commercial software COMSOL for this
task [210].

As an example, we investigate the heating of lasers in the COBRA generic integration platform.
The total resistance R through which the current I is injected is composed of many layers with
varying doping concentrations and therefore also different resistivity values as Fig. 6.2 shows.
The model used here is a simplification of the layer stack presented in chapter 3 and captures
the major resistive elements. Furthermore, geometrical parameters such as ridge width and layer
thickness affects the total resistance, so that we use a 2D model to incorporate their influence on
the Joule heating.

The model is composed of two active waveguides that are separated by a distance D and
placed on a 200µm thick InP substrate1. A boundary condition T = 17◦C is placed at the bottom
of the substrate to simulate the cooling of the chip by a copper heat sink. The rest of the chip is
surrounded by air and an isolating boundary condition is used. A thermal conductivity value of
68 Wm−1K−1 is used for InP [211]. Current is injected into the first laser through its p-InP side
and the temperature profile along the chip is evaluated.

1The standard substrate thickness of chips delivered by the SMART Photonics foundry is 200 µm.
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Figure 6.2: Simplified cross section model used for thermal simulations.
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Figure 6.3: (a) Simulated temperature distribution near laser 1 when it is pumped at 20 kA/cm2 and the
surrounding exhibits Joule heating. (b) Temperature increase over background (T = 17◦C) around
laser 1 for varying injection current densities.

6.2.2 Simulation Results

At first, the temperature profile across the chip is evaluated for three injected current density
values representing weak, moderate and strong pumping of lasers. Fig. 6.3a shows the tem-
perature distribution when laser 1 is pumped at 20 kA/cm2. In this case we observe an increase
of the laser active section temperature of 6.3 K above ambient values which is due to the resis-
tive heating. The heat spreads equally to the bottom towards the sink and to the sides. Thus,
the neighboring laser experiences also a temperature rise depending on its separation distance
which is shown in Fig. 6.3b. If the distance exceeds 100 µm, the temperature rise is below 1
K. In the range below 100 µm the temperature increase can be multiple Kelvin and is especially
high for large pump currents. The results are in agreement with published experimental and
simulation values for similar laser structures and can be taken as characteristic for the COBRA
platform [201,212,213].

The implications on the actual laser operation are more difficult to estimate and depend
strongly on the type of laser and mode selection mechanisms. In terms of threshold current
density and output power, a temperature change of 1 K will have negligible impact. The material
gain maximum will however experience a shift towards longer wavelengths with approximately
-0.28 meV/K resulting in about 0.5 nm/K shift in wavelength [214]. In case of Fabry-Perot type
lasers, this will directly translate to the same amount of wavelength shift in the laser output.
In single-mode lasers such as DBR or DFB lasers the grating response determines the lasing
wavelength and 1 K of temperature rise will result in 0.1 nm shift at 1.55 µm emission. In the
context of WDM transmitters where laser wavelengths should be accurately aligned to a specified
grid, this kind of spectral shift due to thermal crosstalk poses a problem. As we will see in the last
section, compensation of this kind of thermal crosstalk can be achieved using appropriate tuning
mechanisms.

The results shown above are obtained for a substrate thickness of 200 µm. Previous research
performed in the PhI group at TU/e has shown that thinner substrates reduce the effect of thermal
crosstalk [213]. A shorter conductive path to the heat sink causes a more efficient extraction of
the heat from the laser and less spreading to the horizontal direction. Fig. 6.4a shows the
temperature profile in the surrounding of the laser for varying substrate thickness values at the
strong pump strength. Using 50 µm thin substrates, device separation can be reduced to even
25 µm assuming the same 1 K thermal crosstalk threshold. On the contrary, if the substrate is
not thinned after chip fabrication, thermal crosstalk can become large and extend beyond several
hundred micrometers.
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Figure 6.4: (a) Influence of substrate thickness on temperature increase around laser 1. (b) Influence of p-InP
conductivity value on temperature increase around laser 1.

Joule heating depends on the total resistance in the laser. If we neglect the influence of the
metal resistance and metal-semiconductor contact resistances, most heat is generated in the p-
InP layer due to its high resistivity compared with the other n-doped layers. A conductivity of
800 S/m, calculated from the doping concentration, was used in the previous simulation. In
practice, the doping concentration might vary from its design value and also additional resistive
elements might add up to increase the total laser resistance to several Ohm. We investigate the
effect of changing resistance values by adopting different p-InP conductivities. Fig. 6.4b shows
the temperature increase in that case. We can observe that more heat is generated when the
p-InP layer becomes more resistive and that thermal crosstalk is increased in that case. The 1 K
distance is shifted to 250 µm for a p-InP conductivity of 200 S/m. In order to reduce thermal
crosstalk, it is thus of great importance to reduce the laser’s series resistance and minimize the
heat generation in the first place.

In this section, thermal simulations were performed for an example laser structure from the
COBRA generic integration platform. The simulation results show how Joule heating leads to
heat generation and its spreading towards the horizontal direction. At a separation of 100 µm
from the heat source the temperature rise is below 1 K for a 200 µm thick substrate. On top
of abiding by spacing rules, reduction of the substrate thickness has a positive effect on thermal
crosstalk, so that smaller separation distances between lasers are possible. A substrate thickness
of 50 µm can reduce the 1 K separation to 25 µm. Furthermore, the simulations clearly show the
importance to keep the series resistance of the laser as low as possible to avoid Joule heating in
the first place. At 1 K temperature rise, the laser wavelength in single mode laser can still exhibit
0.1 nm of wavelength drift. In the next section, experimental measurements of thermally induced
wavelength change in a tunable laser array will be discussed and a possible way to compensate
for that will be shown.

6.3 Thermal Crosstalk in DS-DBR Lasers

Commonly used single mode semiconductor lasers include one or more distributed Bragg reflec-
tor (DBR) elements. The DBR is a passive component that exhibits a narrow-band reflection
response, caused by a periodic spatial perturbation of its refractive index. Used as reflectors,
these grating devices, together with a gain section, can form laser cavities (DBR laser) that op-
erate only with a single longitudinal mode. A more detailed description of the working principle
of DBR lasers is presented in chapter 7 on transmitters. Wavelength tuning of DBR lasers occurs
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Figure 6.5: (a) Structure of DS-DBR laser. (b) Schematic illustrating mode selection by front and rear grating.
(c) Driving scheme of front grating sections to induce continuous selection of supermodes.

through shifting of the DBR reflection peak. This can be performed electrically through current
injection, which typically yields wavelength tuning in the range of 8-10 nm [215]. The range
can be greatly enlarged by utilizing specially tailored grating geometries, e.g. phase, sampled or
chirped gratings, which generate multiple reflection peaks, only one of which is selected at any
time. In this way, a tuning range of several tens of nanometers, covering the whole C-band, can
be achieved. These so called digital supermode (DS-DBR) or sampled grating (SG-DBR) lasers
are the state-of-the-art in compact monolithic tunable semiconductor lasers for optical communi-
cations [216,217]. Thermal crosstalk between tuning sections of such lasers has been previously
found to affect device operation [218]. In this section we investigate the thermal crosstalk be-
tween sections of a 3-laser array formed by DS-DBR lasers2.

6.3.1 DS-DBR Laser Structure

The basic structure of a DS-DBR laser is shown in Fig. 6.5a, consisting of a front grating mirror
(FGRT), a gain section, a phase section for fine wavelength tuning (PHA) and a rear grating
reflector (RGRT). The front grating is a chirped grating, i.e. the perturbation pitch changes
over the grating length, and the rear grating is a phase grating, containing multiple phase shifts
in its periodic refractive index perturbation. The interplay of both grating’s reflection spectra
and the resulting laser mode selection is shown in Fig. 6.5b. The rear phase grating yields a
reflection comb consisting of seven equally spaced reflection peaks, also called supermodes, with
similar height. This requirement and the position of the peaks determine the exact locations of
the different phase changes that need to be applied to the phase grating [219]. The chirped
front grating on the other hand exhibits a low selectivity that can be tuned in wavelength when
different section along the grating are individually accessible through current injection. This
way, the overlap of the FGRT and RGRT reflection peaks can be accurately controlled, yielding
the lasing mode selection and large tuneability is achieved. Fig. 6.5c depicts the FGRT tuning
procedure that allows a continuous shift of its reflection peak, leading to the consecutive selection
of rear grating supermodes.

In this section, we study the thermal crosstalk of three DS-DBR lasers that are placed in an
array as shown in Fig. 6.6a with varying separation distances3. Each DS-DBR laser in the array
contains additionally a front and rear SOA section that is used for power equalization purposes
and to provide appropriate means for external wavelength locking and power monitoring. The
sample chip containing the laser array has been placed on an electronic assembly board and the
laser sections were wire bonded to corresponding traces on the assembly. In order to reduce the
electrical interface complexity, the FGRT of all three lasers share the same electrical contacts,

2We acknowledge and thank Oclaro for their in kind contribution and the experimental sample.
3The initial sample contains four DS-DBR lasers but due to a defective component in the output path of channel 4, the

study was reduced to three lasers. The fourth laser is not relevant to the findings of this section.
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Figure 6.6: (a) Array of three DS-DBR lasers with front and rear SOAs for power equalization. (b) Photograph
of packaged DS-DBR laser chip.

so that tuning of the front grating occurs simultaneously for all lasers together. This is viable
because the RGRT are dimensioned to be different between the lasers, so that shifted output
wavelengths can be achieved. Furthermore, thermo-electric cooling of the sample is enabled
through the assembly as well. Fig. 6.6b shows a photograph of the sample. Parts of the results
discussed in this section have been published in [220].

6.3.2 Temperature Induced Wavelength Shift

Simultaneous operation of all three lasers is demonstrated first and the tuning of one laser in this
situation is studied. Fig. 6.7a shows the output wavelength change of the laser array when the
rear grating of laser 1 is tuned. We can observe that laser 1 shifts towards shorter wavelengths,
firstly through a carrier induced grating response shift then through longitudinal mode hops
and finally through supermode hops. In contrast, laser 2 and 3 remain relatively stable at their
emission wavelength. A closer look at Fig. 6.7b reveals that both laser 2 and 3 change in emission
wavelength as well, towards the longer wavelengths, due to thermal crosstalk. The measurement
is performed with a multi-wavelength meter, allowing for 0.3 pm wavelength accuracy. A thermal
crosstalk induced wavelength change of 0.7 pm/mA and 0.4 pm/mA has been observed for the
neighboring laser 2 and laser 3 respectively which is further apart. These values represent very
small shifts in wavelength due to thermal crosstalk and even smaller effects are visible if only the
phase section of laser 1 is tuned. The spectral evolution of the laser array in that case is shown
in Fig. 6.7c, where the output wavelength of laser 1 varies in a range of 0.3 nm, characteristic
for the fine adjustment tuning through phase sections. The other two lasers remain stable at
their emission wavelength. Fig. 6.7d finally shows the effect of front grating tuning of the laser
array. Because all three lasers are shifted in a group configuration, they switch their respective
supermodes between 4 mA and 6 mA.

After showing that the simultaneous lasing operation is not severely affected by RGRT tuning
or phase tuning, we proceed to quantify which sections under tuning have the largest effect on
neighboring lasers. For that, the wavelength of laser 1 is monitored when the sections of laser
2 or laser 3 are tuned individually or together at the same time. Fig. 6.8a plots the wavelength
drift of laser 1 when sections of laser 3, the laser placed furthest apart, are tuned. During the
tuning phase, several supermode hops can occur in laser 1 that are a result of the mode selection
being at the border between two supermodes. Temperature increase can then push the selection
mechanism beyond this border to the next supermode. These jumps are, however, compensated
for in the results presented here in post process as the supermode spacing is well known from
the grating structure4. In this way, the wavelength change which is purely due to refractive
index change and the consequential grating peak shift is captured. The graph indicates that the
gain section contributes most strongly to thermal crosstalk, inducing up to 0.14 nm shift for a

4We substracted the interval between supermodes from the measurement results whenever such a mode hop occurred.
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Figure 6.7: (a) Simultaneous operation of laser array and tuning of laser 1 using FGRT. (b) Wavelength shift
induced on laser 2 and 3 caused by RGRT tuning of laser 1. (c) Phase section tuning of laser 1
when all three lasers are operated. (d) Collective FGRT section tuning of laser array, so that next
supermode is selected.

pump current of 180 mA in laser 3, corresponding to a density of 20 kA/cm2. Second is the front
SOA section which can induce up to 0.1 nm of shift in laser 1 at a pump current of 300 mA,
corresponding to 28 kA/cm2. Both the RGRT and rear SOA generate very little thermal crosstalk
and have negligible impact on laser 1.

A similar response is found when sections of laser 2 are tuned. Fig. 6.8b shows that here the
gain and FSOA sections are the two strongest crosstalk sources. Due to the smaller separation
distance of 90 µm, the wavelength shift in laser 1 can take values up to 0.3 nm and 0.15 nm for
tuning of the gain and FSOA section of laser 2. Finally, in Fig. 6.9c, we look at the combined
thermal crosstalk from laser 2 and laser 3 on laser 1. A total shift of 0.42 nm is induced on laser
1 by gain section tuning and 0.38 nm by FSOA tuning. Rear grating tuning in the combined case
starts to have a visible effect on laser 1 as well, contributing 0.05 nm wavelength shift.

The strong thermal crosstalk from the gain and FSOA sections of the neighboring lasers can be
explained by geometrical considerations. Without the need to regard the detailed mask layout of
the laser array, already from the schematic in Fig. 6.6a, it can be seen that the location of the gain
and FSOA section of the neighboring lasers are closest to the first laser’s FGRT section. As the
lasing wavelength selection is determined by the front and rear grating response, a temperature
rise induced at those sections will lead to strong wavelength shifts in the laser output. This is
especially emphasized by the nature of the chirped front grating because its selectivity peak is
designed to be easily movable in wavelength. The measured values for wavelength shift up to
0.4 nm indicate a local heating of up to four Kelvin when we assume similar heat transfer and
generation conditions as presented in the simulation section.

In practice, wavelength shifts as observed here are too large for DWDM applications, where
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Figure 6.8: Wavelength shift of laser 1 induced by thermal crosstalk from tuning sections of (a) laser 3, (b)
laser 2 and (c) laser 2 and 3 together.

the emission wavelengths have to be accurately aligned to the ITU grid. In the next section,
we demonstrate how the DS-DBR laser array can compensate for the thermal crosstalk using its
phase tuning sections.

6.3.3 Thermal Crosstalk Compensation

Next to the temperature induced wavelength shift, it has been mentioned that mode hops can
also occur during the tuning phase of adjacent lasers. In the previous section their influence
has not been shown because the wavelength shift due to temperature rise was of interest. In
a WDM application, these mode hops however are not desirable and need to be accounted for.
Both supermode and longitudinal mode hops were observed to occur in a very unpredictable
manner. This is mainly due to the interplay of the many involved sections in the laser array that
are all actively tuned in operation. A rigorous systematic mapping of the laser array where each
parameter is sequentially mapped against each other parameter would solve this problem, but
this takes too much time in practice. We show in the following that the phase section tuning
of each laser, designed for fine adjustment of the wavelength is sufficient for compensating for
wavelength shifts and also any mode hops due to thermal crosstalk.

In Fig. 6.9a the three lasers within the array are operated simultaneously and aligned to
ITU wavelengths on a 100 GHz grid. They are then shifted to the next three subsequent ITU
wavelengths, as a group, by adjusting the RGRT and FGRT tuning currents respectively. Mode
hops in any of the three lasers can occur when the RGRT current of a specific laser is adjusted, but
this can then in return be compensated by re-adjusting the phase tuning section. This is repeated
until all three lasers are accurately aligned to the designated wavelengths. The whole process is
continued to incorporate the next set of three wavelengths and so on. Fig. 6.9b and 6.9c show
the necessary tuning currents of each laser to satisfy this wavelength alignment procedure for the
RGRT and phase sections. The front grating sections are tuned according to the scheme shown in
Fig. 6.5c. It can be clearly seen that the RGRT values follow the regular scheme that is known for
DS-DBR tuning, e.g. discussed in [216]. However, the phase tuning currents of each laser do not
follow any regularity. Their values are chosen in such a way that any thermal crosstalk induced
wavelength shift or mode hop is reversed and compensated for. This adjustment was performed
manually in experiment but automated procedures could be designed in principle that take over
this task.
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Figure 6.9: Tuning strategy for laser array to compensate for thermal crosstalk. (a) Tuning along ITU WDM
grid in a group configuration. (b) RGRT settings for addressing the ITU wavelengths and (c)
phase section currents to compensate for thermal crosstalk.

The final result is that the array of DS-DBR lasers can be adjusted to the ITU grid covering
a large wavelength range, potentially extendable to the entire C-band. This is depicted in Fig.
6.10a. A uniform signal-to-noise ratio and output power level can be retained throughout this
tuning procedure as shown in Fig. 6.10b. Note that the SNR value is reduced here due to the
limited resolution bandwidth of the instrument, so that the gap between two modes cannot be
correctly resolved.

The experiment has shown that the array of DS-DBR lasers experiences thermal crosstalk
from one laser to its neighbors when individual sections are tuned. This results in temperature
rise in adjacent lasers, qualitatively as predicted in the simulations, and leads to wavelength shifts
in their output. The gain and FGRT sections were identified to be the major thermal crosstalk
sources, mainly due to their proximity to the front grating sections of adjacent lasers. Reduction
of crosstalk might be achievable in future designs by placing those sections further away from
the grating sections, e.g. through interleaving the parallel laser architecture. Additionally, we
indicated that supermode and longitudinal mode hops occur at unpredictable locations during
array tuning. Yet, the presence of phase tuning sections allows for compensation of these effects
and we successfully demonstrated how the array can be tuned along the C-band and aligned
accurately to the ITU wavelength grid.
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Figure 6.10: (a) Wavelength alignment of laser array to WDM grid in C band. (b) Corresponding SNR and
power levels. Absolute SNR value is reduced due to the instruments resolution bandwidth so
that neighboring modes are not resolved below 20 dB.

6.4 Summary

This chapter focused on the issue of thermal crosstalk in photonic circuits. In particular in the
context of parallel transmitters, we examined through simulation and experiment how Joule
heating in active sections of laser arrays can induce temperature rise in adjacent devices and
cause wavelength shifts in neighboring transmitter channels.

The simulations estimate that a temperature rise of up to six Kelvin can occur through Joule
heating at a pump current of 20 kA/cm2 and that both substrate thickness and laser series resis-
tance have a major influence on the thermal crosstalk. In the standard COBRA platform with 200
µm substrate thickness, the necessary separation distance between lasers to keep thermal cross-
talk below 1 K was estimated to be around 100 µm. This value is twice the minimum separation
distance for modulator arrays in the COBRA platform, obtained in chapter 4, that is imposed by
RF crosstalk impairments. This indicates that thermal issues have a more stringent constraint
on integration density scaling at the moment. Possible means to reduce thermal crosstalk are
substrate thinning and a reduction of the laser series resistance.

Similar values for the temperature rise in the order of up to four Kelvin were estimated from
the experimental measurements of thermal crosstalk on an array of DS-DBR lasers from Oclaro.
The main sources have been identified to be the gain and front SOA sections of adjacent lasers
that can induce up to 0.4 nm wavelength shift and in addition, cause seemingly arbitrary mode
hops. A possible way to overcome these undesired effects is to properly adjust the phase tuning
sections of the lasers in such a way that thermal crosstalk is compensated for.

From the presented results, it can be concluded that application of spacing rules together with
wafer thinning and the inclusion of tuning sections are good means to counteract the problem
of thermal crosstalk. They represent a set of simple measures that can be implemented with
modest effort. Other means that have been followed, especially in this research project, involve
significant modifications to the device structure, e.g. the utilization of deep trenches that are
formed into the substrate, in order to block the heat flow from one device to the other. Results
of these approaches are reported in [212] but are not presented further in this thesis. Finally, the
recommendation can be made to include fine wavelength tuning sections in the laser design to
have the possibility for compensating thermal crosstalk induced wavelength shifts.





Chapter 7
Multi-Channel Transmitters

This chapter deals with the design and characterization of WDM transmitter PICs which are fab-
ricated within the framework of generic photonic integration. As already pointed out in the
introduction chapter, the concept of generic photonic integration, where a well established plat-
form acts as a multi-purpose vehicle for many different applications, will lead to increased access
to photonic integration technology with reduced entry cost. One such application area lies in the
telecom and datacom sector, where high-speed and high-capacity solutions for information trans-
port are desired and photonic integration plays an increasingly important role. The use of generic
integration platforms to realize multi-channel transmitters has long been of interest and several
steps in that direction have been already taken by previous research projects, resulting in success-
ful demonstrations of multi-channel transmitters in the Oclaro generic platform [45, 221–223].
In this work we improve on those results, extend the efforts to the COBRA platform and focus in
addition on further capacity increase by scaling-up the operation speed per channel and the total
number of channels per chip.

Previous chapters have outlined the progress made on high-speed optical modulators in the
generic integration platforms and useful insight and know-how was gained on the topic of RF,
thermal and optical crosstalk. Given these insights, it was possible to design WDM transmitter
prototypes in both the COBRA and Oclaro generic foundry platforms that make efficient use of
the obtained results.

The chapter starts with reviewing the basic architecture of WDM transmitters, with empha-
sis on the concept of parallel transmitter using low complexity schemes that can be easily im-
plemented in generic integration platforms. Afterwards, tunable laser designs and transmitter
prototypes for the COBRA platform are presented in detail and their characterization results are
discussed. A more advanced transmitter circuit based on the Oclaro platform containing DBR
lasers and high-speed modulators is then discussed and evaluated. Because the modulator de-
vices for both platforms have been the subject of discussion in previous chapters already, the
emphasis here lies on the tunable laser and overall transmitter circuit design. Finally, for each
of the transmitter prototypes, a small section is also devoted to packaging issues, in particular
focusing on high-speed electrical interconnections.

7.1 WDM Transmitter Architecture

The working principle of wavelength-division multiplexing is based on the utilization of several
wavelengths for data transmission and reception through the same optical fiber. The information
to be transmitted is applied to an optical carrier signal at a specific wavelength by an optical
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modulator and several of these channels operating at different wavelengths are then combined
in a multiplexer, after which the total information stream can be sent through a single optical
fiber, increasing its total transmission capacity. This multiplexing scheme is standardized in the
ITU-T recommendation G.694.1 [224] with fixed wavelength values and corresponding guard
separations for each channel and has been adopted in the industry for many years [225].

The very first WDM systems were built out of discrete transmitter components. With the
maturity of PIC technology, more of these discrete components can be monolithically integrated,
the most popular example being laser-modulator integration. Indeed many of today’s WDM
systems employ PICs on the level of a single transmitter channel [56,226–231]. Rarely, however,
are multiple channels monolithically integrated on a single chip in commercial applications; most
solutions are assembled by putting together several chips to form a complete WDM transmitter
module. More comprehensive integration would clearly be desirable in terms of size reduction,
performance improvement and cost savings. Some examples of that can be found both in industry
(Infinera) [27] and in research [232, 233]. The need arises to underpin the design of such
complex PICs with good design rules and a profound understanding of various effects that arise.
Hence we report the work performed in this thesis. Several technological developments have for
now postponed the widespread integration of multiple channels in commercial products.

Recent development in coherent optical communications led to the introduction of advanced
modulation formats utilizing M-ary PAM and QAM constellations with multiple amplitudes in
the in-phase and quadrature (IQ) optical field components to encode information in an efficient
way and further increase the spectral efficiency [67, 234, 235]. In parallel, motivated by this,
research and development in the area of photonic integrated circuits then focused on monolithic
integration of the necessary components to realize such IQ-transmitters and receivers with great
success. State-of-the-art examples for transmitters are reported in [56,226,228,236–242], some
operating beyond data rates of 100 Gb/s. Recent monolithically integrated receiver circuits for
advanced modulation formats have been reported in [243–247]. Capacity increase could be
achieved in this way, by scaling up the spectral efficiency and by utilizing more sophisticated
signal processing techniques. Hence, except for a few exceptions, the idea of parallel transmitters
utilizing a high number of low complexity channels, all monolithically integrated, was not the
main focus anymore.

A second reason why monolithically integrated parallel transmitters have not been yet com-
mercially successful lies in the required packaging complexity of such devices. Multi-channel
transmitter PICs need the corresponding amount of high-speed electrical feed lines to input the
information data, but because the photonic circuit has a small footprint, this interface introduces
severe challenges to high-speed electrical design and to signal integrity [48]. Demand for more
transmission capacity will inevitably lead sooner or later to a re-evaluation of the parallel trans-
mitter concept. Suitable technological solutions to the packaging challenge need to be found;
higher integration density and smaller device footprint will eventually occur and lead to capacity
and performance increase with reduction in cost and power consumption. In fact, renewed inter-
est in multi-channel devices starts to show in very recent research efforts [51,221,222,232,248].
In this work, we follow the concept of the parallel transmitter and present proof-of-concept
demonstrations of how these kind of multi-channel transmitters can be realized with the generic
photonic integration approach.

A simple architecture for a PIC based multi-channel transmitter is depicted in Fig. 7.1a and
consists of multiple tunable laser sources, each connected to its own modulator device. The out-
put of each channel is then multiplexed together by means of an Arrayed Waveguide Grating.
This parallel architecture facilitates the scaling of the transmitter to a high number of channels as
it is based on multiple copies of one single channel. This scaling also poses the primary means to
increase transmission capacity in contrast to e.g. transmitters operating with advanced modula-
tion formats or very high serial modulation rates, with which it can of course be combined. It has
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Figure 7.1: (a) Architecture of WDM transmitter in PIC technology. (b) Necessity to minimize electrical
contacts in each channel.

been already mentioned that electrical connections pose a challenge to the parallel transmitter
concept. When looking at a single channel of the transmitter containing the tunable laser and
the modulator, each of the two devices needs electrical contacts for tuning and adjustment. In
addition, the modulator has RF transmission lines that need to be fed and terminated properly
as shown in Fig. 7.1b. For a conventional tunable DBR laser with one gain section, two grat-
ing sections and a phase tuning section combined with a Mach-Zehnder modulator with two RF
transmission lines, this results in at least 4 DC and 4 RF electrical connections. By scaling up
the amount of channels beyond the number of 10, the total amount of electrical connections can
grow rapidly into the hundreds. This is made even more challenging when high-speed RF lines
are required. Accordingly, it is of great interest to minimize the number of electrical contacts
to its bare minimum per channel, so that the total transmitter interface is manageable. Hence,
each channel should be held at a low complexity level, facilitating the scaling in a the parallel
transmitter. This poses a trade-off between the degree of control and monitoring that can be
exerted on the devices and the overall interface complexity. Several decisions on the prototype
transmitter designs presented in this chapter are subject of this trade-off. In particular, when the
photonic circuit needs to be compliant to existing packaging standards, its design is constrained
by packaging considerations. More detail on this part will be given later for each transmitter
design.

7.2 Transmitter in COBRA Platform

In chapter 2 the basic capabilities and specifics of the COBRA generic integration platform were
presented. It is meant to be a general-purpose low complexity integration platform with a man-
ageable number of processing steps. Some of the more advanced features and components such
as Bragg gratings and efficient phase-modulation based on MQW material are not yet available
and therefore affect the design choices for realizing a multi-channel transmitter in this platform.

One of the most challenging aspects is to realize a small-footprint single-mode tunable laser
source without using Bragg grating mirrors. Most of the state-of-the-art semiconductor tunable
lasers for telecom and datacom applications are grating-based due to fast tuning speeds and
compact device size [217,249]. Within the framework of the research project in which this work
has been performed, several laser sources based on AWG filters and coupled-cavity systems have
been investigated and realized. In this chapter, we restrict ourselves to a conceptual description of
the underlying theory for lasing operation and mode selection. For a more rigorous and complete
description, references are provided for each of the discussed laser types. We first present initial
results for multi-channel lasers based on an AWG approach and mention its drawbacks, then
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Figure 7.2: (a)Structure of Fabry-Perot cavity, (b) FP cavity with bandpass filter inside and (c) array of FP
cavities with AWG as bandpass filter inside.

proceed with the transmitter design based on a coupled-cavity laser approach.1

7.2.1 AWG-Based Laser-Transmitter

The working principle of common tunable semiconductor lasers is based on the Fabry-Perot laser
as shown in Fig. 7.2a. The FP laser consists of a resonant cavity formed between two reflect-
ing mirrors, in which a gain medium is responsible for amplifying the light signal propagating
through it. The resonator only permits certain modes oscillating at specific frequencies that form
out of the condition that lightwaves which experience a round trip have to add up constructively
and overcome the cavity losses. The resulting modes are then equally spaced in frequency with
the spacing ∆ν = c/2nL where c is the vacuum velocity of light, n the effective index and L the
cavity length [215]. Because the gain material only provides amplification in a limited frequency
range, some of the modes have more power with respect to others. The laser output spectrum is
then determined when certain modes are preferred over the others as they experience more gain.
A typical FP output spectrum is schematically shown here, which consists of several longitudinal
modes.

In order to obtain single mode lasing, which is necessary for high-speed optical communica-
tion purposes [1], a narrow-band filter can be inserted into the cavity. This is shown in Fig. 7.2b.
Only the resonator modes within the filter bandwidth have enough power to propagate through
the cavity whereas modes outside the bandwidth are sufficiently suppressed. This mechanism
prevents multi-mode operation and only allows the output of a single longitudinal mode.

A convenient way to realize such a spectral filter is to use an arrayed waveguide grating. Es-
pecially in the context of multi-channel transmitters, where each transmit channel has to operate
at a different wavelength, the AWG is very well suited as a mode selection filter [250]. The trans-
mission from the AWG input to its output has bandpass characteristics and shifts in wavelength
between subsequent input ports. Therefore, one single AWG with the correct bandpass behavior
can be used to act as a spectral filter for a complete array of transmit lasers. This is schematically
shown in Fig. 7.2c.

Multi-channel lasers based on this approach have been previously reported in [45, 250–253]
and using a similar architecture, where the AWG acts as a filter for mode selection using feedback
light, multi-channel lasing operation has been reported in [254, 255]. Based on these previous
results, we designed a 4-channel multi-wavelength laser using the AWG as intra-cavity filter and
afterwards extended our design to a 10-channel version for validating its suitability in parallel
transmitter applications.

1All of the designs discussed in the following are fabricated in custom or foundry based MPW runs so that multiple finished
samples were available for each design. If not explicitly stated, measurement results shown originate from the same sample
to ensure consistency.
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Figure 7.3: (a) Layout of 4 channel AWG laser in COBRA platform. (b) Output spectra measured from AWG
laser.
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Figure 7.4: (a) Photograph of 10 channel AWG laser integrated with 10 channel modulator array. (b) Mea-
sured output spectra of 10 channel AWG laser.

Fig. 7.3a shows the layout of the 4-channel laser device. It consists of four gain sections
of 500 µm length that are connected to a 4-by-1 AWG with 500 GHz channel spacing. The gain
section length has been chosen according to design values provided in [254] for the COBRA active
material to yield reasonable output powers and the AWG channel spacing has a deliberately large
value in order to reduce the footprint of the device [256]. A one-port multi-mode interference
reflector (MIR) is used after the AWG as the cavity mirror on one side and on the other side
2-port MIRs are used to form the second mirror of the FP cavity and provide at the same time an
output waveguide. Both the MIRs have design reflectivity values of 0.5 [257] and are standard
building blocks of the COBRA platform. The length of the FP cavities exceeds 3 mm so that many
longitudinal modes fall within one AWG passband. This acts positively towards the accuracy of
mode selection according to ITU wavelength grid [251].

The device was fabricated in a COBRA platform MPW run. Fig. 7.3b shows a typical output
spectrum of the device where each channel was measured separately and the results are super-
imposed. At moderate pump currents of 60 mA (J = 6k A/cm2) the laser operates in the single
mode regime. However, if pumping currents are increased beyond that level, the device starts
to lase at the next FSR wavelength of the AWG filter, resulting in multi-mode operation. The
start of this process can already be observed here at 60 mA pump current. Because the AWG is
intrinsically periodic, this kind of behavior can easily occur and prevents operation at high pump
current densities. As a result, the device output power can only reach -10 dBm when single mode
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output is required.
Following the first attempt, a 10-channel laser based on the same approach was designed and

fabricated. A photograph of the chip is shown in Fig. 7.4a where the output of the 10-channel
laser is connected to an array of 10 Mach-Zehnder modulators and a multiplexing AWG. In this
design, the issue of secondary lasing at next FSR wavelength was deliberately exploited. The
channel spacing of the AWG was reduced to 100 GHz and the next FSR was placed at 1000 GHz
intervals. The gain sections were increased to 900 µm length to improve on output power and
the FP cavity lengths have been increased beyond 9 mm due to reasons related to the layout and
placement. Fig. 7.4b shows the measured output spectra of of the laser. It can be seen, that
each channel shows successful lasing but that output power is low with maximum values at -10
dBm. The measurement was performed at the circuit output, which includes the losses of the
additional multiplexing AWG and modulator devices for each channel. The lasing wavelengths
are separated from each other by approximately the AWG FSR spacing.

The measurement results indicate two major issues of using an AWG-based laser array for
multi-wavelength lasing in parallel transmitter circuits. First, the wavelengths are locked to the
AWG pass-bands, so that wavelength tunability is difficult to achieve. Temperature tuning or
phase tuning of the AWG device can change the lasing wavelength but the former is slow and
can degrade other component’s performance, whereas the latter is inefficient and complex to
implement and control. Second, due to a lack of tuning mechanism, the lasing mode stability is
impaired as varying injection currents to the gain section can lead to a change in mode selection,
so that modes at different FSR wavelength compete with each other and take turns in lasing.

Due to the observed issues and difficulties in exerting sufficient wavelength control in the
AWG-based lasers, a different laser type was used in the final transmitter design and will be the
focus of the next section.

7.2.2 Coupled-Cavity Tunable Lasers

Coupled-cavity laser systems have been studied extensively in the literature; they provide a rela-
tively simple way of increasing the mode selectivity over a conventional one cavity FP laser and
thereby achieve single mode lasing [258–261]. This section details the design and characteriza-
tion of a coupled-cavity laser previously reported in [262] which utilizes a reflective MIR device
to form the cavity mirrors and coupling element. The laser acts as the tunable source for the
parallel transmitter realized in the COBRA platform.

Working Principle

The basic structure of the utilized laser is depicted in Fig. 7.5a and consists of two linear FP
cavities that include each a gain and phase tuning section. On the output side, the cavity is
formed by conventional MIR elements [257] whereas coupling between the two cavities occurs
through a modified MIR element as described in [262], which acts as both reflector and coupler.
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Figure 7.6: (a) Reflection peaks of each cavities in the CC laser system. Lasing mode is determined through
overlap of two cavity modes. (b) Suppression of adjacent FSRs in case of the π MI filter.

When considering each cavity on its own, the reflection through the MIRs results in the common
FP resonator equations and phase relations but the coupling from the first to the second cavity
causes a portion of the wave to propagate through the latter, accumulating phase and gain until it
re-enters the first cavity again after a full round trip. This effect can be described as a wavelength
dependent modification η1(λ) of the first cavity’s right side reflectivity, yielding a value of η1(λ)r∗
[263], so that a model of two linear cavities with modification coefficients η1 and η2 acting on
their right side MIR reflectivity r∗ as shown in Fig. 7.5b can be used to represent the system.

The reflection peaks due to η(λ) show periodicity with wavelength and have the form [264]

η1,2(λ) =Cb + C 2
x r2,1r∗e2(g2,1+ j k)L2,1

1−Cb r2,1r∗e2(g2,1+ j k)L2,1
, (7.1)

where r1,2 are the reflectivities of the conventional MIR elements, g1,2 and k the gain and prop-
agation constants in each cavity and L1,2 their lengths. r∗ is the reflectivity of the special 2-port
MIR element and Cb and Cx are back- and cross-coupling coefficients and have the design values
of Cb = 0.8 and Cx = 0.2e jπ which maximizes the mode selectivity of the coupled laser system ac-
cording to the theory described in [263]. By choosing different values for the two cavity lengths,
the periodicity will be slightly offset, so that in a certain wavelength range both cavities only share
one reflection peak that is aligned with each other. This is illustrated in Fig. 7.6a. Under the in-
fluence of the material gain spectrum, the laser will lase then at this wavelength. The overlapping
between two subsequent peaks occurs only at the next FSR wavelengths, experiencing less gain
and therefore do not lead to lasing operation. The FSR in frequency domain is determined by the
mode spacing f1,2 of each cavity through [265]

F SR = f1 f2∣∣ f1 − f2
∣∣ . (7.2)

By injecting currents into the phase tuning sections, the array of reflection peaks η1 and η2 can be
shifted with respect towards each other and the resulting lasing wavelength can be tuned within
the range of one FSR.

Using the described mechanism a standard type coupled-cavity laser (CC laser) can be realized
with 7 nm tuning range and up to 5 dBm output power [262]. To increase the tuning range of the
laser, it has been shown that a Michelson-interferometer can be inserted into the second cavity to
act as suppression filter for the reflection peaks at subsequent FSR wavelengths of the standard CC
laser [266]. In this modified laser, schematically shown in Fig. 7.5c, the Michelson-interferometer
contains also the special MIR element which causes a π phase shift for the coupling between the
two ports. This results in a filter characteristic, in which the second order pass bands are reduced
in magnitude with respect to a normal Michelson-filter. This reduction is schematically illustrated
in Fig. 7.6b. and effectively suppresses higher order FSR peaks of the CC laser. Depending on the
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Figure 7.7: (a) Photograph of fabricated CC laser and extended CC laser with integrated MZ modulator. (b)
Measured LI curve of CC laser and extended CC laser.

path difference of the Michelson-interferometer, its own bandpass characteristics can be tuned
so that the wavelength tuning range is now determined by the design of the MI filter. Using this
principle up to 22 nm of tuning has been demonstrated.

We have designed two versions of the CC laser, a standard type and an extended tuning range
version for validating their suitability for a parallel transmitter circuit. The cavity lengths for the
standard type CC laser were chosen to be 940 µm and 970 µm yielding a FSR of 1.46 THz. The
gain sections are 500 µm long and the phase tuning sections have a length of 250 µm. For the
extended CC lasers, the cavity lengths are 3045 µm and 3425 µm long. The mode spacing is much
smaller here, resulting in a much smaller coupled-cavity FSR. However, tuning is established by
the MI filter and therefore, the small FSR does not act negatively towards the tunability. The MI
filter path difference between the two arms was chosen to be 25 µm, yielding a theoretical tuning
range of 25 nm. Both lasers have been co-integrated with first generation traveling-wave Mach-
Zehnder modulators as presented in chapter 3 to investigate their performance in modulation
experiments. The fabrication was performed in a MPW run by Smart Photonics.

Integration with Modulator

Fig. 7.7a shows a photograph of the fabricated devices consisting of the standard CC laser and
extended tuning range version together with the Mach-Zehnder modulator. It should be noted
that compared to the AWG-based laser solution, the tunable CC laser has a more compact size,
measuring 1000 µm x 100 µm if the metal pads are not included. The standard CC laser provides
two output waveguides, of which one is connected to the input of the modulator and the extended
CC laser only provides one output waveguide which is connected to the modulator. In both
laser designs the two cavity gain sections utilize a joint electrical injection pad to reduce the
complexity of the electrical connection, because the design should allow for the option of wire
bonding to a PCB test assembly. In fact, the coupled system operates most efficiently when the
pump currents are equal in both cavities [264] and therefore a single electrical contact does not
lead to drawbacks in theory.

Fig. 7.7b shows the LI-curves measured from a lensed fiber that was used to capture the
output of the laser devices. For the CC lasers, the direct output waveguide was used in the
measurement and for the extended CC lasers, the output of the modulator was used, which
explains the difference in the measured output powers, given a modulator insertion loss of around
5 dB.

Due to resistive heating and carrier induced index change, the modes in the FP cavities
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Figure 7.8: (a) Phase section tuning and wavelength tuning range of standard CC laser. (b) Phase and MI
filter tuning and 22 nm tuning range of extended CC laser.
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shift under gain current variation and therefore several mode hops occur throughout the cur-
rent sweep. To compensate for mode hops, the phase tuning sections can be used, which yields
the optimized LI curve shown in Fig. 7.7b. The threshold current for both types of lasers lies at 19
mA per cavity and the maximum output power can reach 0.5 mW in fiber. The threshold current
is comparable with previously reported values of a similar design but the measured output power
is lower. The reason lies in deviations of the fabricated MIR dimensions from their design values.
More details are presented in the next section.

Integrating the lasers with modulators, it is of interest to assess the stability and tunability
of the lasers and in particular, whether they are affected by reflections from the laser modulator
interface. Because quantitative measurements of the reflection at the laser-modulator interface
with methods such as OFDR is not straightforward given the device’s complexity2, we measure
the tunability of the laser and its capability to act as a stable source for data modulation.

Fig. 7.8a and 7.8b show the tuning range of both the standard and extended CC lasers

2OFDR works best if the DUT is placed between two non coated facets with straight waveguides, so that the facet reflection
can act as a reference. In this device, the laser-modulator interface is embedded within a multitude of additional interfaces,
such as cavity reflectors, shallow-to-deep transitions and active-passive butt-joints. This complicates the application of OFDR
technique to quantify the laser-modulator interface.
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Figure 7.10: (a) Focused ion beam cutting of MIR device. (b) Deviation of MIR width from design value. (c)
Side-wall angle of MIR element.

respectively. Current injection into the phase sections of the first or second cavity in case of
the standard CC laser leads in each case to shifting of the lasing wavelength until the second
FSR is reached and the initial lasing wavelength is selected again. This yields a tuning range as
expected of around 7-8 nm. For the extended CC laser, the Michelson interferometer passband
can be varied with reverse-bias phase-shifters to achieve a coarse wavelength tuning. A fine
wavelength selection is performed with the cavity phase sections. The effect of both mechanisms
is shown in the inset of Fig. 7.8b. The fine and coarse adjustment in combination can yield a
wavelength tuning range of 22 nm as shown in Fig. 7.8b. From the results, we can conclude that
laser operation and wavelength tuning is not impaired due to the co-integration with the first
generation modulators.

In order to assess the feasibility of using this kind of laser for data modulation, large sig-
nal modulation and BER measurements were performed with the modulators with an external
reference laser source and compared to the results obtained with the on-chip laser source. Fig.
7.9 shows the measured BER curves at 10 Gb/s OOK modulation with a PRBS (27 −1) in both
cases. It can be observed that the CC laser achieves error-free operation but introduces 3 dB
additional power penalty with respect to a commercial grade external tunable laser at 10−9 BER.
This indicates that the given CC laser design can be regarded as a potential candidate to pro-
vide a tunable laser source in parallel transmitter PICs. Details on the experimental setup for
large-signal modulation and BER measurements are presented in appendix C.2.

Fabrication Issues

One of the issues raised in the previous section concerns the low output power of the CC lasers
when compared to previously reported values. Upon further investigation, it has been found
that the reason lies in a deviation in the width from the design value in both the special and
standard MIR elements. Fig. 7.10b shows a SEM image of the MIR cross section which was
exposed after utilizing a focused ion beam cutting procedure. The width deviates 180 nm from
its design value of 6 µm. From the tolerance analysis presented in [256] it is known, that this
amount of deviation can lead to 2 dB of additional loss in the mirror reflectivity and transmission
of conventional MIRs. We expect a similar tolerance behavior for the special MIR. Combined
with side-wall angles of 2.8◦ in the area that forms the reflective walls as shown in Fig. 7.10c,
which on itself introduces 1.5 dB additional loss, this can result in an efficiency reduction of
45% compared to the design value. Numerical analysis has further shown that under unequal
pumping conditions with a ratio 1:1.1 of the two cavities, which can be caused through uneven
resistances in the joint electrical contact for both gain sections, a severely reduced output power
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Figure 7.11: (a) Mask layout of 6 channel transmitter on COBRA platform. (b) Photograph of fabricated
device.

below 1 mW can be the result3.
At the time of writing, this issue is being further investigated in order to increase the accuracy

of device geometries in future MPW runs.
Based on the presented results for tunable CC lasers, it can be concluded that this type of

device is well suited for use in parallel transmitter circuits. Good control of the lasing mode was
evident and no degradation when integrated with modulators was observed. In addition, a small
form factor due to the linear nature of the laser benefits scaling in parallel transmitters. The next
section deals with the transmitter design that contains several copies of this tunable CC laser.

7.2.3 Transmitter Design

Using this laser type, we have designed a 6-channel parallel transmitter circuit that occupies a
space of only 4 x 4.5 mm of chip area4 and provides an aggregate transmission capacity of 120
Gb/s without forward error correction (FEC) coding and potentially more than 160 Gb/s if FEC
can be used. The fabrication was performed by Smart Photonics in one of their standard MPW
runs.

The transmitter layout and a photograph of the fabricated chip are shown in Fig. 7.11a and
Fig. 7.11b. It is composed of 6 extended CC lasers that are each connected to a second generation
Mach-Zehnder modulator, the same as presented in chapter 3, utilizing deep waveguides and an
N-GND scheme for better RF performance. Three channels are multiplexed together by means
of a 3-by-3 AWG, where two of its three output waveguides lead directly to the chip facet and
one output waveguide is joined with the equivalent port of the other AWG to form a common
output for the whole transmitter chip. The design of the AWG accounts for a channel spacing
of 100 GHz and a periodicity of 300 GHz, so that the passband channels match with that of the
standard WDM spacing of 100 GHz. The simulated transmission of the AWG is shown in Fig.
7.12a, providing low optical crosstalk.

3Personal communications with Prof Daan Lenstra
4This area corresponds to the standard Smart Photonics MPW cell size and limited the amount of channels to six. However,

there is no inherit limitation to scaling up the channel count and therefore chip area scales linearly with the number of
channels.
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Figure 7.12: (a) Simulated transmission of AWG multiplexer in the COBRA transmitter. (b) Illustration of
modified RF pad cross section.

Each modulator has two input and two output waveguides, one of which always leads di-
rectly to the chip facet to act as an auxiliary port for testing purposes. The modulator design is
retained from chapter 3 with an active phase-shifter length of 1250 µm and an N-GND coplanar
transmission line configuration. Only the RF probing pads were modified slightly to improve on
bandwidth. Here the semiconductor material below the metal pads has been removed in order to
reduce the microwave attenuation in that area. The gap and width dimensions are 45 µm each
and have been optimized to reduce signal reflections upon probe contact. Fig. 7.12b illustrates
the structure of the modified RF pads. The upper three modulator pads are oriented 90 degrees
to the SOA direction to facilitate wire bonding to external electronic assemblies. The bottom
three modulators have their input and output RF pads oriented in a 45 degree angle in order to
facilitate on-chip probing via coplanar probes.

Booster SOA sections of 250 µm length have been included in each channel to counteract
the low output power observed previously which was caused by the inaccurate definition of the
MIRs. In addition, each cavity of the CC lasers has its own gain section pad so that a better pump
current control can be exerted. The path difference in the Michelson-interferometer remains 25
µm and the cavity dimensions are taken from the previous devices. The output facets of the chip
are anti-reflex coated to yield a reflection lower than 10−4 [267].

Within a single tunable CC laser, the gain sections of the coupled cavities are vertically inter-
leaved in order to improve the thermal performance of the laser. In this configuration, the SOA
sections do not have overlapping heat spreading areas and the closest neighboring SOA with
the same heat spread direction belongs to that of a neighboring CC laser. The minimum laser
separation was held at 290 µm to avoid thermal crosstalk induced mode instabilities between
channels.

For the modulator array, the minimum separation between phase-shifters of adjacent chan-
nels is 220 µm and if single-drive operation is used, the separation is even higher at 290 µm.
Based on results from chapter 3, RF crosstalk should be below -40 dB and has negligible effect
on the modulation performance under simultaneous operation. It should be noted here that
denser packing of modulator or laser channels is hindered by the dimensions of probing pads.
For photonic circuit designs with flip-chip bonding interfaces, pad dimensions can be further re-
duced [268], leading to a higher integration density. In that case, the design rules established
in previous chapters will have more importance and effectively limit the maximum integration
density.
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Figure 7.13: Tuning strategy for extend range CC laser.

7.2.4 Transmitter Characterization

Static Performance

First, we characterize the static performance of the transmitter circuit. The chip was mounted
on a conductive copper block which is temperature controlled through water thermo-electric
cooling, and probe needles were used for electrical contacting of the device. Light is collected
through a lensed fiber that is precision aligned to the chip’s output waveguides.

The wavelength tunability of the extended CC laser inside the transmitter circuit was investi-
gated and it has been found that the 22 nm of observed tuning range could be reproduced here
by correctly adjusting bias voltage and phase section currents in the Michelson interferometer
arms. Fig. 7.13 depicts the achievable lasing wavelengths with the corresponding Michelson-
interferometer (MI) and phase section tuning values. The interferometer values are reverse bias
voltages and are given as potential difference between the two arms. Negative voltages result
in reverse biasing of one interferometer arm and positive voltages indicate biasing of the other
interferometer arm. The MI arms are used to tune the operating wavelength in a coarse way from
1540 nm to 1560 nm. Fine tuning then follows with the phase section adjustment. Although only
one phase section was used in this measurement, stable operation with SMSR>35 dB could be
achieved for most of the tuning range. The resulting spectra are shown in Fig. 7.14a. Lasing
modes with SMSR<35 dB are not shown here which explains certain gaps in the tuning range.
However, it is expected that the SMSR for those modes can be improved if both phase shifting
sections are used in conjunction. The tunability mapping was performed on channel 2 of the
transmitter and similar results can be achieved for the other channels.

Variations in the performance from channel to channel is small, as can be observed in the
IV and LI measurements shown in Fig. 7.14b. Series resistances vary from 9 Ω to 13 Ω and the
maximum output power in fiber is around -10 dBm without utilization of the booster SOAs. Kinks
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Figure 7.14: (a) Wavelength tuning of extended CC laser with SMSR > 35 dB. (b) LI and IV curves of all 6
lasers

0 10 20 30 40 50

SOA current (mA)

-30

-25

-20

-15

-10

-5

P
o

w
e

r 
(d

B
m

)

(a)

-15 -10 -5 0 5

Reverse Voltage (V)

-40

-30

-20

-10

0
Po

w
er

 (d
Bm

)

MZ3, V2=0.0V
MZ3, V2=2.0V
MZ3, V2=4.0V
MZ3, V2=6.0V
MZ3, V2=8.0V

(b)

Figure 7.15: (a) Measured characteristics of booster SOA applied to output channel. (b) MZ modulator
transfer at various imbalance bias voltages.

in the LI curves are caused by mode hops. The transmitter exhibits lower output power than the
single channel devices reported previously, which can be attributed to two reasons. First, the
second generation Mach-Zehnder modulators are based on deeply etched waveguides instead of
shallow etched. This introduces 2 dB/cm additional losses [267]. Secondly, waveguide cross-
overs are utilized heavily for optical path routing, leading to additional losses in each channel.
Clearly, the MIR width deviation observed in previous devices is still an issue in these devices,
resulting in the low output power.

To compensate partially for the low output power booster SOAs were inserted and their char-
acterization reveals that an additional 5 dB can be gained to the output power. The characteristics
are shown in Fig. 7.15a where the chip output power from channel 1 was measured with varying
injection currents into the booster. Input power to the booster was held at -10 dBm so that trans-
parency is reached at 12 mA injection current. Beyond 50 mA injection, gain saturation prevents
a further increase in output power. The results show that the booster efficiently increases the
chip output power up to -5 dBm.

The second generation modulators utilized here have electro-optical phase-shifters on each of
the two MZ interferometer arms, so that they can be driven in single-ended or parallel push-pull
configuration [70]. For static measurements, the second arm can be used to serve as imbalance
compensation electrode, which is illustrated in Fig. 7.15b where the MZM transfer function is
given for varying offset voltage values in the second arm. This is a convenient way to shift the
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Figure 7.16: (a) Measured DC switching curves for all 6 modulators. (b) EO-frequency response of all 6
modulators.

bias point in operation without the need of an additional bias-tee component to combine RF and
DC signals. Using the auxiliary input and output ports of the modulators, its DC switching and
insertion loss could be measured, as shown in Fig. 7.16a. A fiber-to-fiber insertion loss of 10 dB
is observed. After accounting for fiber-chip coupling losses of around 2.5 dB on each facet, the
modulator loss is at 5 dB. The Vπ value is 7.5 V, as expected for the given modulator length of 1.25
mm and DC extinction lies well above 30 dB. To conclude the static modulator characterization,
all 6 channels show uniform behavior.

Dynamic Performance

After the static measurements, the dynamic performance of the transmitter was investigated by
characterizing the electro-optical response of each channel, performing large-signal modulation
experiments and measuring transmitter BER curves.

Fig. 7.16b depicts the EO-frequency response for each channel. The measurement was per-
formed with an external laser source coupled from the auxiliary port. On-chip RF probes were
used for feeding the high-speed signal and terminating the modulator electrodes with 50 Ω. The
modulators were operated in single-ended mode with DC bias at quadrature, added through a
bias-tee, whereas the second electrode was biased to compensate for initial imbalance. A stan-
dard short-open-load-thru calibration was performed to shift the measurement reference plane
to the tip of the RF probes. A -3 dB bandwidth between 8 GHz and 9 GHz was measured and is
consistent with the results reported in chapter 3. A slight increase in bandwidth originates from
the optimization of the RF probing pads that exhibit less microwave loss.

Large-signal modulation experiments were performed by utilizing the on-chip CC laser sources.
The experimental setup is shown in appendix C.2. The laser wavelengths are tuned to specific
wavelengths in order to match with an external AWG bandpass filter that was used in the ex-
perimental setup. The optical signal was amplified by an EDFA before entering the receiver and
the AWG filter was used to suppress ASE noise. The corresponding laser spectra are shown in
Fig. 7.17a for the six channels with good side mode suppression. The modulated output signal
was fed after amplification and filtering directly to the optical receiver and the eye diagram and
BER was measured. Fig. 7.17b shows the BER results and indicates that error-free operation
(< 10−9 BER) at 20 Gb/s could be achieved in all six channels. At an increased bitrate of 30
Gb/s, an error-floor is eminent between 10−4 and 10−3 BER, indicating that the modulator band-
width limit is reached. Yet, when utilizing forward error correction techniques, such as RS(255,
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Figure 7.17: (a) Lasing wavelength of all 6 channels during modulation experiments. (b) Measured BER
curves at 20 Gb/s and 30 Gb/s.
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Figure 7.18: (a) Modulation eye diagrams measured at 20 Gb/s and (b) at 30 Gb/s for all 6 channels of the
COBRA transmitter.

239) [269, 270], error-free operation should be achievable also at 30 Gb/s after decoding. The
corresponding eye-diagrams at 0 dBm average optical power are shown in Fig. 7.18a and Fig.
7.18b for 20 and 30 Gb/s respectively. Clear eye opening can be observed at 20 Gb/s and mod-
erate eye opening remains at 30 Gb/s.

The dynamic characterization revealed that the six channel transmitter is capable of gener-
ating an aggregate capacity of 120 Gb/s and transmit it error-free. The tunable laser stability is
sufficient for the tested modulation speed and together with the integrated modulator array, the
transmitter circuit successfully demonstrates that the parallel transmitter concept can be realized
within a generic photonic integration platform.

In this work, we had to restrict the measurements to single channel operation, mainly due to
the difficulties in accessing multiple channels with the on-chip probing approach. Fig. 7.19a and
7.19b show the probing stage that was used to interface the chip. A total of 5 DC probes, 2 RF
probes and two optical fiber tips were used in the measurement, posing the limit of our on-chip
probing setup. To fully test multiple channels under simultaneous operation, the chip needs to
be placed in an appropriate package that supports multiple RF inputs. Such a packaging solution
has been developed within this work but at the time of writing, testing of the chip within the
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(a) (b)

Figure 7.19: (a) On-chip probing of COBRA transmitter with 5 DC and 2 RF probes. (b) Photograph of
probing stage.

(a) (b)

Figure 7.20: (a) PCB developed for testing transmitter PICs supporting 20 RF channels up to 15 GHz. (b)
Cobra transmitter PIC placed into PCB assembly with wire bonding between PCB and chip.

packaged framework could not yet be performed. The subsequent section gives an overview on
the package design and simulation.

7.2.5 Packaging Approach

One of the challenges mentioned for parallel transmitter PICs lies in the electrical interface be-
tween the high-speed electronics and the photonic circuit. In this work, we follow a packaging
approach that is based on printed circuit board and conventional wire bonding technology. A
generic test and assembly PCB that supports multiple high-speed and DC electrical in- and out-
puts was designed, so that the transmitter circuit could be packaged.

Fig. 7.20a shows a photograph of the fabricated PCB, mounted on a generic test block that
supports water-cooling and which has been developed internally within the COBRA research
group. The PCB has a cut-out area where a photonic chip can be placed on top of an additional
copper stage that supports temperature monitoring using a thermistor device. The edges of this
cut-out area on the PCB contain bonding pads as shown in Fig. 7.20b. In total 20 RF signals and



134 Multi-Channel Transmitters

CPWG

L = 3.8 cm

Coupled taper Wire bond model

crosstalk
trans-
mission

W = 0.6 mm
G = 0.1 mm

Taper inCPWG track
W = 0.6 mm
G = 0.1 mm
Taper out
W = 90 µm
G = 90 µm

Separation

Length

Diameter

S = 450 µm

L = 250 µm

D = 12.5 µm

(a)

0 5 10 15 20 25

Frequency (GHz)

-50

-40

-30

-20

-10

0

M
a

g
n

it
u

d
e

 (
d

B
)

transmission S21

crosstalk neighboring channel

simulation

10 Gb/s

(b)

Figure 7.21: (a) Schematic illustration of electrical path that is modeled in ADS to investigate the PCB trans-
mission characteristics. (b) Simulated electrical transmission and crosstalk results for the PCB.

18 DC signals are supported. The RF tracks are routed through coplanar transmission lines to
the outer edge of the PCB and end in coaxial connectors that allow for convenient connection to
test equipment. DC signal are routed to D-Sub plugs at the edge of the PCB. One side of the PCB
is deliberately held open to allow for a lensed fiber stage to collect light from the mounted chip.
Special care was taken in the high-speed transmission line design and this will be discussed now.

Due to the small dimensions of the photonic circuit, bonding pads on the PCB assembly need
to be as small as possible. Manufacturing and tooling limitations limit the dimensions in this
case to feature sizes of 90 µm. Based on this track width, ground backed coplanar traces are
designed that are impedance matched to 50 Ω using the Linecalc tool from ADS [110]. For the
PCB substrate the low loss dielectric Rogers 4350B was used to form a 500 µm thick substrate.
This was done to match the small feature sizes of the tracks and still achieve 50 Ω line impedance.

The RF signals enter the PCB through edge-mounted coaxial connectors and propagate first
through a CPW line section of 3.8 mm length. A taper section then reduces the track dimensions
gradually to the final values at the wire bonding side. This is schematically shown in Fig. 7.21a.
Via stitching is applied until the start of the taper section to prevent the excitation of higher
order modes [271] but could not be continued as far as the wire bonding pads due to a lack
of space. The complete RF signal chain has been modeled in ADS, including the effect of 250
µm long wire bonds. The results are shown in Fig. 7.21b for the direct transmission and for
crosstalk transmission from a neighboring channel. The bandwidth of the PCB can reach up to
17.5 GHz and except for resonance dips at multiples of 11 GHz, the S21 shows a flat behavior.
The resonances are caused by the taper section where the via stitching had to be left out. Due
to the proximity of neighboring lines, they form multiple parallel coupled strips and resonant
coupling between them causes inter-digital filter behavior [89]. Outside the vicinity of those
resonance frequencies, the simulated crosstalk is below -30 dB.

The presented PCB poses a viable solution for packaging and testing of parallel transmitter
PICs as it provides easy access to multiple RF lines at the same time and has an electrical band-
width around 17 GHz, allowing for modulation rates up to 20 Gbaud. At the time of writing, the
transmitter PIC has yet to be characterized with the presented PCB, so future testing will reveal
its performance.

In this section, we have outlined and presented the progress in multi-channel transmitter
PICs in the COBRA generic integration platform. AWG-based laser arrays designed originally
were found to be difficult to control with respect to wavelength tuning and single-mode opera-
tion, so the investigation subsequently focused on the coupled-cavity laser as an easier and better
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to control way to realize tunable lasers in this platform. We have demonstrate that the extended
CC laser provides a good combination of single-mode operation, wavelength tunability and inte-
grability with our previously developed modulators. Exploiting its easy fabrication requirements,
the CC laser was used in a subsequent six channel transmitter design. We demonstrate error-free
operation of each channel at 20 Gb/s and anticipate even 30 Gb/s when FEC is used. This is
a proof-of-concept that a compact, easy to fabricate transmitter with aggregate capacity of 160
Gb/s on a 17.5 mm2 area is feasible using the COBRA foundry platform. The presented results
with respect to modulation speed per channel are at the limit of what the platform can achieve.
As explained in chapter 3, further modifications are needed to increase on the bandwidth of the
modulators. The next section will address this point by presenting a transmitter design that is
based on capacitively-loaded traveling-wave modulators fabricated in the experimental Oclaro
generic integration platform.

7.3 Transmitter in Oclaro Platform

The Oclaro generic integration platform is more advanced in direct comparison with the COBRA
platform and offers higher functionality at the expense of a more complex wafer growth and
processing flow. Key advantages of the Oclaro platform lie in the possibility to utilize distributed
Bragg gratings and having access to a second epitaxially grown MQW layer set that can be used
for more efficient phase-modulation, based on the Quantum-confined Stark effect. In addition,
this work made use of an experimental Oclaro foundry run, where instead of the n-doped InP
material a semi-insulating substrate was used for the MPW run, which significantly improves RF
performance of modulator devices. The design process of a parallel transmitter circuit in this
platform therefore varies from what has been presented in the previous section. Both the options
for tunable laser design and for high-speed modulators are different. As the modulator design
has been presented in chapter 3, the following section concentrates on the design of the tunable
DBR laser on the Oclaro platform.

7.3.1 DBR-Laser Design

Together with the DFB laser, the DBR laser belongs to the class of lasers that utilize distributed
Bragg reflectors (DBR) in their cavities. In contrast to a broadband reflector which provides
a flat reflection spectrum as discussed in section 7.2.1, a Bragg reflector can exhibit a custom
designed reflection spectrum, tailored to the specific application requirement. For DBR lasers the
Bragg reflectors are placed on each side of the gain section to form a cavity. Their reflectivity
shape accordingly have significant influence on the behavior of the cavity modes. Additionally,
by electrically tuning the reflectivity spectra of the DBRs, the laser’s emission wavelength can
be varied in a controlled way. This concept is well known already for long and state-of-the-art
tunable semiconductor lasers have been realized using this principle [217]. More advanced laser
designs with larger tuning range exist as well, based on more sophisticated versions of DBR
gratings [216,272].

The basic structure of the Bragg reflector is shown in Fig. 7.22a and consists of a waveguide
section where a periodic small perturbation to its background refractive index ne f f is introduced.
This can be performed through small geometrical variations to its waveguide structure or through
periodic gain variations along the propagation direction. Multiple small reflections are occurring
at the interfaces so that these small reflections sum up to a larger reflection at the Bragg wave-
length λB

λB = 2ne f f Λ. (7.3)
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Figure 7.22: (a) Schematic illustration of distributed Bragg reflector. (b) Peak reflection values depending
on grating strength and length. Grating reflectivity depending on (c) grating strength and (d)
grating length.

with Λ the grating period as shown in Fig. 7.22a. A rigorous analysis of the reflection spectrum
depending on the grating properties can be performed using coupled-mode theory and is e.g.
treated in [215,273]. Using the results from these papers, we can write the transfer matrix of the
grating element as

T =
[

cosh(sL)+ j∆β
s sinh(sL) −κ

s sinh(sL)

−κ
s sinh(sL) cosh(sL)− j∆β

s sinh(sL).

]
(7.4)

Here κ = k0∆ne f f /2 represents a coupling coefficient between the forward and backward trav-
eling waves through the grating. This coefficient can be varied by strength of the geometri-
cal perturbation and in practice can be changed through the etch depth during fabrication. L
is the length of the grating section, ∆β the frequency detuning from the Bragg frequency and

s =
√
κ2 −∆β2. The field reflectivity r then follows as

r =− κsinh(sL)

s cosh(sL)+ j∆βsinh(sL)
. (7.5)

In order to determine the cavity length of the DBR laser, one can use an effective length Le f f
for the grating where the input optical power has decreased by a factor of e [215]. The effective
length calculates according to

Le f f = 1

2κ
tanh(κL). (7.6)
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Figure 7.23: (a) Schematic illustrating DBR laser structure and (b) mode selection in a DBR laser.

For the design of the DBR laser, it is of interest to investigate the exact shape of the grating
reflectivity given a grating strength κ and length L. For the Oclaro MPW runs, three values of
the grating strength can be chosen: κ= 30 cm−1, κ= 50 cm−1 κ= 90 cm−1. Fig. 7.22c and 7.22d
show the calculated reflectivity spectra depending on both parameters. One can observe that the
grating strength influences the peak reflectivity but not the width of the reflection band, whereas
the grating length influences both. The reflectivity at Bragg wavelength is then given in Fig. 7.22b
for the three grating strength values and varying length. Based on the placement position of the
grating inside the DBR laser, different requirements arise for the reflectivity spectrum. Usually,
the grating through which the light output occurs should have a reasonable transmission value
to let a certain amount of power pass through. In this case, a low reflectivity grating should be
chosen, resulting in a shorter length. The grating on the other side of the laser should be of high
reflectivity to reduce mirror losses in the cavity and therefore have a longer length. Based on
these considerations, we have chosen 100 µm and 500 µm for the grating lengths and a grating
strength of κ= 50 cm−1, yielding reflections of 0.3 and 0.9.

Using these two Bragg gratings a cavity can then be established for the DBR laser as schemat-
ically shown in Fig. 7.23a. The longer grating is at the laser’s rear side (RGRT) and the shorter
grating at the front side (FGRT) where the main output of the laser lies. Each of the two gratings
can be electrically tuned using current injection, so that their reflectivity spectrum shifts in the
wavelength domain. Additional tuning of the cavity can be performed when a passive waveguide
section is inserted between the gain and one of the grating sections, acting as a phase tuning
section. A monitor photodiode can be added to the rear of the laser in addition. To avoid electri-
cal crosstalk between each of the sections, isolation etches are used that remove the conductive
p-cladding of the waveguide. The resulting cavity then comprises of two mirrors with effective
length Le f f R and Le f f F , a passive section with length Lp and an active gain section of length La .

The mode selection in this kind of laser is determined by the combination of gain spectrum,
cavity modes and grating reflectivity spectrum as illustrated in Fig. 7.23b. Due to the two mir-
rors, FP-cavity modes exist with a mode spacing ∆λ and are amplified through the gain spectrum
Γg −αi , which includes the passive cavity losses. The presence of the grating reflection spectrum
which introduces a wavelength dependent mirror loss, acts as a selection mechanism for spec-
ifying a cavity mode. The chosen mode has the overall maximum gain. Tuning of the grating
reflection changes this selection to neighboring modes, and therefore the lasing wavelength can
be varied.

The basic working principle of the DBR laser follows the above description, but an accurate
model that can predict the lasing output for a given geometry is desirable. For this purpose,
we utilize the simulation suite PICWave from Photon Design [274] where measurement-based
gain and grating models have already been developed and implemented for the Oclaro foundry
process5. A DBR laser with a 550 µm long gain section, a 100 µm long phase section and 100

5This has been previously established within the EU FP7 PARADIGM project.
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Figure 7.24: Simulation of DBR laser in PICwave software. Simulated results for spectrum, grating and phase
tunability.
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Figure 7.25: (a) Measured LI curve of fabricated DBR laser. (b) Wavelength tuning map of DBR laser. (c)
Spectral output of DBR laser with wavelength alignment to ITU grid.

µm and 500 µm long front and rear gratings was used for the simulation. Fig. 7.24 shows the
layout for the DBR laser inside the program with the simulation results. The choice of grating
lengths results in a clear single-mode output of the laser with SMSR > 40 dB. Tuning of the
lasing wavelength was simulated with current injection and it can be observed that both the rear
grating and phase tuning sections can be used to fine tune the wavelength within a range of 50
GHz. Coarse wavelength tuning can be exerted with the rear grating and a range equaling 10
times the longitudinal mode spacing of 50 GHz can be achieved.

The DBR-laser with the simulated dimensions has been fabricated in a Oclaro MPW run and its
characteristics were measured to investigate the suitability of this laser type for integration with
modulators in a parallel transmitter circuit. Measurements were performed with direct on-chip
probing where the laser chip was mounted on a copper stage similar to previous characterization
methods and the temperature of the copper stage was precisely controlled to be 15◦C. A lensed
fiber was used to extract the light from the chip.

Fig. 7.25 shows the characterization results for the DBR laser. The LI-curve indicates a low
threshold current of 13 mA and maximum output power measured in fiber of 5 mW. Good mode
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stability with SMSR>40 dB can be observed in the output spectrum Fig. 7.25c. Coarse tuning
of the lasing wavelength can be done with the rear grating as the simulation predicted and fine
tuning can be performed with the front grating or phase sections. Fig. 7.25b shows a tuning
map that relates the corresponding section currents to achieve continuous tuning in a 10 nm
range. Given this tuning capability, the laser can be successfully aligned to ITU grid wavelength
as shown in the inset of Fig. 7.25c.

In this section, we established the basic working principle of the DBR laser which is based
on the Bragg reflector. By choosing the grating strength and length, the front and rear mirrors
of the laser can be designed to have the desired reflectivity spectrum. We presented a DBR laser
design and simulated its tuning and spectral performance. The results could be verified after
measuring a fabricated laser device from an Oclaro MPW run. Low threshold current of 13 mA,
reasonable output power up to 5 mW and continuous tuning in a 10 nm range could be observed.
In addition, the device foot-print is small due to the linear nature of the laser device. It occupies
a total area of 1300 µm x 150 µm. Based on the results, it can be concluded that the DBR-laser
is well suited for use in a parallel transmitter design. The next section deals with the transmitter
circuit that was realized on the Oclaro platform.

7.3.2 Transmitter Design

Similar to the transmitter that has been designed for the COBRA platform, here the goal was to
design and demonstrate a small foot-print high-capacity multi-channel transmitter where all the
components are monolithically integrated on the same photonic chip. The parallel transmitter
concept where each single channel is held reasonably simple is again followed here so that scaling
of the total amount of channels is made easier. With the DBR laser presented in the previous
section and the traveling-wave modulator discussed in chapter 3, the building blocks for the
single channel on the Oclaro platform are well determined and characterized. The transmitter
circuit design then has to focus on a space efficient layout to incorporate these components
and to realize an array of lasers and modulators. It has been pointed out before that one of the
major challenges of the parallel transmitter approach lies in the packaging and electrical interface
complexity. To account for that aspect, the transmitter circuit in this section has been made fully
compatible with a high-speed multi-port electronic package. The package was developed within
the European research project PARADIGM and was especially designed to support high port count
photonic circuits for telecom and datacom applications. More details on the packaging solution
will be given at the end of this section.

The chip-to-package interface uses conventional wire bonding technology and was developed
for operation frequencies up to 25 GHz when the bonding distances are small. Therefore, for
the transmitter design, both DC and RF signals are routed to the chip edge to bond pads so that
wire bonding distances can be held short. This requirement sets the boundary condition on the
placement of the electrical input pads for the photonic circuit design. This is illustrated in Fig.
7.26c where the transmitter circuit is overlayed to the package interface layout.

The size of the transmitter chip is restricted to an area of 6 mm x 6 mm which represents
a standard MPW cell in the Oclaro platform. In addition, the packaging template has the same
restriction on the chip size. This results in a total of 8 transmit channels that can be placed within
the area. As can be seen from the figure, the majority of the chip space is taken by the modulator
components, especially because these require long RF feed lines that connect to the input RF pads
at the top of the chip and also to output RF pads at the bottom left and right of the chip. At the
top side, wire bonds will be used to connect with the package RF pads and the same applies at the
bottom side for the RF outputs. The separation distance between adjacent modulator channels is
500 µm and was mainly set from the input RF pad separation. At this distance, RF crosstalk is
expected to be negligible.

Placement of the DBR lasers needs to be close to either side of the chip because the DC pads
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Figure 7.26: (a) Schematic layout of pair of DBR lasers with joined front grating and gain sections. (b)
Calculated series resistance of metal tracks depending on width and length. (c) Layout and
interface to package of Oclaro transmitter circuit.

from the package are located at those positions. Due to a limitation of the total amount of DC
pads that can be interfaced through the package to 36, trade-offs in the DBR laser design had
to be made. Normally, each DBR laser requires four pads for gain, phase and the two grating
sections. Because the MPW run utilizes a semi-insulating substrate, access to the laser n-layer
has to be established from the top surface, so that one additional pad is required for the laser
current return. Clearly, this exceeds the number of available DC connections from the package
for 8 transmit channels, so the front grating and gain sections of two adjacent DBR lasers needed
to be electrically combined. This results in a grouping of DBR lasers in pairs as the layout in Fig.
7.26a shows. Further simulations in PICwave indicate that the electrical resistance between the
gain sections of the two lasers needs to be smaller than 0.1 Ω to yield a balanced pump condition
and equal output powers. This results in at least 50 µm wide electrical connections between
the lasers, which can be taken from the calculated resistance values shown in Fig. 7.26b. The
separation of the two DBR lasers was 160 µm and was limited due to space constraints on the
chip. At this value, moderate thermal crosstalk is expected but can be compensated for using the
existing tuning sections of the lasers.

The remaining layout of the transmitter is straightforward once the above constraints are
taken into account. In order to be compatible with ITU wavelength specifications, each DBR laser
has a varying grating pitch so that the initial lasing wavelength is spaced in 100 GHz intervals to
match that of the ITU table for DWDM. The length of the laser cavities was designed to yield a
mode spacing of 50 GHz, so that two modes fall within the channel spacing. This ensures a more
stable mode selection and laser output. Table 7.1 lists the corresponding values for the 8 DBR
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Table 7.1: Grating design for DBR-laser array

ITU Chn. Frequency (THz) Wavelength (nm) index Pitch (nm) Cavity length (µm) mode spacing (GHz)

25 193.675 1547.92 3.2638 237.13 918.53 50.0286
26 193.575 1548.71 3.2636 237.27 918.60 50.0325
27 193.475 1549.52 3.2633 237.41 918.67 50.0363
28 193.375 1550.32 3.2631 237.55 918.74 50.0401
29 193.275 1551.12 3.2628 237.69 918.81 50.0439
30 193.175 1551.92 3.2626 237.84 918.88 50.0478
31 193.075 1552.73 3.2623 237.98 918.95 50.0516
32 192.975 1553.53 3.2621 238.12 919.02 50.0554

lasers.
At the chip output a 8x3 AWG is used to multiplex the different channels to a main output

waveguide and two auxiliary waveguides. The AWG channel spacing was chosen to be 100 GHz
according to the laser channel spacing and the FSR has a value of 800 GHz so that the output is
repeated periodically in wavelength. One additional SOA is placed at the chip output to facilitate
fiber chip alignment for the packaging procedure.

7.3.3 Fabrication Issues

The chip was fabricated by Oclaro in an experimental foundry run that used a semi-insulating
substrate. A photograph of the fabricated chip can be seen in Fig. 7.27a. The utilization of the
semi-insulating substrate was performed for the first time in context with the MPW services by
Oclaro and several fabrication issues were noted which impaired device performance. This has
been raised in chapter 3 previously when discussing the performance of the modulators and is
also affecting the performance of the transmitter circuit here.

The most critical elements are the air-bridges at the modulator electrodes, which are needed
for the transition of the electrode over the optical waveguides and for the capacitive loading
strips. As Fig. 7.27c shows, some of the air-bridges are not fully connected and no electrical
contact is established. Apart from the air-bridges, some of the metal transitions from the top
layer to a recess area that exposes the n-InP layer show poor connection as well, so that higher
resistances and sometimes no electrical connection is measured. This is often the case when the
metal is deposited on top of a recess dedicated to a laser or modulator n-contact as shown in Fig.
7.27d. As a result, most of the laser gain sections that should be electrically connected in a pair
configuration are isolated from each other. Special care is needed then in the packaging stage for
the transmitter chips as wire bonds to both gain sections are needed to compensate for that.

In case of the modulator electrodes, only three samples from the MPW run were identified
to have all 8 channels with an intact electrical connection. Fig. 7.28a, 7.28b and 7.28c show
the measured IV curves over a modulator electrode in case of two faulty and one working device
respectively. Only the third graph shows the expected PN junction characteristics, albeit with a
very high series resistance, which can be attributed to the fact that not all capacitive loading pads
are intact.

For the three working devices, we have characterized two samples, namely B1500C2 and
B1500C10. The laser and modulator IV curves are depicted in Fig. 7.29a and b whereas their
respective differential resistances are shown in Fig. 7.29d and e. The naming convention of the
components on the chip can be taken from Fig. 7.29c. We can observe that in case of the lasers,
there is a large variation in the series resistance when the PN junction is in forward operation.
The values range from 10 Ω to 20 Ω and might cause differences in lasing performance between
the lasers. We think that the metalization step had deviations from the usual parameters and
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Figure 7.27: (a) Photograph of fabricated transmitter circuit. (b) SEM image of modulator electrode air-
bridge (has electrical contact). (c) SEM image of capacitive loading element air-bridge (no
electrical contact). (d) SEM image of metal deposition on recess area. (e) Photograph of RF
transition and wire bond required for coplanar to stripline transition.

caused the variation in series resistances. In case of the modulators, the forward bias resistance
varies much more and has in general a larger than expected value, ranging from 100 Ω to 350
Ω. Here the cause can be attributed to the issue with the air-bridges. The number of intact
air-bridges directly influences the series resistance of the electrodes.

With help of SEM imaging it was found that there are issues in the metalization and air
bridge definition processes for this MPW run. It is expected that these issues are not fundamental
to the generic process and can be solved in subsequent runs. In fact, Oclaro reports that these
process issues have now been solved but there was no opportunity in the time available to process
a second batch. In the next section, performance characterization of the laser and modulator
devices on the working transmitter samples are performed.

7.3.4 Transmitter Characterization

To investigate the performance of the transmitter circuit, sample B1500C10 was characterized
through direct on-chip probing. For both static and dynamic measurements, it was placed on
a copper stage with temperature control and DC and RF probes as illustrated in Fig. 7.30a are
used to interface with the chip. Because this approach only allows for a limited number of probes
to be placed simultaneously to the chip, the majority of measurements are performed on single
channels of the transmitter device. In that case, two RF probes and 5 DC probes could be used
together as depicted in Fig. 7.30b. It is expected that the performance under simultaneous
operation of multiple channels does not vary significantly from the single channel performance
because the necessary design rules established from previous chapters have been followed in the
design of the transmitter.
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Figure 7.28: (a-b) IV curve of not working modulator electrodes and (c) IV curve of functional PN junction
in modulator electrode.
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Figure 7.29: (a,b,d,e) IV curves and resistances of laser and modulator devices. (c) layout depicting naming
convention of measured devices.

Static Performance

First, the DBR laser performance was characterized. Because the output of the transmitter is
placed after the AWG multiplexer, its filter characteristic is included in any measurements from
the chip output. This complicates the characterization of the lasers because they need to be tuned
exactly to the respective AWG passband, corresponding to their assigned input AWG waveguide,
in order to be visible at the chip output. At the same time, the exact locations of the AWG
passbands is not initially known, as deviations in the fabrication of the AWG can lead to slight
shifts of the channels. To solve this issue, the exact same AWG has been fabricated on a test
chip, where the input and output waveguides were directly accessable. Using an on-chip SOA
that was integrated into one of the AWG output waveguides, its spectral characteristic could be
characterized and is shown in Fig. 7.31a. This information facilitates the characterization of the
DBR lasers as the expected pass bands of the output AWG are now known. Fig. 7.31b shows the
chip output spectrum when laser 6 of the transmitter is tuned from one AWG passband to the
next FSR wavelength. We can clearly observe the effect of the AWG filter that masks the output
of the laser mode. Tuning occurs as expected and follows the strategy as depicted before for the
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(a) (b)

Figure 7.30: (a) Oclaro transmitter circuit under measurement using DC and RF probes. (b) Microscope
image of transmitter circuit with probes.
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Figure 7.31: (a) Measured transmission of output AWG. (b) Wavelength tuning of DBR laser masked by AWG
transmission spectrum

DBR laser.
The tuning procedure can be performed for each of the 8 DBR lasers on the transmitter so

that they can be aligned to the ITU wavelengths as shown in Fig. 7.32b. The AWG channels are
overlayed to show that the lasing wavelengths can be exactly tuned to the corresponding channel
wavelengths.

IV and LI curve were measured for the 8 DBR lasers and are shown in Fig. 7.32a. It should be
noted here that the procedure to obtain the LI curve follows an indirect measurement approach.
Because the optical output of the chip is placed after the AWG which is a wavelength selective
filter element, the output power changes with wavelength. When the gain currents are increased
in the DBR lasers to obtain the LI characteristics, the lasing wavelength inevitably increases due
to thermal wavelength shift. This results in a wavelength dependent change in output power,
caused by the AWG filtering, making it difficult to obtain the LI curve from the optical output
port. Instead, we used the monitor photodiodes at the rear side of the DBR lasers to measure the
emitted light power for varying pump currents. With this technique, no absolute measurements
on the optical power can be made, but the results represent well the qualitative behavior of
the LI characteristic. Except for laser 7 and 8, the expected threshold currents around 13 mA
could be observed. Kinks in the measurement originate from mode hops in the DBR lasers as no
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Figure 7.32: (a) IV and LI curves measured from rear monitor diode of all 8 DBR lasers on Oclaro transmitter.
(b) Wavelength alignment of 8 DBR lasers according to ITU grid on Oclaro transmitter.
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Figure 7.33: Simultaneous operation of pair of DBR lasers when one performs wavelength tuning.

tuning adjustments were performed to stabilize the lasing mode. The differences in laser 7 and
laser 8 might originate from inhomogeneity of the fabricated devices across the wafer. This is
strengthened by the fact that laser 7 and 8 build a pair and are locally close to each other, so that
fabrication issues might affect both at the same time.

To demonstrate that pairs of DBR laser are not affected in their operation due to the close
proximity to the other laser, we operated both DBR lasers 1 and 2 simultaneously and perform
tuning only to one laser. This experiment can be realized with 5 DC probes as shown in Fig. 7.33.
In the same Figure, the spectra are shown at the transmitter output during this tuning procedure.
It can be seen that both laser wavelength are very close to each other at the start but when
sections of DBR 1 are tuned, its lasing mode reacts and changes its emission towards shorter
wavelengths. The wavelength of DBR 2 stays at the starting value. Small periodic variations
are visible in DBR2’s wavelength and are caused by front grating tuning, as both lasers share
the same electrical connection for the front grating. In real operation, this small tuning can be
compensated by phase section and rear grating adjustments. The result indicate that the pairs of
DBR lasers can be operated simultaneously and that each laser can be fully tuned on its own.
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Figure 7.34: (a) Biasing scheme for laser and modulator operation with applied common mode voltage. (b)
Modulator transfer characteristic for varying common mode voltages.

Dynamic Performance

In this section, the dynamic performance of the transmitter is investigated. For that both the
DBR laser and the modulator need to be operated at the same time, so that the laser provides
the light signal to the modulator. The modulators are working according to the series push-pull
principle [70] in which the common n-doped InP layer that connects both modulator electrodes
needs to be placed at a positive voltage, the so called common-mode voltage. By doing this, both
modulator arms are effectively reverse biased. When a RF drive voltage is applied so that the two
modulator arms are driven in series as shown in Fig. 7.34a, the voltage swing along the two pn
junctions are opposite to each other, doubling the efficiency and reducing the capacitance by a
factor of 2. To work in this driving scheme, the laser p-contact needs to be raised on top of the
common-mode voltage to be able to inject current into the gain sections. Depending on the value
of the common-mode voltage, the modulator transfer will be different and also the EO efficiency
changes due to the quadratic QCSE. This is illustrated in Fig. 7.34b where the DC switching
characteristic of modulator 7 is measured for varying common-mode voltages. A higher value
is usually preferred to reduce the required drive voltage in the modulator, so that only 2.5 V is
needed for a full swing at 10.5 V common-mode voltage.

Modulation experiments are performed according to the standard experimental setup as de-
scribed in appendix C.2. For each channel, the DBR laser was tuned to a corresponding AWG
passband wavelength and the modulators are operated at around 10 V common mode voltage.
The RF signal was fed from a 360 mV drive signal, which was amplified to the required drive
voltage by an amplifier with 35 GHz bandwidth. Additional bias adjustment could be performed
through a bias-tee that was connected to the RF drive signal. The resulting output eye diagram is
then optimized by adjusting bias point and drive voltage. Fig. 7.35a shows the measured modu-
lation eye diagrams at 40 Gb/s for the transmitter channels. We can observe that some channels
show reasonable eye opening but several channels show very noisy eye diagrams. This can be
attributed to the variation in electrical performance of the modulators from channel to channel
and was caused by the fabrication issues as discussed previously. Under ideal fabrication, all the
channels should be able to perform well. Limitations to the eye opening are also caused in part by
the non-ideal electrical drive signal, following degradation in the electrical path from the signal
source to the chip.

Fig. 7.35b shows the modulation eye diagrams at 30 Gb/s. Here, all the measured channels
show clear open eye diagrams. Unfortunately, the laser of channel 1 was damaged during the
characterization so that no further measurements could be performed on that channel. To inves-
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Figure 7.35: (a) Modulation eye diagrams of all 8 channels at 40 Gb/s of Oclaro transmitter. (b) Modulation
eye diagrams at 30 Gb/s. Channel one was destroyed during measurement.
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Figure 7.36: (a) Measured BER curves at 40 Gb/s and (b) at 30 Gb/s for all 7 working channels on the Oclaro
transmitter.

tigate the reliability of modulation at 40 Gb/s and 30 Gb/s, BER measurements were performed
for the back-to-back transmission case. The results are shown in Fig. 7.36a and 7.36b respec-
tively. At 40 Gb/s, all channels show a noise floor ranging from 10−4 to 7 ·10−3 BER, which is still
below the FEC threshold so that error-free operation after decoding can be achieved. At 30 Gb/s
the error floors are lower with the highest value at 10−4 BER. Channels that perform well show
BER below 10−9. Once the fabrication issues have been solved, we believe that the performance
of the transmit channels can all reach error-free operation without the use of FEC.

In addition, we performed transmission experiments through 20 km of standard single mode
fiber at 20 Gb/s to illustrate the feasibility of the transmitter for this distance range. The mea-
surement was performed on a different sample on channel 7 and the obtained BER results are
shown in Fig. 7.36c. Error-free detection can be achieved after 20 km with a power penalty of
1.5 dB at 10−5 BER with respect to the back-to-back configuration. The reach is limited by fiber
chromatic dispersion as clearly indicated by the received eye diagrams.

As a conclusion to the dynamic characterization of the transmitter, it can be stated that the
given circuit is capable of reaching error-free operation at 30 Gb/s in selected channels and at
40 Gb/s with the help of FEC. This proves that the component design in principle allows for this
level of modulation rate. The presented transmitter device can then reach an aggregate capacity
of 240 Gb/s and up to 300 Gb/s with FEC using a area of 6 mm x 6 mm chip size.

In this section, we presented the design and characterization of an 8 channel transmitter
that was fabricated in an experimental Oclaro MPW run. The fabricated devices were subject
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(a) (b)

Figure 7.37: (a) Photograph of the package developed in the PARADIGM project with the Oclaro transmitter
layout overlayed. (b) Photograph of the same package with sealing lid.

to processing issues that impaired the electrical connection of the devices. Nevertheless, fully
working transmitter circuits could be identified and static and dynamic measurements revealed
that the DBR laser is a suitable candidate for a tunable source in such a parallel transmitter.
Furthermore, we have shown that it is possible to realize a multi-channel transmitter operating
at 40 Gbaud per channel using the generic integration approach. Simultaneous lasing operation
in DBR laser pairs was demonstrated with the capability of tuning each of the lasers. At the time of
writing simultaneous operation of more than one modulator channel could not be measured due
to limitations to the number of applicable probes. For this kind of investigation the transmitter
needs to be placed in an electronic package, which will be briefly introduced in the next section.

7.3.5 Packaging Approach

The transmitter was designed from the start to be fully compatible with a packaging solution that
was developed in the PARADIGM research project6. Thanks to the co-design, a high compatibility
between package and chip was ensured and resulted in a seamless interface definition between
the former and latter. This is shown in Fig. 7.37a. The electronic package supports up to 10
RF tracks that operate with coplanar waveguides with at least 25 GHz bandwidth and up to 36
DC tracks. To bridge the distance from the package wall to the actual transmitter PIC, a custom
interposer has been designed that acts as a fan-out for the array of RF and DC tracks. Another
function of the interpose is to hold the termination resistances and DC block elements that are
needed to properly terminate the modulator RF lines. In addition, the package supports up to 12
optical ports that can be coupled to the photonic circuit using two multi lens arrays. Furthermore,
thermoelectric cooling and temperature monitoring of the photonic chip is also supported. With
a small dimension of 15.5 mm x 18.5 mm, the package has a high interconnect density. It is still
required to place the package inside a PCB assembly for advanced testing purposes. Nevertheless,
it acts as an efficient intermediate layer between the photonic circuit and the electronic testing
environment.

At the time of writing, the transmitter devices have not yet been packaged. Therefore, no
measurements have been performed with simultaneously operating modulator channels.

6Design of the package and interface was performed by others outside the work of this thesis and are mentioned here to
complement the work done on the transmitter [275].
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Figure 7.38: (a) Evolution of optical transmitter capacity per chip (yellow and blue from [27], grey from
[25,26,276,277], red are EML arrays from [233,278], green from [42,45,222]and + are single
channel devices from [58, 239]). (b) WDM transmitter capacity normalized to chip area for
multi-channel devices (Included are only examples of monolitic transmitters in the InP material
system).

7.4 Discussion

In this chapter, we have successfully demonstrated the feasibility of high channel-count WDM
transmitters in generic integration technology. Both designs incorporate a large number of com-
ponents on a small foot-print, showing very high integration density and high transmission ca-
pacity. Fig. 7.38a shows the capacity per chip of both devices compared to examples from the
literature. It can be seen that the two transmitters here fit well into the observed exponential
growth trend and that they are an improvement on previous transmitters achieved on generic
integration platforms, approaching the values of the highly specialized integration platforms. Re-
cent results on EML arrays [233, 278] are also included and show that these relatively simple,
low channel count PICs have similar performance metrics as the devices from this work. Fig.
7.38b shows the same graph now normalized to the transmitter area where we only included
examples containing arrayed devices. It can be seen that the transmission capacity per unit area
is relatively equal between the highly specialized and generic integration platforms. Interestingly,
the simple EML arrays now exhibit a high metric due to their smaller chip size. However, one
drawback in case of EML based transmitters is the difficulty in transitioning towards higher order
modulation formats, which in contrast, is easier to achieve with Mach-Zehnder modulator based
tunable transmitters.

To conclude this brief discussion, it can be said that the capabilities of generic integration
platforms still lack behind that of specialized processes in terms of transmission capacity per chip.
In terms of integration density or capacity per unit area, the generic integration approach can be
competitive with specialized processes. For generic integration platforms to be commercially
relevant in the area of access networks and data communications, cost reduction needs to be
taken as highest priority. And to sustain the further increase in transmitter capacity and also
capacity per area, technological solutions for reducing crosstalk effects are needed.

7.5 Summary

The focus of this chapter was on the concept of the parallel transmitter where capacity increase
is realized through scaling of the number of transmitter channels. This requires a simple channel
architecture and an efficient solution for the electrical interface to the transmitter. Furthermore,
the focus was also put on foot-print reduction by decreasing the separation between components
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as much as possible. For this, the insight gained in previous chapters in crosstalk effects was
very helpful and the established design rules were implemented to achieve high density WDM
transmitter designs.

AWG-based multi-channel lasers have been designed first, but it was found that they are
not suitable for small footprint parallel transmitter circuits, mainly because of a lack of efficient
wavelength tuning and mode stability, combined with a rather large footprint.

We then presented two multi-channel transmitter circuits that were both designed and fab-
ricated within generic photonic integration platforms. The first is based on extended CC lasers
that do not need DBR gratings in order to achieve single-mode lasing and sufficient wavelength
tuning. Together with second generation Mach-Zehnder modulators, transmit channels could be
realized at 20 Gb/s and could even reach error free operation at 30 Gb/s when FEC is used.
The designed 6-channel transmitter circuit has the potential to operate at an aggregate capacity
of 160 Gb/s on a 17.5 mm2 chip area. Low output power could be attributed to deviations of
the fabricated mirror elements from the designed geometry and future MPW runs will be able to
correct for this.

The second design presented in this chapter was fabricated in the Oclaro integration platform
where a semi-insulating substrate was used in an experimental MPW run in order to provide
higher RF performance. The fabricated transmitter was subject to process related issues that
affected the electrical contacts of the modulator devices, but multiple working samples were
identified that showed successful operation at 30-40 Gb/s per channel. With the use of FEC, 300
Gb/s aggregate transmission capacity on a 36 mm2 chip area could be realized with the presented
8-channel transmitter design.

Finally, for both designs, we presented results on high-speed PCB and electronic packages
that are needed for further characterization of such multi-channel transmitter PICs, in particular
when simultaneous operation of several channels is needed.



Chapter 8
Conclusions and Outlook

In this chapter a brief summary of the main conclusions of the previous chapters is given and a
short discussion on the results and implications is presented. Finally, topics for future research
are mentioned in the outlook section.

8.1 Conclusions

This thesis presents a study into the integration density limits of high-capacity WDM transmitter
PICs using generic photonic integration technology. Special attention was paid to the improve-
ment of modulator performance and to the impact of electrical, optical and thermal crosstalk on
WDM transmitter operation. By obtaining physical understanding of these crosstalk effects we
could gain insight in their limitations to the integration density in PICs and provide suitable de-
sign rules that can be used for dense WDM transmitter circuits. Applying these recommendations,
we designed and presented compact transmitter demonstrators from two generic foundries and
showed their successful operation. The results from the crosstalk studies are especially important
for overcoming the present limits to integration density and therefore assure the continuation
of steady miniaturization in the future. A short summary of these results is presented in the
following.

For up-scaling of channel rates in WDM transmitters, we found bandwidth limitations of
modulator building blocks to arise from their high-frequency design and pointed out that transi-
tioning from bulk quaternary core to MQW material and at the same time using semi-insulating
InP as substrate material will increase both the efficiency and the speed of the modulators in
the COBRA platform. Through optimization of the transmission line design, we achieved an im-
provement over the first generation COBRA modulators and showed operation up to 20 Gb/s for
the second generation devices. This marks a significant increase in modulator capability of the
COBRA platform and enables its utilization in future high channel rate applications. Modula-
tors from the Oclaro platform, already using sophisticated RF electrode designs, MQW core and
semi-insulating substrate, were measured to operate at 40 Gb/s after combining the RF inputs
with broadband CPW to CPS transition elements, newly developed in this work. The transition
elements allow for flexible modulator placement and facilitate the circuit design, constituting an
improvement of the Oclaro platform capabilities.

With respect to scaling PICs towards higher integration density we have identified that elec-
trical and thermal crosstalk limit the minimum separation distance between components and
together with optical crosstalk have significant influence on WDM transmitter performance, if
not properly accounted for. In case of electrical crosstalk, circuit level, radiative and substrate
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coupling can all contribute to the total crosstalk noise and their individual influences have been
investigated. Circuit level crosstalk in form of ground bounce noise is caused by a shared, imper-
fect ground connection between devices, but can be eliminated when individual ground return
metals are used. In its absence, radiative crosstalk reduces with component separation distance
but substrate coupling remains constant and has longer reach. We have established design rules
based on experimental and simulation results that indicate the sum of radiative and substrate
coupling to reduce below -40 dB when modulator separation exceeds 50 µm. This marks also the
level of tolerable crosstalk, below which transmission penalties are under 1 dB in the measured
COBRA modulators. Crosstalk reduction techniques such as shielding and deep trenches have
been suggested that can potentially lead to a further density increase beyond that limit.

Through numerical simulations on the effect of weak optical feedback on lasing operation we
found that reflections exceeding -20 dB can lead to sustained relaxation oscillations in the laser
and coherence collapse with random intensity oscillations can be caused by reflections exceeding
-15 dB. The importance of the feedback phase has been investigated further and it was found that
for certain phase values, the laser can revert into a stable working condition. This was experimen-
tally verified with measurements on a packaged DBR laser, which contains an on-chip feedback
circuit. Depending on the feedback strength, the fabricated laser moves from stable operation via
sustained relaxation oscillation to coherence collapse, as predicted in the simulations. By adjust-
ing the phase of the feedback in certain value ranges, the stability of the laser could be finally
restored. Consequently, it can be recommended to include phase adjustment sections in future
laser devices and the obtained results constitute a first step to realizing a feedback insensitive
laser design.

Thermal crosstalk has also been identified in this work to influence the WDM transmitter
performance. Joule heating in SOA sections can increase the temperature up to 6 K in devices
fabricated in the COBRA platform for high pump current densities. Therefore, a minimum dis-
tance of 100 µm between SOA sections should be respected in order to avoid temperature rise
above 1 K and keep wavelength drifts below 0.1 nm. This separation distance is more stringent
than in case of RF crosstalk and represents another limitation for scaling towards higher inte-
gration density. We demonstrated a possible method to compensate for thermal crosstalk which
requires fine-tuning sections for the wavelength in the laser design, as implemented in an Oclaro
DS-DBR laser array. With its help, successful wavelength tuning and alignment in the C-band
was achieved in presence of strong thermal crosstalk. Further means to counter thermal crosstalk
involve substrate thinning and deep trenching and have been indicated.

Finally, based on the previously gained insight and knowledge, we designed and measured
two high-density WDM transmitter PICs in the COBRA and Oclaro platforms. The first transmitter
from COBRA is based on a six channel design on a 4.5 mm x 3.9 mm area with coupled-cavity
lasers exhibiting 22 nm tuning range. Each channel utilizes second generation COBRA modu-
lators and is capable of up to 30 Gb/s operation, resulting in a chip transmission capacity of
approximately 160 Gb/s after FEC. The second transmitter from Oclaro is based on an eight
channel design on a 6 mm x 6 mm area with DBR-lasers having 10 nm tuning range. Individual
channels are capable of 40 Gb/s operation, based on the capacitively loaded modulator design,
leading to a total chip capacity of approximately 300 Gb/s after FEC. Both demonstrators are a
significant improvement over previously reported WDM transmitters in generic photonic integra-
tion technology and present the highest total chip capacities and channel counts reported so far
for both platforms.

8.2 Outlook

At present, photonic integrated circuits are not as advanced as electronic ICs with respect to
component density and feature size. This means that challenges such as proximity effects are
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still relatively relaxed. We have seen, however, that they start to limit the operation of photonic
circuits and need to be taken into account. With further scaling to higher integration densities,
PIC technology will inevitably have to deal with increasingly stronger crosstalk effects. Regard-
ing electrical crosstalk, solutions utilizing substrate trenches or vias [166, 167] and shielding or
guard ring techniques [164,165], already known and applied in microelectronics, can be of help
in photonic integration to reduce RF coupling effects. Significant effort is required here, how-
ever, as today’s photonic processes do not yet allow more sophisticated electrical functionalities
beyond interconnection. In the domain of optical crosstalk, either the design of a feedback in-
sensitive tunable laser or the realization of an integrated optical isolator will reduce the problem
significantly. Initial efforts are made in that direction [279, 280]. For thermal crosstalk mitiga-
tion, promising techniques such as substrate thinning, deep trench isolation [212, 213] or even
micro fluidic cooling solutions [281] should be explored in future. Improved electrical contacts
and laser optimization help to reduce heat generation in the first place. More efforts in heat
extraction techniques can also help solve the thermal issue [282].

The devices, presented in this thesis, operate with intensity modulation and direct detection
using NRZ-OOK modulation format. We have mentioned the recent progress in WDM transmitters
utilizing higher order modulation formats and increased spectral efficiency together with digital
signal processing in chapter 7. This trend of coherent optical communications, first used for
long-haul connections, will find its application also in shorter-reach scenarios. Future work in the
context of generic integration technology can connect to that and extend the results obtained here
by designing transmitters with IQ modulator channels aimed at advanced modulation formats.
This is one way to further increase the capacity per chip. Another advantage of using digital signal
processing is the possibility to compensate for linear and nonlinear impairments, originating from
the transmission medium but also from the transceiver themselves, which can be potentially
extended to account also for the discussed crosstalk effects in PICs. A deeper understanding of
those effects is still required and more accurate quantification is needed for that.

The last direction that needs significant attention is the field of packaging. Throughout the
thesis two electronic assemblies have been presented that represent still the traditional way to
interface to photonic circuits. Although the second package has a very small form factor and
promises impressive RF performance with a high interconnect density, it is not a solution scal-
able for future large-scale PICs. The one-dimensional interface between the electronics and the
photonic chip, established through wire bonds around the chip edge, will encounter a density
problem when the number of connections increases and chip size reduces. Furthermore, as can
be seen from the two designs presented in this work, a large amount of chip space is occupied
by electrical bonding pads, which could have been used for more optical functionality, if the pads
would be smaller in size. Possible ways to overcome this are wafer bonding or flip-chip solutions
which employ a two-dimensional interface with potentially much smaller interconnect sizes. The
number of possible interconnections between electronics and photonics then scales with the sur-
face area and a much higher density can be achieved. It also points towards the trend of photonic
and electronic co-design and co-integration, which envisions a more intimate connection between
both in order to reduce packaging costs, parasitic effects and module size. Initial work towards
this target is underway [283].





Appendix A
Interaction of Light and Matter

In general, when considering the behavior of electromagnetic waves in media, four different
quantities are of interest:

electric field E(r, t )
electric displacement D(r, t )
magnetic field H(r, t )
magnetic induction B(r, t ).

Their time and space dependencies are governed by Maxwell’s and charge conservation equations
[284]:

∇×E =−δB

δt
(A.1)

∇×H = J+ δD

δt
(A.2)

∇ ·D = ρ (A.3)

∇ ·B = 0 (A.4)

∇ ·J+ δρ

δt
= 0 (A.5)

with J(r, t ) the current density and ρ(r, t ) the charge density in the medium.

A.1 Material Response to External Field

When an electromagnetic wave is incident to a material, it creates a polarization P(r, t ) and a
magnetization M(r, t ). At optical frequencies and for most of the materials used in photonic
applications, the magnetization vanishes, leaving the polarization as the only effect caused by the
external field [285]. Its response is a temporal and spatial convolution of the applied stimulus
field E(r, t ) and the material susceptibility tensor χ:

P(r, t ) = ε0

∫ ∞

−∞
dr′

∫ 0

−∞
d t ′χ(r− r′, t − t ′)E(r, t ). (A.6)

It can be seen, that the response is dependent on both space and time such that, an excitation
at location r′ can result in a response at location r and the response depends on excitations from
the past till the present (integration in time from −∞ to 0 for sake of causality). The material
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susceptibility itself can be varying with location and time. The Fourier transform into frequency
domain leads to the well-known relation for the polarization caused by an applied electric field:

P(ω) = ε0χ(ω)E(ω). (A.7)

The resulting electric displacement D is then given by:

D = ε0E+P = ε0
(
1+χ)

E. (A.8)

As a consequence of the causality principle, that the response cannot exist before the excitation
occurs, the susceptibility χ(t ), which is the impulse response of the material, has to be zero for
t < 0. This restricts the shape of the frequency response χ(ω) =χ′(ω)+iχ′′(ω), in particular, its real
and imaginary part χ′(ω) and χ′′(ω) are linked according to [286]

χ′(ω) = 1

π
PV

∫ ∞

−∞
χ′′(ω′)
ω′−ω dω′ (A.9)

χ′′(ω) =− 1

π
PV

∫ ∞

−∞
χ′(ω′)
ω′−ωdω′ (A.10)

with PV indicating the Cauchy principle value of the integral. These relations are also known
as Kramers-Krönig relations and allow the real part of the susceptibility to be calculated when
the imaginary part is known and vice versa. At the same time, these relations also dictate that a
change in the real part will automatically cause a change in the imaginary part of the susceptibil-
ity. This leads to a coupling of material dispersion n(ω) and optical absorption α(ω) in the wave
propagation constant

k = k ′+ i k ′′ = ωn(ω)

c0
+ i

α(ω)

2
, (A.11)

as the former is linked to the real and latter to the imaginary part of the susceptibility through
[287]

n(ω) = c0

√
1+χ′(ω) (A.12)

α(ω) = c0
ωχ′′(ω)

n(ω)
, (A.13)

given α(ω) ¿ n(ω) and c0 the speed of light.

A.2 Material Properties

The interaction of electromagnetic radiation and matter can be accurately described with Maxwell
equations when the material properties in form of the permeability and susceptibility are known.
However those values change with frequency so that the material will behave differently through-
out the whole electromagnetic spectrum. The exact shape of χ(ω) is related to the electronic and
vibrational structure of the material which in turn depends on the crystallographic structure and
the particular atomic bonding.

In case of semiconductors, the optical properties can be divided roughly into those that are
electronic and those that are vibrational in nature. A series of phenomena contributes to the
properties ranging from lattice vibrations, impurity vibrations, interband absorption to free car-
rier absorption. In general, in the frequencies of interest for photonic applications, the shape
of χ(ω) is governed at the high energy side by electron-hole excitations and at the low energy
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side by optical phonon modes (lattice vibrations). The general form can be approximated by the
Kramers-Heisenberg equation which assumes a harmonic oscillator model [288]

χ(ω) =∑
j

α j

ω−ω j − iωγ j
, (A.14)

as a sum of damped oscillations around the resonance frequencies ω j with amplitude α j and
damping γ j . If the incident light frequency is close to one of the resonances, energy can be
transfered, resulting in absorption of the light.

In case of semiconductors, in particular as we deal with InP and lattice matched InGaAsP in
this thesis, the two main optical properties are the refractive index n and the bandgap energy Eg
between the conduction and valence band. Both quantities change with the composition of the
lattice matched In1−xGaxAsyP1−y, whereas lattice matching on InP dictates

x = 0.4527y

1−0.0311y
, (A.15)

so that the only free parameter is the y-composition of Arsenic and the bandgap energy follows
[289]:

Eg = 1.35−0.72y +0.12y2. (A.16)

Usually, the quaternary composition is abbreviated with a capital Q followed by the bandgap
absorption wavelength λg in µm e.g. Q-1.25 for a quaternary material with absorption edge at
1.25 µm. The relation between Eg in eV and λg is λg = 1.24/Eg . The refractive index for a given
composition can be estimated using the modified single oscillator model [75]

n =
√√√√1+ Ed

E0
+ Ed (ħω)2

E 3
0

+ Ed (ħω)4

2E 3
0 (E 2

0 −E 2
g )

ln

(
2E 2

0 −E 2
g − (ħω)2

E 2
g − (ħω)2

)
, (A.17)

with

Ed = 28.91−9.278y +5.626y2 (A.18)

E0 = 3.391−1.652y +0.863y2 −0.123y3 (A.19)

representing the dispersion and oscillator energies, Eg the bandgap energy, ħ the reduced Planck
constant and ω the optical oscillation frequency

A.3 Electro-Optic Effects

The properties of a material, in particular the refractive index n(E) is a function of an externally
applied field E . Several physical effects contribute to the total change of refractive index in the
InP/InGaAsP material system [78]:

Linear electro-optic effect (Pockels Effect) The linear electro-optic effect acts anisotropically
and gives only a refractive index change to TE polarized light and does not affect the TM
polarization. Furthermore its sign depends on the light propagation direction and is positive
for 〈11̄0〉 and negative for the 〈110〉 direction. It depends linearly on the external field E :

∆nPockel s =
1

2
n3r41E , (A.20)

with n the background index of refraction and r41 the Pockels coefficient. The external
field induces stress and strain in the crystal, leading to a change in its index of refraction.
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Theoretical estimation of the Pockels coefficient is possible using the model of Adachi for a
specific y-composition of the quaternary and InP material and specified wavelengths [290].
Here, we use values from experimental work where the coefficients have been found to
be r41 = 1.4 ·10−12 m/V in bulk InP [81] and r41 = 1.6 ·10−12 m/V in Q-1.25 [291]. This
also agrees well with the values reported previously obtained from experiments on COBRA
platform phase-shifters [292].

Quadratic electro-optic effect (Kerr Effect) The Kerr effect describes a change in the index of
refraction which quadratically depends on the applied field. In case the electric field is
parallel to the optical field (TM polarization) the index change is given by:

∆nK er r = 1

2
n3r11E 2, (A.21)

and in case it is perpendicular to the optical field (TE polarization):

∆nK er r = 1

2
n3r12E 2. (A.22)

This change in InP and InGaAsP material comes primarily from the Franz-Keldysh effect
which changes the bandgap shape and thus the optical absorption under the presence of an
external electric field [293,294]. Light can be absorbed at energy levels below the bandgap
when an excited electron tunnels into the conduction band which is bend under the external
electric field. The Kramers-Kronig relation dictates a change of refractive index then due to
the absorption change. This effect does not depend on the propagation direction of light.
The values for the Kerr coefficients are 11.9 ·10−20 m2/V2 for TE polarization in Q-1.25
material at 1.55 µm and 21.5 ·10−20 m2/V2 for TM polarization and have been taken from
[292] where experimental data on COBRA phase-shifters was used to obtain the values.

Plasma effect The plasma effect is related to carrier transitions to higher energy levels inside
the same band. During such a process, the carrier density changes and causes a variation
of the refractive index. There is a linear dependence of this index change with the doping
concentration Nd according to [78,79]:

∆npl asma = A(E)Nd = Ndλ
2e2

8π2ε0c2n ·m
, (A.23)

with e the electron charge, c vacuum velocity of light, n the initial refractive index and m
the effective mass for electrons or holes. The wavelength dependence is given with λ and
the electric field dependence is implied in the carrier concentration. By reverse biasing the
pn junction, carriers are depleted and a reverse plasma effect leads to a refractive index
change. Its strength has been identified for the COBRA platform to be A(E) = 3.65 ·10−27 m3

for InP and A(E) = 5.7 ·10−27 m3 in Q-1.25 [76,292].
Band-filling effect This effect is due to the filling of empty energy states in the bands by free

carriers, which causes a decrease in optical absorption. This leads again to a change in
refractive index. As this effect depends on the carrier concentration, reverse biasing the
pn-junction causes a reverse band-filling effect which is proportional to the carrier concen-
tration with the factor:

∆nBF = ABF ·Nd (A.24)

with ABF = 5 ·10−21 cm3 in InP and ABF = 14 ·10−21 cm3 in Q-1.25 at 1.55 µm. These values
have been obtained from [76,292] and are in good agreement with theoretical predictions
using the model by Bennet [79].



Appendix B
Transmission Line Theory

Throughout this thesis transmission line theory and some of its fundamental concepts are used
frequently. Here, a basic introduction of that topic is given to facilitate the understanding in the
main chapters. The underlying equations for voltage and current propagation on the transmission
line equivalent circuit is first presented. After that, two-port networks are introduced with em-
phasize on the scattering and transfer matrix representation and finally, de-embedding methods
are given that are heavily used in the experimental characterization of transmission lines.

B.1 Telegrapher’s Equation

Traditional circuit theory assumes that voltages and currents are taking an effect instantaneously
inside a circuit. This is only a valid approximation when the given physical dimensions are small
with respect to the wavelength of operation and can be called the lumped element assumption. In
case the dimensions become comparable to the wavelength of operation (d >λ/10), transmission
line effects need to be taken into account. The voltages and currents do not affect the whole
structure in an instantaneous manner but propagate like a wave outwards from the position of
excitation and a certain time delay that relates to the propagation distance is introduced.

A common means to describe propagation along a conductor is to use a distributed equivalent
circuit as shown in Fig. B.1. The total line length is divided into infinitesimal small sections where
the lumped element model applies again. The unideal conductor is modeled with the resistance
R, has an inductance L. The separation between the signal and ground conductors introduces a
capacitance C and a leakage G. Using this distributed approach, the currents and voltages on the

R L

G C

R L

G C

R L

G C

Δz

Figure B.1: General transmission line equivalent circuit defined on a unit length ∆z
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γ, Z1
Γ γ, Z2

Figure B.2: Reflection at interface between two different line impedance values.

line can be represented by I (z) and V (z) which are governed by the telegrapher’s equation [89].

∂V (z)

∂z
=−(R + jωL)I (z) (B.1)

∂I (z)

∂z
=−(G + jωC )V (z) (B.2)

Combining both equations yields the wave equations

∂2V (z)

∂z2
−γ2V (z) = 0 (B.3)

∂2I (z)

∂z2
−γ2I (z) = 0 (B.4)

The solution to above equation are a forward and a backward traveling wave with the propa-
gation constant γ= α+ jβ, whereas the real part α represents the damping of the wave and the
imaginary part β the effective propagation index.

V (z) =V +e−γz +V −eγz (B.5)

I (z) = 1

ZC
(V +e−γz −V −eγz ) (B.6)

The propagation constant has the form

γ=
√

(R + jωL)(G + jωC ) (B.7)

and the voltage along the line is related to the current along the line through the characteristic
impedance Zc , which can be represented by

ZC =
√

R + jωL

G + jωC
. (B.8)

The coefficients for the forward and backward traveling waves V ± are set by the boundary
conditions that are imposed on the transmission line at its start and end. In particular, the
input network and the output network impose a source ZS and a load impedance ZL onto the
transmission line section. When those are not the same value as the characteristic impedance
of the transmission line, the propagating waves along the line will experience reflections at the
input and output interfaces. The reflection coefficient Γ at an impedance mismatch is

Γ= Z1 −Z2

Z1 +Z2
. (B.9)
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2-port
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V1 V2

I1
I2

a1

b1

a2

b2

Figure B.3: Schematic of 2-port network with incident and outgoing waves.

B.2 Linear Time-Invariant Networks

Any linear time-invariant network can be efficiently described using a matrix description relating
its input to output values. Those matrix parameters are then called transfer, impedance, admit-
tance or scattering parameters depending on the exact definitions. In particular, the scattering
matrix if often used in transmission lines and high-frequency networks because it can be easily
obtained through direct measurements. The reason is because measurements at high frequen-
cies is done on power waves and the scattering matrix relates directly to incident, reflected and
transmitted power waves of the network. Fig. B.3 shows a schematic of a two-port network with
incident and reflected normalized waves a and b which are related to the voltage V and current
I at the corresponding ports and a reference impedance Z0 [89]

ai =
Vi +Z0Ii

2
p

Z0
(B.10)

bi =
Vi −Z∗

0 Ii

2
p

Z0
. (B.11)

The scattering parameters are then defined as the ratio of reflected to incident wave when no
incident waves are present at other ports.

Si j =
bi

a j

∣∣∣∣∣
ah 6= j =0

(B.12)

so that the waves at the input in case of the two-port network are related to the output waves by[
b1
b2

]
=

[
S11 S12
S21 S22

][
a1
a2

]
. (B.13)

In practice, the reference impedance is usually chosen to be 50 Ω.
The scattering parameters are easily obtained through measurement but are not convenient to

use for cascading networks. For that purpose, the transfer matrix representation is usually used,
which relates the voltages to the currents at each port. The transfer matrix T for the two-port
network in Fig. B.3 is given by[

V1
I1

]
=

[
A B
C D

]
︸ ︷︷ ︸

T

[
V2
I2

]
(B.14)

When cascading two networks with transfer matrices T1 and T2 the total network T3 is then
described by the product of both transfer matrices

T3 = T1 ·T2 (B.15)
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Figure B.4: Error networks around DUT in high-frequency measurements

B.3 De-Embedding Techniques

Microwave measurements of devices under test (DUT) always require an electrical network that
connects from the measurement instrument to the DUT. This additional network, also called
fixture, has its own frequency dependent characteristics and affects the measurement results. To
be able to isolate the characteristics of the DUT which is embedded inside the fixture, the latter
needs to be de-embedded from the final measurement data.

The frequency characteristics are usually measured in form of the scattering parameters with
the help of a vector network analyzer. In case of an integrated photonic device chip, the instru-
ment is connected to the DUT via coaxial cables and high-frequency probes. The probing pads on
the chip are then connected to the actual DUT via high-frequency lines. This makes the complete
fixture a cascade of two error networks as shown in Fig. B.4. The first network includes the effect
of the cabling and probes from the in- and output ports of the network analyzer to the tips of
the probes, whereas the second network includes the probing pads and feeding lines on the chip
until the interface to the actual DUT. Several methodologies have been treated in literature that
allow for de-embedding both error networks from the final measurement. Short-open load-thru
(SOLT) [100] or thru-reflect-line (TRL) [295,296] techniques are often used to characterize and
compensate for the first error network that reaches until the tip of the high-frequency probes. This
requires the measurement of precise impedance standard substrates on a separate carriers and
subsequent calculation of the error network. The results obtained in this way are very accurate.
However, this technique can rarely be used to characterize the second error network that includes
the influence of the probing pads and the feed lines, as it would require those precise standards
to be fabricated on the sample chip itself. More convenient techniques involving a simple thru
test structure can be used instead to account for the effect of the fixture on the chip [297–299].
In addition, when the DUT can be described as a transmission line, a method involving two DUTs
with varying line length can be used to de-embed the on-chip fixture which will be named the
L-2L method [300,301].

The de-embedding procedure to account for the off-chip fixture including the coaxial cables
and probes is rather standard and automated in modern vector network analyzers. Here, the
methodology to de-embed the on-chip error network will be briefly described. Fig. B.5a shows the
on-chip transmission line structure that needs to be characterized (DUT) and which is embedded
into the error networks A and B, consisting of the probing pads and feed lines.

For the Thru-only technique, a separate structure that is a thru connection of both pads and
feed lines as shown in Fig. B.5b is fabricated and measured. The total thru network is then given
as

TThru = TATB. (B.16)

Because the pad and feed line structure are small with respect to the wavelength, we can assume
a lumped model equivalent circuit as shown in Fig. B.5b for the thru structure. Each side of the
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Figure B.5: (a) Schematic illustrating the cascade network of fixture and DUT. (b) Thru-only and (c) L-2L
technique for transmission line de-embedding.

structure consists then of a series impedance Z and a parallel admittance Y and the total structure
is symmetric to the middle line. The total thru structure in transfer matrix representation is then[

A B
C D

]
=

[
1 0
Y 1

][
1 Z
0 1

]
︸ ︷︷ ︸

TA

[
1 Z
0 1

][
1 0
Y 1

]
︸ ︷︷ ︸

TB

(B.17)

=
[

2Y Z +1 2Z
2Y (1+Y Z ) 2Y Z +1

]
(B.18)

From measurement, the scattering matrix elements are known and using standard scattering to
transfer matrix transformation each of the elements A,B ,C ,D are also known [89]. Consequently,
the equivalent circuit parameter Y and Z can be obtained through

Z = B

2
(B.19)

Y = 2C

A+D +2
. (B.20)

This determines both sides of the thru network TA and TB in which the DUT is embedded. Mea-
surement of the device then gives the matrix

Tmeasure = TA ·TDUT ·TB (B.21)

and the DUT can be recovered through a matrix inversion operation

TDUT = TA
−1 ·Tmeasure ·TB

−1. (B.22)

The above method relies on the lumped element assumption of the left and right fixtures and
is only true if those are geometrically short with respect to the wavelength. In a special case,
when the DUT is a transmission line the L-2L method will give good results independent on the
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nature of the error networks. Fig. B.5c shows the test structure design required for this method.
If the characteristics of a transmission line of length L are to be determined, two structures of
length L1 and L2 are to be fabricated inside the same fixture error networks TA and TB. The
measurement of both structures would yield

T′
L1 = TATL1TB (B.23)

T′
L2 = TATL2TB. (B.24)

If the product of the second matrix from the longer structure is formed with the inverse of the
first matrix, we obtain

T′
L2 ·T′−1

L1 = TATL2TB ·T−1
B T−1

L1 T−1
A (B.25)

= TATL2T−1
L1 T−1

A (B.26)

≡ T′
L2−L1 (B.27)

The product of TL2 with T−1
L1 corresponds to a subtraction of the line length L1 from the transmis-

sion line with length L2 as both lines are homogeneous and have the same propagation constant
and characteristic impedance. The result is an equivalent transmission line section of length
L2 −L1 and shall be denoted TL2−L1. For simplicity and to illustrate the method, we can assume
again a lumped element representation of the error network TA and its inverse but it has been
explicitly shown in [300] that the following computation of the matrix TL2−L1 is independent
from that assumption. The detailed derivation will not be given here. With a lumped admittance
model both matrices become

TA =
[

1 0
Y 1

]
(B.28)

T−1
A =

[
1 0

−Y 1

]
. (B.29)

Equation B.26 can then be represented in its admittance parameter form as a parallel network of
the transmission line with length L2 −L1 and the admittance matrix of the error networks. Here
a conversion from series to parallel connection has been performed during the transition from
transfer to admittance matrix. The result is then

Y′
L2−L1 = YL2−L1 +YA−A (B.30)

with YA−A =
[

Y 0
0 Y

]
and YL2−L1 being the admittance matrix of the DUT. Because the DUT is

symmetric to the central line, it can be recovered by connecting Y′
L2−L1 in parallel with a port

swapped version of itself, whereas port swapping denotes the following operation

swap

([
a b
c d

])
=

[
d c
b a

]
. (B.31)

Finally, the DUT matrix is recovered with

YL2−L1 = Y′
L2−L1 + swap

(
Y′

L2−L1

)
2

(B.32)

and the transfer matrix TL2−L1 of the DUT line with length L2 −L1 can be obtained.
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B.4 Transmission Line Parameter Extraction

To fully describe the behavior of a transmission line knowledge of either its characteristic impe-
dance Zc and the complex propagation constant γ or any of its 2-port matrix representations
are required. From microwave measurements the 2-port matrix elements of the intrinsic trans-
mission line of interest can be recovered. After transforming that representation to the transfer
matrix form, the transmission line parameters can be extracted [302]. The transfer matrix of an
arbitrary transmission line of length L has the form

T =
[

A B
C D

]
=

[
cosh(γL) ZC sinh(γL)

Z−1
C sinh(γL) cosh(γL)

]
(B.33)

so that the characteristic impedance and propagation constant are

Zc =
√

B

C
, (B.34)

γ= cosh−1(A)

L
. (B.35)

This means that whenever the scattering or transfer matrix elements of a transmission line and its
length L are known, the characteristic impedance and the propagation constant can be recovered.





Appendix C
Mach-Zehnder Modulator

C.1 Transfer Function

The transfer function of the Mach-Zehnder modulator will be briefly derived here. Fig. C.1
shows the schematic of a Mach-Zehnder modulator with two input waveguides and two output
waveguides. The upper input waveguide can have the input optical field with zero reference
phase

a1 = E0e j 0◦ . (C.1)

The 2x2 multi-mode interference couplers have the transfer matrix

M = 1p
2

[
1 j
j 1

]
. (C.2)

so that the field at position b1 and b2 are[
b1
b2

]
= 1p

2

[
1 j
j 1

][
E0
0

]
= E0p

2

[
1
j

]
. (C.3)

After passing through the phase-shifting sections of length L and attenuation α the fields in both
arms at position c1 and c2 will write[

c1
c2

]
= E0p

2

[
e− j∆φL ·e−αL/2

j e− j∆φR ·e−αL/2

]
. (C.4)

Here, ∆φL and ∆φR denote the index phase changes experiences by the optical field in the left
and right arms. At positions d1 and d2 the field are passing the second MMI coupler and will

∆φL

∆φR

b1

b2

c1

c2

M M
a1

a2

d1

d2

(E0) (E1)
(E2)(2x2 MMI) (2x2 MMI)

Figure C.1: Signal flow diagram through a Mach-Zehnder interferometer using 2x2 MMIs.
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have the form[
d1
d2

]
= E0

2

[
1 j
j 1

][
e− j∆φL ·e−αL/2

j e− j∆φR ·e−αL/2

]
(C.5)

= E0e−αL/2

2

[
e− j∆φL −e− j∆φR

j e− j∆φL + j e− j∆φR

]
=

[
E1
E2

]
(C.6)

The optical power at the output port is the product of the field with its complex conjugate

P1 = E1E∗
1 = E 2

0

2
e−αL (

1− cos(∆φL −∆φR )
)

(C.7)

P2 = E2E∗
2 = E 2

0

2
e−αL (

1+ cos(∆φL −∆φR )
)

(C.8)

C.2 Modulator Characterization

Throughout the thesis, large-signal modulation experiments and bit-error-rate measurements
have been performed to characterize fabricated Mach-Zehnder modulator devices. The exper-
imental setup used for those measurements is shown in Fig. C.2.

The modulator under test is most of the times in form of a bare chip and was placed on
top of a copper carrier. The electrical interface was established through high-speed coplanar GSG
probes that connect to probing pads on the modulator device. The electrical test data is created in
a pulse pattern generator and amplified by an RF amplifier to reach the necessary drive voltages.
A bias-tee is used to supply the bias voltage to set the modulator working state to the quadrature
point of its transfer function. At the output of the modulator electrode a second GSG probe is
used to terminate the line with a DC block and 50 Ω.

The optical CW signal is provided by a tunable laser and a polarization controller (PC) is used
to optimize the electro-optic interaction for maximum efficiency. Lensed fiber tips are responsible
for fiber-chip coupling both at the input and output side. An erbium-doped fiber amplifier (EDFA)
is utilized to increase the optical power before entering the receiver. A tunable bandpass filter
(BPF) reduces any amplified spontaneous emission noise, generated by the EDFA, and a variable
optical attenuator (VOA) is used to set the input optical power to the receiver. The photodetected
signal is directly fed to a bit-error-rate tester.

For eye-diagram measurements, a 40 GHz sampling oscilloscope can be connected directly
after the VOA and the input optical power is set to 0 dBm.

MZM under test

bias-tee

Vbias

Agilent tunable laser

PC

PRBS

PPG

DATA 50Ω

DC block

EDFA

OBPF

PPG: pulse pattern generator
BERT: bit error rate tester
PRBS: pseudo-random bit sequence

EDFA: erbium-doped �ber ampli�er
OBPF: optical bandpass �lter
VOA: variable optical attenuator

BERTVOA

RF driver

(0.1 nm)

0 dBm
for eye-diagram

lensed 
�ber

lensed 
�ber

PIC

GSG probes

Anritsu 10 Gb/s PPG
SHF 56 Gb/s PPG

SHF 35 GHz ampli�er
SHF 12.5 GHz ampli�er

Picosecond labs 10 GHz
SHF 67 GHz

Cascade ACP-40

Oscilloscope

6 dBm

Figure C.2: Experimental setup used in this thesis for modulator characterization.
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