
 Eindhoven University of Technology

MASTER

Design and simulation of an 18-bit CMOS DA Converter

Veenstra, Hugo

Award date:
1991

Link to publication

Disclaimer
This document contains a student thesis (bachelor's or master's), as authored by a student at Eindhoven University of Technology. Student
theses are made available in the TU/e repository upon obtaining the required degree. The grade received is not published on the document
as presented in the repository. The required complexity or quality of research of student theses may vary by program, and the required
minimum study period may vary in duration.

General rights
Copyright and moral rights for the publications made accessible in the public portal are retained by the authors and/or other copyright owners
and it is a condition of accessing publications that users recognise and abide by the legal requirements associated with these rights.

            • Users may download and print one copy of any publication from the public portal for the purpose of private study or research.
            • You may not further distribute the material or use it for any profit-making activity or commercial gain

https://research.tue.nl/en/studentTheses/03362b2d-5f73-4c59-bc0d-5893b5202437


Coach
Period of work

Eindhoven University of Technology
Department of Electrical Engineering

Digital systems EB

GRADUATION REPORT

Hugo Veenstra

Design and simulation of an IS-bit
CMOS DA Converter

Prof. dr. ir. Rudy J. van de Plassche
April 15 - December 12, 1991

© N. V. Philips' Gloeilampenfabrieken 1991
All rights are reserved. Reproduction in whole or in part is

prohibited without the wl'itten consent of the copyright owner.



Abstract

The introduction of digital home audio systems, such as the Compact Disc, has greatly
stimulated the development of high accuracy Analog to Digital and Digital to Analog
Converters. Many techniques have been invented during the last few years to improve
the DA conversion accuracy. As an example, the dynamic element matching technique
[7J, invented by van de Plassche, is still used in Philips 14 and 16 bit DAC's. The main
idea behind this technique is to use time averaging to cancel errors that arise in current
division. However, there are some drawbacks to this technique:

• A high supply voltage is needed, due to the cascading of current dividers;

• The time averaging technique requires external capacitors.

To overcome the supply voltage problem, van de Plassche presented already in 1986 a
system setup for a low voltage, high accuracy DAC in a patent [1J. This patent de
scribes some general ideas for a DAC, achieving high accuracy by current calibration.
It is only developed up to a block diagram, no implementation is given. The subject
of this thesis is to develop the analog part of a DAC using the ideas from [1J with high
accuracy, low voltage operation and without external components.

The main analog part to achieve high accuracy is a precision current mirror, which
must divide an input current by 2 with a relative error below 10-6 • For this circuit,
existing current mirrors do not fulfill this demand. Combining the dynamic element
matching technique with the geometric averaging technique gives the solution for a
precision current mirror with the desired accuracy. Using a high switching frequency
for the dynamic element matching, the time averaging capacitor can be integrated on
chip.

Other analog parts are analyzed, such as a low noise current to voltage converter,
implemented as a folded cascode opamp, a sensitive error current detector, an inher
ently monotonic resistive voltage divider and a reference voltage source.

As a result, all the important analog parts of an 18 bit CMOS DAC are described at
MOS transistor level, including some important simulation results. However, no start
has yet been made with the layout of this DAC.
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Chapter 1

Introduction

This report reflects the work, executed at the PHILIPS Research Laboratories during
the period of April 1991 - December 1991. At the group Brandsma of this laboratory,
research and engineering is carried out for the design of future radio and data transmis
sion systems. These systems are mostly based on digital data transfers, and therefore
AD- and DA Converters are of great importance.

Up till now, the range of the PHILIPS DA Converters is limited to 16 bits. As a
scientific project, the goal is to extend this range up to 18 bits, at a converter speed of
200 kHz. In [1], van de Plassche presents some new ideas for the calibration of a DAC,
in order to enhance its accuracy. This patent forms the basis for this project. Starting
from here, a complete 18 bit DAC is designed in a standard CMOS process.

To reach the demands for 18 bits accuracy, a structured analysis of the basic parts
of the converter is presented, existing of successively:

• The general system setup;

• Implementation and calibration of the bit currents;

• The different operational amplifiers used;

• Switching of the bit currents;

• A newly designed voltage reference source.

The converter design is based on the Philips C200 process, but can be implemented in
any Clvl0S process. Only schematic diagrams and simulation results are presented, no
layout has yet been designed for the DAC.

..,



Chapter 2

Basic DAC system setup

The DAC is based on the ideas presented by van de Plassche in [1]. Paragraph 2.1
describes the demands for the DAC.

Already in an early stage, the used technology has to be chosen, because this greatly
influences the architecture of the DAC. Paragraph 2.2 declares the chosen technology.
A global system overview is given in paragraph 2.3. The calibration procedure is
explained in paragraph 2.4. At last, the errors of the bit currents after calibration are
discussed.

2.1 Demands made for the DAC

There are several demands which the DAC has to fulfill, given in order of importance:

• High resolution: up to 18 bit;

• Medium speed: up to 200 kHz., in this way 4-fold oversampling in digital audio
applications is possible;

• Low supply voltage operation: Vdd ~ 5 V;

• No external components;

• Low power consumption;

• Small die size.

2.2 Choosing a technology

To reach the demands of low-power, low-voltage operation, the choice of a CMOS
process is obvious. The main drawback of the CMOS technology in DAC applications
is the offset voltage, inherently present between two similar transistors. Precautions
have to be taken, by using setups non-sensitive for this offset voltage.
The design is based on the Philips C200 process, which has as main device parameters:

• Wmin = 1.25 pm;

• L min = 1 pm;
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Figure 2.1: Total DAC block diagram

• I-lnCox = 73. 10-6 AIV2
;

• I-lpCox = 27. 10-6 AIV2
;

• n-well technology;

• VT,NMOS = 0.8 V;

• VT,PMOS = 1.1 V;

• threshold voltage modulation due to the body effect 0.3 V IV.

The n-well technology makes that the bulk of the PMOS transistors can be connected
anywhere, while the bulk of the NMOS transistors will always be connected to ground.

2.3 Global system overview

The DAC can be divided into parts, each with a specific function. This gives the setup
from figure 2.1.
The DAC contains some standard parts, which are present in practically all converters:

• Bit current sources, with binary scaled output currents, for bit 1-18. Here, bit 1
is the Most Significant Bit (MSB).

• Bitswitches, which connect the output current of the bit current sources to the
I IV converters. These switches are directly controlled by the digital input code.

• I IV Converters, which convert the converter output current into the output volt
ages Vo and Vo .
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• To obtain precise currents, the current sources are biased with reference voltages.

To reach 18 bit accuracy, the output currents of the bit 2-8 current .sources are cali
brated. Also, the tail current of bit 9-18, the so called tail current, is calibrated.
To calibrate the bit current sources, precision current mirrors are used. The MSB
current acts as a reference current, it is used as input current for a precision current
mirror. This mirror divides the input current by two with very high precision, the rel
ative output current error is below 10-6 • This way, a high precision reference current
is generated for the bit-2 current source. The actual value of the bit-2 current source
is compared with this reference current, and if necessary the bit-2 current is adjusted.
Once the bit-2 current is calibrated, this current can act as input current for the high
precision current mirror, in order to calibrate the bit-3 current. The same procedure
as for the bit-2 current is now repeated.

The sum of the passive divider bit currents is:

18

2:: in = i 8 - i 18
n=9

The tail current is calibrated to the bit-8 current. To make the calibration correct, an
extra bit-18 current is needed. The tail current is then equal to the bit-8 current.
The 18 bit currents are obtained in the following way:

• Bit 1, the MSB, is obtained using reference voltages, and therefore has a high
stability. This current is designed to have minimal sensitivity for voltage and
temperature variations, and is used as a reference current.

• Bit 2-8 are adjusted to
. 1.
Zn = '2 .Zn-1, n = 2..8

using precision 1:2 current mirrors and the calibration circuitry.

• Bit 9-18 are obtained using a passive divider. The sum of these bit currents plus
a dummy bit-18 current, also called 'tail current', is adjusted to the bit-8 current
using a precision 1:1 current mirror.

The use of two I/V converters, leading to a differential output, has several advantages:

• doubled output voltage swing;

• reduction in noise contribution of the output opamp by 3 dB.

The MSB-current is set to be 500 J.LA, which results in a LSB-current of 2-17 .500 J.LA =
3.81 nA. All bits 2-8 and the tail current are calibrated with a 1 nA resolution so,
with approximately 1/4 LSB accuracy.

2.4 The calibration procedure
r\.l-y

To achieve a fast calibration cycle, five current mirrors are used in stead of one. Each
of these mirrors is designed optimally for its input current and desired accuracy.
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Figure 2.2: The calibration procedure

Using five current mirrors A-E, calibration of the total DAC can take place in two
states. Table 2.1 explains the actions taken in each state.

There are two types of current mirrors used:

• mirrors A-D are 1:2 mirrors; they divide the input current by 2;

• mirror E is a 1:1 mirror.

One calibration cycle exists of two states, 0 and 1. During state 0 and state 1, the bit 2
to bit 8 and tail currents are calibrated using the algorithm explained below, illustrated
in figure 2.2.

The bit current In can be adjusted using coarse and/or fine current steps. The coarse
step value is smaller then the sum of all the fine steps.

Distinction has to be made between the first calibration cycle and the next calibra
tion cycles. During state 0 of the first calibration cycle, the following steps are taken
for each current mirror:

• set i fine to ifine,max;

• set icoarlle to icoarlle,min;

• while In < 1m do step-increase icoarlle;

• while not ready do step-decrease ifine;

• if all mirrors are ready, change state 0 -+ 1.

So, after state 0 of this first calibration cycle, the error of 12 is divided uniformly within
one step value of ifine or ±1/4 LSB: 12 is calibrated. Whether the calibration is ready
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Figure 2.3: Flowchart of the calibration cycle

or not is detected by an error detection circuit, which has to detect error currents of
1/4 LSB or 1 nA.
From now on, steps are taken as shown in the flowchart of figure 2.3.

As can be seen in the flowchart, the state only swaps between 0 and 1 when all
bits are calibrated. If no calibration is necessary, the 'calibration ready'-signal will
immediately be active. In this way, the ripple on the bit currents, due to the discrete
adjustment of the bit currents, is limited to a minimum.

The five current mirrors all perform this calibration algorithm simultaneous. When
all calibrations are ready, alternation can take place between state 0 and state 1. Thus,
the bits which serve as reference currents in state 0 are calibrated in state 1 and vice
versa.

After power on, it takes some time before all the bits are calibrated to the right
reference. For example, to calibrate bit 8, bit 7 must already be calibrated, because
this bit is used as reference. As can be seen in table 2.2, after 4 calibration cycles the
DAC is completely calibrated.
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The conditions necessary to let this algorithm find a solution are:

• the situation 1m = In falls within the range of In;
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• the range of the fine current is greater then the step value of the coarse current.

In the next chapters, the analog circuits making the execution of this algorithm
possible are described.

2.5 Errors of the bit currents

After calibration, the error of the bit 2 current is divided uniformly within plus and
minus one step-value of the fine adjust current, so the accuracy is ±1/4 LSB. Because
the bit 2 current is used as reference for calibration of the bit 3 current, errors add.
For each next bit calibrated, an extra error is introduced. This continues 8 times, up
to the tail current. A precise evaluation of the error in each bit follows next.

Given the MSB current IMsB = I. After calibration, for the bit 2 current holds:

I
h = 2 + h(x) (2.1 )

Here, h(x) represents the error, divided uniformly within ±1/4 LSB. Because already
calibrated bits are used as reference for next bits, the following relations exist:

!J
I h(x)

(2.2)= 22 + -2- + !J(x)

14
I h(x) !J(x) f ( ) (2.3)= 23 +~+-2-+ 4 x

(2.4)

Is
I t fk(X) (2.5)- 27 + 2S- k

k=2

(2.6)

All the error functions fk(X), k = 2···8, are divided uniformly within ±1/4 LSB. In
worst case, the error in bit 8 now simply becomes:

(2.7)

So, in worst case, bits 2 - 8 all have an error smaller then 1/2 LSB.
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The tail current is calibrated to the bit 8 current using a 1 : 1 current mirror.
Therefore, the error of the tail current is the sum of the bit 8 error and a new uniformly
divided error ftai/(X), also uniformly divided within ±1/4 LSB: .

(2.8)

So, the error in the tail current is in worst case 3/4 LSB. Bit 9 is made of half the tail
current, so the error can again be kept within 1/2 LSB. In this way, the converter is
monotonic.

In practice, there are also errors in the division factor '2'. This error is relatively
seen the most important at the first division. The error in bit 2, due to the calibration
algorithm is 1/4 LSB. To assure monotonicity, the total error in bit 2 must remain less
then 1/2 LSB, so the maximum allowed error due to the division is 1/4 LSB. The bit
current from bit 2 is 217 LSB, so the division factor of the 1 : 2 current mirror A must
be accurate within 1/219 == 2 . 10-6 .

The error in the division factor of current mirror B may be 22 times as big to cause the
same absolute error on the bit 4 current, mirror C may have a 24 times as big error,
mirror D 26 times and mirror E 27 times.
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~ state 0 state 1

15

llllrror lin iotJt iin iotJt

A bit 1 bit 2 bit 2 bit 3
B bit 3 bit 4 bit 4 bit 5
C bit 5 bit 6 bit 6 bit 7
D bit 7 bit 8 - -
E - - bit 8 tail

Table 2.1: Use of the current mirrors

I after cal. cycle I
1 state 0
1 state 1
2 state 0
2 state 1
3 state 0
3 state 1
4 state 0
~ 4 state 1

bits calibrated I
2

2,3
2,3,4

2,3,4,5
2,3,4,5,6

2,3,4,5,6,7
2,3,4,5,6,7,8

2,3,4,5,6,7,8,tail

Table 2.2: Calibrated bits after power on



Chapter 3

Structure of the bit currents

The main formulas, important in MOS technology design, are summarized in paragraph
3.1. Next, different architectures for current sources are discussed. The cascoding
technique, to enhance the output impedance of the current source, is explained in
paragraph 3.3. The temperature dependence of the current source is discussed. At
last, the structure of the current sources for bit 1-18 is given.

3.1 MOS generalities

For the MOS transistor, there are three main regions of operation. The current-voltage
behaviour for all these regions are summarized in formula 3.1, supposing an-channel
MOST.

(3.1)

The + indicates that the term within the brackets only contributes to the formula when
it's value is positive.
The different regions for the MOST are:

• Saturation region: (Vgs - VT ) > 0;

• Cutoff region

• Linear region

(Vgs - VT ) < 0;

(Vgs - VT ) > 0;

(vgd - VT) < 0;

(vgd - VT ) > 0;

(Vgd - VT) < 0 ;.

Thus, in the cutoff region, the current is always O. This situation is used as offcondition
when the MOST is used as a switch.
A correction to formula 3.1 must be made in the saturation region, to indicate the
channel length modulation:

Id = ~(vgs - VT)2(1 + 'xVds) (3.2)

1"'\4-
The factor ,X IS approximately 0.01 for a NMOST with L = 5 f.lm, 0.02 for a PMOST
with L = 5 f.lm and approximately the relation ,X "'" i is valid.
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Figure 3.1: MOS small signal equivalent

For small negative values of VgT , approximately -0.5 < VgT < 0.1 V the MOST
comes in the subthreshold region. In this region, which is not included in formula 3.1,
the drain current becomes

qVgT
Id "-' exp(--)

kT
(3.3)

(3.4)

The threshold voltage VT is a function of the bulk voltage Vb. If the bulk voltage
increases with ~Vb, the VT changes approximately 0.3 . ~Vb.

The small signal equivalent of the MOST is given in figure 3.1. Here, parasitic
capacities are not yet included.

The transconductance 9m in the saturation region can be derived from equation
3.2:

8~ MOT
9m = 8~s = ;3(Vgs - VT) = V 2;3Id

Here, the channel length modulation is neglected. The gain conductance 9d comes from
the same equation:

8Id )..Id
9d = -- =

8Vds 1+ )..Vds

When 11:, is constant, the transconductance in the subthreshold region becomes:

Literature [2] gives a complete overview of general MOS theory.

3.2 Different architectures

(3.5)

(3.6)

In figure 3.2, three different architectures for constant current sources are shown, which
will be discussed successively.

In all three cases, the transistors are assumed to be in the saturation region and
the drain voltage Vdn is assumed to be constant. For each situation, the sensitivity of
Id for variations in Vg will be derived.
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Case A:
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Vdn Vdn Vdn

Vg --1 Vg --1 Vg --1 Tl

Van

R R

Vgp --1 T2

- -
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Figure 3.2: Three basic current sources

Case B:

Id 5~t ~(Vg - VT - IdR )2

vffcJ = f%(Vg - VT - IdR)

[2i;
Vg = V~ + VT + IdR

8Vg 1
8Id = v'2lJId + R

8Id v!21Jld gm
8ll;, = 1+ R.j2f3Id = 1+ gmR

(3.7)

(3.8)

(3.9)

(3.10)

(3.11)

(3.12)

(3.13)

Comparing formulas 3.8 and 3.13, it is clear that for each R > 0, the sensitivity in case
B is smaller then in case A. Also, the sensitivity decreases for increasing R.
In the DAC, it is necessary to implement a calibration algorithm. This implies that the
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current must be available as input for a monitoring circuit. Besides, the goal is to be
able to use the DAC without interruption for a calibration procedure. A setup which
makes these demands realisable is to add an extra PMOST, as shown"in case C. Here,
the voltage ~p is assumed to be constant.

Case C:

sat f3n(V; v: TT)2Id = 2" 9 - sn - YTn

sat f3p(V; v: TT)2Id = 2 - gp + sp - YTp

~n = Vsp + IdR

From these three equations, again the sensitivity can be derived.
result:

fJId J2f3nf3pId

6~ = ~+ VlJ; + RJ2/3n{3pId

(3.14)

(3.15)

(3.16)

This gives the next

(3.17)

(3.18)

For the situation f3p -+ 00, the situation of case B returns; for smaller f3p the sensitivity
is smaller compared to case B.

3.3 The cascading technique

To reach 18 bit accuracy for the total DAC, the accuracy of the MSB current must be
in the order of 10-6 . To give sufficient freedom in the design of the calibration circuit,
the current source will be designed to have an allowable variation in Vd of 1 V. This
gives a desired output impedance rd = 1/9d ~ 106 O.

The output current of the current source is influenced by the drain voltage Vd, by
way of the channel length modulation (see formula 3.2). The output conductance of a
MOST can be derived using this formula:

(
fJId ) 0 A 0 0

gd = 6Vds = 1 + Alids Id ~ AId

With A = 0.02 and the MSB current I~ = 500 #-lA, the output impedance of a PMOST
with length L = 5 #-lm becomes 20 kO.
A long MOST would be necessary to obtain the desired output impedance. This is not
allowed, and a method to overcome this problem is to enhance the output impedance
by using a cascoded PMOST, as shown in figure 3.3.

The output impedance of the current source of figure 3.3 can be derived using the
small signal schematic of figure 3.4.

Attention must be paid to the fact that the NMOS transistor T1 is situated under
in the small signal schematic. Again it is assumed that the drain of T1 is connected to
a constant voltage Vdn. Therefore this drain is connectC'd to ground in the small signal
equivalent schematic diagram. Only variations in the drain voltage of the PMOST are
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Vdn

Vg -1 Tl

Vsn
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Figure 3.3: Cascaded current source
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Figure 3.4: Small signal equivalent for the cascaded current source
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Figure 3.5: Generalized small signal equivalent

considered.

To calculate the output impedance, an imaginary voltage source is connected to the
output. Now V / I gives the desired output impedances Zo2 and Zo3' This value can be
calculated, using the following strategy:

• calculate the output impedance Zol at the source of T1;

• add R;

• calculate Zo2, the output impedance of the non-cascoded current source;

• now also the output impedance Zo3 of the cascoded current source can be calcu
lated.

The controlled current source 9mVgs of T1 can directly be transformed into an
impedance 1/9m because the control voltage vgs is the voltage across the source itself.
This gives as result:

1
Zol = (3.19)

9m +9d

From fornmla 3.19 comes the general conclusion that the input impedance at the source
of a MOST is low.

To calculate Zo2, the simplified diagram of figure 3.5 is used.
From figure 3.5 follows:

I
Vs =

9s

I = (V - V,)9d - 9m I
9s

Combining these formulas gives:

Zo = V = 9d + 9m + 9s
I 9d9s

Note that this result is generaly valid:

(3.20)

(3.21)

(3.22)
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• to calculate the output impedance of the current source of figure 3.2.b, substitute
1/9s = R;

• to calculate the output impedance Zo2 of the current source of figure 3.4, without
cascode, substitute 1/9s = R + Zol;

• to calculate the output impedance Zo3 of the current source of figure 3.4, with
cascode, substitute 1/9s = Zo2;

• to calculate the output impedance Zo4 at the drain of the NMOST of the current
source of figure 3.4, with cascode, substitute:

1 1 1
-=R+ +--
9s 9m + 9d 9m + 9d
~~

PMOST2 CascodeT3

A drawback of the cascoding technique is the extra VgT' required to let the cascoded
MOST work in saturation. This results in a higher minimal supply voltage to let the
current source work properly.

3.4 Temperature dependence of the bit currents

III the current formula 3.1, the temperature dependence has two sources:

• the threshold voltage VT;

• the electron mobility J.Ln.

For the threshold voltage holds:

(3.23)

with

with

with

and

so that

ni = JNcNvcxp ( ;:; )

(3.24)

(3.25)

(3.26)

(3.27)

(3.28)
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Also, from [3), for the bandgap Eg in silicon holds

E
= 17 _ 4.73 .1O-4T 2

9 1. T + 636
(3.29)

Combining these formulas gives:

(3.30)

From equation 3.29 it is clear that with increasing temperature Eg decreases. From
equation 3.30, the first part increases linearly with the temperature while the second
part decreases via the minus-sign with canst· T 'In(T3/2), so fa.,c;ter then the first part
Increases.

(3.31)

The Hatband voltage VFB has as temperature dependent part <PMS. In [6] is ex
plained that the temperature dependence of this part depends on the type of dope of
the gate:

• If the. gate has the same type of dope as that of the substrate, the relation

8<PMS <PMS
8'i'=T

is valid;

• If the gate has an opposite dope as that of the substrate, the temperature depen
dence is the same as that of a pn-diode. This will be analyzed in chapter 6, here
only the result is given:

..I.. !b.
8<PMS 3k 'f'MS - q
-8-T- = - q + ----::T=--l.- (3.32)

For a silicon pn-diode at T = 293 K, the temperature coefficient becomes
-1.8 mVjK.

As a result, the threshold voltage has a negative temperature coefficient. This means
that the 'beginning point' of the Id - Vgs-curve decreases with raising temperature.

From [3], the temperature dependence of J.l consists of two parts:

• lattice scattering J.l1 I"V T-3/2;

• impurity scattering J.li I"V T3/2.

(3.33)

The following relation holds:
1 1 1
-=-+
J.l J.lI J.l i

In a semiconductor with few impurities, the mobility shall be limited by the lattice
scattering, so J.l1 shall dominate and J.l I"V T-3/2. Thus, J.l has a negative temperature
coefficient. Therefore, the slope of the I d - ~s-curve decreases with raising temperature.
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Figure 3.6: Temperature dependence of a MOST

Combining the two temperature effects results in Id - Vgs-curves with a point of in
terception. A simulated example of the temperature dependence of a NMOS transistor
is given in figure 3.6.

As can be seen, the MOST can have a positive or a negative temperature coefficient,
dependent on the bias voltages. In between these two regions, there is a point where
the MOST operates temperature-independent. This phenomenon is used for realizing
the bit currents, resulting in current sources almost independent of the temperature.

Besides, the temperature independent point appears at the same Vgs for differ
ent W / L ratio's. This can be explained using the MOST current equation 3.1 in the
saturation region. Temperature dependence exists only in I-ln and VT, so at different
temperatures T1 and T2 holds:

W 2
T1 : II = I-ln,Tl Coz 2L (Vgs - VT,TJ (3.34)

W 2
T2 : 12 = I-ln,T2Coz 2L (Vgs - VT,T2) (3.35)

The temperature independent point is allocated at the interception point, so at h = 12 ,

this gives:
(3.36)

Formula 3.36 is independent of Wand L. From this formula the voltage Vgs at which
the MOST is biased temperature independent can be solved. The result is formula
3.38, independent of the transistor sizes, and also independent of the absolute value of
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the electron mobility /-In.
v JPn,Tl V

T,T2 - IJn,T2 T,T1

~8 = ------'---;::;=::====--
1 - JlJn,TJ

IJn,T2

Substituting /-In '" T-3/2 gives as final solution:

(
T ) -3/4

VT,T2 - ~ VT,TI
~8 = ---....o(-T"-'--)---=3-;-/4:---

1- ~

25

(3.37)

(3.38)

As an example, the temperature independent point from figure 3.6 can be verified.
The MOSCA program is used to calculate the threshold voltages at T1 = 293 K and
T2 =353 K, with as result VT,TJ =0.828 V and VT ,T2 = 0.766 V. With formula 3.38,
the temperature independent point becomes 1.24 V.

3.5 Implementation of the bit currents

As shown in the block diagram of figure 2.1, the bit currents can be divided into three
parts:

• The MSB current, acting as reference current.

• Bit currents 2-8, which are adjustable.

• Bit currents 9-18, formed in a passive divider.

The passive divider consists of an array of equal transistors, all with equal ~s as shown
in figure 3.7. Only bit 18,17, 9 and the dump current are shown. Note that nm3 has a
512 times larger size then nm4. The structure of a current source with cascode can be
recognized. The LSB current, bit 18, is formed by a single transistor current. To form
the bit currents of bit 17 to 9, for each next bit the number of transistors connected in
parallel is doubled. Together with a LSB dump current, in total B = 1024 transistors
are needed.
The passive divider is implemented as 10 bits. The choice of 10 bits is based upon
literature [4], where a detailed analysis of the passive divider accuracy is presented.

The main result of [4] is formula 3.39 giving the variance of h, the sum of b drain
currents. The average current flowing in each transistor is I mean •

u(h) = -.LU(VT)V (B - b)b
Imean kT B

(3.39)

According to [5], the variance U(VT) in VT of a single transistor can be approximated by:

(
TT ) _ 16mV

u VT - VWL (3.40)

For the MSB, an accuracy within ±0.5 LSB is desired. To have a yield of at least
68% a variance of U(IB) = 0.5hsB is allowed, assuming a normal distribution. With
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From current mirror E

Figure 3.7: Implementation of the passive divider

B = 1024, b = 512, q/kT = 40 V-I and Imean = hSB follows from 3.39 that
a(VT ) ~ 0.8 mV. This can be achieved with WL ~ 400. Square transistors with
W = L = 20 J.lm satisfy this demand. This result also explains the 10 bit limitation
of the passive divider; with higher accuracy the allowed variance of the bit currents
decreases.

The bit currents for the remaining bits n = 1 to 8 are formed using 256/2n
-

1 cas
coded current sources in parallel. Thus in total 511 equal cascoded current sources
are used, all with equal bias voltages. The MSB current source is shown in figure 3.8.
Temperature independent biasing is applied for the transistors. The single transistor
current is 500/256 J.lA. Reference voltages va, vb and vc are chosen so that all tran
sistors operate in the saturation region and within 5 volt supply voltage, as shown
in figure 3.8. This leaves a voltage across the current source resistor of 0.3 V, so
Rn = 2n

-
1 ·600 n, so RI = 600 n. With the aid of a simulation program, the

temperature independent bias point is fixed at the desired current and voltage.

The output impedance from the current source can be calculated using formula
3.22. The parameter values for this formula are calculated with the MOSCA program,
and are summarized in table 3.1.

For the MSB, 256 equal transistors are placed in parallel, so the conductances gm

and gd must be multiplied by this value to calculate the MSB current source output
impedance.
With R = 600 n, the results for the MSB current source are:
Impedance at source(NMOS):

1
Zol = = 201 n

gm +9d
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+ec 2
vnTvc)

Figure 3.8: Implementation of the MSB current

9m 9d VT Vqt
NMOS 19 ·10 -(j 8.10 -9 1.49 0.20
PMOS 7.10-6 15.10-9 1.17 0.54

Cascode 18.10-6 54.10-9 1.33 0.22

Table 3.1: Main parameters of the current source transistors
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Output impedance without cascode:

Zo2 = gd + gm + gs = 625 kn
gdgs

With cascode, the output impedance becomes

Zo3 = gd + gm + gs = 206 Mn
gdgs

The output impedance at the drain of the NMOST is

Zo4 = gd + gm + gs
gdgs

With

1 1 1
- = R + + = 1.15 kn
gs gm + gd gm + gd

"-v----' "-v----'
PMOST2 CascodeTJ

follows Zo4 = 3.1 Mn. For bit n, n = 1···8, the impedances must be multiplied by n.

'With a cascode, the results satisfy the demand Zo ~ 1 Mn at both drains. All
transistors are designed to be in saturation. The output voltage of the current sources
is fixed at 3.2 V by the I IV converter. This converter has a transfer impedance of
1 kn, giving at both converter outputs voltages of 3.2···4.2 V.



Chapter 4

Adjusting the bit currents

The Most Significant Bit, bit 1, is used as reference current. The currents of bit 2 - 8
are calibrated to reach the desired accuracy. The range of calibration is limited. The
needed range, in order to assure that the desired current lies within the range of the
current source, is derived in paragraph 4.1. Paragraph 4.2 explains the alterations to
the current sources necessary to make current adjustment possible.
Current adjustment takes place in steps. For that purpose, discrete voltages are derived
from a reference source by a resistive ladder network.

4.1 Derivation of the required calibration range

The bit current sources for bits 1 to 8 consist of equal current sources placed in parallel.
The basic structure for a single current source has been given in paragraph 3.5, and is
repeated in figure 4.1. To form bit n, n = 1···8, the basic idea is to place 512/2n of
these sources in parallel. In order to calculate the variance of each of these bit currents,
the following procedure is followed:

• The variance of a single bit current is determined;

• All the current sources are assumed to be mutually independent. Thus, the
variance of the bit currents can be calculated as a sum of variances of single
current sources.

To calculate the variance of a single bit current, first a formula is derived giving the
output current as a function of the transistor parameters f3n, f3p, VTn, VTp and the bias
voltages Vgn and Vgp .

For the circuit of figure 4.1, the following equations hold:

1= ~n (Vgn - Vsn - VTn)2

v;,n = Vsp + IR

I = ~ (- Vgp + v;,p - VTp?

(4.1 )

(4.2)

(4.3)
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vsn

vep

HU-13.5, LU-4,MULT-l

Figure 4.1: Basic structure of the current source

From these three equations, the current I can be solved. The result is:

I ~ 4~2 HIf.+fff)-
4~2 HIf. +mr-(-If.-(3-2

n

-+-m-:-p----,2=-+-4R-(-V-gn---V-T-n---V-g-p---V-
TP

---") +

1
4R2 (4R(Vgn - VTn - ~p - VTp )) (4.4)

The numerical values for the parameters of formula 4.4 are:

W A
(3n - j.lnCoxy = 88. 10-6

V2
W A

(3p j.lpCoxy = 16. 10-6
V2

R - 153.6 kO

~n = 4.24 V

~p - 0.54 V

VTn - 1.49 V

VTp = 1.17 V

Substituting these values in formula 4.4 gives for the single current source current
I = 2.08 j.lA, simulation shows a value of I = 1.95 j.lA.
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The variance in the current is determined with the next equation:

31

6I 6I 6I 6I 6I
~1 = oR~R + OVTn ~VTn + OVTp ~VTp + o{3n ~{3n + o{3p ~{3p (4.5)

The differentials can be derived from equation 4.4. Before calculating these differen
tials, some new variables are introduced to simplify the expressions:

and

Now the differentials are:

B=(f"2+ m
V~ V7J;j

(4.6)

(4.7)

(4.8)

(4.9)

6I _ - 21 V, (1 _ B )
oR - R + R2 ../B2 + 4RV,

~ _-1 (1- B )
c5VTn - R ../B2 + 4RV.,

O~p = -;; (1 - "/B2:4R~) (4.10)

O~n = 4R;{3nIf (-2B + ../B2 + 4RV, + ../B2~24RV,) (4.11)

The next step is to determine the variances of the resistance and the transistor pa
rameters. The variances of the transistor parameters are part of the output of the
MOSCA program. The results of this program for the current source transistors are
given in appendix A. The standard deviation of VT can be found as sd(Vt), and of
{3 as sd(Beta). The absolute tolerance of the resistor value is assumed to be 20 %.
However, the matching between two similar resistors is much better. Up to 1 % match
ing accuracy is possible, for the calculations a 2 % tolerance is assumed. This gives
01 = (0.02R?

From formula 4.5 follows, assuming all the error sources mutually independent:

2 2 ()2 2 ()22 6I 2 6I 2 6I 2 6I 2 6I 2
0/ = (OR) OR + (OVTn ) °VTn + oVTp °VTp + (O{3n) °f3n + o{3p ° f3p (4.12)

Now the variance 0; can easily be calculated, substituting the numerical values. This
gives as result for the single current source:

0/ = 17 nA

The LSB current equals approximately 4 nA, so it is clear that calibration of the bit
2 to 8 current sources is necessary to reach the desired 18 bit accuracy. The MSB is
build up of 256 equal current sources switched in parallel, bit-2 consists of 128 current
sources in parallel. Thus the variances of these bits are:

O/MSB = 0.27 JiA
0h'll = 0.19 JiA
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Figure 4.2: Implementation of the bit 2 current

+e 6
2:-5

When the calibration range is chosen ±IJlA, the bit-2 current can be adjusted to half
the MSB current with very high probability.

4.2 Modifications to the current sources

Without calibration, the accuracy of the bit 2-8 current sources is less then the desired
18 bit range, as shown in the previous paragraph. To make adjustments of the bit
currents possible, a slight alteration in the current sources for bit 2 to 8 is made. In
stead of connecting all transistors in parallel, some transistors are connected to an
adjustable voltage. For bit-2, this is shown in figure 4.2.

The MSB current is generated with 256 equal current sources connected in parallel.
The basic idea for the bit-2 current source is to build it up of 128 equal current sources
in parallel. To make calibration possible, the PMOS transistors are subdivided into
three parts:

• 124 equal transistors connected in parallel, biased with a fixed voltage vgp =
0.54 V;

• 4 equal transistors biased with a variable voltage vgc, to make coarse calibration
of the bit current possible;

• 1 extra transistor, with small W / L ratio, biased with a variable voltage vgf, to
make fine calibration of the bit current possible.

The 4 separated PMOS transistors generate a coarse calibration current confirm figure
4.3. The extra transistor with small W / L ratio generates a fine adjust current. The
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Figure 4.3: Coarse adjustment of the bit 2 current

range of the fine current is indicated in figure 4.4.

The adjustment curves are generated using continuous adjust voltages vgc and vgf.
In the final implementation, the adjust voltages are generated by internal digital to
analog converters, implemented as resistive dividers and MOST switches. The calibra
tion principle was explained in paragraph 2.2.

The figures are part of the quadratic Id = f(~s)-curves of the transistors. As can
be seen, the curves can be linearized. The range of the coarse calibration is 2 pA,
allowing a maximum deviation of the bit 2 current of ±I pA. By dividing the curves
in 100 equal spaced parts, the step values for the currents become:

• Coarse: 2 pA/IOO = 20 nA

• Fine: 80 nAIIOO = 0.8 nA

For bit 3, the coarse calibration is implemented using only 2 of the 64 PMOS tran
sistors for calibration. For bit 4-8 and the tail current, always one PMOS transistor is
used for calibration. The fine calibration circuit is equal for all the current sources.

4.3 The resistive divider

The variable voltages vgc and vg f come from a 10*IO step resistor ladder, also called R
DAC, controlled by the calibration algorithm. The reference voltage generator supplies
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Figure 4.4: Fine adjustment of the bit 2 current

besides the voltage vgp = 0.54 V also voltages vgp + 0.1 V and vgp - 0.1 V. This
gives a 0.2 V differential voltage, 0.44· . ·0.64 V, divided into 100 equal sized voltages
by the R-DAC.
First the range 0.44 ... 0.64 V is divided into ten equal step voltages with nine resistors
R connected in series. Subdivision is realized with another series connection of nine
equal resistors R. This second ladder can be switched in parallel to the first ladder, as
shown in figure 4.5.

The NMOS transistors are used as switches, and are digitally controlled. All the
resistors in figure 4.5 have the same value. A special switching technique is used to
ensure that the output voltage vgc of the R-DAC is monotonic by design. This can be
explained as follows:

• The second ladder is always switched in parallel to one of the resistors of the first
ladder, so the total impedance of the first ladder remains constant. Hence, the
current through the nine resistors of the first ladder not having the second ladder
in parallel remains constant. Also, the current through the resistors of the second
ladder remains constant, independent of the resistor at which the second ladder
is connected.

• The voltage across the resistor of the first ladder having the second ladder in
parallel lowers to A·200 = 18.2 mV. This results in an output step value of
about 2 m V; because the current through the resistors of the second ladder is
always;,~stant, the output step value is the same for all steps.

• When the fine ladder must step to a value, higher then the current highest value,
the second ladder must be connected in parallel to the next resistor of the first
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Activated gates vgc = 0.44+
ga,gb,gO 0
ga, gb, gl 2.02 mV
ga, gb, g2 4.04 mV
ga, gb, g3 6.06 mV
ga, gb, g4 8.08 mV
ga,gb,g5 10.10 mV
ga, gb, g6 12.12 mV
ga,gb,g7 14.14 mV
ga,gb, g8 16.16 mV
ga,gb,g9 18.18 mV
ge, gb, g9 20.20 mV
ge, gb, g8 22.22 mV

Table 4.1: Output voltages of the R-DAC

ladder. This is done by disconnecting only the lower side of the second ladder
and immediately connecting it to the upper side of the next resistor. Note that
now the direction at the output vge, in which the voltage increases, is reversed.

In this way, the range is divided into exactly 99 equal spaced steps of 0.2/99 = 2.02 mV,
with only 19 equal valued resistors and 20 MaS switching transistors. As an example,
the output voltages of the R-DAC for the lowest digital input codes are given in table
4.1.

The digital logic, controlling the switches from the R-DAC, must realize the de
scribed switching technique.
Because no buffering is implemented between the first and second resistive ladders, for
each current source to be calibrated, two of these R-DAC's are needed: one for coarse
current calibration and one for fine current calibration. Thus in total, 16 R-DAC's are
needed.
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Chapter 5

Operational amplifiers

In the DAC, the differential pair is an important building block. Two differential real
izations are possible: the n-channel and the p-channel version. These basic structures
are analyzed in paragraph 5.1.
For the I IV converter, a high performance amplifier is needed. Given the desired
performance of the total DAC, the demands for this output Opamp are derived in
paragraph 5.2.
In some cases, a second stage amplifier is necessary:

• When high gain is desired;

• When the Opamp must drive a load or sink a current.

In other cases, the differential pair drives the gate of a MOST, by which a 2-stage
amplifier configuration arises. Paragraph 5.3 describes the configuration of the second
stage.
The gain that can be realized with the standard two stage amplifier still does not satisfy
the needs for the I IV converter. A cascoding technique can be used to overcome this
problem, as explained in paragraph 5.4. To stabilize the frequency characteristic of
the Opamp, frequency compensation of two stage amplifiers is essential. Frequency
compensation techniques are described in paragraph 5.5.
The differential pair is applied in the detection circuit for calibration of the bit current
sources, as explained in paragraph 5.6.

5.1 The differential pair

The basis for the Opamp is the differential pair. The PMOST schematic diagram of this
differential pair is given in figure 5.1. A bias current i~ is generated with rs and pm6.
The small signal equivalent of the differential pair, without the bias circuit, is given in
figure 5.2. By supplying the gate voltage of pm6 to a MOST with equal dimensions,
pm5, this current is duplicated.
The bias current generateded with rs and pm6 equals:

.0 Vdd - ~a - ~g6
Zd =

r a

For the small signal schematic diagram, some simplifications are introduced:
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Figure 5.1: PMOST differential pair
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Figure 5.2: MOS small signal equivalent
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(5.7)

• The output impedance of the current source, equal to 1/9d5 of pm5, is assumed
to be infinite;

• The bulk effect of the MOS transistors pm1 and pm2 is neglected, though these
transistors have a bulk to source voltage different from zero.

Transistor nm3 can directly be transformed into an impedance gm3~gd3 because it's
drain and gate are interconnected. Transistors pm1 and pm2 are equal, just as nm3
and nm4. Using nodal point analyses, three equations can be formed, subsequently for
the nodes VX, vu and vs:

(9m3 + 9d3)VX + 9ml(VP - vs) +9dl(VX - Vs) = 0 (5.2)

9m1VX + 9d4VU + 9d2(VU - Vs) +9m2(vm - Vs) = 0 (5.3)

9ml(VP - Vs) + 9dl(VX - Vs) + 9m2(vm - Vs) + 9dl(VU - Vs) = 0 (5.4)

From these equations,with 9d2 = 9dl, 9m2 = 9ml, 9d4 = 9d3 and 9m4 = 9m3, solving vs
gIves:

VS=9m1 (vp+vm)+9dl(VX+VU) (5.5)
2(9ml + 9dI)

Now the gain can be calculated, giving as result:

A = vu = 9ml(29m3 + 9d3) ( )
vp - vm 9dl(gm3 - ~) + (29m3 + 29d3 +9dd(~ + 9d3) 5.6

This formula can be simplified supposing 9m » 9d:

A = 9ml
9dl + 9d3

With this simple formula, the next conclusions can be drawn:

• 'Vith 9m = 2/I"Coz ~i~ and 9d == .Ai~ follows A f"V § = ~. Thus the gain
I d AV ' d

lowers with increasing bias current.

• With 9m = V2J1nCoz ~ i~ follows that the gain can be enhanced by increasing the
TV/ L-ratio of the differential pair.

A NMOST differential pair has exactly the same small signal equivalent, and there
fore the same equation holds for it's gain. The choice between the NMOST and PMOST
differential pair is generally based on one of the following considerations:

• As can be seen in figure 5.1, this configuration works for output voltages as low
as VgT of the output transistor nm4, while the NMOST differential pair needs
at least the VgT of the current source plus the VgT of the differential pair. This
means that for output voltages near ~8' a PMOST differential pair must be used.
For similar reasons, a NMOST differential pair is used when output voltages near
Vdd arc expected.

• The differential pair is often loaded with the gate of a MOST. To ensure stable
operation, in these cases a frequency compensation is required. Compensation
techniques require certain configurations, prescribing the type of differential pair.
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MOST gm gd ~T (W, L) in J.lm
nm1,2 283.10 -6 204.10 -9 0.176 (100,5)
pm3,4 108.10-6 575.10-9 0.450 (50,5)
nm5,6 388.10-6 408.10-9 0.255 (100,5)

Table 5.1: Main parameters of the NMOS differential pair transistors

MOST gm gd VqT (W, L) in J.lm
pm1,2 133.10 -Ii 415.10 -II 0.274 (100,5)
nm3,4 165.10-6 147.10-9 0.217 (50,5)
pm5,6 185.10-6 835.10-9 0.386 (100,5)

Table 5.2: Main parameters of the PMOS differential pair transistors

• The 1/f-noise of a PMOST is substantially lower compared to a NMOST. There
fore, for low-noise applications, an amplifier using a PMOST input pair must be
used .

• A NMOST has a higher transconductance then a PMOST with the same di
mensions. Therefore, if none of the previous considerations are important, the
NMOST pair gives a higher gain.

For a NMOST differential pair, the gain can now easily be calculated. Transistor sizes
are summarized in table 5.1, together with results from the MOSCA program. The
bias current i~ is chosen 50 J.lA, thus a 25 J.lA bias current for each of the transistors
of the differential pair. A NMOS diode of dimensions (100,5) now has a voltage drop
of 1.05 V. Therefore, from formula 5.1 follows rs = 79 kO.
Substituting in formula 5.7 now gives for the gain A = 51 dB. Simulation results give
a gain of 50 dB.

In table 5.2, the dimensions of a frequently used PMOST differential pair are given.
The conductances are again calculated with the MOSCA program.
Substituting the values in formula 5.7 gives for the gain of the PMOST differential pair
A = 47 dB. Simulation results give a gain of 45 dB.

The output impedance Zol can be calculated by connecting an imaginary voltage
source V to the output and calculating V/ I. The result is:

Zol = 2gm3 + 2gd3 + gdl (58)
2gdlgm3 + 29d3(9dl + gd3 + gm3) .

Assuming gm ~ gd, this gives the result:

1
Ai-y Zol = (5.9)

gdl + gd3

Applying this formula to the NMOST differential pair gives Zo = 1.28 MO. For the
PMOST differential pair this results in Zo = 1.78 MO. It is clear that the differential
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pair may not be heavily loaded. The differential pair can be used to drive gates of other
MOS transistors.

5.2 Demands for the output Opamp

In most applications, a differential pair satisfies the demands. However, for the I IV
converter at the output of the DAC, a very high gain is needed in combination with low
noise. To determine the exact demands for the output Opamp, the following starting
points are used:

• The output voltage of the current sources must be fixed at 3.2 V j

• The Opamp must be used in a feedback configuration with a 1 ko' feedback
resistancej

• The input current lies between 0 < iDAC < 1 rnA.

• The output noise voltage over a 20 Hz··· 20 kHz bandwith must be below the
18 bit dynamic rangej

• The Opamp must operate without excessive overshoot. A phase margin of at
least 45° combined with an amplitude margin of at least 10 dB is desired.

• An 18 bit accuracy must be reached within 0.1 times the minimal bittime tb,min'

From the upper three demands follows that the Opamp must handle an input voltage of
3.2 V. Given the feedback resistance and the input current range, the output voltage
range is 3.2 ... 4.2 V.

Assuming a sine wave signal with a 1 V peak-to-peak amplitude, the normalized
signal power is i V 2 • The 18 bit dynamic range gives for a sine wave signal a signal to
noise ratio of SIN = 6 ·18+ 1.8 = 109.8 dB. If the Opamp has a SIN = 109.8 dB, the
overall SIN lowers with 3 dB. In order not to let the Opamp contribute more noise
compared to the ideal dynamic range of the converter, for the Opamp is demanded
SIN ~ 109.8 dB. Thus, the maximal allowed normalized noise power over the specified
bandwith equals 1.37 pV2.

The Opamp is assumed to have a first order frequency response, and therefore can
be represented as an ideal amplifier with an RC network. Defining RC = 7, the re
sponse of the amplifier to a step U(t) has now the exponentialform U(t)· (1- exp( -;.t )),
t ~ O. The time the amplifier needs to settle with an 18 bit accuracy is:

-t
exp(-) ~ 2- 18

7
(5.10)

Solving equation 5.10 gives a settling time of t ~ 12.57 for the desired accuracy. The
demand for the amplifier output to be settled within 0.1 . tb,min now gives 12.57 <
0.1 . tb min. With a maximal input frequency of 200 kHz, the minimal bittime is,
tb,min = 5 ps, thus 7 ~ 40 ns. The minimal unity gain bandwith UGBW equals
UCBW = 1/21r7 = 4.0 MHz.

The Oparnp is used at the output of the DAC, as shown in figure 5.3. For the
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Figure 5.3: The I IV converter

output voltage vu , the following relation holds:

Vu = V r - ~ + iDACRf = (vr + iDACRf) A~ 1 (5.11)

The voltage Vr is a reference voltage, independent of the input current i DAC' Comparing
this result to the ideal output voltage, given by Vu = V r + iDACRf' the finite gain A of
the amplifier introduces the error term 8:

(5.12)

The first part of formula 5.12, 81 = Vr A-}I' can be considered as an offset voltage to
the ideal output voltage, and is of little importance.
The second part of formula 5.12, 82 = iDACRf A-}I' can be modelled by introducing an

ideal Opamp with a feedback resistance Ri, Ri = R f A~I' If the gain of the amplifier is
constant, then no problems are introduced. However, in practice, the gain is a function
of the output voltage Vu of the amplifier. This results in a non-linear feedback resis
tance Ri, and thus a non-linearity of the total DAC. This problem can be overcome
by demanding a high gain A of the amplifier. If the error term 82 is less then the LSB
output step value, then the introduced non-linearity is smaller then one LSB. With
o< iDACRf < 1 V, to reach this demand, the gain must be at least 218 , or 108 dB.

5.3 Enhancing the gain

If the gain of the differential pair is not sufficient, or if the output of the amplifier
must drive a low impedance load, a second stage can be added to the amplifier. The
differential pair has a single ended output, so a simple amplifier can be used as second
stage. In figure 5.4, the diagram for this second stage amplifier is shown.
The amplifier shown is to be used with a PMOST differential input pair. The second

stage amplifier consists of the NMOST nm7, biased with a fixed current generated by
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Figure 5.4: Second stage for an operational amplifier
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Figure 5.5: MOS small signal equivalent of stage 2

pmS. The bias voltage Vbias can be connected to the gate of pm5 in figure 5.1. The
gain of the second stage can easily be calculated, using the small signal equivalent of
figure 5.5. Transistor pmS has a constant gate voltage and can therefore be replaced by
a single transconductance, representing it's drain to source impedance. The transfer
function of the second stage follows directly from figure 5.5:

A2 = v~ = _ gm7

Vt gd7 + gd8
(5.13)

Formula 5.13 shows great similarities with formula 5.7, and the same conclusions are
valid.

When the second stage is connected to the differential pair, it must be biased at
the right DC point. To avoid a systematic DC input offset voltage, the voltages at
the drains of the differential pair transistors pm1 and pm2 must be equal. Therefore
transistors nm3 and nm7 must have equal Vg8 , and thus the following relation must be
fulfilled:
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MOST gm gd VgT (W,L) in J.Lm

nm7 13.1 . 10-3 40.5.10 ·Ii 0.594 (1200,4)
pm8 17.5.10-3 298.10-6 0.467 (2000,1.5)

Table 5.3: Main parameters of the output stage transistors

(5.14)

(5.16)

(W) 2 (Jf)s (W)
L 7= ('1')5 L 3

The factor 2 is present because the bias current of nm5 is divided into two equal parts
through nm3 and nm4.

In general, for the current source transistors pm5 and pm8, the same length is cho
sen. The dimensions of the second stage transistors are known when the bias current
is chosen. Note that when the output is loaded, the current flowing through transistor
nm7 changes, and therefore the open loop gain of the amplifier changes. In the small
signal equivalent, the load impedance comes in parallel with gd7 and gd8. This gives for
the gain of the second stage, in case the amplifier has a resistive load g/:

A 2 = va = _ gm7 (5.15)
vu gd7 + gd8 + g/

The output impedance Z02 of this second stage follows directly by making the input
voltage zero and connecting an imaginary voltage source to the output:

1
Z02 = ----

gd7 + gdS

Another method to calculate the gain of the second stage is the following:

• Calculate the output impedance of the stage;

• The gain is equal to this output impedance multiplied with the transconductance
of the input transistor.

This method can simplify the calculation of the gain. From formulas 5.13 and 5.16, it
is clear that this method gives the same result.

To analyze the achievable gain with the second stage, an example is given. To be
able to drive a 1 kO load, the bias current is chosen 4 mAo The parameter values are
calculated with the MOSCA program.
Substituting the values from table 5.3 in formula 5.13 gives a gain of 32 dB. In the
case the amplifier is loaded with 1 kO, formula 5.15 gives a gain of 20 dB. Thus,
combining a differential pair with a second stage gives a total gain of 70 to 80 dB.

5.4 The folded cascode configuration

The 108 dB desired gain for the output opamp is not achievable with the two stage
amplifier, as shown in the previous paragraph. The gain of the differential pair can be
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Figure 5.6: Direct implementation of the cascoded differential pair

enhanced by using the cascoding technique. This technique has already been used to
enhance the output imppdance of the current sources, and can now be used to enhance
the output impedance of the differential pair. The gain of the differential pair is equal
to the transconductance 9m of the input transistors multiplied by the output impedance
Zol' The transconductance of the input transistors is not influenced by the cascoding
technique.

From formula 5.9, the output impedance can only be greatly enhanced by cascoding
all the transistors pml, pm2, nm3 and nm4. The most direct implementation requires
four cascoding transistors, as shown in figure 5.6. The voltages Vel and Vc2 bias the
cascode transistors. Each cascode transistor requires about Vds = 0.5 V to operate in
the saturation region. Thus, a drawback of this configuration is the reduction of the
allowable input voltage range. Therefore, another setup is chosen, known as the folded
cascode configuration. The current mirror transistors nm3 and nm4 are replaced by
fixed current sources, and the current is now mirrored by a NMOST mirror, as shown
in figure 5.7. Transistors nm9 and nm10 act as cascode for the differential pair. The
output impedance now exists of the output impedance of the cascoded differential pair,
in parallel with the output impedance of the Wilson current source pmll to pm14.

The bias currents, generated by nm3 and nm4 must be chosen at least equal to
the output current of the current source pm5. This can be explained as follows: the
output current of pm5 is divided into two parts by pml and pm2. Therefore holds for
the drain currents of pml and pm2 that id,pml,pm2 ~ id,pm5. The cascode transistors
nm9 and nmlO are now always forward biased when id,nm3,nm4 > id,pm5'



46 CHAPTER 5. OPERATIONAL AMPLIFIERS

WU-SOO,LU-3,MULT-l WU-SOO,LU-3,MULT-l

WU-300,LU-l.S,MULT-l WU-300,LU-l.S,MULT-l WU-600,LU-S,MULT-l

vdd

--------<CJvb3

va

WU-BOO,LU-2,MULT-l

WU-BOO,LU-2,MULT-l

4 11

vbl

Figure 5.7: Folded cascode implementation of the differential pair

The gain of this folded cascode differential pair can be calculated by multiplying
the transconductance of the input pair transistors with the output impedance at node
vul. The impedances are calculated as follows:

• The output impedance at node 4, without nm10, equals ~ ;
9dl 9d3

• The cascode transistor nm10 multiplies the impedance at node 4 with gmlO;
9dlO

• The output impedance of the Wilson current source equals .!lm.ll. • _1_
9dl4 9dll

The resulting formula for the gain of the folded cascode differential pair is:

(5.17)

A gain up to 100 dB can be realized with the folded cascode differential pair.

5.5 Frequency compensation

The operational amplifier is mostly used with a feedback network. To ensure stable
operation, th:\<~?ilin of the amplifier must be less then one at the point where it has a
phase difference of 1800 between in- and output. In most cases, a phase margin of 45 0

is employed.
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Figure 5.9: Block diagram of the compensated two stage amplifier

The two stage amplifier can become instable, as can be explained with the block
diagram of figure 5.8. The capacitor Ca represents the parasitic capacitance at the
output node of the differential pair, Cb represents the load capacitance in parallel with
the parasitic capacitance at the output node, impedance Ro1 represents the output
impedance of the differential pair and Ro2 represents the output impedance of the
second stage amplifier.
For the two stage amplifier the frequency response has two dominant poles and several
high-frequency poles, and can therefore cause instability. A well known technique to
stabilize the frequency characteristic of the Opamp is to add a compensation network,
as shown in figure 5.9.

The detailed analyses of the compensation technique is given in literature [2]. The
second pole must be at a frequency higher then the unity gain frequency, in order to
obtain the desired phase margin. This can be obtained by using a sufficiently large
compensation capacitor Cm' By use of the compensation capacitor em, the poles 81

and 82 of the transfer function are separated: one pole is shifted to lower frequencies
while the other pole is shifted to higher frequencies. Besides, a zero 8 z is introduced.
By adding a series resistor Rm , a new pole 83 is introduced and the position of the zero
Sz is influenced, while the two original poles remain at the places they were put with
only the compensation capacitor Cm' Now two approaches can be used to improve the
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• The resistor can be used to shift the position of the zero to infinity. In literature
[2], the following condition is derived to obtain this situation:

1
Rm =----

9m7 + 9mB

The compensation capacitor must satisfy the relation:

C
m

> 9ml Cb

9m7 + 9mB

with Cb the capacitance at the output node.

(5.18)

(5.19)

• The resistor can be used to let the zero 8 z be cancelled by the newly introduced
pole 83. This situation is obtained when:

1+ C.+Cb
Rm = Cm

9m7 + 9mB

In general, now a somewhat smaller compensation capacitor can be used.

(5.20)

The I IV converter of the DAC has been designed to fulfill all the demands from section
5.2. A two stage Opamp, with a folded cascode input pair, forms the basis of the design.
Frequency compensation has been implemented, satisfying the relations given in this
paragraph. The resulting schematic diagram is given in appendix B. Simulation results
are shown in figures 5.10 and 5.11.

The simulation shows a total noise power of 1.08 pV2 , resulting in a signal to noise
ratio of SIN = 110.6 dB.

5.6 Detection of the error current

The calibration algorithm uses a detection circuit for detection of the current difference
between the output current of the precision current mirror and the real bit current. This
detection circuit is a part of figure 2.2.
There are two demands for the detection circuit:

• Keep the output voltage of the dynamic current mirror constant at 1 V;

• Detection of the total input current range of 1 nA (calibration accuracy) up to
the maximal error that can be calibrated, which is ±lJ..LA.

The output voltage of the current mirror is connected to the input of the detection
circuit. To keep this voltage constant, a feedback amplifier can be used as detector.
The large range of input currents which must be processed, makes the use of a non
linear feedback element necessary. A bipolar diode can here be used with advantage:

• A low input current causes already a substantial output voltage;

• No saturation of the amplifier occurs for the specified input range.
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Figure 5.12: Delta current detector circuit

Both positive and negative input currents must be detected. Therefore, two diodes
must be used connected in antiparallel, as shown in figure 5.12.

The opamp used in the circuit is a PMOST differential pair, biased at 50 j.tA, as
analyzed in paragraph 5.1. A PMOST configuration must be used because the output
voltages will be low. The 50 j.tA bias current is sufficient to be able to sink a 1 j.tA
maximal error current.
The bipolar diode dimensions are chosen minimal, in order to minimize the n-well to
p-bulk leakage current and the diode capacities. Both the drain and source diodes are
used in parallel. If one p+ area is connected to ground, the leakage current increases.

Simulation results for different input currents are shown in figure 5.13. The input
current iin changes from -(factor)·1 j.tA to (factor) . 1 j.tA at t = 10 ns, and from
(factor) . 1 j.tA to -(factor) ·1 j.tA at t = 510 ns. Thus, in the figure the results
are shown when the current changes exactly one coarse step and one fine step value,
symmetrically around zero.

The detector sensitivity is sufficient. The 1 nA error current gives a good output
voltage difference, easy to convert into a digital signal. Due to the diode capacitance
Cd, it takes some time for the output voltage to stabilize, which limits the calibration
speed. This delay td is caused by the capacitance of the p+n diodes. The settling time
is only important when the input current changes between positive and negative. As
can be seen, this settling time decreases approximately linearly with the input current.
This can be explained as follows:

(5.21)

With smaller input currents, it takes more time for the output voltage to change over
the voltage difference dV.
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Figure 5.13: Simulation results with the error current detection

From the simulation results, the following delay times are found:

• td ~ 10 flS for the coarse current steps of 20 nA;

• td ~ 150 flS for the fine current steps of 1 nA.

Now the total calibration time can easily be calculated. In worst case there are 100
coarse and 100 fine calibration steps. For 100 coarse plus 100 fine steps, a time of
100 ·160 liS = 16 ms is required. As explained in chapter 2, one state takes twice this
time or 32 ms. After power on, the DAC is completely calibrated after 4 states, thus
within 0.13 s.
However, once the DAC is calibrated, the next calibration time depends on the error
that has appeared in the current source matching since the previous calibration. This
time is in general less then the worst case value.



Chapter 6

The reference source

In bipolar technology, reference sources are usually based upon the bandgap energy of
silicon. In CMOS technology, however, the same approach does not result in a good
reference source, due to fundamentally different VII-characteristics. Translating the
schematic diagram of the bipolar reference source into a CMOS version, gives a source
little sensitive for supply voltage variations, as explained in paragraph 6.l.
Using only CMOS elements, it is not possible to stabilize the reference source for
temperature variations. Therefore a bipolar diode is added to the source, as shown in
paragraph 6.2.
A design procedure to calculate the dimensions of the transistors in the reference source
is given in paragraph 6.3. Influences of process variations are discussed in paragraph
6.4.

6.1 DC analyses of the source

A block diagram of the voltage reference source is given in figure 6.1, the implementa
tion is shown in figure 6.2.
The impedances ZI and Z2 are non-linear. Through these impedances the same cur

rent must flow, because of the 1 : 1 current mirror. Also, the voltages VI and V2 across
the impedances are equal, ensured by the feedback operational amplifier.

Impedance ZI is formed by a MOS diode, for which formula 3.2 describes the VI I
relation. Impedance Z2 is formed by the series connection of a large WIL ratioed MOS
diode with a resistor R. The voltage VR across the resistor serves as output voltage.
Figure 6.3 shows how the operating point of the reference source originates. In the
shaded area, transistor nm2 comes out of saturation.

The trace of impedance Z2 is just below the curve V = VT2 + I R. The voltage drop
across MOST nm2 is low, because of it's large WIL-ratio. There is a range of solutions
for which the impedances ZI and Z2 have the same current and voltage:

• If~ <;~then the current through the reference source is I = 0, the source does
not start up;

• The marked point in the figure indicates the desired solution.
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Figure 6.2: Schematic diagram of the reference source
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Figure 6.3: Non-linear impedances of the reference source

The solution I = 0 must be avoided, an extra start-up circuit will have to ensure that
only the second solution is found. This start-up circuit can be found in figure 6.2 as
resistors R1 and R2. These resistors force a current through Zl and Z2, eliminating
the 1=0 solution.

To ensure stable operation of the reference source in the marked point, the feedback
in the circuit must be stronger then the feedforward. Figure 6.3 can be used to show
that this condition is fulfilled:

Suppose that Vu lowers. The PMOST current mirror is then biased with a lower
voltage, so the currents II and h both increase with the same amount. In figure 6.3 can
now be seen that, starting from the marked point, both voltages VI and V2 increase,
but V2 increases more. As a result, the output voltage increases. Thus the original
situation returns: the operating point is stable.

The operational amplifier is formed by a NMOST differential pair nm3 and nm4.
The bias current for this opamp is generated with a small NMOST nm5. The 1 : 1
current mirror is formed by the equal MOS transistors pm1 and pm2, and is biased by
the operational amplifier. The operating point that results can also be calculated:

Both transistors nm1 and nm2 operate in the saturation region. This gives for the
voltages across the impedances ZI and Z2:

Vi = VTl + (6.1)
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(6.2)

Because of the 1 : 1 current mirror holds:

(6.3)

Using an ideal feedback operational amplifier, it's input voltages are equal:

(6.4)

Combining these four formulas gives the operating point:

(6.5)
2121

(
W) = VT2 + 1R +

JinCox L 1

VTl +

Assuming VTl = VT2 = VT , the resulting solution for 1 is:

(6.6)

The output voltage lil is:

(6.7)

The gate voltage becomes:

(6.8)

Although some simplifications have been made, the following general conclusions can
be drawn from this equation (at a constant temperature):

• The source only works when

(6.9)

This is a logical conclusion. If this demand is not fulfilled, the curves of Zl and
Z2 will not have a point of interception for ~ > VT;

• The resulting output voltage is independent of the supply voltage.

• The resulting output voltage implicates a fixed bias current 1. Thus the source
can also be used as reference current source.

Due to the temperature dependence of Jin and VT , the output voltage is a function of
the temperature. This temperature dependence will now be analyzed.
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Figure 6.4: Operating point of the reference source with temperature compensation

6.2 Temperature dependence of the reference source

The output voltage is only approximated by 6.7. The output voltage is influenced by
the difference in threshold voltages between the MaS transistors in Zi and Zz, due
to different source voltages of the transistors. Through both MaS transistors flows
the same current, and both transistors have the same gate voltage. With equation 6.9
follows now that both transistors must always be biased at different Vgs ' As shown
in paragraph 3.4, it is thus not possible to bias both transistors at the temperature
independent point, and therefore the reference generator from figure 6.2 shows a strong
temperature dependence. To generate a reference voltage with a good stability over
temperature variations, the next approach is used:

• The MOST in Zz is biased at it's temperature independent operating point;

• A bipolar diode is added to the impedance Zi, to correct for it's temperature
dependence.

Adding a bipolar diode gives an extra independent variable, which can be optimized to
compensate for the temperature dependence of the impedance Zi.
This strategy has the advantage that both the source and the gate of the transistor
in Zz can be used as output voltages; the Vgs of this transistor remains constant with
temperature variations. The bipolar diode used is the pn-junction from source/drain
to the bulk of a p-channel MOST. This diode is forward biased.
The new operating point that arises is shown in figure 6.4. In figure 6.5 the schematic
diagram of the temperature compensated reference source is shown.
The operating point that now results can be calculated. For Vi holds:

(6.10)
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Figure 6.5: Temperature compensated reference source

with, from 6.23:

kT (h)lid = -In -
q 10

For '\/2 holds:

(6.11)

V2 = IzR+ VT2 + (6.12)

With II = Iz and Vi = V2 results:

(6.13)

From this equation, the bias current I can be solved. In order to simplify the expres
sions, some new variables are introduced:

(6.14)

(6.15)

(6.16)

(6.17)
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y=V1
Substituting these new variables, formula 6.13 transforms into:

R y 2 + dy - V:z: = 0

Solving this quadratic formula gives two solutions:

Y1,2 = 2~ (-d ± Jd2 + 4RV:z:)

(6.18)

(6.19)

(6.20)

Because all values are real numbers, V:z: > 0 and R > 0, there will be one positive
and one negative solution for y. Only the positive solution results in a non-imaginary
solution for the current 1. Resubstituting all variables now gives:

1 = ~(VTl - VT2 + Vd) + R2p~Co:z: (c2
- cJc2 + 2RPnCo:z:(VTl - VT2 + Vd)) (6.21)

The output voltage Vn now simply follows by multiplying 6.21 with R:

The temperature dependence of the MOS diode current has already been analyzed
in paragraph 3.4. As can be seen in figure 3.6, the MOS diode can have a positive or a
negative temperature coefficient, dependent on the bias voltages applied. The temper
ature dependence of the bipolar p+n diode voltage will now be discussed.

For a bipolar diode under forward bias, the following 1IV-relation exists:

(
qVd)1 = 10exp kT

with

(6.23)

(6.24)qADp (27rk)3 3 (-Eg )
10 = LpNd V T exp kT

, J...
C

For the C200 process, from simulation data follows 10 = 3.0 .10-16 A for a diode with
W = L = 6 pm at 293 1<. With these formulas, the sensitivity in Vd for temperature
variations can be calculated, assuming a constant diode current 1. Taking the logarithm
gives:

In(I) = In(C) + 31n(T) + qVd
k
; Eg

from which:

Vd = Eg + kT (In(1) - In(C) - 31n(T))
q q

Assuming Eg t-~mperature independent, the resulting sensitivity is:
r.;..y

E
8Vd 3k Vd - T
oT = --q+ T

(6.25)

(6.26)

(6.27)



6.3. THE DESIGN PROCEDURE 59

Inserting numerical values Eg = 1.11 eV, T = 300 I<, _3qk = -0.26.10-3 VII<

and Vd = 0.65 V gives as result ~~ = -1.8 mv;ce. So first order temperature
compensation is achieved when the MOS diode in Zl is biased at the point where
it has a temperature variation of ~~ = 1.8 mv;ce. Formula 6.27 shows that the
temperature variations depend on process constants via Vd, so a little error can arise
in the temperature compensation. These errors will be analyzed in paragraph 6.4.

6.3 The design procedure

There is little freedom in choosing the voltages within the reference source. The design
sequence is as follows:

• Choose the current I that will flow through Zl and Z2. There is a minimal value
for the bias current due to a maximal realizable value for the start-up resistors,
which is about 100 kO. This forces a start-up current of about 50 /lA. A safe
value is to choose I = 100 /lA;

• Determine the diode voltage Vd with formula 6.23. Now the temperature depen
dence is knO\'ln with formula 6.27.

• 'With the source voltage of nml known, determine the threshold voltage VTl;

• Bias transistor nm1 at the point where it has a temperature dependence, opposite
to the temperature dependf'llce of the diode. Use simulations to optimize the
series connection of the diode and the MOST, so that the gate voltage remains
constant at different temperatures, for a fixed bias current Ij

• Now the gate voltage of the transistors nml and nm2 is known. Design transistor
nm2 so that it's Vgs remains constant for temperature variations. From formula
3.38 is known that this point lies at a fixed Vgs , so the WIL ratio must be designed
to have the desired I exactly at the temperature independent ~s;

• The voltage difference that remains between the source of nm2 and the ground,
must fall across R.

In this procedure, simulations are used to determine the temperature independent bias
points. The current mirror does not influence the accuracy of the source. It must be
designed to work in saturation at the current I. The differential pair is directly copied
from chapter 5.

As an example, the given procedure is followed for the C200 process. First, the bias
current is chosen to be I = 125 /lA. With formula 6.23 follows Vd = 0.67 V. The
temperature dependence of the diode becomes -1.76 mv;ce. Simulations show that
this temperature variation is corrected with a MOST of dimensions (29.75,10) at, for
T = 20 °e, ~s = 2.39 V. When ~ = 0.67 + 2.39 V, the temperature independent
point for nm2 is reached at Vgs = 1.67 V. A MOST with dimensions (500,7) is needed
to achieve the desired current I at the given l'gs, and R = 11 kO.
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Figure 6.6: Supply voltage dependence of the reference source

Simulation results of this reference source are shown in figure 6.6 for supply voltage
dependence and 6.7 for temperature variations. With the simulation, where the tem
perature variation is optimized, the following results are obtained:

• Supply voltage variation as low as 10 pV/V for the range 3.5 V ~ Vdd ~ 5 V;

• Temperature variation 20 pV;cC for the range 20· .. 80oe.

The voltages within the reference source can also be calculated using the formulas
given in the previous paragraph:
With PnCoz = 73.10-6 , (W/Lh = 29.75/10 and (W/Lh = 500/7 follows d = -76.4.
The threshold voltages for the transistors are different, due to the different source
voltages. The threshold voltage modulation of 0.3 V/V gives VT1 = 0.8 + 0.3 . 0.67 =
1.0 V and VT2 = 0.8 + 0.3·1.39 = 1.22 V, so Vz = 0.45 V. From equation 6.20 now
follows the current through the impedances Zl and Z2: 1=116 pA, so a little smaller
then the simulated value.

6.4 Influence of technology variations

The reference source uses as starting point the cancellation of temperature variations
between a bipolar diode and a MOS diode. Several error sources can disturb the
operation of the source. The most likely error causes are deviations in the impedances
Zl and Z2, due to:
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Figure 6.7: Temperature dependence of the reference source

• Deviation in the ~esistor R. Up to 20% error in absolute value is possible;

• Deviation in the absolute value of the diode voltage Vd ;

• Deviation in the MOS parameter f./, and the threshold voltages VT of the transis
tors in Zl and Z2.

From formula 6.21 it is clear that all these deviations result in a deviation of the ab
solute value of the current I. To correct for the absolute value of I, the resistor can
be connected externally, though one of the goals was not to have external components.
The best solution would be to calibrate all internal resistors to one external resistor.

As shown in paragraph 3.4, the position of the temperature independent bias point
of a MOS transistor is independent of the absolute value of the electron mobility f./,n.

If both VTl and VT2 have the same absolute deviation, these errors cancel directly: the
current formula 6.21 contains only the difference VTl - VT2. However, variations in the
diode voltage Vd cause a shift in the operating point. The temperature independent
operating point of the source still exists, but at different voltages. This is a drawback
of the reference source; the optimal working point depends on the absolute value of the
diode voltage Yd'

When the current I changes, the temperature dependence of the reference source is
influenced ouly little. This can be explained with figure 6.8. In this figure, the MOST
curves are drawn at two different temperatures. Suppose that the current changes
from I to I + !:!.I. Now the MOS in Zl is no longer biased at the point where it has
a temperature dependence which cancels the bipolar diode temperature variation, and
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Figure 6.8: Biasing of the MOS transistors

the :t\,10ST in Z2 is no longer biased at it's temperature independent point. When
the current increases, the ~s variation over temperature variations increases, as shown
in figure 6.8. However, the temperature dependence of the total source remains near
to the original point because the extra variation in Vgs,nml is partly cancelled by the
introduced variation of ~s,nm2' That the cancellation does not work ideally, follows
from the next evaluation.

For a MOST in saturation holds the V/ I relation given by 3.2. Neglecting the chan
nel length modulation, the transconductance gm is given by equation 3.4. Assuming
the current to be constant at both temperatures T1 and T2 , the ratio r between the
transconductances is:

gm,T1r ---- -
gm,T2

(6.28)

(6.29)

With, as explained in paragraph 3.4, J.l '" T-3/2, so:

(T )
-3/4

r = gm,T1 = ~
gm,T2 T2

This equation is valid for both the MOS transistors in Zl and Z2. To simplify the
evaluation, it is executed with the tangents in the operating point. These tangents are
shown in figure 6.9. The MOS transistors in Zl and Z2 have the same temperature
and the same current. Therefore, they have the same ratio r and thus the following
geometric relation holds:

/),.[ /),.[

/),.'''1 /),."3
--/),.:-[~- = r = --=/),.,""""[=,--

/),."1 +/),."2 /),."3+/),."4

The variable ~x is introduced as the increase of b:

From equation 6.30 follows directly:

(6.30)

(6.31)

(6.32)
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Figure 6.9: Tangents of the MOST's in Zl and Z2 at the operating point

and
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(6.33)

The ideal situation arises when boX2 = box. Combining the previous four formulas
shows that this can be attained when:

(6.34)

At a fixed temperature, the MOS transistors are assumed to have the same threshold
voltage. Thc nominal transconductances of nml and nm2 are 9ml and 9m2. From the
MOS current equations now follows:

and

so

bol
boX3 =

9ml
(6.35)

(6.36)

9m2 =
9ml

(6.37)

Thus, the ratio is already fixed. Using the values given at the design procedure gives
boX3/box I = J(500/7)/(29.75/1O) = 4.9.

For two temperatures Tl and T2:

• the variable r is known from the tempcrature differcnce with formula 6.29;

• the variable b is known from the diode temperature coefficient;
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Figure 6.10: Temperature dependence of the reference source with +20% error in Re

• the variable ~Xl follows from the nominal transconductance of nm2.

However, it is generally not possible to fulfill both the conditions given by the design
procedure and the condition from equation 6.34. As can be seen from equation 6.34,
the optimal solution is a function from ~Xl, which in turn is a function from ~I, so
no optimal solution exists.
To give an approximation of the influences of technology variations, two extra simula
tions are executed:

• Supply- and temperature variations of the temperature compensated reference
source (figure 6.5) with a +20% error in Rei

• Supply- and temperature variations of the temperature compensated reference
source (figure 6.5) with a -20% error in Rei

The simulation results for the supply voltage variations show approximately the same
results as for the original source. This is easy to explain, the supply voltage variation
does not depend on the absolute value of Re . The current It through the non-linear
impedance ZI does depend on the absolute value of Re according to formula 6.21 with
R = Re , but in this formula the resulting current is independent from the supply volt
age.
The simulation results for temperature variations however are influenced. The results
are shown in the figures 6.10 for a +20% variation in Re and 6.11 for a -20% variation.
As can be S~rT)! the temperature variations are approximately a factor 40 worse then

the optimizc(I'~sults.The worst case temperature variation equals 1 mVI °e, this is
still an usable result.



6.5. CREATION OF DIFFERENT OUTPUT VOLTAGES 65

Bov 12, 1991
13:22:47

i'ezaperature dependance reterenee aource
-20% R""1Iliamatch

(LIB)

2.71

2.705

2.685

2.695

2.651

2.675

2.68

80.0

(LIB)

70.0
60.0

50.0
40.0

30.0

Gate volt• .,. at y1-axh

~
...... ~
~

-......... ~
~'-......~

"""Output vol age VR at 2-axia '-........

'-......~
~
~
~~
~

1.28

1.251

1.27

1.26

1.285

1.265

1.25

1.275

1.255

1.245
20.0

- y1-axia 

VB(VR)

- y2-axia 

VB(2)

(LIN)

Figure 6.11: Temperature dependence of the reference source with -20% error in Rc

6.5 Creation of different output voltages

Because the current through impedances Zl and Z2 is constant, series resistors Rs and
R6 can be added to generate an output voltage higher then available at the gates of
nml and nm2, as shown in figure 6.12.

Two resistors must be added in order not to introduce a voltage difference in the
output voltages of the current mirror. Adding resistors in series with the outputs of
the 1 : 1 current mirror does not influence the current through the impedances Zl and
Z2.
The series resistors can be separated into more resistors, in order to generate more
output voltages. With this method, it is possible to generate the following voltages:

• All voltages between 0··· VR = 1.39 V, by dividing the original resistor R3 • The
sum of these resistors must remain constant;

• All voltages between V = 3.07·· ·ltdd - ~T, by adding equal resistors Rs and ~
in series with the output of the 1 : 1 current mirror.

By adding series resistors, the minimal desired supply voltage increases with the same
amount as the voltage drop across the resistors.

Another way to generate different output voltages, which makes it possible to gen
erate all voltages between 0·· . Vdd - VgT, is shown in figure 6.13. The reference source
is no longer directly connected to the supply voltage, but is extended with an extra
1 : 1 current mirror. In this way, the reference source is used as current source. The
current is copied by the mirror. The extra current mirror causes the minimal supply
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Chapter 7

The precision current mirror

In the DAC, a high precision current mirror is an essential part of the calibration cir
cuit. The achievable precision of a simple current mirror is limited by matching errors
between CMOS transistors. In the past, the dynamic element matching technique has
been invented to enhance the precision of current mirrors. This technique is described
in literature [7]. However, the accuracy achieved using this technique does not fulfill
the demands for full 18 bit resolution. A method to enhance the accuracy even further
is presented in paragraph 7.3. At last, the implementation of the total current mirror
is discussed, and simulation results are presented.

7.1 Accuracy of the standard current mirror

In figure 7.1, the schematic diagram is given of a simple NMOS 1 : 1 current mirror.
To calculate the current mirror accuracy, the next procedure is followed:

• Calculate the gate voltage Vg , given an input current II;

• Calculate the output current 12 .

(W,L)

Vg

(W,L)

Figure 7.1: 1 : 1 NMOS current mirror
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(7.1)

Assuming that both transistors work in the saturation region, and neglecting the chan
nel length modulation, for the gate voltage holds:

ff;hVg = VTl + 
{31

From this equation, the variance O"~ can be derived by taking into account all the error
II

sources:

(7.2)

Solving this equation gives:

(7.3)

Because errors in {3 and ~ are assumed to be mutually independent, for the variance
follows:

0"2 2 II 0"$
YII = O"YT + 2{31 . {32

Now the output current h can be calculated:

h = ~2(~ - VT2 )2

For 12 there are three error sources:

6h 812 812
b..12 = 6{32 b..{32 + 6~ b..Vg + 6V

T2
b..VT2

Solving this equation gives:

b..12 = b..{32 +V2{32 b..~ _ V2{32 b..VT2
12 {32 h 12

This gives for the variance:

(7.4)

(7.5)

(7.6)

(7.7)

O"Y2 O"~ 2{32 2 2{32 2
Ii = {32 + 12 O"YII + -Y;O"YT (7.8)

Substituting the solution 7.4 in 7.8 and assuming for the absolute values {31 = f32 = {3,
VTl = VT2 = VT, gives as final solution:

2 2 {3
O"h 0"f3 2
Ii = 2{32 + 4I O"vT (7.9)

With ~ = ~, it is clear that there is a minimal relative error in 12 when VgT is as high
liT

as possible. In practice, VgT is limited because the mirror must work within in- and
output voltages of Vd < 1 V. To let the transistors work in saturation, the condition
Vgd - VT < 0 or VgT < Vd must be fulfilled. This limits VgT to 1 V. A safe value would
be VgT == 0.8 V.

In [5], Pelgrom has presented some figures and data on the standard deviation of
the MOST parameters {3 and VT . Results for a NMOST with W = L = 20 Jlm are:
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Switches

Figure 7.2: 1 : 1 NMOS dynamic current mirror

16 mV a8 v
• °VT = VWL = . m

• 0'; = 0.13.10-2

With VgT = 0.8 V, this gives 0h = 3.8 . 10-312 . As can be seen, the accuracy of this
current mirror is in the order of 0.1 ... 1 %.

7.2 Dynamic element matching

To enhance the accuracy of the current mirror, the dynamic element matching tech
nique can be used. In figure 7.2, the principle of this technique is shown. Suppose that
the current 14 serves as input current and h as output current. There are two switches,
driven by the clock generator. The input current 14 is fed to the current mirror con
nection h during the first half period and to h during the second half period. The
gates of the lower NMOS transistors are driven by an operational amplifier.

Suppose that during the first half period the mirror makes an error t:,.1. Defining
t:,. = 'JI, during this interval the output current becomes:

(7.10)

After interchanging with the switches, during the second half period the following
situation arises:

(7.11)

Using a second order series expansion, equation 7.11 transforms into:

(7.12)

Neglecting ti:r;\~~ errors, after averaging over the two half periods the output current
becomes:

(7.13)
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Switches

Figure 7.3: 1 : 2 NMOS current mirror
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If timing errors are included, the error increases. During t + ~t the output current is
given by equation 7.10, and during t - ~t the output current is given by equation 7.1l.
Averaging over one period now gives:

(7.14)

Comparing formulas 7.13 and 7.14 shows that the error increases with a product term
of current- and timing errors. In general, timing errors ~t are much smaller then cur
rent errors ~. If this is the case, an approximation with formula 7.13 can be made.

As explaiued in the previous paragraph, the error ~ is within the range 0.1 " . 1%.
As a result of the dynamic element matching technique, the first order error term is re
moved. However, the remaining error does still not fulfill the demands for 18 bit resolu
tion. If the timing errors are neglected, the range after matching is ~2 == 10-6 ... 10-4 ,

while an error < 10-6 is desired.

For a 1 : 2 current mirror, the calculations are more complicated. The schematic
diagram of this mirror is given in figure 7.2. The input current is again 14 • In the
ideal case, the output current equals 13 = ~14' There are now three switches, driven
by signals from a 3 bit Shift Register (S.R. in figure 7.2). From the three equal sized
transistors, always two are connected to the input current 14 and one is connected to
the output. During three successive periods, different errors are made. The transistors
have mutual errors which are defined as:

(7.15)

and:
(7.16)

The output currents during the three periods are summarized in table 7.l.
The average output current can be calculated using this table. Neglecting timing errors,
for the average output current holds:

-1 14 (1 + ~c 1 + ~B 1 )
3 = - + + ----,----

3 2 + ~B 2 + ~c 2 + ~B + ~c
(7.17)
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I period I 13 connected to I 14 connected to I output current

1 A B,e I I l+~c
3 = 42+~B

2 B A,e I I 1+~8
3 = 42+~c

3 e A,B h = 14 2+~~+~c

Table 7.1: Periods of the 1 : 2 dynamic current mirror

This equation can be transformed to:

1 + b.B + b.e + f2b.~ + f2b.b + f2b. Bb.e + ib.~b.e + ib.Bb.b + ib.~ + ib.&

1 + b.B + b.e + ib.~ + ib.b + ~b.Bb.e + ib.~b.e + ib.Bb.b
(7.18)

To simplify the calculations, only the tenus contributing up to a second order error are
included. Next, the approximation 1~:Z: ::::::: 1 - x + x 2 is used. This gives as final result:

(7.19)

Thus the error of the 1 : 2 dynamic current mirror is in the same order of magnitude
as with the 1 : 1 mirror, and therefore no 18 bit dynamic range can be achieved.

7.3 Enhancing the current mirror accuracy

From equation 7.19 it is clear that the solution to enhance the dynamic current mirror
accuracy is to improve the matching between the currents lA, IB and Ie. The errors
b.B and b.e are equal, they depend on the matching of the MOS transistors. From
equation 7.19, the needed accuracy of 10-6 is reached when the matching errors b.B

and b.e are smaller then V2 . 10-6 = 1.4 . 10-3 .

When the matching errors b.B and b.e have standard deviations of (7 :::; 7 . 10-3 , then
the matching of two transistor currents is within ±2(7 = ±1.4· 10-2 with a probability
of 95.4 %, assuming a normal distribution of the errors. As explained in the previous
paragraph, a matching of 7 . 10-3 is realizable.

Now an improvement with a factor ten is needed to reach the desired accuracy. This
improvement is easy to realize by using an array of equal transistors. For example, for
a 1 : 1 mirror, n transistors can be used for the input current and n transistors for
the output transistor. The input and output transistors must be randomly alternated
within the array. This technique is known as the geometric averaging technique.
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With the same input current, the single transistor current is multiplied with a factor
lin. The variance o} of the sum current is, according to the law of the central limit

2
theorem, multiplied with a factor n. Thus, the resulting relative variance It of the
output current is multiplied with a factor -{!1 = ~. If n is not too small, the accuracy
T increases with the square root of the number of transistors in parallel. The factor
10 improvement is reached for n = 100, resulting in a current mirror with a relative
output current error below 10-6 .

7.4 Implementation of the current mirror

The implementation of the 1 : 1 and 1 : 2 mirrors is basically the same. The 1 : 2 mir
ror requires more elements because of the extra 3 bit shift register and extra switches
needed, but no extra problems with the implementation are expected. Therefore, only
simulations with the 1 : 1 current mirror are presented, carried out with the schematic
diagram given in appendix C. In this schematic diagram, the following parts of the
DAC are present:

• The MSB current source nm1, pm1 and rl, with cascode pm2;

• The dynamic 1 : 1 current mirror with:

PMOST differential pair, with Miller compensation capacitor ex;
Mirror transistors nm4, nm5 and nm9;
Switches nm2, nm3, nm6 and nm7;

• A second MSB current source, with separated transistor pm7 to be able to intro
duce a current error;

• The error detector with PMOST differential pair and bipolar diodes pm5 and
pm6.

Transistor nm9 is added to have the possibility to introduce an error in the cur
rent mirror. The dynamic current mirror switches are operated at a switch frequency
Idem = 250 kHz, in practice this frequency can be enhanced up to 10 MHz. However,
to analyze the error detector output, now a low switching frequency is used. In prac
tice a high frequency must be used, to utilize the averaging property of the parasitic
capacitance of the bipolar diodes.

The combination of the PMOST differential pair and the mirror transistors nm4,
nm5 and nm9, forms a two-stage configuration. To overcome instabilities during inter
changing of the mirror transistors, the Miller capacitor ex is added.

Two types of simulations are executed. First, with 12 constant and an error in
the current mirror, the error detector output is analyzed. The simulation results are
shown in figure 7.4. The feedback Opamp keeps the current source lower output (node
1) at a constant voltage of 1 V. The error detector keeps the voltage at node 19 at
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Figure 7.4: Simulation result with the dynamic current mirror, 12 = II

1 V and absorbs the current difference between the output current of the dynamic
current mirror and the output current of the second MSB current source. By choosing
II = 22 pm, an error of approximately 170 nA is introduced in the current mirror, this
error current flows through the error detector bipolar diodes pm5 and pm6. The error
detector transforms the error current into the output voltage at node 11, this voltage
can be used to adjust the output current of the second current mirror.

The simulation results are as expected. The dynamic current mirror introduces no
instabili ties.

In the second simulation, a slowly raising ramp voltage, raise time irc = 10 ms,
is applied to the gate of pm7, so 12 decreases approximately linearly. Meanwhile, the
dynamic current mirror is operated at a switching frequency of Idem = 50 kHz. Now
the detector output is analyzed. When the second current source output 12 crosses the
MSB current value It, the detector output must alternate from low to high.
The simulation result is shown in figure 7.4. Again, the results are in accordance with
the expectation. There is a little ripple at the voltage at node 11. This ripple has
a frequency of 50 kHz, and is due to the interchanging within the dynamic current
mirror. When the switching frequency of the dynamic current mirror Idem is enhanced,
this ripple will decrease due to the feedback capacitance in the detector circuit.
Besides, there is a little delay of about 500 flS between the crossing of II - h and
the swapping of the detector output voltage. This delay is caused by the feedback
capacitance of the detector. When the gate voltage of the current source transistor
pm7 is changed in discrete steps, and a wait-time is introduced between these steps,
the detector output level will be in accordance with it's input current.
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Chapter 8

Glitches due to switching

At the analog converter output, glitches exist due to switching in the converter. Two
different glitch error sources can be distinguished:

• Glitch errors due to switching in the precision current mirrors, the dynamic ele
ment matching technique;

• Glitch errors due to switching of the bit currents.

Each of these error sources will be analyzed.

8.1 Switching in the precision current mirrors

The dynamic element matching technique introduces switching transients at the preci
sion current mirror output. These transient signals can disturb the output current of
the bit current sources. The error in the output current, due to the dynamic element
switching technique, must be less then the LSB current hSB = 3.9 nA. The PMOS
cascode transistor of the bit current source shields this current source from the dy
namic current mirror. In order to minimize the error, the bulk of this PMOS cascode
transistor is connected to the supply voltage Vdd . Now the capacitive feedthrough of
the switching signal is minimized.
The switches from the dynamic element switching technique are designed to have a
maximal voltage drop of 50 mV with minimal dimensions. The switches are operated
with a gate voltage of 0 or 5 V. Simulation results of the glitch error will be analyzed
in the next paragraph.

8.2 Switching the bit currents

The digital input code controls the switches, switching the output current to one of the
I IV converters. In order to minimize these glitches, all the switches must be operated
simultaneous when a new input code is present. Besides, some precautions must be
taken to keep the glitch energy smaller then half the LSB energy.
With an input frequency of 200 kHz and an output voltage range of 1 V, the LSB
energy becomes 2-18 V· 5 /is = 19 pVs. Thus, after switching of the input code, the
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Figure 8.1: Schematic diagram for glitch error analysis

remaining glitch error must be smaller then 10 pVs. The glitch energy is minimized
by scaling the switches of the bit currents, conform the current flowing through the
switch. The switches are designed to have a maximal voltage drop of 50 m V with
minimal dimensions. The schematic diagram of figure 8.1 is used to analyze the glitch
errors introduced by both the bit current switches and the dynamic element switching.
The sit\lation simulated by figure 8.1 equals the MSB transition. The following parts

of the DAC are included in this diagram:

• The MSB current source nml, r1 , pm1 with cascode pm4;

• The bit current switches pm5 and pm6;

• The I IV converter, implemented as folded cascode Opamp;

• The switches from the dynamic element matching nm2 and nm3.

Further reduction of the glitches is obtained by using a deglitching capacitor Cp III

parallel with the Opamp feedback resistor Rf. With Cp = 15 pF and Rf = 1 kn, this



78 CHAPTER 8. GLITCHES DUE TO SWITCHING

-------+
t

Figure 8.2: Clock signals for glitch error analysis

capacitor limits the bandwith of the flV converter to 10.6 MHz.

The digital clock signals, steering the gates of the switching transistors, have levels
of 0 and 5 V and a rise time of 1 ns. The timing of clock signals, used to analyze
the glitches, are shown in figure 8.2. Here, idem is the clock signal used to control
the dynamic element switches nm2 and nm3, and ie is used to control the bit current
switches.
The used times for simulation are:

tbb = 1 ns;
tb = 800 ns;
tr = 1 ns;
th = thb = 400 ns;

The simulation results are shown in the figures 8.3 and 8.4.

As can be seen, the error introduced by the dynamic element switching is kept very
small by the cascode transistor. Thus it is possible to use a switching frequency idem for
the dynamic element matching, independent from the clock frequency ie of the bit cur
rents. In order to obtain a correct dynamic element matching, it's switching frequency
must be much higher then the clock frequency, or idem ~ ie. With ie ~ 200 kHz,
this situation can easily be obtained by choosing idem> 2 MHz.

The bit current switching does influence the output signal, as can be seen in figure
8.4. To calculate the glitch energy, the output voltage is integrated after subtracting
it's mean value. As can be seen, after the transients have disappeared, the glitch
error returns to zero: the positive and negative parts of the output voltage transients
compensate each other.
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Conclusions

A system setup for an 18 bit CMOS Digital to Analog Converter has been presented.
To reach 18 bit accuracy, a calibration technique is used. The 10 bit range of a passive
current divider is extended to 18 bit by adding calibrated current sources. The calibra
tion technique requires a very high precision current mirror. The accuracies that can
be obtained with different current mirror configurations are:

• A standard current mirror, as shown in figure ref, has an accuracy of 10-2•

• The standard current mirror can be extended with an interchanging network.
In this way, applying the dynamic element matching technique, the accuracy is
enhanced up to 10-4 •

• In stead of using a two-transistor dynamic current mirror, an array of 2n equal
transistors can be used. The transistors must be randomly interconnected, using
half of the transistors for the input and half of the transistors for the output. This
technique is called the geometric averaging technique. The matching between in
and output current is improved with a factor ~.

• Combining the dynamic element matching technique with the geometric averaging
technique, the resulting accuracy is 10-6 for n = 100.

The dynamic element matching uses time averaging to cancel errors in first order. The
time averaging property requires a capacitor. By using a high switching frequency, this
capacitor can be integrated on chip, so a DAC without external components results.

To calibrate the bit currents, an inherently monotonic resistive divider is presented.
An error detector with a 1 nA sensitivity detects the difference between the actual bit
current value and the desired value.

It is shown that no problems arise in designing an output I IV converter with 18
bit dynamic range.

By biasing the bit current source transistors temperature independent, the DAC
output voltage is stabilized for temperature variations. The bias voltages are derived
from a reference voltage generator.
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Translating the traditional bipolar bandgap reference source into a CMOS schematic
diagram gives a setup, practically insensitive for supply voltage variations. For tem
perature variations, the source is compensated by adding a bipolar diode. The extra
degree of freedom that now arises, is used to optimize the temperature behaviour of
the reference source.
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Appendix A

Current source transistor
parameters

MOSCA version 3.0
Today is 16-AUG-1991 and the time is 8:26:31
Last program update November 1, 1989
Last process parameter update: 11 april 1991 3.00

ANALYSIS 1; PROCESS: C200 special for group Wouda, go corrected
T=27.00 ; N-MOST ; "typical"-case

-- input parameters ------------------------------------------------------
channel ; case ; Wlay ; Llay ; Ids ; Vds ; Vsb ;
== dimensions ============================================================
Weff = 12.10E-06 Wlay = 12.000E-06
Leff = 9.760E-06 Llay = 10.000E-06
-- bias point (abs. values) saturated; normal drain current ---------
Vgs = 1.688E+00 Vgt = 0.201E+00 Ids = 1.953E-06
Vsb = 2.550E+00 Vdss = 0.181E+00 Vds = 0.600E+00

-- trans conductances -----------------------------------------------------
gm = 19.39E-06 go = 8.442E-09 gmb = 3.658E-06
-- eq. input noise (sqrt(sff) at 1kHz) ----------------------------------
SQRT(Sff) = 87.23E-09 SQRT(Sfw) = 33.34E-09 Fknee = 6.847E+03

-- capacitances ----------------------------------------------------------
Cox = 203.9E-15 Cgs(sat). 135.9E-15 Cgd • 3.751E-15
Cdb = 23.47E-15 Cpocsub = 0.0

-- other parameters ------------------------------------------------------
Vto = 0.819E+00 Vts = 1.487E+00 Vt = 1.487E+00
Kfactor = 0.491E+00 KOfactor = 0.680E+00 Boc = 77.85E-06
thetaa = 74.56E-03 delta = 0.114E+00 twophi = 0.650E+00
thetab = 44.89E-03 shift = 1000.0E-09 Nfactor = 1.000E+00
thetac = 1000.0E-09 gamma = 2.160E-03 Pfactor = 0.0
-- standard deviation offset voltage ------------------------------------
sd(Vt) = 1.223E-03 sd(Beta) = 185.0E-09 sd(Vgs) = 1.238E-03
======================== *** MOSCA mode 2 *** =========================
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ANALYSIS 2; PROCESS: C200 special for group Wouda, go corrected
T= 27.00 ; P-MOST ; "typical"-case
-- input parameters ------------------------------------------------------
channel ; case ; Wlay ; Llay ; Ids ; Vds ; Vsb ;
== dimensions ============================================================
Weff = 7.150E-06 Wlay = 7.2500E-06
Leff = 11.92E-06 Llay = 12.000E-06
-- bias point (abs. values) saturated; normal drain current ---------
Vgs = 1.704E+00 Vgt = 0.538E+00 Ids = 1.953E-06
Vsb = 0.250E+00 Vdss = 0.448E+00 Vds = 0.700E+00

trans conductances -----------------------------------------------------
gm = 7.052E-06 go = 15.32E-09 gmb = 2.386E-06

eq. input noise (sqrt(sff) at 1kHz) ----------------------------------
SQRT(Sff) = 17.11E-09 SQRT(Sfw) = 55.28E-09 Fknee = 95.86E+00
-- capacitances ----------------------------------------------------------
Cox = 147.2E-15 Cgs(sat) = 98.10E-15 Cgd = 2.145E-15
Cdb = 24.14E-15 Cpocsub = 162.7E-15
-- other parameters ------------------------------------------------------
Vto = 1.078E+00 Vts = 1.168E+00 Vt = 1.168E+00
Kfactor = 0.632E+00 KOfactor = 0.632E+00 Boc = 22.50E-06
thetaa = 0.168E+00 delta = 0.200E+00 twophi = 0.650E+00
thetab = 0.296E+00 shift = 1000.0E-09 Nfactor = 1.000E+00
thetac = 1000.0E-09 gamma = 3.933E-03 Pfactor = 0.550E+00
-- standard deviation offset voltage ------------------------------------
sd(Vt) = 1.437E-03 sd(Beta) = 30.39E-09 sd(Vgs) = 1.559E-03
======================== *** MOSCA mode 2 *** =========================



Appendix B

Folded cascode schematic
diagram
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Appendix C

Current mirror schematic
diagram
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