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1

Introduction

WHAT is it, an amplifier? According to some of the trustworthy sources,

Amplifier
-noun

1. An electronic device for increasing the amplitude of electrical signals, used chiefly
in sound reproduction.1

2. A device, especially one using transistors or electron tubes, that produces amplifi-
cation of an electrical signal.2

Thus, amplifier is a device that increases the amplitude of a signal. But, shouldn’t
we first ask ourselves what really the amplitude is? In the world of electrical engineering,
amplitude is the greatness of size of any of the three ubiquitous quantities: voltage, current
or power. Consequently, there would appear to exist three different types of amplifiers,
with each of them specialized for amplifying the corresponding electrical quantity. But
then again, if power is defined as the product of voltage and current, what constitutes a
power amplifier and how is it different from its voltage and current counterparts? Any
amplifier that provides a significant amount of voltage gain will almost always provide a
certain amount of power gain as well, and vice-versa. Thus, a circuit can simultaneously
be a voltage, current and power amplifier. The key property of an amplifier, indeed, is that

1Source: The Oxford Dictionary of English.
2Source: The American Heritage Dictionary of the English Language.
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2 CHAPTER 1. INTRODUCTION

it increases the power of the signal3, at the expense of the power drawn from the power
supply source.

Thus, every amplifier exhibits some power gain. This may lead us to think that the
expression “power amplifier” (PA) is to a certain extent a pleonasm. However, there are
very important and specific reasons why the term “power” explicitly has been introduced
for denoting this category of circuits. Since amplification of a signal can be seen as a
process of conversion of the DC energy provided by the power supply into the energy
delivered into the amplifier load, one may or may not be interested in the efficiency of that
conversion, in addition to the gain of the amplifier. As the power amplifier is typically the
most power-hungry block of a radio-frequency (RF) transceiver, it is usually important
to keep the efficiency of the PA as high as possible, so as to optimize the overall power
consumption of the system. Due to this importance of the efficiency, the principle of
operation and the design of PAs are substantially different from those employed in small-
signal amplifiers, where the efficiency is of little or no importance at all.4

An important characteristic of PAs that distinguishes them from small-signal ampli-
fiers are the considerable absolute power levels that need to be provided with a given,
often very limited, supply voltage. In order to satisfy these large output power require-
ments, RF PAs are designed with load impedances typically in the range of only a few Ω,
necessitating careful design of the impedance matching networks. At such low impedance
levels, even small parasitic components and tolerances of the circuit components can have
a strong undesirable influence on the overall operation. Furthermore, the general philos-
ophy in PA design is that the active device is used to its full power potential, i.e. in such a
way that the maximum output power with a given component is obtained. Also, given sig-
nificant voltage and current levels in PAs, care has to be taken to ensure reliable operation,
which is normally not a point of concern in small-signal circuits.

Another peculiarity of PA design is that many of the classical and helpful concepts
and circuit techniques, widely used in the design of small-signal amplifiers, are not ap-
plicable here, due to the fact that PA circuits operate in large-signal regime and that very
strong nonlinear behavior is frequently encountered. For instance, parameters such as the
transconductance (gm) of a transistor, or the linearized small-signal capacitance of a PN-
junction often prove of limited use in the analysis and design of RF PAs, as the operating
point of the device exhibits extremely huge swings. Even the concept of impedance5 must
be used carefully, since circuit waveforms often significantly deviate from the simple si-
nusoidal ones due to strong nonlinear effects.

Obviously, “power amplifier” is not a pleonasm.

3This is actually the property that distinguishes an amplifier from a transformer. While transformers can
increase either the voltage or current of the signal, they are passive components and as such cannot increase the
signal power (actually, they can only decrease it, due to inevitable losses).

4In a typical DECT receiver, for instance, the power-added efficiency (PAE) of the low-noise amplifier (LNA)
can be as low as 0.0000007% [1]. Since the total power consumption of the LNA is only several mW, this is of
relatively low importance, however.

5In the literature on PAs, the controversial concept of large-signal impedance (or large-signal S-parameters)
is sometimes encountered, which is inappropriate and misleading in the opinion of the author. More details on
this issue will be given in Chapter 5.
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1.1 Motivation and relevance

The role of the RF power amplifier
Illustrated in Figure 1.1, the task of the PA in an RF transceiver is to amplify the high-
frequency transmit signal to a specified output power level and to deliver it to the antenna,
which then radiates the signal in the form of an electromagnetic wave. Explained in this
simplified way, the job of the PA does not seem very difficult in comparison to functions
performed by other blocks in the transceiver. There are, however, a number of difficul-
ties and problems associated with RF power amplification, that are not obvious at a first
glance, and often not present in other types of (small-signal) amplifiers and circuits.

Mixer

DSP
BB
data

DAC Amp

ADC Amp

synthesizer
Frequency

LNA

PA

switch
Dplx/

Tx chain

Rx chain

Antenna

Mixer

Figure 1.1 Block diagram of a generic digital transceiver.

Power consumption in mobile handsets can be addressed at three different levels: sys-
tem, architecture and circuit [2]. From the circuit-level perspective, the power amplifier
is of special significance: it is often the most power-hungry block, not only in the RF
front-end but in the whole transceiver, in addition to usually extensive digital baseband
processing. In order to highlight this point, we will consider the power consumption dis-
tribution in a typical GSM phone of an early generation (the beginning of the 2000s),
shown in Table 1.1 [3]. The table shows the current consumption and supply voltage for
some of the main sections of the mobile phone.

As can be seen from the table, the PA is by far the most significant consumer of power
in the handset during the active (talk) mode: its power consumption is basically several
times larger than the power consumption of all other subcircuits together. Of course, these
data must be seen only as a rough indication, since the actual power consumption depends
on many factors, among others the type of wireless system and its specifications, the
complexity and specific features of a given mobile terminal, the quality of the radio link
etc. Furthermore, the presented data are typical for GSM handsets of older generations
that were mainly used for voice communication.
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Subcircuit
Average current
consumption in
talk mode (mA)

Supply voltage (V)

Digital baseband + memory 25 1.8
Analog baseband 9 2.5
RF (excl. PA) 32 2.8
PA 200 Battery
Power management (housekeeping) 3 Battery

Table 1.1 Typical power consumption in a GSM handset of an early type.

Gap
Games

Web/Email

SMS/MMS

Still camera
MP3, Video
3D games

Time
(generation)

Performance/features

Battery energy density

1G 3G2G 4G

Performance

Battery

Performance
/stamina

Voice

Figure 1.2 Illustration of the performance/stamina gap in modern devices.

In modern mobile phones with many advanced functions, the complexity of the digital
baseband section is orders of magnitude higher in comparison to mobile phones of only
a few years ago: features such as web-browsing, email, photo and video camera, MP3
player, video telephony, games and other processing-intensive applications are nowadays
a regular occurrence on virtually all models, except those from the low-end segment.
Accordingly, the power consumption of the digital circuitry has become far more signif-
icant, although scaling and high levels of integration of modern CMOS processes on the
other hand enable more processing power with less energy. And while the advancement
of digital circuits steadily follows the Moore’s law [4, 5], with the number of transistors
per area approximately doubling every two years, the progress in battery technology is
far slower: the battery energy density is estimated to increase only 1-2 % per year. This
disparity in the speed of progress of semiconductor and battery technology leads to a per-
formance/stamina gap, as illustrated in Figure 1.2. Modern portable appliances may have
a broad spectrum of impressive features, but the autonomy of the battery is becoming
critical: when the battery is dead, our mobile phone, camera or laptop are not of much
use, despite their possibly superb performance.
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RF

baseband
DigitalDisplay

&

Analog
baseband

Figure 1.3 Distribution of power consumption in a modern cellular handset.

One of the rough estimates is that in nowadays mobile phones, the power consump-
tion of the RF section (including the PA) is approximately one third of the total power
consumption, with the remaining two thirds being equally divided between the LCD of
the phone and the digital baseband section [6], as shown in the pie chart in Figure 1.3.
Such a representation is, again, not more than a very rough estimation, since the distri-
bution of the power consumption over the various sub-blocks in a phone will very much
depend on the profile of the phone user, i.e. the usage pattern. Obviously, in the case of
a user that uses the phone mainly for voice communication, the display and the baseband
section will not play as significant role in power consumption as the RF section and the
PA especially. The opposite holds as well: for a user that does a lot of gaming, or playing
multimedia contents, the role of the baseband section in the power consumption of the
handset becomes dominant.

The presented considerations point to the importance of optimization of power con-
sumption performance at all levels in modern handsets. This thesis deals with the issue of
power consumption in the RF PA, and investigates methods of improving the efficiency
of the PA while preserving the needed linearity.

The recent history of wireless systems and the need for high-efficiency
linear RF PAs today

The last two decades have seen an epidemically expansive development in the field of
RF communications, particularly for personal use. It was not so long ago that the term
“mobility” was reserved for either professional/government users, such as military, emer-
gency services etc., or for a negligibly small community of ham radio-amateurs. Today,
however, more than 2 billion people across the globe have a direct and regular access to
some sort of wireless communication system. Applications such as cellular and cordless
telephones, pagers, wireless headsets, wireless networking and connectivity solutions,
gaming systems and computer peripherals etc. have become an integral part of our lives,
used on a daily basis and almost unthinkable without. One may even wonder how we ever
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System
NMT
450

NMT
900 AMPS TACS

Modulation FM FM FM FM
Channel BW (kHz) 25 12.5 30 25
Max. PTX (dBm) 30 30 28 35
PAR (dB) 0 0 0 0
PMR (dB) 0 0 0 0
PCDR (dB) 10 10 25 28
Linearity requirements Low Low Low Low

Table 1.2 Summary of the historically most significant analog (1G) cellular
systems (nowadays mostly outphased).

managed without them. Wireless is omnipresent, invisible and seamless yet highly com-
plex and technically demanding. And this trend continues at an ever growing pace, with
new exciting applications emerging on the horizon. Such a development is particularly
enhanced by the advent of broadband wireline internet access, nowadays widely available
in homes in many parts of the world. While the internet serves as a global network for data
exchange, wireless systems are continuously evolving to support increasingly higher data
rates. New high-speed wireless technologies such as WiFi, WiMax, UWB and 60-GHz
communication systems are emerging, enabling data rates ranging from tens of Mb/s to
several Gb/s. Nowadays, we are witnessing an amazing convergence of the internet with
a myriad of wireless standards, creating a wireless information society.

On the other hand, the scaling of IC technologies has resulted in enormous densities
of transistors and enabled huge amounts of memory and computing power to be packed
in a handheld device such as a mobile phone or a pocket PC. True multimedia contents
can easily be made, stored and reproduced on modern portable appliances, offering great
comfort to nowadays users. Needless to say, while the requirement for mobility remains
the same, or gets even stronger, the appetites of an average consumer have increased, cre-
ating the need for high-speed data transfer over the mobile network. Such a development
creates new technical challenges at all hierarchical layers of the wireless communication
network, in particular that of at the air (radio) interface. To appreciate this point, it is
instructive to have a brief look at the evolution of cellular telephony systems.

The first generation (1G) analog cellular telephony systems had basically only the
voice functionality6, and are nowadays virtually terminated and entirely replaced by the
newer-generation digital systems. Although inferior in a number of regards to their digital
successors, 1G systems do have certain advantages in terms of coverage of large, sparsely
populated areas with low density of users, where they prove to be a more economical
solution than 2G systems. For this reason, 1G networks can still be found, although very
rarely, i.e. only on a few locations in Iceland and Russia. Table 1.2 shows a summary of
the historically significant 1G cellular systems, with the signal characteristics of relevance
for PA design. In addition to the type of modulation, channel bandwidth and maximum

6Somewhat later also the data and text messaging functionality, in a very rudimentary form.
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System GSM/GPRS EDGE (2.5G) IS-136 IS-95
Modulation GMSK 3π/8-8PSK π/4-DQPSK OQPSK
Channel BW (MHz) 0.2 0.2 0.03 1.23
Channel bit rate (kb/s) 270 812 48.6 1228
Max. PTX (dBm) 33 27 28 24
PAR (dB) 0 3.2 3.5 5.5–12
PMR (dB) 0 17 19 26–∞
PCDR (dB) 30 30 35 73
Linearity requirements Low Moderate Moderate High

Table 1.3 Summary of the most significant 2G cellular systems.

transmit power of the mobile terminal, the peak-to-average ratio (PAR) as well as the
peak-to-minimum ratio (PMR) and power control dynamic range (PCDR) are given, and
also an indication of the linearity requirements imposed on the transmitter.

In the 1990s, the 2G systems started to massively take-off, with GSM being today
the absolutely dominant system worldwide, covering more than 70% of the world’s cel-
lular market and being deployed in more than 200 countries. In Table 1.3, an overview
of the most significant (in terms of the market share) 2G standards is given, with the
main characteristics of the air interface. GSM employs GMSK, a constant-envelope dig-
ital modulation that can tolerate relatively nonlinear amplification, thus allowing for the
moderately nonlinear but reasonably efficient power amplifiers in handsets, which is ben-
eficial for the autonomy of the battery. The emergence of 2G systems brought a variety of
new services to the market, such as text (and later multimedia-contents) messaging, call
on waiting etc., and, most importantly, circuit- and packet-switched data transfer, thus
enabling internet access over a mobile phone. By the end of the 1990s, however, it was
becoming clear that the air interface of GSM and other 2G standards was no longer able to
support user demands for increasingly higher data rates needed for online access to mul-
timedia contents. While the basic GSM mode offered a peak user data rate7 of only 9.6
kb/s (single slot operation, circuit-switched data), GPRS enabled multi-slot operation us-
ing the same air interface and modulation as GSM, resulting in user data rates up to 171.2
kb/s (8 slot operation, packet-switched data) in the most favorable radio-link conditions.
However, even these data rates turn out to be on the low side for nowadays standards,
when consumers are accustomed to speeds on the order of Mb/s. This time, the trick that
was used in GPRS – reaching for additional slots – was no longer an option, and another
solution had to be sought to increase the user data rate. So, a new standard was born –
EDGE.

Often referred to as a 2.5G8 system, EDGE largely relies on the GSM infrastructure
but employs a different modulation scheme, 3π/8-8PSK. The underlying idea in the de-

7The user data rate is to be distinguished from the raw channel data rate that is displayed in the table. GSM
is a TDMA/FDMA system, in which only a portion (time slot) of the frame is assigned to one user per channel.
Furthermore, there are signalling and redundancy bits, needed for error checking etcetera.

8In literature, various definitions can be found; sometimes, GPRS and EDGE are referred to as 2.5G and
2.75G, respectively.



8 CHAPTER 1. INTRODUCTION

System UMTS (W-CDMA) CDMA2000
Modulation HPSK HPSK
Channel BW (MHz) 5 1.23
Channel chip rate (Mc/s) 3.84 1.23
Max. PTX (dBm) 24 24
PAR (dB) 3.5–7 4–9
PMR (dB) ∞ ∞
PCDR (dB) 80 80
Linearity requirements High High

Table 1.4 Overview of the 3G cellular systems.

velopment of EDGE was to preserve as much as possible of the existing GSM networks,
but to enable higher data rates. The channel bandwidth thus remained the same as in GSM,
but since a symbol in 3π/8-8PSK carries three bits, as opposed to one bit in GMSK, the
raw channel rate was increased for a factor of three. This benefit, however, comes at a
price: the modulation used in EDGE exhibits variable envelope and thus principally re-
quires a linear PA in the transmitter. As a result, matching battery life in an EDGE handset
to that of the GSM mode is a very difficult problem [7].

The evolution of cellular systems however did not stop with EDGE, but rather con-
tinued at an even faster pace of advancement, bringing the long-time talked-about and
awaited 3G systems (UMTS) with exciting features such as two-way video telephony and
high-speed mobile internet access. Table 1.4 shows the two main 3G cellular standards
that are currently being deployed (and further developed) and their signal characteristics.
As we can see from the table, the 3G standards also make use of variable envelope modu-
lations in order to support high channel bit rates. Furthermore, the 3G RF signals exhibit
a relatively large peak-to-average ratio and, unlike the EDGE signal, an infinitely large
peak-to-minimum ratio, i.e. the envelope can drop down to zero, which has particularly
important implications for PA design. Such signals essentially require rather linear am-
plification in order to meet the stringent ACPR and EVM specifications of the standard.
Since efficiency and linearity normally trade with each other in PA design, the PA of a 3G
handset will thus represent a heavy burden for the battery, creating an even larger problem
than the PA in an EDGE/GSM handset.

In addition to cellular telephony, mobile phones and other portable devices may also
support other wireless standards, such as Bluetooth, WLAN (IEEE 802.11 a/b/g/n) and
UWB (IEEE 802.15), to name the most significant ones. Another wireless system that is
becoming increasingly important is WiMAX (IEEE 802.16), a microwave technology for
broadband wireless access on large distances that can combine the data rates of WLAN
with mobility, or serve as an alternative to cable and DSL. Except for Bluetooth9, all
of these systems share a common property that they employ some variant of variable-

9The standard version of Bluetooth (1.2) is based on a constant-envelope modulation, GMSK, and supports
data rates up to 1 Mb/s, whereas Bluetooth with enhanced data rates (EDR) employs a variable-envelope mod-
ulation, π/4-DQPSK, enabling data rates up to 3 Mb/s.
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envelope modulation and/or multicarrier transmission scheme, in order to support data
rates on the order of tens to hundreds of Mb/s. The reason for such a trend in the choice
of modulation is obvious: the RF spectrum is a scarce resource, and the use and allocation
of frequencies is subject to tight regulations. In order to achieve increasingly high data
rates that are required for modern applications, wireless systems must employ spectrally-
efficient variable-envelope modulations that can pack the needed amount of data within
the allocated bandwidth.

How does the described development of wireless standards reflect to the the require-
ments imposed on the design of the PAs in modern mobile terminals? First, based on
the presented facts, it is clear that linear RF PAs are becoming indispensable. Second,
the need for highly efficient PAs is nowadays stronger than ever, since mobile phones
and other portable appliances are battery-powered devices, and the autonomy of the bat-
tery (i.e., the talktime of a handset) is one of the key selling points in the mass-market.
Of course, while linearity is dictated by a wireless standard, efficiency is not. Histori-
cally, high-efficiency linear amplification over certain dynamic range of a signal has been
a much desired goal, and a difficult problem at the same time, preoccupying engineers
from the earliest days of PA design. Nowadays, with the massive expansion of wireless
systems, this issue only further gains in importance and receives more attention than ever
before due to its huge economic impact. Today, one of the main challenges in the RF
section of a modern mobile phone is optimization of the efficiency of the PA, so as to de-
crease the overall power consumption of the handset and to increase the autonomy of the
battery, enabling cheaper, lighter and smaller handsets. We may say with great confidence
that such a trend will continue in the foreseeable future.

1.2 Objectives
The primary objective of this thesis is to investigate possibilities for high-efficiency linear
RF power amplification of signals encountered in modern digital wireless systems, and
to identify and clarify both fundamental and practical limitations of the various circuit
approaches to this issue. As mentioned in the previous section, combining efficiency with
linearity is an old problem that has been put in focus again. Some of the old PA con-
cepts and transmitter architectures for high-efficiency linear amplification have thus been
a subject of revived interest lately, since better technologies that are nowadays available
can significantly extend the original limits of these old concepts. Especially, the advent of
digital signal processing (DSP) opens new possibilities for some old solutions, invented
in the early days of PA design but not widely exploited in practice, due to a number of
bottlenecks regarding the accuracy of signal processing in the analog domain. Currently,
a few of these old architectures are undergoing something of a renaissance enabled by
DSP, marking a paradigm shift in PA design.

In particular, three different PA/transmitter techniques have been examined and their
benefits and shortcomings analyzed: the envelope elimination and restoration (EER), lin-
ear amplification with nonlinear components (LINC), and pulse-modulated RF PA tech-
niques. Starting from the original concepts, the potential of these three methods for linear
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yet efficient amplification of variable-envelope signals encountered in modern wireless
standards such as UMTS has been investigated, in the context of modern technologies.
Most attention has been directed towards the EER architecture since it proves to have the
highest potential to emerge as a high-efficiency linear PA platform in the future.

Another important objective of the work presented in this thesis is to review and ad-
vance the existing knowledge on the design of Class-E RF PAs, particularly in the context
of the EER architecture. Among several classes of PAs, special attention has been paid
to the Class-E topology, as it is a prime candidate for the implementation of modern EER
PA systems.

1.3 Outline
The material in this thesis is organized in eight chapters and the structure is as fol-
lows. Chapter 2 starts with a brief overview of the basic principles in conventional (non-
switching) PA design, categorization of PAs into classes of operation and definitions of
the main performance parameters. Furthermore, background information on basic con-
cepts in modulation that are of relevance in PA design is given. The inherent efficiency
vs. linearity trade off and the output power capability of the reduced conduction angle
PA modes are considered in detail, pointing to the importance of seeking for alternative
methods of amplification in order to improve the overall efficiency.

In Chapter 3, the main principles of switched-mode PAs are described and their po-
tential for RF and microwave applications discussed, in the light of what is possible with
modern semiconductor technologies. While conceptually simple, switched-mode oper-
ation at high frequencies is a challenging task in practice, and these PAs suffer from a
number of problems that spoil a theoretical 100% DC-to-RF efficiency. With modern
semiconductor technologies, however, relatively high efficiencies can still be achieved at
frequencies as high as several GHz. Switched-mode PA operation in the GHz range is thus
a reality today, but the big issue that remains to be resolved is the inherent nonlinearity of
this type of amplifiers.

Chapter 4 brings considerations on the three linearization/efficiency enhancement
techniques that can employ switched-mode PAs in such a way that linear yet highly effi-
cient amplification results. The architectures that are studied are EER, LINC and several
variants of pulse-modulated RF amplifiers. The benefits and difficulties of each of the
techniques are identified and discussed, and conclusions are drawn on the possible direc-
tions of development of PA design in the future.

Analysis and design of the Class-E power amplifier are the subject of Chapter 5.
Building upon the simplified, idealized Class-E operation, a variety of second-order ef-
fects are analyzed, such as operation with lossy components and with small DC-feed
inductance. Novel, explicit design equations are proposed for Class-E PAs employing
a finite DC-feed inductance. Furthermore, general difficulties in the design of high-
frequency Class-E amplifiers are clarified, and the applicable types of analysis techniques
are reviewed.

Chapter 6 deals with a number of relevant issues in the design of EER PA systems,
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and also examines the feasibility of the Class-E configuration for this type of transmitter
architecture by a UMTS signal study case. The requirements for an ideal EER system are
first identified, followed by a discussion on the AM-AM and AM-PM effects of the am-
plifier, but this time in the EER context. Then, the influence of both linear and nonlinear
distortion in the amplitude path of the EER system on the overall linearity performance
is analytically investigated. In addition, the effect of the delay mismatch between the
amplitude and phase path on the linearity of the system is analyzed through a series of
simulations, for the case of the UMTS signal (WCDMA).

Chapter 7 concludes the thesis, presenting two RF PA design examples: a GaAs HBT-
based Class-E PA, and a GaAs PHEMT-based two-stage PA, both for operation at 2 GHz.
The obtained results confirm the potential and usefulness of switched-mode PAs, and
especially the Class-E configuration, in the EER system, in terms of providing high ef-
ficiency over a broad dynamic range of the output signal. The results also indicate the
importance of accurate predistortion of the drive signals, in order to compensate for the
AM-AM and AM-PM effects of the PA. Furthermore, the architecture of the ideal multi-
stage based EER system is proposed, relying on a method of independent bias control
of the driver and PA stages. General conclusions on the work presented in the thesis are
drawn in Chapter 8.
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General considerations on PA design

Before plunging deeper into considerations on high-efficiency RF power amplification, it
is instructive to briefly review some of the basic concepts in the PA design. In this chapter
we will address several important topics such as the principle of operation and classifi-
cation of PAs, figures of merit and specifications of PA circuits, elementary concepts in
modulation techniques, the relationship between the type of modulation used in a system
and the linearity of the PA. Since RF PAs (and especially switched-mode ones) are very
much different from simply power-scaled versions of their small-signal counterparts, the
phenomena related to them may not be so universally known, and the concepts used in
their design require some introductory attention. It is not our intention to carry out a
complete analysis of conventional modes of PAs, extensively described elsewhere in the
literature, but to present some basic facts and principles of operation that will precede a
more detailed treatment of switched-mode PA circuits, which are our primary interest.

2.1 Classification of power amplifiers
Classification of power amplifiers upon the principle of operation is a logical starting
point in considerations on PA design. In this section our goal is to review the basic
principles of operation and characteristic circuit waveforms, the benefits and shortcoming
of each of the classes, as well as interesting and sometimes rather complex trade-offs that
occur among various performance parameters. First we will consider the conventional
Class-A operation, followed by the widely-used reduced conduction angle mode PAs.
Next, considerations on the elementary concepts of linearity and efficiency will be given,
followed by a discussion on basic principles in modulation. The chapter is concluded by
a brief overview of the most important specification parameters of power amplifiers.

13
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2.1.1 Class-A power amplifier
We will start our considerations with the most basic type of all PAs - the Class-A config-
uration. Sometimes it is also referred to as a linear power amplifier, although its perfor-
mance is not necessarily highly linear; furthermore, some other amplifiers, which are not
Class-A, may exhibit even higher linearity under specific conditions of operation.

In Figure 2.1 a Class-A PA circuit in its most basic form is shown. The circuit consists
of an active device, an RF choke (RFC), two DC blocking capacitors Cb, a biasing resistor
RG, a load resistance RL and a parallel LC tank circuit L0||C0. In this case, the active
device is taken to be an N-channel field effect transistor (FET)1, but it can be a bipolar
device as well.

RFC

L0 C0

Cb

IDC

iL

iD
RLvDS vo

Cb

RG vGS

VGG

Vs

VDD

Figure 2.1 Basic Class A power amplifier.

At the beginning of the analysis, it is instructive to review the basic electrical behavior
of the transistor being used. We will start with a brief look at the DC I-V curves of a
typical FET device. In Fig. 2.2, the output characteristics of such a device are shown: the
drain current, iD, is given as a function of the swept drain-to-source voltage, vDS, while
the gate-to-source voltage vGS is a parameter. For values of vDS higher than the knee
voltage, Vk, the drain current does not exhibit significant variation versus vDS, although
the exact slope of the I-V curves, reflecting a finite DC output conductance, depends on
the actual type of the device and can be quite significant in certain technologies (e.g., in
deep-submicron CMOS processes). In Fig. 2.3, the transfer characteristic of the device
is depicted: the drain current is now given as a function of the gate-to-source voltage,
assuming that the drain-to-source voltage is kept above Vk, i.e. the transistor is operated
in saturation. Although the drain current is essentially controlled by vGS, it also shows a
certain variation with vDS, which is modeled by a nonzero output conductance connected

1Without going into details on many different types of FET devices, we assume a generic high-frequency
FET in our discussion throughout this chapter.
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in parallel by the voltage-controlled current source. Thus, we could actually observe
a set of closely spaced transfer characteristics, corresponding to the different values of
vDS. However, assuming a small output conductance, which is a realistic approximation
for most devices, the drain current will be considered to be a function of vGS only, as
long as vDS > Vk. The characteristic of Figure 2.3 shows that the device turns on at a
certain threshold voltage, and the drain current increases nonlinearly with vGS, finally
saturating at its maximum value Imax in the open-channel condition. The values of vGS
that correspond to the threshold of conduction and to open-channel condition, are denoted
as Vth and Voc, respectively. In Figure 2.3, Vth is shown to lie on the positive half of the vGS
axis, but this is not necessarily the case; in depletion-mode FETs, the threshold voltage
is a negative value, typically around -0.8V for a representative GaAs PHEMT process,
whereas enhancement-mode FETs have a positive Vth, which is the case depicted in Figure
2.3.

0

max

iD

Vk Vmax vDS

vGS

I

Figure 2.2 Typical output characteristics of a FET.

0

DS >V k

VocVth

Imax

iD

vGS

v

Figure 2.3 Typical transfer characteristic of a FET.



16 CHAPTER 2. GENERAL CONSIDERATIONS ON PA DESIGN

The plots shown in Figures 2.2 and 2.3 represent typical characteristics of a realistic
FET device. For simplicity, in the further course of the analysis, we will adopt a simplify-
ing assumption that the device exhibits a perfectly linear transfer characteristic for values
of vGS between Vth and Voc, and a hard-limiting behavior outside this region. Also, the
device will be assumed to have a zero-valued knee voltage, Vk, and to be ideally transcon-
ductive, i.e. with zero output conductance. In other words, the electrical behavior of the
device would correspond to the I-V curves shown in Figures 2.4 and 2.5. These simplifi-
cations, although unrealistic, are useful in this initial stage, for the purposes of analyzing
the basic principle of operation of the Class-A PA.

0

max

iD

Vmax vDS

vGS

I

Figure 2.4 Idealized output characteristics.

0

D

Vth

I max

Voc vGS

i

Figure 2.5 Idealized transfer characteristic.

The basic operating principle of the Class-A PA is now rather simple to explain. In
the Class-A operation, the device is biased in such a way that its quiescent drain current
equals exactly one half of the maximum permissible current for the given device, denoted
by Imax in Figure 2.5. In addition to that, the input (drive) signal amplitude is adjusted
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to swing the operating point of the device across the full extent of the linear region of
the transfer characteristic, but not to push it into hard clipping, i.e. at all times the gate-
source voltage satisfies the condition Vth < vGS < Voc. Therefore, the excursion of the
operating point covers the entire linear region. Under these conditions, the drain current
will be a truthful replica of the input signal, and a linear operation will result. The drain
voltage, vDS, is dictated by the load impedance presented to the transistor and the drain
current (which, again, is here assumed to depend on the drive signal only). In order to
obtain the time domain representation of vDS, we will make use of our initial assumptions
that the device is perfectly linear and that the biasing and drive conditions are arranged
such as to keep the operating point of the device within the linear region of the transfer
characteristic. If the gate-source voltage, vGS, is sinusoidal, the drain current iD will
be purely sinusoidal as well, due to the fact that the transistor acts as a perfectly linear
transconductive device. In other words, the drain current will contain only the DC bias
value and the fundamental spectral component, at the frequency of the input signal; since
the transfer characteristic is linear, no other spectral components are generated in the drain
current. If the impedance seen by the transistor at the fundamental frequency is purely
resistive, i.e. ZL(ωc) = RL, the voltage vDS is readily obtained as the result of superposition
of the supply voltage, VDD, and the voltage determined by the magnitude of the drain
current and the load resistance RL. The characteristic Class-A waveforms are depicted in
Figure 2.6. The drain current, iD, and the drain-source voltage vDS, are centered about
their quiescent values IDC and VDD, respectively, and exhibit the maximum swing allowed
by the device and its technology of fabrication. The maximum value of the drain voltage
may not exceed the breakdown voltage of the used technology, and the maximum current
that can be sustained is dictated by the gate periphery of the device. In principle, RF
power transistors are high-current, low-voltage devices. While it is possible to increase
the maximum permissible current by scaling its active area (or choosing a larger discrete
device), the breakdown voltage is much less flexible constraint. It is essentially fixed by
the semiconductor process, and cannot be altered without fundamentally changing the
characteristics of the processing technology, which is not an option at disposal to the
circuit designer. Thus, the PA designer has to accept the breakdown constraint of a given
semiconductor process.

As can be seen from Figure 2.6, the drain current of an ideal Class-A amplifier is a
pure sinusoid, centered around the dc level equal to half the peak value of the current.
Therefore, the drain current waveform can be expressed as

iD(θ) = IDC + I1 sinθ (2.1)

where IDC represents the quiescent (bias) value of the current, I1 is the magnitude of
the fundamental tone and θ = ωct is the angular time. Capacitors Cb in Figure 2.1 are
assumed to have an infinitely large value, i.e. to operate as ideal dc-blocking devices,
allowing only ac component of the current to flow. Therefore, the load current can be
found as

iL(θ) = IDC− iD(θ) =−I1 sinθ (2.2)

Since the parallel LC tank is tuned to the frequency of operation, the fundamental impedance
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Figure 2.6 Ideal Class-A PA waveforms.

seen by the transistor when looking into the load is equal to the load resistance RL. The
RFC choke represents a short for the dc signal, and the drain voltage of the transistor thus
can be found as

vDS(θ) = VDD−RLI1 sin(θ) (2.3)

where the magnitude of the fundamental component of the drain current is

I1 = VDD/RL (2.4)

In PA design, the supply voltage and load resistance are normally dimensioned so as to
provide a maximum voltage swing at the drain of the transistor, taking into account the
breakdown limitation. The underlying idea is to obtain the maximum power from the
device, i.e. to fully exploit its power-delivering potential. For this reason, and taking into
account the symmetry of the waveforms, the supply voltage is set to half the value of the
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breakdown voltage, VBR. Furthermore, I1 = VDD/RL. Based on (2.1)–(2.4), it is possible
to derive the efficiency of the Class A. The output power of the PA, i.e. the RF power
delivered to the load, is

Pout =
1
2

I2
1 RL (2.5)

On the other hand, the power drawn by the amplifier from the dc supply source is equal
to

PDC = VDDIDC (2.6)

In PA design, one of the key performance parameters is the efficiency of power ampli-
fication. The output efficiency2 is defined as the ratio of the output RF power to the power
consumed from the DC supply and is commonly denoted as η . From (2.4) and (2.6), it
follows that I1 = IDC in Class-A PAs, and the theoretical output efficiency is equal to

η =
Pout

PDC
=

1
2 I1R2

L

VDDIDC
= 0.5 = 50% (2.7)

Note that the derived efficiency value is valid only if the drive signal and load resistance
are chosen such as to provide the maximum rail-to-rail voltage swing at the drain. If the
drive level is reduced - the condition referred to as back-off operation - the output power
decreases accordingly, but the dc consumption of the PA remains unaltered, which leads
to a drop in efficiency. The efficiency of the Class-A PA operating in back-off is thus
given by

η(Pout) = 0.5
Pout

Pout,max
(2.8)

where Pout,max represents the nominal maximum output power for which the PA is de-
signed.

The above considerations indicate that in the best case (i.e., at the peak output power),
only half of the power drawn from the supply is transformed into the useful RF power
delivered to the load, whereas the other half is lost in form of the heat dissipated in the
power device. In addition, the analysis is based on the following idealizing assumptions:

© the zero voltage of the device is zero.

© the transistor is a perfectly linear transconductive device.

© there are no parasitic losses in the passive components of the load network (such as
e.g. resistance of the RFC).

In practice, a variety of second-order effects will be encountered, which will further de-
grade the efficiency of the PA. For instance, the need to keep the drain voltage swing above
the knee voltage will limit the available voltage swing and thus will bring an additional
penalty on the efficiency.

2There are several different types of efficiency and their definitions will be given in Section 2.2.
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Clearly, a major drawback of the Class-A operation is the large power dissipated in
the transistor. In general, the concept of the active device being used as a controlled cur-
rent source inevitably leads to a significant overlap of the simultaneous device voltage and
current, which translates to a substantial power being dissipated in the device, thereby im-
posing a limitation on the efficiency of the circuit. Therefore, the concept of the transistor
being used as a current source has to be abandoned in the search for high efficiency ampli-
fication. Alternative methods of power amplification have been developed, in which the
transistor is used as a switch rather than as a current source, and they will be considered
in Chapter 3.

2.1.2 Reduced conduction-angle mode PAs

In this section, we will address the type of operation that is most commonly used in the
world of power amplifiers. As we will see, reduced conduction-angle mode essentially
represents a superset of several different classes of operation, namely: AB, B and C. We
may think of it as a continuum of classes from Class-A to Class-C. Occasionally, they are
are referred to as linear power amplifiers (even though their performance is not necessarily
linear), in a sense that their principles of operation are quite different from those employed
in switched-mode PAs. A common feature of the reduced conduction-angle PAs is, as the
name suggests, that the transistor does not conduct current throughout the entire RF cycle,
but rather through only a part thereof. This type of operation is very much different from
what the designer of small-signal amplifiers is normally accustomed to; the input RF drive
now swings the operating point of the transistor to the extent that no current at all flows
during a portion of the RF cycle.

The main reason for introducing this type of operation was the need to reduce the
power dissipated in the transistor, and thus to increase the overall power efficiency of the
circuit. The basic principle of operation of these amplifiers is very old and well known:
the device is biased to a low quiescent current (or no current at all), and it is up to the
RF drive signal to swing the device into conduction. This procedure certainly leads to
the improvement in efficiency (in comparison to the Class-A operation), but has some
negative effects too, in terms of the input signal requirements, linearity, output power and
the harmonic content of the output signal.

While the topology of a reduced conduction angle PA is essentially equivalent to that
of the Class-A circuit in Figure 2.1, the bias and drive conditions are not. The process
of reducing the conduction angle is illustrated in Figure 2.7 that shows the device current
normalized to the peak value for three different cases. In addition to the Class-A wave-
form, the drain current for two cases with reduced conduction angle is shown. In one
case, the device is biased closer to the cutoff point, but still in the active region (Class-AB
operation), whereas in the other case the device is biased precisely at the cut-off point
(Class-B operation). For simplicity, we will use normalization of the gate-source voltage
and quiescent operating point on the following scale: a normalized value of 0 will corre-
spond to the threshold of conduction (Vth), whereas a normalized value of 1 denotes the
open-channel conditio (Voc), with reference to the plots in Figures 2.5 and 2.8. Basically,
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this is a simple linear transformation given by

Vnor =
V −Vth

Voc−Vth

where index nor denotes the normalized value of voltage. Therefore, to obtain the maxi-
mum output current for the given device, the required normalized input voltage amplitude
will be

VS = 1−VQ (2.9)

where VQ is the normalized quiescent bias point, as indicated in Figure 2.8 (the case shown
in the figure corresponds to Class-A bias). For the purpose of comparing different modes
of operation (i.e. modes for various values of the quiescent current), we will assume that
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for the various possible values of the quiescent bias point, the input signal amplitude is
always chosen in accordance with (2.9), so as to obtain the maximum peak output current
that can be sustained by the device. At the same time, we will assume that the load is
adequately selected so as to provide the full voltage swing within the breakdown limits of
the device.

As we see in Figure 2.7, the current has a truncated sine wave appearance and the
conduction angle α indicates the portion of the RF cycle during which the device is con-
ducting. It should be stressed that here α refers to half of the total angle of conduction
(sometimes in literature, another definition appears, because of the symmetrical waveform
of the device output current). So, the total conduction angle that includes both contribu-
tions on either side of the zero time point is equal to 2α , and the current cut-off points
are at ±α . It is clear that the output current waveform will contain, beside fundamental,
some amount of harmonic components, which can easily be found by Fourier analysis of
the waveform. These harmonic components are effectively shorted by the high-Q parallel
LC tank, see Figure 2.1. Thus, only the fundamental component of the current reaches
the load resistance.

Based on the presented considerations, it is possible to derive the corresponding ex-
pressions for the efficiency of the PA as a function of the conduction angle. Without
further going into detailed analysis of operation of each of these classes, it is convenient
to have a tabular overview of their main characteristics, as shown in Table 2.1. For the
exact analysis of reduced conduction angle PA modes and derivations of the efficiency,
see Appendix A.

Table 2.1: Conventional power amplifiers

Class Bias point Quiescent current Conduction angle Efficiency
VQ IQ 2α η(%)

A 0.5 0.5 2π 50
B 0 0 π 78.5

AB 0−0.5 0−0.5 π−2π 50−78.5
C < 0 0 0−π 78.5−100

An interesting and not directly visible trade-off occurs in reduced conduction-angle
mode PAs. By reducing the conduction angle, as we have seen, the DC component of the
transistor current is decreased, thus lowering the dissipation in the device. The fundamen-
tal component of the drain current, however, also decreases, which leads to a drop in the
maximal output power that can be achieved with a given device. The plot in Figure 2.9
shows how the efficiency and normalized output power3 vary with the conduction angle
(for derivation, see Appendix A).

Another important parameter of a PA is the output power capability, most often de-
noted as c, and defined as the ratio of the output power of the PA to the product of the

3Pout is normalized to the Class-A case.
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peak voltage and current values of the transistor. Thus,

c =
Pout

Vmax Imax
=

1
2V1I1

Vmax Imax
(2.10)

where Vmax and Imax denote the maximum values of the drain voltage and current wave-
forms, respectively, and Pout denotes the useful RF power, which in turn can be expressed
as a function of the fundamental components of the transistor voltage and current, V1 and
I1, respectively. In other words, c quantifies how effectively the device is utilized in gen-
erating output RF power, by comparing the output power level with the suffered electrical
stress. This parameter is dependent on the class of operation: for Class-A mode, for in-
stance, it is easy to show that c = 0.125. If we normalize the output power capability to
that of the Class-A operation, the characteristic r(α) depicted in Figure 2.9 is obtained.
The normalized output power capability is also referred to as the power utilization factor
(PUF).

Another important issue that deserves some comment is the behavior of the various
classes of PAs when the drive level is decreased from its nominal peak value, a condition
commonly referred to as back-off. In general, the efficiency decreases rapidly when the
PA is operated in back-off, but the rate at which the efficiency drops differs for the various
classes. For more detailed considerations on the back-off behavior, see Appendix B.
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2.2 Linearity and efficiency
Linearity and efficiency are usually the two most important performance parameters of PA
circuits. There is, however, an important conceptual difference between them: linearity is
in principle dictated by the specifications, i.e. by the application in which the PA will be
used, whereas efficiency is most of the time left unspecified. In other words, the linearity
specification must be met, whereas efficiency is a figure of merit of the circuit. Clearly, it
would be highly desirable to have a circuit that would provide high efficiency and good
linearity at the same time. However, as we will see in this section, a strong trade-off
that occurs between these two parameters is one of the most fundamental problems in
PA design. Our intention in this section is to examine this inherent trade-off in detail,
and to derive general guidelines on choosing the optimal mode of operation for a given
application.

The need for linear power amplification arises in many RF applications. Before deal-
ing more extensively with this issue, it is first necessary to define what actually constitutes
a linear PA. Linearity is one of the basic concepts in electronics, frequently encountered
in the analysis and design of various types of circuits. Mathematically, linearity denotes
a linear relationship between the quantity that represents the output (response) of a block,
and the quantity that represents its input signal (stimulus). In general, these two quanti-
ties can be dimensionally different. In the case of power amplifiers, linearity is discussed
in the context of the power transfer characteristic that describes the output power of the
PA as a function of the applied input power. Consider the block diagram given in Figure
2.10 (a). If the input power Pin is swept, and the output power Pout is measured, then
the Pout −Pin plot represents the power transfer characteristic of the PA. A typical power
transfer characteristic is depicted in Figure 2.10 (b).

b)

PA

a)

1 dB
P1dBRS

VS

VDCPDC

Pin Pout

Pin

RL

Pin_1dB

Pout

Figure 2.10 General power amplification system.

The plot in Figure 2.10 (b) shows a power transfer characteristic that exhibits com-
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pression: as the input power increases, the output power gradually drops below the ideal
linear-based value. In principle, the nonlinear behavior can be of an arbitrary type, but
practical amplifiers always show a compressive type of nonlinearity. Nonlinearity of con-
ventional (non-switched) PAs results from the following two main causes:

© the intrinsic nonlinearity of the device (e.g., nonlinear iD vs. vGS characteristic of a
FET).

© in Class-AB and -C PAs: the dependence of the conduction angle on the drive level,
which in turn implies nonlinear dependence of the fundamental component of the
output current on the input level.

Interestingly, these two effects can combine in such a way that they partly cancel
each other, increasing the overall linearity of the PA. Thus in practice, often a higher
linearity (and efficiency) is obtained by a Class-AB PA than by its Class-A counterpart
employing the same type of the device. This is certainly an intriguing and fortuitous
effect that sometimes causes confusion among the engineers, as it contradicts the common
beliefs that linearity decreases monotonically as the class of operation moves from Class-
A towards Class-C.

2.2.1 Characterization of linearity
There are several ways to describe the linearity of an amplifier. In this section, we will
mention metrics that are commonly employed to characterize the effects of nonlinear
distortion of a PA.

1-dB compression point

The 1-dB compression point is a simple and convenient parameter commonly used to
characterize the degree of nonlinearity of an amplifier. As illustrated in Figure 2.10 (b),
the value of the input power at which the output power drops by 1 dB below the projected
linear amplification value is referred to as the input 1-dB point, Pin 1dB. In the design
of small signal circuits, e.g. mixers, LNAs etc., another similar linearity metrics is often
used: the third order intercept point (IP3). The definition of IP3 and its relation to P1dB
can be found in [8].

AM-AM and AM-PM effects

When considering the power transfer of a PA, the focus is strictly on the magnitude of the
output power. As the modulated RF carrier in general can be represented as an amplitude-
and phase-modulated wave, it is of interest to consider the phase of the output signal of
the PA as well. Consider the block diagram given in Figure 2.11.

The input signal fed to the PA can be represented as vin(t) = Ain cos(ωct +φin), where
the amplitude and phase of the signal, denoted as Ain and φin, respectively, in general
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Figure 2.11 AM-AM and AM-PM distortion.

are time-varying functions, independent of each other. In the same manner, Aout and φout
represent the amplitude and phase of the output signal, respectively. In the case of an
ideal, linear amplifier, Aout is a linear function of Ain, as indicated by the dashed line
in the Ain-Aout diagram. A realistic PA, however, will exhibit a nonlinear relationship
between the input and output amplitude, as indicated by the solid line. This behavior is
often referred to as AM-AM distortion, and represents what commonly is assumed by
nonlinearity of the amplifier.

Another important effect, that is not so often considered but also represents a form
of nonlinear distortion, is shown in the φout vs. Ain diagram. Assuming a constant phase
of the input signal, the input amplitude is swept while the phase of the output signal
is observed. An ideally linear amplifier exhibits a constant output phase, independent
of the drive level. The dependence of φout on Ain is commonly referred to as AM-PM
distortion, and, together with AM-AM distortion, leads to the phenomenon of spectral
regrowth that will be discussed next. While the source of AM-AM distortion is rather
easily understood and explained by the inherent nonlinearity of the transistor in a PA
and/or clipping effects, AM-PM effects seem to be of a more obscure origin. AM-PM
distortion arises due to various voltage-dependent mechanisms in the transistors, such as
voltage-dependent capacitances and resistances, as well as storage delays.
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Intermodulation distortion

Intermodulation distortion (IMD) is another effect that results from nonlinear behavior
of the amplifier. It is related to one of the basic characteristics of nonlinear circuits: the
generation of new frequency components, different from those that are present in the
input signal. The mechanism of the generation of new spectral components is illustrated
in Figure 2.12.
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f12 f2− f1f2
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f

−2
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Figure 2.12 Generation of new spectral components due to nonlinear distortion.

Analytically, this phenomenon can be proven easily by assuming that the system has
a nonlinear transfer function that can be expressed as a polynomial [8]. Figure 2.12 (a)
shows a situation where a single-tone signal is applied to a nonlinear system. The output
signal then contains a number of harmonics, i.e. spectral components with frequencies that
are multiple integer of the original, fundamental frequency. If the nonlinear characteristic
contain even order terms, a DC component will be generated as well. Since harmonic
components are out of band of interest, they can be easily filtered out. Of far more interest
are intermodulation products, that are generated by the odd-order nonlinear terms of the
transfer characteristic. These spectral components fall into the band of interest and cause
interference, and are impossible to eliminate by filtering. Figure 2.12 (b) illustrates the
case of third-order intermodulation products (IM3).

ACPR

Adjacent channel power ratio (ACPR) is a measure of the out-of-band interference. Non-
linearity of the PA leads to the pollution of the adjacent channels by the intermodulation
spectral components. The intermodulation bands stretch out to three times the original
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modulation bandwidth in the case of the third order distortion products and five times for
the fifth order distortion, as shown in Figure 2.13. This phenomenon is called a spectrum
regrowth and gives the output spectrum the step-like appearance, with each ”step” corre-
sponding to a higher order of distortion. The usual parameter for quantifying the spectrum
distortion is the adjacent channel power ratio (ACPR), or adjacent channel leakage power
ratio (ACLR) which is the term used in the UMTS 3GPP technical specification [9].

ω−3ωmmω−5ω

2ωm

ω+3ω ω+5ωm mω

signal

5th order IM products

3rd order IM products

frequency

power (dB)

Figure 2.13 Illustration of the spectral regrowth phenomenon.

EVM

Error vector magnitude (EVM) is another metrics that is particularly suitable for charac-
terization of PA nonlinearity in modern wireless systems that employ digital modulation
schemes. While ACPR is a measure of the out-of-band interference, EVM quantifies in-
channel distortion, i.e. it describes how much the information contained in the transmitted
signal has been impacted by the nonlinearity of the transmit/receive chain. Consider the
constellation diagram depicted in Figure 2.14.

Point T denotes the location of the distorted transmitted signal at the instant of sym-
bol decision, whereas point R denotes the ideal, reference location of the symbol in the
constellation diagram of a given modulation scheme. Vector ~E, appropriately called the
error vector, represents the difference of vectors that correspond to the transmitted and
reference symbol location. The magnitude of the error vector thus indicates how much
the transmitted signal deviates from the ideal modulation. As shown in Figure 2.14, the
EVM is defined as an RMS value of the error vector averaged over a larger number of
consequent symbols. It should be mentioned that the specifications of a wireless system
often may specify two values of EVM that have to be satisfied: an RMS value, and a peak
(maximum) instantaneous value. The air interface specification of UMTS [9] mandates
the average EVM should not exceed 17.5%.
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2.2.2 Efficiency metrics

In PA design, several similar, yet slightly different metrics are used to characterize the
efficiency performance of a PA. These parameters are the output efficiency, power-added
efficiency and the overall efficiency of the amplifier.

Output efficiency

The output efficiency of a PA, also referred to as the drain/collector efficiency, is defined
as the ratio of the useful output RF power versus the power drawn from the DC supply,
i.e.

η =
Pout

Pdc
(2.11)

Note that the output power term, Pout , refers to the useful RF power delivered to the
load, i.e. only the spectrum centered around fundamental frequency (including the adja-
cent channels) is taken into account; harmonic components, that are also delivered to the
load, are neglected. However, since the level of harmonics at the load in a typical RF PA
is on the order of several tens of dB below the carrier, the error that is made by taking
into account the entire RF output power in (2.11) is negligible. Practical RF power meter
sensors (“heads”) are indeed most often broadband devices.

Power added efficiency

The power added efficiency (PAE) is a more realistic indicator of the efficiency perfor-
mance, as it takes into account the fact that a PA has to be driven in order to produce the
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output power. The PAE is defined as

PAE =
Pout −Pin

Pdc
(2.12)

where Pin is the input (drive) power, and Pout and Pdc are the output power and DC supply
power, respectively. By a simple manipulation, (2.12) can be reformulated as

PAE =
Pout −Pin

Pdc
=

Pout

Pdc

(
1− Pin

Pout

)
= η

(
1− 1

Gp

)
(2.13)

where η is the output efficiency of the PA, and Gp is the power gain, given by Gp =
Pout/Pin. From (2.13), it follows that for significant values of power gain, say higher than
10 dB, the PAE becomes virtually equivalent to the output efficiency.

Overall efficiency

Another possible measure of the efficiency performance of a PA is the overall efficiency,
defined simply as the ratio of the output power and the total power fed into the PA, i.e.

ηoverall =
Pout

Pdc +Pin
(2.14)

This type of efficiency, however, is not often employed in the characterization of PAs; the
PAE and η are far more frequently encountered.

2.3 Types of modulation in modern wireless systems

Modulation is the process of impressing information on a carrier signal for the purposes
of transmission through a suitable medium (i.e., a channel). This basic definition is, obvi-
ously, very broad because it does not give any description on how the information content
is embedded into the carrier. Indeed, it turns out that there is a large number of methods
for achieving this goal. While the study of modulation techniques largely falls under the
scope of communication theory, it is of major importance for a PA designer to have a cer-
tain knowledge on the basic principles of modulations and the characteristics which are
relevant for PA design. The three main functions that are performed in an RF transmitter
are modulation, upconversion (frequency translation) and power amplification; the first
two functions can also be combined in some cases. Therefore, the knowledge of basic
concepts of modulation techniques is essential in PA design. The goal of this section is
to provide an overview of several most commonly employed modulation formats and an
understanding of the relation between a specific type of modulation and the required type
of the PA in the system.
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2.3.1 Analog modulation techniques
Analog modulation is of older date, and nowadays not anymore significantly used in mod-
ern communication systems where the information contents is transmitted and processed
in a digital form. However, it is conceptually important, as it forms the basis of the more
advanced digital modulation schemes. Therefore, in this section we will briefly review
the basic concepts of analog modulation.

The core principle of analog modulation is that a slowly varying, analog baseband
signal modulates one of the three parameters of a high-frequency signal: amplitude, fre-
quency or phase. Consider a high frequency carrier, given by

vRF(t) = A(t)cos[ωc(t)t +φ(t)] (2.15)

where any of the three parameters that define the signal can be made to be a function of
a baseband, modulating signal. Correspondingly, there are three types of analog modu-
lation: amplitude modulation (AM), frequency modulation (FM) and phase modulation
(PM). Since the latter two types change the total phase angle of the carrier, they are also
referred to as angular modulation. We will briefly consider the characteristics of both am-
plitude and angular modulation and comment on the characteristics of the resulting signal
from the PA perspective.

Amplitude modulation

If the envelope of the carrier, A(t), is controlled by a modulating signal, an amplitude-
modulated signal results. Consider the envelope given by

A(t) = A0(1+m(t)) (2.16)

where A0 is the value of unmodulated envelope, and m(t) represents a normalized wave-
form of the modulating signal, conditioned in such a way that m(t) ≤ 1 at all times. For
simplicity, we can assume that the initial phase of the carrier is zero, and the resulting
modulated RF signal can then be written as

vAM(t) = A(t)cosωct = A0 cosωct +A0m(t)cosωct (2.17)

This type of amplitude-modulated signal is referred to as a normal, classical AM
signal. The first term in (2.17) represents the carrier component, whereas the second
term indicates that the spectral content of the modulating signal, m(t), is translated in
frequency and located in two frequency bands centered symmetrically around the carrier
frequency, ωc. The classical AM signal, thus, consists of the carrier and two sidebands. If
we consider a simplistic case of a purely sinusoidal modulating signal, the resulting AM
signal then can be represented as

vAM(t) = A0(1+mcos(ωmt))cosωct (2.18)

= A0 cosωct +A0
m
2

cos(ωc−ωm)t +A0
m
2

cos(ωc +ωm)t (2.19)
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where ωm is the angular frequency of the modulating signal and m is the modulation index
(i.e., the “depth” of modulation). Figure 2.15 shows the waveform of such an amplitude-
modulated signal.

t

AM (t)

A0

A0(1+m)

A0(1−m)

v

Figure 2.15 Amplitude-modulated signal.

For the PA designer, of special importance is the variation of the envelope of the
signal over time. In order to guarantee a correct demodulation and extraction of baseband
information on the receive side of the communication link, the varying-envelope RF signal
in principle must be amplified with satisfying degree of linearity; the linear range of the
power transfer characteristic must accommodate the entire span of the envelope, i.e. the
peak envelope power (PEP) point, in the above example denoted as A0(1 + m), may not
lie deep in the compressed part of the transfer characteristic.4 This requirement, however,
leads to degradation of the efficiency performance of the PA, due to the behavior of linear
PAs in back-off operation, as discussed in Section 2.1.2 and Appendix B.

Angular modulation

Another possibility to impress information into a carrier is to make the total phase of
the carrier signal a function of the baseband signal - this is the core principle of angular
modulation. Within angular modulation, a distinction can be made between two subtypes,
namely, frequency modulation (FM) and phase modulation (PM). In FM, as the name
implies, the instantaneous frequency of the carrier is directly controlled by the modulating
signal, whereas in phase modulation the excess phase is being modulated. Thus, an FM
signal can be written by

vFM(t) = A0 cos
(

ωct +
∆ω
ωm

sinωmt
)

(2.20)

where ωc and ωm represent the frequency of the carrier and of the modulating signal,
respectively, and ∆ω is the maximum frequency deviation [10]. The waveform of such an
FM signal is shown in Figure 2.16.

4How deep into compression one may go depends on the linearity requirements of the specific application;
the 1-dB compression point is usually considered as the limiting point of the linear regain of the PA.
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Figure 2.16 Frequency-modulated signal.

An important property of FM and PM signals is that their envelope is constant, which
makes them suitable for amplification with moderately or even strongly nonlinear PAs.
Since the baseband information is essentially carried in zero-crossings of the signal, the
distortion of the signal’s waveform due to nonlinearity of the power transfer character-
istic is Interestingly, by purely observing the waveform of an angular-modulated signal
(without the knowledge of the baseband signal), it is not possible to determine whether
the carrier is frequency- or phase-modulated. Both techniques can produce carriers with
identical characteristics. In practice, FM has been more widely used, as it is easier to
perform modulation and demodulation in that case.

2.3.2 Digital modulation techniques

In most modern communication systems, information in the form of a digital signal is
processed in the baseband domain. Consequently, digital modulation schemes are used
for RF transmission. In general, digital modulation has significant advantages over ana-
log one, such as increased capacity, better immunity to noise and interference, and being
inherently more suitable to various signal processing techniques which are nowadays en-
tirely performed in the digital domain. The underlying principles of digital modulation
techniques are essentially identical to those employed in classical analog modulation: the
baseband source signal, which is now digital, is mapped onto the amplitude and/or phase
of the high-frequency carrier signal, either directly or by means of an intermediate fre-
quency (IF) signal. A huge creative freedom in how this mapping process can be carried
out, however, has resulted in a wide variety of digital modulation formats. When it comes
to digital modulations, the three main parameters of interest are: immunity to noise, spec-
tral efficiency and power efficiency [8]. Immunity to noise determines the bit error rate
(BER) performance of a particular modulation scheme. As the name suggests, BER de-
scribes how reliable information is transmitted and recovered in the presence of noise
and interference. Spectral efficiency, on the other hand, refers to the channel bandwidth
required to support a given data rate, and accordingly is expressed in (b/s)/Hz. Finally,
power efficiency concerns the linearity requirements of the modulation, i.e. the type of
power amplifier needed to transmit the modulated waveform in an acceptable form. A
large variety of digital modulation schemes is the result of the fact that they exhibit dif-
ferent tradeoffs among the three mentioned performance parameters.
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In this section, we will briefly review several variants of digital modulations that are
frequently encountered in modern wireless communication systems. The main character-
istics of different modulated signals will be discussed and a few key aspects that are of
interest in PA design will be highlighted.

QPSK

Quadrature phase-shift keying (QPSK) is a typical representative of the large family of
digital phase modulation schemes. In QPSK, the baseband binary signal maps the excess
phase of the carrier into one of the four possible values. Since the baseband digital signal
is binary, two consecutive bits are used to form a symbol, which is then mapped onto the
phase of the carrier. Therefore, the modulated RF signal can be expressed as

vQPSK(t) = Vm cos
[
ωct +(2k−1)

π
4

]
, k ∈ {0,1,2,3} (2.21)

where k denotes the one out of four possible values of the symbol being transmitted. For
clarity, the process of mapping can be illustrated by the constellation diagram, a concept
frequently used in the theory of digital modulations.

(0,0)

Q

(1,0)

(1,1)(0,1)

I

Figure 2.17 Constellation diagram for QPSK modulation.

Illustrated in Figure 2.17, the QPSK constellation diagram displays how the four pos-
sible phase states are mapped to the symbol value. Axes I and Q correspond to the base-
band quadrature signal. Namely, QPSK (and many other modulation formats) is in prac-
tice implemented through the concept of quadrature modulation, which is shown in Figure
2.18. The binary data stream is fed to a serial-to-parallel converter, which generates two
non-return to zero (NRZ) bipolar data streams at half a data rate; the symbol period thus
equals two bit periods, i.e. Ts = 2Tb. These baseband signals, denoted as I and Q, multiply
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Figure 2.18 Implementation of QPSK modulation by the quadrature modulator.
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Figure 2.19 Instantaneous phase transitions in an unfiltered QPSK signal.

a high-frequency carrier with quadrature phases, and the two upconverted signals are then
recombined to produce a QPSK-modulated waveform. In this procedure, the accuracy
and matching of the two quadrature paths are very important. The high-frequency carrier
signals with quadrature phases can be generated in a variety of ways [1, 11].
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According to the preceding considerations, a high-frequency QPSK-modulated carrier
exhibits constant envelope, see (2.21). This conclusion is correct assuming that the phase
transitions of the carrier are instantaneous, as shown in Figure 2.19 (the phase transitions
in Figure 2.19 are not related to the symbol sequence in Figure 2.18). Although constant-
envelope in nature, and thus suitable for amplification by even rather nonlinear PAs, such
a signal would occupy an infinite bandwidth due to abrupt phase jumps, i.e. discontinu-
ities in the waveform. Since the RF spectrum generally is a scarce resource, it is usually
desirable to keep the channel bandwidth at a reasonably low value for a given data rate. In
order to limit the channel bandwidth of a digitally modulated RF carrier, a particular type
of filtering can be applied to baseband signals I and Q so as to limit their bandwidth, and to
make phase transitions more gradual. Illustrated in Figure 2.20, the concept of baseband
filtering is widely used in wireless communication systems and increases the spectral ef-
ficiency of the modulation scheme by reducing the occupied bandwidth while preserving
the information throughput. The price that is inevitably paid for this convenience is the
variation of the envelope of such a filtered signal: although the information content is
essentially carried in phase transitions of the carrier, the signal now exhibits variable en-
velope, thereby necessitating linear amplification. Amplifying a varying-envelope signal
with a nonlinear amplifier leads not only to increased BER, due to misinterpretation of
the received symbols, but also to spectrum regrowth, i.e. adjacent-channel interference,
as discussed in Section 2.2. These considerations illustrates the inherent tradeoff between
the spectral efficiency and power efficiency which wireless system designers face when
choosing the modulation scheme to be employed in a system.

It should be mentioned that low pass filters that are used for baseband filtering in
digital modulation schemes must satisfy certain very specific criteria: while limiting the
channel bandwidth, they must minimize, or ideally completely eliminate, intersymbol
interference (ISI), in order to ensure reliable communication and an acceptable BER per-
formance. Practically realizable filters that satisfy this condition are the raised cosine
filters [8, 12]. In practice, the baseband filtering is performed at both the transmit and
receive ends of the communication channel, i.e. the raised cosine transfer function is
symmetrically divided between the two; the product of the transfer functions in the trans-
mitter and receiver then equals the desired raised cosine function that provides ISI-free
signaling. Thus, the baseband filters used in the transmitter (and receiver as well) have
a root-raised-cosine (RRC) transfer function. Note that as a result of filtering, the base-
band modulating signals I and Q are now no longer NRZ pulses, but rather continuous
waveforms. For this reason, baseband filtering is often referred to as pulse shaping.

Figure 2.21 shows an example of the envelope of a QPSK-modulated signal with
RRC baseband filtering. For the PA designer, the aspect of major importance in varying-
envelope modulation schemes is the dynamics of the envelope, most often described by
its peak-to-average (PAR) and the peak-to-minimum (PMR) ratio. As the name implies,
they are defined as

PAR [dB] = 20log
Epk

Eavg
(2.22)

PMR [dB] = 20log
Epk

Emin
(2.23)
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where Epk, Eavg and Emin are the peak, average ad minimum value of the signal’s enve-
lope, respectively, as indicated in Figure 2.21. Obviously, in modulation formats where
the envelope can drop to zero (i.e., where the carrier exhibits a 180◦ phase shift), the
PMR equals infinity. Such modulations typically mandate a highly linear amplifier in the
transmit chain.

Without going into details on the many different types of modulations, we will men-
tion that other significant PSK modulation formats include offset (OQPSK), π/4-shifted
differential QPSK (π/4-DQPSK), 8-PSK etc. For the PA designer, the aspects of major
importance are the PAR, PMR and the density of points in the constellation diagram; these
parameters indicate the linearity requirements of the modulation scheme.
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ωtsin
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Figure 2.20 The principle of baseband filtering in quadrature modulation.

FSK, MSK and their variants

Simply put, frequency-shift keying (FSK) represents the digital counterpart of FM. As
the name of the modulation scheme suggest, the frequency of the RF carrier is controlled
(keyed) in a discrete fashion by the digital modulating signal; the envelope of the transmit
signal thus remains constant, making this type of modulation relatively tolerant to non-
linear amplification. Illustrated in Figure 2.22, the simplest variant of FSK is binary FSK
(BFSK), where the frequency of the carrier alters between two discrete values, in accor-
dance to the binary modulating signal. In general, FSK does not provide phase continuity
at the instants of frequency transitions; the signal shown in Figure 2.22 has continuous
phase, which corresponds to the case of continuous-phase FSK (CPFSK). At the circuit
level, FSK can be most easily implemented by directly modulating a voltage controlled
oscillator (VCO) by the baseband signal, as shown in Figure 2.23. Apart from BFSK,
multi-level M-FSK schemes are also employed in wireless systems, such as 4-FSK, 8-
FSK etc., where M bits constitute a symbol that maps the frequency of the carrier to one
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Figure 2.22 The waveform of a BFSK signal.

Another important class of constant-envelope modulation format is minimum-shift
keying (MSK), that can be seen as a special case of continuous-phase FSK. In MSK,
the frequency separation is one-half of the bit rate. In practice, it is implemented by
quadrature modulation where the baseband signals I and Q are represented as half sinu-
soids rather than rectangular pulses, and the Q component is delayed by half the symbol
(bit) period with respect to the I component. A frequently employed version of MSK is
Gaussian-filtered MSK (GMSK), where the baseband signals I and Q undergo filtering by
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Figure 2.23 Generation of FSK signals.

a low pass filter with a Gaussian-shaped transfer characteristic. GMSK is used in GSM,
globally the most popular cellular system.

A common property of all of the mentioned constant-envelope schemes is that they
lend themselves to amplification by relatively nonlinear amplifiers. For instance, GSM
phones typically employ Class-AB PAs that are slightly overdriven, i.e. operated in com-
pression, in order to enhance the efficiency. The effects of overdrive operation will be
briefly considered in next section.

QAM

As already discussed, some types of baseband filtered phase-shift keying modulation
schemes, such as e.g. QPSK, can result in a variable-envelope RF signal, although the
information content is basically impressed on the phase of the carrier; the variation of the
envelope of the signal can be seen as a side effect, i.e. the penalty for limiting the channel
bandwidth. There are, however, digital modulation formats that purposively vary both the
amplitude and the phase of the RF carrier in the process of embedding baseband infor-
mation. One example of such a type of modulation is quadrature amplitude modulation
(QAM). Illustrated in Figure 2.24, the constellation diagram of 16-QAM, one of the sev-
eral versions5 of QAM, shows that the signal vector can take any of the sixteen possible
symbol states. Furthermore, as the diagram shows, signal transitions between any of the
symbols are allowed. Obviously, in 16-QAM, four bits are mapped into a single symbol.
While being spectrally very efficient, such a modulation scheme will result in a large PAR
and also very stringent linearity requirements, thereby mandating highly linear power am-
plifier in the transmitter. Needless to say, QAM is very sensitive to nonlinear distortion;
both AM-AM and AM-PM effects of the PA can severely degrade the performance of
the system based on this type of modulation scheme. The various variants of QAM are
typically used in cable and xDSL modems, digital television and other applications where
high data rates are needed and where power consumption is not a critical issue, i.e. where
the communication devices are not powered from a battery.

2.4 Overdrive effects
Until now, we have assumed that the PA is designed for a certain target output power and
is driven accordingly, i.e. not beyond its nominal maximum drive level. An interesting

5Other variants of QAM are based on 32, 64, 128 and 256 symbol points.
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Figure 2.24 The constellation diagram of 16-QAM.

question is what happens in the circuit when the input signal level is deliberately increased
beyond this point? While at a first glance, intuitively, we may expect that some sort of
undesirable behavior will occur, a closer examination shows that such a mode of operation
may actually bring some benefits in terms of increased efficiency, at the expense of gain
and linearity performance. Although the study of overdrive effects falls out of the scope
of this thesis, it is instructive to quickly highlight some basic facts regarding this topic, to
complete our considerations of the conventional PA modes. A detailed treatment on the
overdrive and limiting effects in RF PAs can be found in [13].

As discussed in Section 2.2, when a (moderately) linear6 PA is driven beyond the max-
imally prescribed drive level, it is said to be in compression, due to the fact that the power
transfer characteristic of practical PAs always exhibits a compressive behavior.7 This ef-
fect can be easily illustrated by the following example based on the Class-A amplifier. As
explained in Section 2.1.1 and Table 2.1, the normalized quiescent gate bias voltage and
drive level amplitude of the standard Class-A stage are given by VQ = 0.5 and Vs = 0.5,
respectively. Assuming the the load of the PA is a simple broadband resistor (without a
parallel LC resonator), we will analyze operation of the circuit and its waveforms when
the drive level, Vs, is increased beyond the nominal maximum value of 0.5, while the
quiescent bias point is kept unchanged. Assuming the idealized device characteristics of
Figures 2.4 and 2.5, this mode of operation will lead to clipping of the drain current and
voltage waveforms, as shown in Figure 2.25. Dashed traces indicate what the waveforms
would look like if no clipping occurred.

The figure shows the Class-A circuit waveforms for two cases: the maximum lin-

6In a broader sense, by linear PAs we assume conventional, i.e. non-switched classes of operation.
7Strange enough, switched-mode PAs are sometimes in literature referred to as compressed, which is incor-

rect. This misconception probably stems from the fact that the output power of a properly operated switched-
mode PA shows relatively little dependence on the input power.
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Figure 2.25 Waveforms in an overdriven Class-A amplifier.

ear drive (VS = 0.5), and an overdriven condition (VS = 0.8). The drain current and the
gate-source voltage waveforms are normalized to the peak current of the device and the
corresponding voltage range, respectively, as defined by Figure 2.8. Since we have omit-
ted the parallel LC resonator from the load, the drain voltage is no longer sinusoidal,
but also exhibits hard-limiting behavior. The effects of overdriven operation are that the
output current now contains, in addition to the fundamental component, a number of
higher-order harmonics that are also delivered to the load. Note that the DC power drawn
from the power supply does not change, since the average value of the drain current re-
mains unaltered, i.e. equal to 0.5 (normalized value). However, the output RF power at
the fundamental increases as a result of overdrive, because the fundamental component
of the clipped drain current waveform is larger than the sinusoid having the same peak
value. Therefore, the DC-to-RF efficiency of the PA increases, but this benefit comes at a
price: the power gain reduces as the PA is driven into compression. The efficiency curve
asymptotically approaches the value of 81% for the limit case of maximal overdrive, when
the current and voltage waveforms correspond to ideal rectangular pulses. Such a PA, an
ideal DC-to-RF converter, would produce significant amount of RF power at harmonics.
Of course, that is just a theoretical speculation unfeasible in practice. Besides, such a PA
would have a rather poor gain, and it is not the output efficiency that matters, but rather
the PAE.

Nevertheless, the presented considerations on overdrive operation point to the useful
possibility of trading linearity and gain for efficiency, a feature that indeed is used in
practice. Similar analysis can be carried out for reduced conduction angle modes
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2.5 PA specifications
In addition to linearity and efficiency, other relevant performance parameters of PAs are:

© output power
The maximum output power that the PA must be able to deliver to the load is de-
termined by the application, i.e. by the specifications of the wireless standard in
question. In addition, the range over which the output power can be accurately
controlled is of significant importance. The power control requirement of a typical
wireless communication system necessitates the power control step on the order
of 1-2 dB, especially in the light of power-efficiency trade offs that will inevitably
occur

© operating frequency and bandwidth
The bandwidth over which a PA provides the required performance must comply
with the specifications of the standard. The frequency response of the PA must
be uniform, i.e. the output power (and preferably the efficiency as well) may not
exhibit significant variation in the frequency sweep. In principle, most modula-
tion schemes are narrowband and this requirement is not particularly difficult to
meet for the PA. A completely different situation occurs if a multi-band (and pos-
sibly multi-mode) PA is envisioned. The state-of-the-art solutions for multi-band
PAs are based on multiple parallel line-ups, i.e. a separate PA chain is provided for
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each frequency band. This approach, although inefficient in terms of the number
of components needed and occupied area, currently proves as the only viable so-
lution for the implementation of multi-mode PAs. Designing a single PA that is
capable of true multi-band operation is a difficult task, necessitating the use of a
reconfigurable matching network. The recent advent of micro electro-mechanical
systems (MEMS) is an important development in this direction, that opens the door
for reconfigurable multi-band PA architectures.

© power gain
Power gain is one of the most fundamental performance metrics of a PA. It should
be stressed, however, that there are several different definitions of gain, and this
is often a source of confusion among engineers and designers. Analog designers,
particularly when dealing with small-signal and/or low-frequency amplifiers, often
employ the concept of voltage (or current) gain [14]. In RF and microwave PA
design, on the other hand, there is a strong emphasis on the power of signals and,
consequently, a corresponding nomenclature.

© input and output match
The quality of input and output match is another aspect that is of vital importance
in RF and microwave design. PAs are always designed for a certain predetermined
value of the source and load impedances. In the case of mismatch, the operation
of the amplifier will deviate from the nominal one, and performance degradation
will occur, in terms of the gain and/or efficiency drop, and possibly reduced linear
range. The quality of the input and output match is commonly described by the
S-parameters and reflection coefficient [15]. For historical reasons, standard 50-
Ohm interfaces are usually assumed at both input and output ports. Practical on-
the-market available PA modules are usually 50-ohm matched and can be directly
coupled to the remaining transceiver circuitry on the PCB. Alternatively, a PA chip
(or module) can be delivered along with an accompanying specification on how to
implement an on-board 50-ohm match with discrete components and/or possibly
transmission lines in the form of PCB traces.

2.6 Conclusions
In this chapter general considerations in PA design have been discussed. We have seen that
RF PAs broadly can be divided into two categories: those in which the transistor is used as
a controlled current source, and those where the transistor acts as a switch. Following an
overview of the classical PA configurations and operating classes, the main performance
parameters have been studied and the inherent efficiency-linearity tradeoff in PA design
has been analyzed. It was shown that the linearity of a PA, a crucial performance metrics
in some applications, can be characterized by several different parameters, all describing
essentially the same phenomenon - nonlinear distortion of the circuit.

PA design requires a sound understanding of the principles of modulation techniques.
Therefore, in Section 2.3, a brief introduction into both analog and digital modulations
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has been given, with emphasis on the modern schemes frequently employed in portable
wireless systems. From the PA designer’s perspective, the variation of the envelope of the
modulated RF signal is the most significant parameter to take into account. Consequently,
modulation schemes can be categorized into those with constant and non-constant enve-
lope. Variable envelope schemes, in addition to requiring a linear power amplification,
also result in a lower average efficiency. This is a direct consequence of the PA operating
in the back-off conditions whenever the instantaneous envelope is below its peak value. In
Section 2.2, considerations on linearity and efficiency have been presented. The EVM and
ACPR, two commonly encountered linearity metrics in the PA world, have been defined
and their importance in assessing the linearity performance of PAs has been discussed.
The amount of tolerable EVM and ACPR depends on the application, i.e. specifications
of a given system.

Overdrive effects have been the subject of Section 2.4. We have seen that, much like
the back-off operation leads to a decrease in efficiency, deliberately pushing a PA into
compression (i.e., beyond the nominal level of peak output power) results in an efficiency
increase. This effect is thus frequently exploited in constant-envelope applications that
do not necessitate high-linearity performance, e.g. GSM telephones that typically employ
lightly compressed Class-AB output stages. Of course, there is a limit onto how much
compression can be tolerated, and the boundary point will depend on the type of the
modulation scheme used, i.e. on the linearity requirements for a specific system.

Section 2.5 describes some of the commonly used general specifications of PAs, in
addition to the already discussed efficiency and linearity.

From the presented considerations, we may conclude that high-efficiency linear am-
plification is a difficult problem, the ”holy grail” of PA design that has been challenging
designers for decades. Conventional, well-known Class A-C concepts provide little room
for achieving this ambitious goal, and it is clear alternatives must be sought. In the fol-
lowing chapters, we will examine possibilities of switched-mode power amplification.
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Switched-mode power amplifiers

THIS chapter concerns the analysis and design of switched-mode PAs. As already
mentioned in Chapter 2, the fundamental difference between the switching ampli-

fiers and the conventional ones is in the way the transistor device is used. In conventional
(“linear”) PAs, the transistor is operated as a current- or voltage-controlled current source,
with intrinsically very high internal impedance. Conversely, in switched-mode PAs, the
transistor is operated as a low-resistance switch, which opens or closes under control of
the drive signal. The key property of this type of operation is that the current through
the switch (when closed, i.e. in the ON state), is determined by external circuitry and the
supply voltage of the circuit rather than by the amplitude of the input signal.

Switched-mode power amplifiers, as we shall see, are characterized by efficiencies
which are significantly higher than those of conventional (Class A-C) power amplifiers.
The physical basis for this increase in efficiency is that simultaneous existence of signifi-
cant current and voltage values of the switch is avoided and thus the power dissipated in
the device is reduced. Despite the core principle being simple, there are multiple ways
how to apply it and employ in a practical PA topology – hence different switched-mode
PA classes.

3.1 Class-D amplifier
The Class-D amplifier was introduced in 1965 by Page et al. [16]. It is commonly con-
sidered the forerunner in the category of switched-mode PAs, although this argument is
disputable, as there are records of earlier works in the area of switching PAs and oscil-
lators [17, 18]. Unlike the conventional operating classes that we have considered so far,
Class-D amplifiers are characterized by the existence of a square waveform in the circuit.

45
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Furthermore, they are usually built as a push-pull configuration, which makes the imple-
mentation of the circuit easier. Figure 3.1 depicts the basic conceptual schematic of the
Class-D amplifier with the corresponding waveforms.
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Figure 3.1 Conceptual schematic of a Class-D amplifier with the circuit wave-
forms.

The circuit is rather simple, as it consists only of a single-pole double-throw (SPDT)
switch and a tuned series LCR combination. The switch, which is controlled by the in-
put signal, toggles the voltage vSW between the dc supply voltage and ground, usually
(but not necessarily) with 50% duty cycle. The series LC circuit, tuned to the operating
frequency ω = 1/

√
L0C0, has a high Q-factor, thus allowing essentially only the funda-

mental component to flow through the load R. The magnitude of the load current is given
by

IR =
2
π

VDC

R
(3.1)

which follows from the Fourier analysis of the rectangular waveform of vSW (t). Obvi-
ously, the DC-to-RF efficiency of this circuit is 100%, when assuming an infinitely high
Q, and only the desired fundamental component is produced at the output. In practice,
however, a finite value of Q will result in some harmonic components being delivered to
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the load.
The circuit depicted in Figure 3.1 is purely conceptual, as it is based on an ideal SPDT

switch and hence does not represent a practical implementation based on transistors. A
possible Class-D configuration employing a complementary pair of FETs is shown in
Figure 3.2. Instead of the SPDT switch, the circuit now contains two transistors that
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Figure 3.2 A Class-D power amplifier stage with complementary FETs.
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are operated as switches and are driven in counter phase. The input signal, which has a
large amplitude, is ac-coupled to the gates of the transistors, alternatively switching them
on and off and thus providing the functionality of the SPDT switch. The gates of the
FETs are separately biased, in order to optimize the switching operation, i.e. to minimize
the overlap time (when both transistors are partially on), as well as the dead-zone (both
switches are off). While being relatively simple and suitable for implementation in CMOS
technology, the configuration shown in Figure 3.2 was not practical for operation at higher
frequencies in the early days of PA design, as it contained P-type transistors that generally
exhibited inferior high-frequency behavior. Therefore, it was desirable to use a PA based
on N-type devices only. A possible version of such a circuit is depicted in Figure 3.3.
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Figure 3.3 A Class-D power amplifier stage with transformer-coupled N-type
FETs.

The circuit in the above figure employs only N-type transistors, but results in an in-
creased complexity and cost, as it necessitates the use of transformers at both the input
and output. The principle of operation is similar to that of the Class-D amplifier with a
complementary pair. The two transistors in the circuit are operated as switches by means
of a heavy overdrive: the input signal of a large amplitude alternately switches power
transistors M1 and M2 on and off, thus enforcing zero voltage conditions at their out-
puts during the ON state. When a transistor is ON, it allows an unimpeded flow of the
current through it. The current waveform is hence determined by the high-Q resonator
at the output of the circuit that enforces essentially a sinewave current through the load
resistance, RL. Consequently, a sinewave current is flowing through the primary winding
of the transformer as well. The waveforms of the circuit are given in Figure 3.4.

For the PA circuit depicted in Figure 3.3, the following relationships can be derived.
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Figure 3.4 Waveforms of the voltage switching Class-D power amplifier.

Due to the action of the output transformer, the impedance at the fundamental seen by the
transistors at the primary winding of the transformer is R = (m/n)2R0 where m and n are
used to denote the number of primary and secondary winding turns, respectively, as in-
dicated in Figure 3.3. The primary winding current contains the fundamental component
only, the amplitude of which is IR = (4/π)(VDD/R). Therefore, the power output can be
found as

Pout =
8

π2
V 2

DD
R

(3.2)

While the use of IC transformers at high frequencies is possible [19–22], it represents
an additional difficulty that brings several critical design issues, such as the bandwidth and
insertion loss, to name a few. Nowadays, the characteristics of PMOS devices in modern
CMOS technologies with channel lengths below 100 nm are enormously improved in
comparison with the early days of MOS technology, which makes the configuration of
Figure 3.2 a preferred solution over the transformer-based version.

At this point, we should mention that there are actually two sub-types of Class-D
power amplifiers: the voltage switching type, and its current switching counterpart. The
distinction is based on whether transistor voltages or currents are a square waveform. In
Figure 3.5, a current-switching Class-D configuration is depicted. Observe that an RF
choke (RFC) is now inserted in the supply line, forcing a constant supply current to flow
through the primary winding of the transformer and through the transistors. The corre-
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sponding waveforms are shown in Figure 3.6; it can easily be observed that this type of
operation represents a dual of that in the voltage switching configuration. It is interesting
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Figure 3.5 Schematic of the current-switching Class-D power amplifier.
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Figure 3.6 Waveforms of current-switching Class-D power amplifier.

to observe that among all possible classes of PAs, Class D has the highest power output
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capability: c=0.159 [10]. This value is even higher than that of Class A and B, and far su-
perior in comparison with other switched-mode PAs. Furthermore, variations of the load
resistance and even the presence of reactance in the load, do not affect the efficiency - this
is a unique feature of the Class-D configuration. The power output, however, is affected
by variations of the load.

Practical Class-D amplifiers suffer from losses due to a number of reasons: non-zero
saturating resistance, finite switching speed and output capacitance of the devices. Fi-
nite switching speed causes the transistors to be in their active regions while conducting
current, thus contributing to the dissipation. Drain capacitances have to be charged and
discharged once per RF cycle. The associated power loss is proportional to the product
V 2

DD f where VDD and f denote the supply voltage and frequency of operation, respec-
tively. Class-D PAs are mainly used in the HF and VHF bands, sometimes with output
levels up to 1 kW. However, for the already discussed reasons, they are not the preferred
solution for operation at frequencies in the GHz range, although this might change in
the future; in [23], Class-D operation with efficiency as high as 80% at 1 GHz has been
reported.

3.2 Class-E amplifier
As we have seen in the previous section, a simplistic analysis of the Class-D operation
indicates a theoretical 100% efficiency, but this result is unfortunately unfeasible in prac-
tice, particularly at higher frequencies. Device parasitics, most notably device capaci-
tances, significantly degrade the efficiency performance of the amplifier, which makes the
Class-D configuration less attractive for RF and microwave applications. Another type
of switched-mode PA, called Class-E, proves more suitable in these cases. Introduced in
1975 by the two Sokals [24], the Class-E PA has been a subject of intensive research for
many years and has received a significant attention in both academia and industry. It intro-
duced the feature of soft-switching into the family of switching PAs, a major improvement
in comparison with the Class-D configuration, that enabled even higher efficiencies to be
achieved.

The schematic of a basic Class-E stage is depicted in Figure 3.7. As the figure shows,
the circuit consists of a relatively small number of components, namely a transistor op-
erated as a switch, an RF choke (RFC), a capacitance in parallel with the switch, and a
series LCR circuit that includes the load.

The principle of operation is the following. Under control of the input signal, the
transistor is switched at a frequency of operation, and with some predetermined duty cycle
value, usually (but not necessarily) D=50%. When the switch is closed, it is said to be in
the ON state; conversely, in the OFF state, the switch is open. A high loaded Q-factor of
the series LC resonator allows only the fundamental component to flow through the load
branch. On the other hand, the RFC, due to its huge reactance, enforces a DC current
to flow into the circuit from the power supply. Therefore, a combination of the load RF
sine wave current and the DC supply current flows through the parallel switch-capacitor
combination. During the ON state, the switch is closed and allows an unimpeded flow of
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Figure 3.7 A Class-E power amplifier schematic and the circuit waveforms.

the entire current. As the switch ideally has no resistance, the voltage across it remains
zero throughout the ON state. When the switch opens at the beginning of the OFF state,
the current is being redirected to the shunt capacitor, thus charging/discharging it and
creating a voltage drop across the switch and capacitor. The key aspect of the Class-E
PA, and the major difference in comparison with the Class-D mode, is the so called soft-
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switching operation. This feature refers to two specific conditions that are simultaneously
fulfilled in Class-E circuits:

© zero turn-on switch voltage

© zero slope of the switch voltage at the instant of turn-on

The first condition, in literature also referred to as zero-voltage switching (ZVS),
points to the fact that the shunt capacitor Cp is fully discharged at the beginning of the ON
state, i.e., at the instant of closure of the switch. Thus, when the switch closes, no energy
is lost due to abrupt, instantaneous discharge of the capacitor through the low resistance
switch, which is one of the major disadvantages of Class-D amplifiers. The use of shunt
capacitance in the Class-E topology allows the intrinsic (i.e., parasitic) output capacitance
of the device to be absorbed in the total shunt capacitance. Thus, the output capacitance
of the transistor is now employed as a functional part of the circuitry. Consequently, the
loss associated with charging/discharging of the output capacitance is avoided.

The second condition is not related to the energy conservation principle, but guaran-
tees a relatively low sensitivity of the Class-E operation towards variations in the duty
cycle or other circuit components. Zero slope of the switch voltage basically implies that
there will be no significant spikes of the switch current during the turn-on transient. The
characteristic waveforms that result from an ideal Class-E operation are shown in Figure
3.7.

As already discussed, the load current is essentially a sinusoid, due to a very high
Q-factor of the series resonator Ls−Cs. Hence it can be represented as

iR(θ) = IR sin(θ +ϕ) (3.3)

where ωc is the carrier frequency and θ = ωct is the angular time which is used for
convenience. The amplitude and initial phase of the load current are denoted IR and ϕ ,
respectively, whereas the dc supply current that flows into the circuit through the RF choke
is denoted IDC.

A detailed analysis of the Class-E operation will be given in Chapter 5. Here, the
intention is only to illustrate the principle of operation and the main features of the circuit.
It will be shown that, for an ideal, 50% duty cycle Class-E operation to occur, the circuit
components must satisfy certain relationships, namely

ZL = R+ jX at ω = ωc (3.4)
ZL = ∞ at ω = nωc, n = 2,3, ... (3.5)
X = 1.152R (3.6)

Cp =
0.1836

ωcR
(3.7)

Under these conditions, the output power delivered to the load will be determined by the
supply voltage of the circuit and the load resistance, as

Pout = 0.5768
V 2

DC
R

(3.8)
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The resulting peak device current will be

Ipk = 2.86IDC (3.9)

where IDC denotes the supply current of the PA, which can be found as IDC = Pout/VDC,
assuming the ideal 100% efficiency case. Under these conditions, it can be shown that the
power output capability of an ideal, 50% duty-cycle Class-E PA, equals c = 0.098, which
is the lowest value of all PA classes.

3.3 Class-F amplifier
As discussed at the beginning of the chapter, the main principle in maximizing the effi-
ciency of a PA is to minimize the power dissipated in the transistor device. This, on the
other hand, implies that the overlap of significant values of transistor current and voltage
should be avoided. Thus, by intentionally shaping the current and/or voltage waveform,
the efficiency of a PA can be increased. The idea of waveform shaping is exploited in the
configuration known as Class F. First, consider the generic rectangular waveform depicted
in Figure 3.8. By Fourier analysis, the shown waveform can be represented as

t

r(t)

1

ω2ππ0 c

Figure 3.8 Rectangular pulse waveform.

r(t) =
1
2

+
∞
∑
n=1

∣∣sin nπ
2

∣∣
nπ
2

sin(nωct) (3.10)

The Fourier analysis of the periodic rectangular pulse waveform shows that such a
signal contains only odd-order harmonics, in addition to a fundamental component (and
possibly a dc offset, as is the case here). From these considerations it follows that by
adding a certain amount of odd harmonics, it is possible to make the voltage and/or current
waveforms flatter, which decreases their mutual overlap in time and thereby increases the
efficiency of a PA. The Fourier series of the ideally rectangular pulse train has an infinite
number of components, but it turns out that adding only a few harmonics to the funda-
mental component of the signal already has a significant shaping effect on the waveform.
As shown in Figure 3.9, a single tone signal with a certain amount of third harmonic su-
perimposed is visibly flatter than the pure sinusoid. The flattened waveform thus can be



3.3. CLASS-F AMPLIFIER 55

represented as
x(t) = sin(ωct)+asin(3ωct)

0
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Figure 3.9 Flattening of the waveform by addition of the third harmonic.

If the amplitude of the third harmonic, normalized to that of the carrier, is denoted
a, it can be shown that maximal flattening, without causing overshoot, occurs for a =
1/9 [13]. Needless to say, the flattening effect can be further extended by including the
fifth and higher order harmonics. An important aspect of this technique is that harmonic
components must be controlled not only in the amplitude, but in the phase as well.

The concept of waveform shaping by addition of harmonics represents the basis of
the Class-F amplifier. The basic idea is to increase the third- and fifth-harmonic load
impedances seen by the transistor, in order to add the needed components to the drain-
source voltage to make it flatter. On the other hand, the device current waveform corre-
sponds to that of the Class-B amplifier, i.e. has a half-rectified sine waveform and thus
contains only even harmonics. A typical Class-F PA topology and the corresponding
waveforms are shown in Figure 3.10.

As illustrated in Figure 3.10, the Class-F topology typically employs a load network
significantly more complex than that encountered in other PA classes. This arises from the
fact that the load network in Class-F amplifiers is designed to boost the load impedance
for the third and, usually, fifth harmonic, instead of providing a short circuit for all har-
monics, which is the case in conventional (class A-C) amplifiers. This is a typical example
of the harmonic-tuning based design procedure, a concept frequently employed in PA de-
sign. The two parallel LC resonators, inserted in series with the load resistance, increase
the impedance seen by the transistor at ω = 3ωc and ω = 5ωc, thus contributing to the
creation of the required harmonics in the drain voltage. The harmonic impedances are
typically 3-10 times higher in magnitude than the fundamental load impedance [25]; the
exact value depends on the characteristics of the transistor and how it is driven. While the
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Figure 3.10 Basic schematic of the Class-F stage and the circuit waveforms.

Class-F PA is usually categorized among switched-mode amplifiers, the required harmon-
ics can actually be generated by operating the transistor as a current source. However, due
to the fact that the drain-source voltage approaches a square wave, the transistor is driven
into saturation1 during part of the RF cycle. The parallel resonator L0C0 is the output
harmonic trap, tuned to the operating frequency.

In the circuit depicted in Figure 3.10, the drain voltage only contains the fundamental

1The term saturation refers to bipolar transistors, whereas for FETs, this corresponds to the triode region.
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and a few odd harmonics (in addition to the dc bias), whereas the drain current contains
the fundamental and an infinite number of even order harmonic components. This type of
operation is what is usually referred to as Class-F amplification. However, the current and
voltage waveforms can in principle exchange their roles, i.e. the current can approximate
a square wave, and the voltage be a half sine wave; this is often called the inverse Class-F
operation.

By an exact theoretical analysis, it can be shown that the Class-F amplification based
on third harmonic boosting has a theoretical efficiency limit of η = 88.4% [10, 13].
Basically, by including a larger number of harmonics, the efficiency can be further in-
creased [26]. An ideally square waveform produces a 100% efficiency, and the operation
resembles that of the Class-D amplifier. However, most practical amplifiers usually in-
clude only third harmonic peaking. If the supply voltage is VDD, and the fundamental
impedance R, the output power of a third-harmonic peaking Class-F PA is

Pout = 0.633
V 2

DD
R

(3.11)

whereas the peak device current and power output capability are Ipk = 2.25VDD/RL and
c = 0.141. This can be easily verified by expressing the drain voltage waveform as

vD(t) = VDD +V1 sin(ωct)+V3 sin(3ωct) (3.12)

and observing that the third harmonic amplitude needed for a maximally flat waveform is
V3 = V1/9. The fundamental component of the half sine wave current, on the other hand,
is given by I1 = Ipk/2, and also must be related to the fundamental voltage as I1 = V1/R.
Based on these expressions, the shown efficiency and power output capability values can
be obtained.

Class F is one of the PA configurations in which the use of transmission lines proves
very useful. Basically, a single transmission line can successfully perform harmonic peak-
ing at multiple frequencies, obviating the need for individual tuned lumped resonators and
enabling a much simpler implementation. Shown in Figure 3.11, the Class-F PA with a
quarter-wavelength transmission line exhibits a perfectly square wave device voltage, and
a half sine wave current. This configuration can be seen as an equivalent of the lumped-
component based Class F with an infinite number of parallel-tuned resonators. The har-
monic trap at the output, L0C0, provides a short circuit at all frequencies except at the
fundamental. The quarter-wave transmission line then transforms this short to an open
circuit for the odd harmonics, and a short circuit for the even harmonics, thus enabling
the square wave voltage waveform at the drain.

3.4 Other types of switched-mode power amplifiers
It should be mentioned that, in addition to the major classes of power amplifiers that were
treated in this and previous chapter, there are another few classes of PAs. These are: Class
S, Class G and Class H. Classes G and H rely on the principle of supply voltage variation,



58 CHAPTER 3. SWITCHED-MODE POWER AMPLIFIERS

−

RFC

@

π 2π θ= t

0

0

0

IDC

VDD

iD

L0 C0 R
Cb

vOvD

λ/4 ωc

iD( θ)
Ipk

vO( θ)

2VDD

vD( θ)

VDD

V1

ωc

iD( θ) I1 In= DC+ sin θ I + sin nθ
n=2,4,6...

vD( θ) VnDD−V sin
n=1,3,5...

θn=

vO( θ) sin θV1= −

V1

Figure 3.11 A Class-F stage with transmission line load network and the corre-
sponding waveforms.

and are not of relevance for RF applications. Therefore, in the remainder of this chapter,
we will only consider the Class-S operation.

3.4.1 Class-S amplifier
The term“Class-S amplifier” is sometimes a source of confusion among the engineers,
as it is often mixed with the Class-D amplifier [10], i.e. these two terms are used inter-
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changeably. Indeed, the Class-S configuration can be seen as a variant of Class D, since
it is essentially the same circuit but operated in a different manner. First, it should be
emphasized that a Class-S circuit can be used for amplification or for amplitude modula-
tion, depending on the exact circuit arrangement. We will study both cases, as they are of
significant relevance in RF PA design.

Class-S as an amplifier

Shown in Figure 3.12, the basic Class-S circuit is virtually identical to the Class-D con-
figuration that was discussed in Section 3.1. The two transistors are operated as switches,
toggling the voltage at node X between the dc supply and ground, and the output circuit
consists of a series LCR combination, tuned to the frequency of the carrier. The main
difference is in the way how the circuit is driven: instead of being alternately switched at
the carrier frequency with a constant duty cycle, the transistors are now driven by a pulse-
width modulated (PWM) signal. In order to understand the principle of operation, the
characteristics of a PWM signal need to be understood first. If a pulse train at a frequency
fS is pulse-width modulated by a baseband signal of a frequency fm, it can be shown
that the resulting PWM signal contains a large number of spectral components [10]: har-
monics of fs, followed by an infinite number of sidebands with a spacing of fm from each
other. For Class-S amplification, the focus is on the sidebands centered around the carrier,
i.e. the components with a frequency fS± fm.
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Figure 3.12 A Class-S amplifier stage.
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Figure 3.13 A Class-S amplifier stage with bipolar transistors.

The tuned output resonator acts as a bandpass filter, centered at ω0 = 1/
√

L0C0.
Therefore, the signal driving the circuit in Figure 3.12 will be amplified in an efficient
manner and filtered by the tuned LC circuit. Basically, a replica of the input signal ap-
pears at node X, but only the spectral components in the vicinity of the carrier are passed
to the load. As a result, the signal obtained at the output of the PA can exhibit a variable
envelope, which is unfeasible with the standard Class-D operation presented in Section
3.1. Obviously, in spite of the notable similarity of the circuit topology, this is a very dif-
ferent type of operation compared to the classical Class-D PA. It is worth mentioning that
the Class-S operation requires bidirectional switches in the PA. This requirement arises
from the fact that the transistors perform switching action on a reactive load. As a re-
sult, the load network may happen to inject the current through transistor M1 towards the
power supply, or conversely to draw the current through transistor M2 from the ground.
For these reasons, the switches need to be bidirectional. In the case of FETs, this require-
ment is inherently satisfied, since a FET is a symmetrical device and indeed can act as a
bidirectional switch. In the case of bipolar transistors, however, the situation is entirely
different, and alternative current paths need to be provided. This can be implemented
by placing return-path diodes in parallel with the transistors, as shown in Figure 3.13.
Peculiarities of the Class-S amplification technique will be further discussed in Chapter
4.
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Class-S as an amplitude modulator

Another important function that can accomplished by a Class-S circuit is amplitude mod-
ulation of a dc signal, or in other words, voltage regulation. The structure of the circuit
and the principle of operation are essentially identical as in the amplification technique,
and the only difference is that the output circuitry now constitutes a lowpass filter rather
than a bandpass one, as shown in Figure 3.14. A spectral analysis of a PWM signal shows
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Figure 3.14 A Class-S modulator circuit.

that such a signal contains, among other spectral products, a dc component and a com-
ponent at the frequency of the modulating signal, fm. Therefore, by applying a suitable
lowpass filtering, these components can be extracted and delivered to the load resistance,
whereas the high-frequency portion of the signal is suppressed.

The configuration shown in Figure 3.14 is of relevance in RF PA design because it can
be employed as an efficient supply voltage regulator – a function of crucial importance in
some of the more advanced PA architectures, such as envelope elimination and restora-
tion (EER), envelope tracking (ET), adaptive bias etc. Basically, accurate and efficient
dc supply control has always been a difficult problem, especially if a significant band-
width is required. Linear voltage regulators can provide a fast control, but the efficiency
of such circuits is often relatively low. The Class-S configuration, as a switched-mode
circuit, in principle is capable of providing a high-efficiency supply modulation, but the
switching frequency of the PWM signal has to be at least 6-10 times higher than the
highest spectral component of the modulating voltage. This requirement is related to the
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spectral properties of the PWM signal and inherent distortion: the higher the switching
frequency, the lower the distortion, i.e. the unwanted spectral components in the band of
interest. In order to appreciate the difficulties related to the needed switching frequency
of the PWM stream, the channel bandwidth of a particular wireless system needs to be
considered. For instance, the UMTS signal has a bandwidth of 5 MHz, which means that
the required switching frequency is on the order of 50 MHz or more, depending on the
acceptable amount of distortion in the supply voltage. This switching frequency already
gives difficulties in terms of the efficiency of the supply regulator. The characteristics of
the PWM-based supply modulation technique and their relevance for RF PA design will
be in more detail investigated in Chapter 6.

3.5 Conclusions
In this chapter we have discussed the various switched-mode power amplifier topologies
and their relevance for RF applications. Conventional, well-known classes D, E and F
have been described in detail and their merits and drawbacks have been considered in the
context of RF and microwave design. Class-S technique, a variant of Class D, has been
considered too, and it was shown that its potential for RF PA applications is two-fold:
as an amplifier, suitable for amplification of variable-envelope signals when driven by a
PWM input signal, but also as a DC-supply modulator that can find application in more
advanced PA and transmitter architectures that will be discussed in the following chapters.

Class D, historically the first type of switched-mode PAs, is characterized by a rel-
atively simple topology and easy-to-understand principle of operation, but unfortunately
exhibits significant efficiency disadvantages at higher frequencies due to charging and dis-
charging of the output capacitances of the devices. Furthermore, it is based on a push-pull
configuration and therefore necessitates a high level of symmetry in the design. Also, the
Class-D configuration, if based on n-type devices only, mandates the use of transformers
at the input and/or output of the circuit, which increases the complexity and cost of the
circuit, and further degrades the efficiency. For these reasons, Class-D amplifiers are usu-
ally not considered the prime candidates for RF applications with frequencies in the GHz
range. They have, however, the highest power output capability of all classes of PAs, and
thus are suitable for high-power applications, e.g. broadcasting transmitters.

Class E has brought a unique feature into the family of switched-mode PAs: the soft-
switching operation. The operating principle, which requires a capacitance in parallel
with the transistor device, has enabled the intrinsic output capacitance of the transistor to
be incorporated into the circuit as its functional part, i.e. without penalty on efficiency.
Furthermore, the circuit topology is rather simplistic and can be based on a single transis-
tor, unlike Class-D amplifiers. As an intriguing type of circuit, Class E has been a subject
of thorough investigation in both the industry and academia, due to its potential for high-
efficiency operation even at relatively high frequencies. Circuits based on a variety of
devices have been demonstrated for RF applications, with efficiencies higher than 80%
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at 1 GHz, and above 50% in the X-band [27–30]. Implementations of Class-E PAs op-
erating at even higher frequencies have been reported, although the gain of such circuits
is questionable, as well as whether the operation itself really is Class E. Namely, since
the Class-E mode is defined in terms of the circuit waveforms, it is difficult to verify the
operation due to the general problem of lacking a high-speed scope capable of display-
ing RF waveforms. Optical probing has been demonstrated [31], however this remains
a rather difficult and not easily available technique, and thus not widely used in RF and
microwave PA design.

Apart from a number of desirable features, Class E also has some disadvantages. First
of all, as a switched-mode PA, Class E is suitable only for amplification of constant-
envelope RF signals carrying modulation in frequency or phase. The principle of op-
eration necessitates a rather constant duty-cycle drive, making the circuit unsuitable for
PWM signals, as opposed to Class-D PAs. In much the same manner as with Class D, the
output power can be controlled by varying the supply voltage of the PA, which constitutes
the core principle of the envelope elimination and restoration architecture that will be dis-
cussed in Chapter 4. One of the problems in Class-E PAs is a relatively high voltage at the
drain (or collector) of the transistor, which for the nominal, 50% duty-cycle case, equals
3.56 times the supply voltage. In relation to this is also the relatively low power output
capability of the Class-E configuration of c=0.098, which is the lowest value of all classes
of PAs. Furthermore, Class-E PAs also require a specific type of pulse or trapezoidal
wave drive, which may be difficult to generate at high operating frequencies. However,
acceptable results are achieved with a more common, classical sine wave drive. Despite
the fact that the standard Class E PA incorporates a high-Q series resonator at the output,
a very efficient and close to theoretically ideal operation can be achieved with moderate
values (e.g., 3-5) of the Q-factor too. Therefore, the design of the load network in practice
is not particularly demanding and the circuit proves relatively robust to tolerances of the
circuit components.

Class-F PAs are considered in Section 3.3. As we have seen, the main underlying
principle is that the current or voltage waveforms can be shaped by addition of harmonics,
thus making the overlap of the simultaneously high values smaller and thereby increas-
ing the efficiency. In principle, either the voltage or current waveform can be flattened,
although the former case is more often encountered in practice. The theoretical limit on
the efficiency that can be achieved with a Class-F PA is determined by the number of har-
monics that are used to shape the waveform: the larger number of harmonics, the flatter
the waveforms and consequently higher the efficiency. Class-F PAs can be implemented
by lumped resonators, in which case every harmonic requires a separate parallel LC res-
onator. A more efficient approach, particularly at higher frequencies, is the transmission-
line-based version of Class-F which incorporates a quarter wave impedance transformer,
resulting in a theoretically ideally flat waveform of interest. State-of-the-art Class-F PAs
can operate at frequencies as high as the Ka-band, and achieve efficiencies in the range of
70% [29, 32].

In Section 3.4.1, Class-S technique was discussed. As we have seen, Class-S ampli-
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fication is essentially a Class-D circuit operated in a different manner: the drive signal
is not a constant duty-cycle signal, but rather a pulse-width modulated carrier. Due to
the filtering action at the output, a variable-envelope RF signal is obtained at the load.
This concept is currently being employed with high-efficiency linear audio power ampli-
fiers, where the switching frequencies on the order of a few MHz are sufficient to provide
excellent linearity and enable very high efficiencies. For RF applications, however, the
Class-S amplification concept is less attractive, for two main reasons. First, exceedingly
high switching frequencies lead to increased switching losses and consequently lower effi-
ciencies. Second, the generation of an appropriate high-speed driving signal is associated
with significant difficulties from both efficiency and accuracy perspectives.

However, another and indeed more relevant functionality that can provided by Class-
S circuits is supply modulation of a high-efficiency switched-mode RF amplifier. As
already discussed, modulating the supply voltage of a Class-D or -E power amplifier will
result in the output RF signal changing its envelope according to the modulation of the
supply voltage. Implementing an efficient and accurate supply modulator, however, is
a challenging task. Classical linear regulators can provide a fast control, i.e. sufficient
bandwidth and low distortion, but with a low efficiency due to the fact that transistors are
operated as current sources. Therefore, Class-S switched-mode regulators are a far more
interesting solution for PA applications, and will be considered in more detail in Chapter
6.

As a summary, we may point out that the common feature of all switched-mode PAs
is that they are, as stand-alone circuits, suitable only for amplification of signals with
constant-envelope modulations. The amplitude of the drive signal needs to be adapted
so as to provide a proper switching operation of the transistors in the PA, and is not di-
rectly related to the amplitude of the output signal. Although in many publications the
conventional power transfer characteristic of a switched-mode PA is given, this approach
is actually misleading and erroneous; operating a switched-mode PA below the level that
provides optimal functioning, in order to examine the linearity of the circuit, results in
non-optimal, mixed-mode operation of the PA. Namely, switched-mode PAs are always
designed for a certain nominal drive power at which the circuit operates optimally. By de-
creasing the drive below this nominal level, the PA deviates from the intended switched-
mode operation, and the output power will decrease. The input-output power transfer
characteristic obtained in this way may happen to exhibit a certain linearity, but operat-
ing the PA in such a manner is essentially erroneous and the obtained linearity is more
a result of luck than of a structured design procedure. Therefore, the input-output char-
acteristic of switched-mode PAs should always be viewed in the light of the robustness
of a PA, i.e. as an illustration of the stability of its performance in terms of preserving
the output power and efficiency under conditions of varying the input power around the
nominal level. Obtaining linear performance with switched-mode PAs is possible by more
advanced transmitter architectures that will be discussed in the following chapter.
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Variable envelope systems based on switched-mode
amplifiers

IN the previous chapter we considered basic switched-mode power amplifier topologies
and their main characteristics. It was shown that these circuits can achieve high effi-

ciency of operation, even at RF frequencies, but unfortunately exhibit extremely nonlinear
power transfer characteristics. As a matter of fact, the concept of linearity is ill-defined, or
maybe even not applicable at all, in the case of switched-mode PAs, at least not in its clas-
sical sense. It is rather difficult to talk about any linearity when considering these circuits,
as they are not really amplifiers, but rather power converters that convert the DC supply
power into the power delivered to the load. The input signal, which needs to be of suffi-
cient amplitude for proper operation of the circuit, is only used to trigger the device, and
the output signal level is determined by the power supply voltage and the load network
elements. Therefore, when the circuit is properly operated, the output level is essentially
independent of the input, giving rise to the fact that these amplifiers are fundamentally
unsuitable for amplification of amplitude modulated signals. The question that naturally
arises, of course, is whether it is still somehow possible to produce variable-envelope sig-
nals by these circuits, and thus to exploit their favorable high-efficiency characteristics.

The aim in this chapter is to review some inventive techniques by which this much
desired goal indeed can be achieved. Some of the concepts discussed here are relatively
old, but have received much of revived interest lately. Three different concepts based
on switched-mode PAs are discussed, and particularly their applicability for modern RF
communication systems is studied. It is worth mentioning that the level of abstraction
here is shifted one degree upwards: the presented concepts are transmitter techniques,
rather than solely PA ones. We will see that each of the techniques has its peculiarities,
i.e. its own advantages and difficulties, and that their suitability is strongly determined by
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the characteristics of the signal to be amplified, but also by the features of the available
technology. The three techniques discussed in this chapter are Envelope Elimination and
Restoration (EER), LInear amplification with Nonlinear Components (LINC), and the
limit-cycle-based power amplification system.

4.1 Envelope Elimination and Restoration
The Envelope Elimination and Restoration (EER) is a rather old concept, dating from
the days when virtually all RF transmitters were still based on vacuum tubes. The tech-
nique was originally proposed by Kahn in [33] and, consequently, in the literature it is
sometimes referred to by the name of its inventor. It is based on the principle of con-
trolling the output power of a radio transmitter by modulating the supply voltage of the
final PA stage, while the input signal fed to the amplifier is actually a constant-envelope
(but possibly phase-modulated) signal. The output stage thus performs not only power
amplification but also amplitude modulation of the output signal, which is then delivered
to the antenna. As this modulation takes places in the last stage of the transmitter and
at high absolute levels of signals, it is sometimes referred to as a high-level modulation
technique [34]. Although EER was originally developed for linear power amplification of
HF single-sideband (SSB) signals, and is nowadays widely used in TV and radio broad-
cast transmitters, it is particularly attractive for mobile applications, primarily due to its
potential for high efficiency over a wide range of output power and relatively simple im-
plementation concept.
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Figure 4.1 Envelope Elimination and Restoration system.

The basic concept of the EER technique is easy to understand and is illustrated in
Figure 4.1. The input RF signal is split into two paths, in which different types of signal
processing further take place. The upper path contains an envelope detector by which the
envelope of the incoming signal is extracted, whereas in the lower path the signal is fed to
the limiter, which eliminates the amplitude variation from the signal while preserving the
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phase information. This signal, which now exhibits a constant envelope, is amplified by a
possibly nonlinear but highly efficient power amplifier. The supply voltage of this power
amplifier, on the other hand, is controlled (i.e. modulated) in accordance to the envelope
waveform of the input signal. Since the PA is of the switching type, or, alternatively,
highly compressed (overdriven) linear PA, its output level is directly controlled by the
supply voltage. The overall resulting effect is that the PA produces an output signal which
possesses the original phase modulation (presumably undisturbed by the PA) but also
the original envelope variation. In a sense, the PA performs a function of a high-level
multiplier, recombining the original amplitude and phase modulation while providing a
desired power level at the output. Since the efficiency of the switching type PAs is, at least
to the first-order theoretical consideration, largely independent of the supply voltage of
the amplifier, the desired goal of linear amplification with high efficiency over a dynamic
range of the signal is in principle achieved.

The EER technique, although conceptually very simple and elegant, has its own dif-
ficulties that pose a serious implementation challenge. The most critical aspects that de-
serve a special attention are the following:

© bandwidth requirements of both the amplitude and phase paths

© mismatch in delay between the two paths (misalignment of the signals)

© linearity of the supply voltage modulator

© linearity of the modulation characteristic of the PA

© phase distortion of the PA and the associated AM-PM effects

© achievable dynamic range of the output signal

© power efficiency of both the PA and its supply modulator

We will now discuss in detail the relevance of each of the mentioned aspects.

Bandwidth requirements

The issue of the bandwidth requirements for the two paths of the EER system is related to
the process of decomposition of the original signal into its envelope and phase-modulated
components. The whole EER scheme, namely, is based on the concept that a narrow-
band RF signal (which is most often the type of signal used in wireless systems1) can be
represented as a simultaneously amplitude- and phase-modulated signal, i.e.

v(t) = A(t)cos(ωct +Φ(t)) = A(t)vPM(t) (4.1)

where A(t) and Φ(t) are the amplitude and phase information of the signal, respectively.
The ultimately interesting phenomenon here is that decomposing the variable envelope

1Exceptions include e.g. ultra-wideband (UWB) systems.
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signal v(t) into its polar components leads to spectral expansion. In other words, both the
envelope signal A(t), and the constant-envelope, phase-modulated signal vPM(t), exhibit
larger bandwidths than the original signal from which they are derived! This effect thus
translates to an increased bandwidth requirement for both paths of the EER system. In
order to more quantitatively characterize the extent of this increase in bandwidth, it is
necessary to take into account the modulation characteristics of the signal in question,
as well as the linearity requirements of the wireless system; typically a bandwidth of at
least 3-4 times that of the original signal will be needed for both the amplitude and phase
path. Bandwidth limitations in either of the paths will severely impact the accuracy of the
reconstruction process, i.e. distortion will occur, with deteriorated ACPR and EVM as a
result. One may justifiably wonder why these bandwidth requirements pose a challenge
in the first place. While the bandwidth needed in the phase path (i.e. the bandwidth of
the PA) is not a problem per se, since the signal transmitted through it is anyhow a high-
frequency signal, the envelope path does indeed present a challenging problem to the
designer. To appreciate this fact, it is necessary to bear in mind the two crucial aspects of
the signal carried in the envelope path:

1. The envelope path needs to accurately modulate the power supply of the PA, de-
livering the needed DC power to the PA, i.e., currents of several hundreds mA, or
maybe even several amperes, are involved in this process.

2. The efficiency of this signal conditioning is of paramount importance, as it repre-
sents the upper boundary of the total efficiency of the system.

In other words, the supply modulator carries a very significant burden: it has a difficult
task of performing an efficient, linear, high-power modulation with a bandwidth extend-
ing from DC to possibly several MHz. For instance, taking the channel bandwidth of
5 MHz in the UMTS system, and assuming that the amplitude path of the EER system
requires four times the original signal bandwidth, we arrive to the demanding problem of
implementing an efficient power supply modulator with a bandwidth of 20 MHz. This is
a non-trivial requirement, and will be discussed in more detail later, in Chapter 6.

Delay mismatch

Another crucial presumption in the EER concept is that the signals in the envelope and
phase paths are perfectly aligned in time, i.e. that the delays (if any) must be carefully
matched. This requirement is rather obvious: since the original signal v(t) is repre-
sented as a product of the envelope signal A(t) and the constant-envelope signal vPM(t) =
cos(ωt + Φ(t)), it is implicitly understood that the two signals must remain aligned to
each other before being recombined by the PA. Therefore, the delays of the two paths
in the EER system must be strictly equalized. The absolute amount of delay is irrele-
vant, of course, as long as the signals are sufficiently well aligned on the time axis. The
alignment problem that may arise here is due to the fact that the signals in the two paths
undergo fundamentally different types of signal processing with different requirements.
The upper path generates a low-speed envelope signal to modulate the power supply of
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the PA. The lower path, on the other hand, carries a high-frequency phase-modulated
signal, the frequency of which is several orders of magnitude larger than that of the enve-
lope. Therefore, different amounts of delay can easily occur in the two paths, which may
have a catastrophic result on the quality of the reconstructed output signal. Similarly as
with the bandwidth considerations, the amount of tolerable delay is strongly dependent
on the modulation characteristics of the transmitted signal and linearity requirements of
the wireless communication system.

Linearity

The linearity properties of both the supply modulator and PA determine the overall linear-
ity of the system. When considering the linearity of a PA in the EER context, we refer to
its static modulation characteristic, namely, the swing of the output RF signal as a function
of the DC supply voltage, assuming that the PA is properly driven. It has been shown in
the previous chapter that the output signal level of a switched-mode PA is directly linearly
proportional to the supply voltage, based on the idealized analysis which assumes that the
transistor acts as a perfect switch. Due to the various nonidealities and second-order ef-
fects in a circuit, related primarily to a number of voltage-dependent characteristics of the
transistor, the real static modulation characteristic will always exhibit a certain deviation
from the desired perfect linearity. However, this problem can be relatively easily solved
by predistorting the transfer characteristic of the power supply modulator in the oppo-
site fashion, thus cancelling the AM-AM effects of the PA. This concept is illustrated in
Figure 4.2.
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Figure 4.2 EER system with predistortion in the envelope path.
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Phase distortion and AM-PM effects

From the underlying principle of operation of the EER architecture, it is clear that the
PA must truthfully pass the phase modulation present in the drive signal to the output.
Any distortion of the phase will lead to an inaccurate reconstruction at the output and will
deteriorate the overall linearity of the system.

Two different aspects should be considered here: 1) the general ability of the PA
to pass the input phase variation correctly at a certain fixed amplitude level, and 2) the
intrinsic AM-PM characteristic of the PA, i.e. the dependence of the phase of the PA’s
output on the amplitude level (i.e. on the supply voltage). In principle, both effects can
be controlled by employing a phase-correcting loop around the PA, and by predistorting
the phase of the drive signal vPM(t) in such a manner to compensate for the AM-PM
characteristic of the amplifier. However, it is challenging to implement this mechanism in
the entirely analog domain, and such an approach necessitates the use of modern digital
signal processing (DSP) techniques in combination with an accurate characterization of
the PA and other blocks in the system. This concept will be illustrated in the next section.

Dynamic range of the output signal

In the EER architecture, the output signal level is determined by the supply voltage of
the PA. The question that arises here is what effective dynamic range can be achieved in
a practical EER transmitter. The PA system must be designed to support the maximum
output power specified for a given communication standard, but the question is with what
accuracy the control of the output power at low absolute levels can be achieved in an EER-
based transmitter. Wireless communication systems almost always employ some power
control mechanism, usually to prevent the near-far problem [8]. Furthermore, regardless
of the power control mechanism of the wireless system, the modulation of the transmitted
signal may be such to occasionally exhibit zero envelope. If the EER transmitter uses a
switched-mode PA, one of the two problems is likely to arise at low output levels: there
may be either a significant feedthrough, i.e. the PA produces the output power larger than
desired, or, conversely, a collapse of the output signal occurs, as shown in Figure 4.3.
The reasons for this behavior are multiple; the gate-drain (or base-collector) capacitance
of the transistor provides a feedthrough path to the drive signal of the PA. Therefore, at
very low supply voltages the PA may produce a larger output than the one dictated by the
supply voltage. On the other hand, at very low supply voltages of the PA, the switching
operation of the circuit (which is usually optimized for maximum output) may be signif-
icantly disturbed, because of the various voltage-dependent effects of the transistor, and
the circuit fails to deliver the expected output. These issues will be further discussed in
Chapter 6.

Power efficiency

The EER architecture is attractive primarily for its ability to maintain high efficiency
of power amplification over a relatively large range of output power. It is clear, however,
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Figure 4.3 Limited effective dynamic range in an EER system.

that the efficiency of the supply modulator, in addition to that of the PA, is of critical
importance. Assuming that other blocks in the transmitter contribute insignificantly to
the total power dissipation, the overall efficiency of the system is basically equal to the
product of the individual efficiencies of the PA and power supply modulator. In principle,
it is not difficult to construct an efficient switching power supply modulator, operating on
the principle of pulse-width-modulation. The challenge arises from the requirement for
simultaneously high efficiency and large bandwidth of such a circuit.

4.1.1 Modern variant of EER
In the previous section, the basic principle of the EER technique has been discussed and
the conceptual EER architecture has been illustrated in Figure 4.1. A modern, nowa-
days version of an EER system, however, is more likely to make use of advanced signal-
processing techniques and modern electronic hardware [13, 34]. As we have seen, the
underlying idea in the EER is that a narrowband RF signal can be represented as a simul-
taneously amplitude- and phase-modulated signal, i.e.

v(t) = A(t)cos(ωct +Φ(t)) = A(t)vPM(t) (4.2)

where A(t) and Φ(t) are the amplitude and phase information of the signal, respectively.
In the classical, fully-analog EER system, the envelope A(t) and the phase-modulated
signal vPM(t) are obtained by an envelope detector and limiter, respectively. However,
it is possible to obtain the baseband signals A(t) and φ(t) directly from the baseband
domain instead from the modulated RF carrier, i.e. prior to modulation and upconver-
sion. In modern communication systems, the transmitted information is a digital signal.
Therefore, the digital baseband circuitry, in combination with digital signal processing
(DSP) and digital to analog conversion (DAC), can be employed to generate the needed
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amplitude and phase signals, as shown in Figure 4.4. The amplitude signal A(t) is then
further used as in the classical system, to control the supply voltage of the PA, whereas
the phase signal φ(t) is used to modulate the phase of a high-frequency oscillator, e.g. by
a Phase-Locked-Loop (PLL).

An important advantage of this concept is the use of DSP: it allows a relatively easy
correction of the undesired effects of the PA and possibly other blocks in the system. All
the necessary predistortion and correction operations can be implemented in the digital
domain. Therefore, if the AM-AM and AM-PM behavior of the PA is known, the DSP
algorithm can be harnessed to provide the needed predistortion of the amplitude and phase
signals. Furthermore, the alignment in time of A(t) and Φ(t), which is a particularly
sensitive issue in the EER, can also be controlled much more effectively than in the purely
analog domain. The DSP, however, is not a magic solution: for a successful realization,
it is essential to accurately characterize the behavior of the PA under various conditions,
as well as the transfer of signals through the two paths of the system. Even then, there
might be some additional issues, related to the operation of the PA, that cannot be easily
resolved. More details on these issues will be given in Chapter 6.
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Figure 4.4 Modern variant of the EER architecture.

4.2 Linear Amplification using Nonlinear Components
Another approach that potentially provides a means of high-efficiency linear amplifica-
tion of variable-envelope signals is the concept of LInear amplification with Nonlinear
Components (LINC). This method is in literature also referred to as the outphasing PA
technique and was originally proposed by Chireix in the 1930s [35], and later further
developed by Cox [36].

The underlying principle of the outphasing PA system is that an amplitude-modulated
signal can be expressed as a sum of two different constant-envelope but phase-modulated
signals. Mathematically, this is relatively simple to demonstrate by employing basic
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trigonometric transformations. Namely, consider the generic form of a narrowband RF
signal that may contain both AM and PM and is given by

s(t) = A(t)cos [ωt +φ(t)] (4.3)

where A(t) is the envelope, ω is the carrier frequency and φ(t) is the phase modulation
of the signal. Now, we can assume that the time-varying envelope of the signal can be
expressed as

A(t) = Am cosθ(t) (4.4)

where Am is the appropriately chosen normalizing value (i.e. the peak value), and θ(t) is
the time-varying function chosen such that cosθ(t) produces the desired waveform of the
envelope. From the previous two equations, we thus have

s(t) = Am cosθ(t)cos(ωt +φ(t)) (4.5)

By applying a basic trigonometric identity

cosAcosB =
1
2

[cos(A+B)+ cos(A−B)] (4.6)

to (4.5), we can now describe our signal as

s(t) =
1
2

Am cos [ωt +φ(t)+θ(t)]+
1
2

Am cos [ωt +φ(t)−θ(t)] = s1(t)+ s2(t) (4.7)

where
s1(t) =

1
2

Am cos [ωt +φ(t)+θ(t)] (4.8)

s2(t) =
1
2

Am cos [ωt +φ(t)−θ(t)] (4.9)

are the two outphasing signals. The original signal thus has been represented as a sum of
two constant-envelope phase-modulated signals. The two constant-envelope signals have
the phase modulation ±θ(t) added on top of the original phase modulation φ(t). The
crucial step in this process is to generate the phase shift θ(t) from the envelope signal
A(t). From (4.4), we see that

θ(t) = arccos
(

A(t)
Am

)
(4.10)

From the mathematical point of view, the above considerations are straightforward.
However, practical realization of the two phase-modulated signals from the input signal
s(t) leads to significant complexity because it requires a highly nonlinear inverse trigono-
metric function cos−1 to produce the phase shift θ(t) from the input signal amplitude
A(t). The conceptual block diagram of a LINC system is shown in Figure 4.5

The signal separator block performs a complex signal-processing task, generating the
two constant-amplitude phase modulated signals, s1(t) and s2(t), from the input variable-
envelope signal, s(t). In the LINC system, the AM of the input signal is thus transformed
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Figure 4.5 Linear amplification with nonlinear components.

into the PM of the two separate signals. These two signals are then amplified in two sep-
arate branches, by possibly nonlinear but efficient PAs that produce the amplified replicas
at their outputs. As the PAs are driven by the constant-envelope signals, they are, in prin-
ciple, allowed to exhibit a substantial degree of nonlinearity; it is important, however, that
the phase information of the incoming signals remains preserved, since it is crucial for an
accurate reconstruction of the final output signal. The PAs thus can be of the switching
type, and potentially highly efficient, which is the basic appeal of the LINC technique, but
the accuracy of the signal processor is of critical importance. In the literature, a number of
successful implementations of the signal processors for LINC have been reported [37–39],
and as we will shortly see, both analog and digital signal processing techniques can be
employed for the generation of the LINC signals. In principle, the digital domain of-
fers greater possibilities for an accurate generation of the needed phase-shifted signals,
due to the general strength of modern DSP hardware that can easily perform a variety
of complex baseband processing tasks. For instance, consider the quadrature modula-
tion/upconversion scheme illustrated in Figure 4.6, a concept that is very often used in
wireless transceivers.

The modulated RF carrier is obtained as

vRF(t) = I(t)cosωct−Q(t)sinωct (4.11)

where ωc is the frequency of the carrier and I(t) and Q(t) are the filtered baseband signals.
If the modulated signal is now represented in the polar form, as

vRF(t) = A(t)cos[ωct +φ(t)] (4.12)

then is a trivial matter to show that the relationships between the polar quantities and the
quadrature baseband signals are given by

A(t) =
√

I2(t)+Q2(t) (4.13)
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Figure 4.6 Quadrature modulation concept.

φ(t) = arctan
(

Q(t)
I(t)

)
(4.14)

By combining (4.13) and (4.10), the needed phase shift can be found as

θ(t) = arccos

[√
I2(t)+Q2(t)

Am

]
(4.15)

where Am is a properly chosen amplitude of the LINC signals. The original phase mod-
ulation given by (4.14), as well as the envelope-dependent phase shift stated in (4.15),
can be relatively easily calculated in the digital domain, and then combined into a single
phase shift, φ(t)±θ(t), needed for the generation of the phase-modulated LINC signals.
A possible DSP-based version of the LINC architecture is shown in Figure 4.7.

The DSP block performs signal processing of baseband data in such a manner that
two channels are generated that, after D/A conversion, perform phase-modulation of the
high-frequency carriers at the desired frequency of operation. The signals delivered by
the phase modulators are inherently of the constant-envelope nature, so highly efficient,
possibly switched-mode, PAs can be employed in the remaining part of the transmit chain.
One possible implementation of the phase modulators is depicted in Figure 4.8.

The block-diagram of Figure 4.8 shows a PLL-based arrangement that is often used
in wireless systems for different types of phase modulation schemes. A classical PLL,
consisting of a phase detector (PD), low-pass filter (LPF) and voltage controlled oscillator
(VCO), incorporates an additional voltage adder, which enables the VCO to be controlled
by both the output of the phase detector and an external phase-modulating voltage, Vm.
When the PLL is in lock, the frequency of the VCO will be precisely equal to the reference
frequency of the local oscillator (LO), but the static phase error between the two signals
will depend on Vm. In other words, the excess phase of Vout is directly controlled by Vm.
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4.2.1 Generation of LINC signals
The signal separator function, i.e. the generation of the two phase-shifted LINC signals,
can be accomplished by both analog and digital signal processing techniques. We will
shortly review both approaches and comment on their merits and drawbacks.

Analog signal processing

Signal component separation (SCS) based on analog processing of the input RF signal
is the method that was proposed by Cox in the original LINC paper [36]. The method
is based on the extraction of the envelope and phase-modulated waves from the input
signal by passing it through the envelope detector (or even better synchronous detector)
and limiter, as shown in Figure 4.9. It is also possible to obtain the envelope and phase-
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modulated component from the baseband or IF input signal. Regardless of the method
used to generate the envelope and phase modulated waves, the two obtained components
are subsequently used in the relatively complex analog processing system shown in Figure
4.10, in order to produce the two outphasing signals.

s(t)
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[ ωt + θ(t)]p(t)=K cos

E(t)

Limiter

s(t)

a)

b)

Limiter

Low pass
filter

p(t)

E(t)
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Figure 4.9 Generation of the envelope and phase-modulated wave from the
input RF signal.

As can be seen from the diagram in Figure 4.10, the original SCS system proposed by
Cox is of significant complexity: there are many blocks and the accuracy and alignment
of the system components become relevant issues. The main disadvantage of this tech-
nique is the inability to generate the outphasing signals with sufficient accuracy, which
in turn deteriorates the linearity performance of the whole LINC transmitter. Particu-
larly the matching between the two phase modulators is critical and phase/gain imbal-
ance must be tightly kept under control in order to satisfy high linearity requirements of
modern variable-envelope wireless systems (e.g., UMTS). In general, analog processing
techniques are nowadays considered inferior for the realization of the LINC SCS, when
compared to digital ones. Complexity, cost, limited accuracy and difficulty of integration
are major disadvantages of the analog approach in the realization of the LINC signal sep-
arator. Thus, DSP-based solutions for the SCS are usually preferred, although they also
have serious bottlenecks, most notably in terms of the bandwidth requirements and power
dissipation.

Although the original SCS system illustrated in Figure 4.10 suffers from accuracy lim-



78
CHAPTER 4. VARIABLE ENVELOPE SYSTEMS BASED ON

SWITCHED-MODE AMPLIFIERS

p(t)

1

−1

90

s1(t)

s2(t)

Low pass
filter

E(t)

R1

R2

p(t)

Phase
modulator

G

Figure 4.10 Analog processing system for the generation of LINC signal com-
ponents.

itations and is nowadays considered obsolete, this doesn’t necessarily imply that analog
SCS solutions are entirely out of consideration. A high-performance analog SCS based
on the voltage-translinear circuit design has been proposed in [40]. Implemented in a
0.35µm CMOS process, the analog signal separator is demonstrated as an alternative to
more power-hungry digital counterparts, while achieving comparable high-level perfor-
mance. The circuit operates on the IF signals at 100 MHz and consumes 16 mA from a
5-V power supply. Measurement results show −55 dBc spurious performance for a π/4-
DQPSK modulated NADC signal, and −48 dBc for an OQPSK modulated IS-95 signal,
indicating a high degree of linearity. The main advantage of the proposed analog SCS
solution is that the detrimental effect on the system linearity caused by misalignment in
quadrature modulators is eliminated.

Digital signal processing

As already mentioned, DSP-based solutions for the LINC signal separator are usually
considered superior to their analog counterparts for a number of reasons: the strength
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and accuracy of the modern DSP technology, combined with the ease of integration and
reasonable cost, are arguments that strongly favor the digital approach for the generation
of LINC signals. In addition, since the vast majority of wireless systems nowadays are
digital, LINC signal separators based on digital processing of baseband signals are natu-
rally better suited to the LINC architecture. Such an approach in principle enables much
higher accuracy than that possible with analog processing techniques. Basically, with the
advent of sophisticated DSP, the linearity bottleneck of a LINC system is moved from the
signal components generation, to the problem of gain and phase matching of the two RF
PA paths. In principle, if a high degree of matching is achieved in the RF path, DSP-based
signal separators can provide a linearity performance on the order of -60 to -70 dBc of
IMD with a two-tone test signal [34,41]. Thus, the linearity of a LINC system in practice
will be constrained by the degree of the gain and phase matching between the RF sections
of the two signal paths.

A possible digital solution for the SCS is shown in Figure 4.11. Based on the use of
an application-specific DSP block, the method performs all of the signal processing of
baseband signals in the digital domain, generating quadrature baseband components for
the two paths of the LINC system. Unlike the system of Figure 4.7, this technique does
not require phase modulators, since phase modulation and upconversion are both carried
out through quadrature modulation. The system requires, however, a doubled number of
highly matched D/A converters and accompanying reconstruction filters. The need for a
high degree of matching in four paths represents the most critical aspect of this approach.
Also, the word length of the DSP engine and the sampling rate are directly related to the
linearity requirements of the whole transmitter. In practice, a high overall linearity will
mandate a high-speed DSP, which on the other hand will bring a penalty in terms of an
increased power consumption and decreased total efficiency of the system.

Another possibility for digital implementation of the SCS block is to make use of the
look-up-table (LUT) technique, which was the method proposed in [37]. The principle
of operation is that the baseband quadrature signals address entries in a two-dimensional
LUT, thus directly generating the required phase shift value. While elegant and relatively
simple, this approach suffers from a large drawback in terms of the excessive memory
required to satisfy the accuracy needed for the modern wireless systems. Basically, the
linearity requirements of the communication standard will determine the needed accuracy
of generation of the component signals, which on the other hand dictates the resolution
of quantization, i.e. the number of bits required to address an entry. It also should be
mentioned that memory density and cost nowadays are not critical issues, which makes
the whole concept more feasible than in the days when it was originally proposed. In
addition, improved techniques have been developed that decrease the amount of memory
at the cost of an increased algorithmic complexity, in terms of the number of instructions
required per processed sample [42].

Like any other circuit technique, the DSP-approach in the design of the LINC SCS
also has its own disadvantages. The main issues are the need for high-speed DSP and
D/A converters (especially if the bandwidth of the transmitted signal is significant) and
highly balanced quadrature modulators. In practice, misalignment in I/Q modulators as
well as gain and phase mismatch in the two paths, stemming mostly from the PAs, will
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Figure 4.11 Digital signal processing system for the generation of LINC signal
components.

be the limiting factor for the overall linearity of the system. A variety of path mismatch
reduction techniques have been developed, and an excellent treatment of this subject is
given in [41].

4.2.2 Power combining at the output
In addition to signal separation, another important point of concern in the LINC concept is
the process of combining the outputs of the two PAs into a final, reconstructed RF output
signal. While mathematically this process can be simplistically viewed as the summation
of the two signals produced by the PAs, a practical realization is more involved. Namely,
two fundamentally different approaches are possible when it comes to power combining
in the LINC system, and some comment on this issue is in order.

In RF and microwave design, there are a number of practical networks that can be
employed to perform power combining of two or more signals, such as transformers,
hybrid couplers, transmission line combiners, Lange couplers etc. All these networks can
be classified into the following two types:

© lossless power combiners with non-isolated input ports

© lossy power combiners with isolated input ports

The choice of the power combiner in the LINC architecture is an important issue that
has direct consequences for the performance of the entire system. In addition, it is related
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to the choice of the type of PAs to be used in the transmitter. Therefore, we will consider
the peculiarities of both of the above mentioned approaches for power combining.

LINC systems with lossless power combining

Lossless power combiners2, as the name implies, can combine power generated by two
(or more) PAs into a single load without losses; the power dissipated in the load is thus
equal to the sum of the powers supplied by the PAs driving the input ports of the combiner.
This is a highly desirable feature, since the efficiency of the whole system must remain as
much as possible unaffected. What is not immediately visible in this concept, however,
is that the input ports of such a combiner are not isolated from each other. Rather, there
is a significant interaction between the PAs that are coupled through the power combiner.
In other words, the PAs affect each other’s output by performing a sort of active load-
pulling: the impedance presented to each of the PAs is not constant, but varies under the
influence of the signal coming from the other PA. Consequently, it may happen that the
PAs looking into the combiner are not presented with the nominal load that provides an
optimal efficiency and target output power. This situation is illustrated in Figure 4.12.
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Figure 4.12 LINC system with a lossless power combiner.

As the power combiner is lossless, the total output power, Pout , is equal to the sum
of the power outputs delivered by the two PAs, P1 and P2. However, impedances Z1 and
Z2 seen by PA1 and PA2, respectively, are not constant but vary as functions of the drive
signals s1(t) and s2(t). As a result, the entire LINC system will have an optimal efficiency
only at a certain output power level, and will exhibit a drop in efficiency at other power
levels due to mismatch at the outputs of the PAs. In addition to that, load mismatch
may lead to variation in the amplitude and/or phase characteristics of the PA, leads to
distortion, i.e. the output power of each of the two PAs is not constant. Clearly, this is a

2Some intrinsic amount of loss is always present and unavoidable due to non-zero parasitic resistances of
realistic physical components.
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very different situation from the initial idealistic view of the LINC architecture where the
PAs are operating at a constant efficiency, at a fixed output power and their outputs are
simply added together. The whole structure now represents an interactive system in which
the both PAs influence the operation of each another through the load-pull mechanism.

The type of amplifiers that can be employed in an outphasing PA system with a non-
isolating power combiner is also an important issue. In principle, classes A, AB, B and
C can be seen as configurations in which the transistor is operated as a controlled current
source, and analyzed accordingly. Since the drive level in the LINC concept is kept con-
stant, load mismatch conditions at the outputs of the PAs my result in the effects such as
overdriven operation (see Chapter 2), or operation with a non-optimal and possibly reac-
tive load, which on the other hand results in both AM-AM and AM-PM distortion of the
individual PA paths. The specific effects will be different for the different classes of PAs,
and a careful analysis and optimization of the PAs and the power combiner is necessary
for the entire dynamic range of the output signal, i.e. for the full range of phase shift θ .
On the other hand, the classic reduced conduction angle mode PAs may be intentionally
utilized in the overdriven mode. In such a regime, higher efficiencies are possible, and
the PAs can be seen as ideal RF voltage sources, which simplifies the design of the out-
phasing system. The use of high-efficiency, switched-mode classes is also possible, but
these configurations seem to be more sensitive to variations in the load impedance and
more challenging to couple through a non-isolating power combiner. Therefore, these
classes of operation are more suitable for the realization of outphasing PA systems based
on isolating power combiners.

The PA system depicted in Figure 4.12 is generic and conceptual, i.e. based on an
idealized lossless power combiner and high-efficiency RF PAs. The question that arises
is how to realize such a power combiner in practice, and what class of PAs to choose for
the operation. A possible implementation is displayed in Figure 4.13 that shows how a
center-tapped transformer, with the addition of two compensating reactive elements, can
be employed to realize the lossless power combiner for the conceptual system of Figure
4.12.

The configuration depicted in Figure 4.13 is also referred to as the Chireix power-
combining technique [13, 43]. Here the PAs are overdriven Class-B amplifiers, that to a
first-order approximation, operate as phase-modulated voltage sources. As already men-
tioned, the two PAs that are coupled through a non-isolating power combiner will modu-
late each other’s load impedance, which results in reactive loads. In the Chireix technique,
the key aspect is the presence of two compensating reactances at the input of the hybrid
combiner that are used to tune out the reactive drain impedances at a particular amplitude
level, which results in optimal loads and, consequently, an optimized efficiency for that
particular output amplitude level. An important feature of the Chireix architecture is that
the system can be designed in such a way that the maximal efficiency is obtained at an
arbitrary power level, i.e., not necessarily at a peak output level. Indeed, the main idea of
the Chireix technique is that a peak efficiency is achieved at a certain, carefully chosen,
back-off level, and a reasonably good efficiency over the upper several dBs of the output
power range. The fact that the efficiency of the LINC system with a non-isolating power
combiner will have a peak value only at a single output level, and will drop at all other lev-
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Figure 4.13 Implementation of the LINC system with a lossless hybrid power
combiner based on a transformer.

els, points to the importance of optimization of such a system according to the statistical
characteristics of the envelope of the input signal. Basically, the probability distribution
function of the envelope has to be taken into account, and the system designed in such a
manner that the optimal overall efficiency is provided across the entire dynamic range of
the signal [44, 45].

As discussed in Chapter 2, the power of a variable-envelope RF signal can vary for
two reasons: on the short time scale, as a result of the modulation process, and on the
long time scale, as a result of the power control mechanism that is frequently used in
wireless systems. Regardless of the underlying cause, the variation of the power of the
signal can be described by a suitable probability distribution function (PDF). Consider the
plot given in Figure 4.14 that shows a typical short-time PDF of variable-envelope signals
used in wireless systems. If the efficiency vs. Pout plot of the LINC system is given by
the a function η(Pout), a typical plot of which is shown in Figure 4.14 (b), then the overall
efficiency of the system is found by integrating the product of the two functions over the
entire range of power, i.e.

ηtotal =
Pout,avg

PDC,avg
=

∫ Pmax
Pmin

p(Pout) dPout
∫ Pmax

Pmin
p(Pout) 1

η(Pout )
dPout

(4.16)

Optimization of the LINC system for a given profile of the signal power distribution
is thus not a straightforward problem, since the quantity that needs to be optimized is
an integral of two independent functions. Actually, since the PDF of a given signal is a
fixed parameter upon which the designer has no influence, the optimization parameter is
the η vs. Pout curve of the system, which is essentially determined by the choice of the
class of the PAs and the design of the power combiner. In practice, a common approach
is to design the system in such a way that the peak efficiency coincides with the most
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Figure 4.14 a) typical output power distribution of variable envelope signals and
b) typical efficiency of a LINC system as a function of the output
level.

probable power of the signal, or with the level slightly above that value. At low output
power levels, the efficiency performance of the system is not of large significance. On
the other hand, while efficiency is important at high output levels, these levels are not so
frequently achieved as the medium ones. Therefore, an overall performance optimization
necessitates careful fitting of the efficiency curve to that of the signal’s PDF.

In [45], a method for the efficiency optimization of the LINC power combiner was
proposed. It was shown that the knowledge of the peak-to-average ratio (PAR) of the
modulation scheme is not sufficient for the optimization of the power combiner, and that
the PDF of the signal amplitude has to be taken into account. Furthermore, it was demon-
strated that the signals exhibiting larger PAR values in principle can be amplified with
higher efficiencies than those with smaller PAR values. For instance, π/4-QPSK signal
with a PAR of 4.3 dB was shown to result in an optimized efficiency of 93.1%3, as op-
posed to 82.8% for a standard AM signal with a PAR of 3 dB. These findings contradict
the common belief that the overall efficiency of a PA system always trades with the PAR
of the amplified signal, regardless of the operating class of the PA and architecture of the
transmitter.

Although attractive from the efficiency perspective, the Chireix concept has not been
widely applied for the practical realization of microwave PAs. The most prominent dif-
ficulty is that saturated high-frequency amplifiers do not really behave as ideal voltage
sources, but rather exhibit a nonlinear dependency on the load impedance seen by the
transistor. In addition, there is a complex relationship between the phase of the input and

3These figures are based on an idealized theoretical analysis, assuming that PAs act as ideal phase-modulated
ac voltage sources capable of 100%-efficiency operation. Mismatch and load-pulling of the PAs, insertion loss
of the combiner and other second-order effects are neglected.
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output signal. These effects limit the linearity of such an outphasing PA system. For
these reasons, transmitters based on lossy hybrid power combiners are more frequently
encountered in practice, and they will be considered next.

LINC systems with lossy (isolating) power combiners

Another approach for the realization of the power combining function is to use a lossy
power combiner that offers a convenient feature of isolated input ports, i.e. a matched load
is always presented to both PAs. The price paid for this convenience is that the combiner
inherently suffers from losses, due to the waste of power dissipated in the dump resistance.
As illustrated in Figure 4.15, such a combiner comprises four ports: two input ports, that
present constant impedances to the PAs, and two output ports, namely, the summing port
and the difference port. The summing port of the hybrid combiner is connected to the
load, RL, into which a useful portion of the RF output of the PAs is delivered, whereas
the difference port is connected to the dump resistor RD, which dissipates the excess RF
power in the form of heat.
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Figure 4.15 Hybrid power combining.

The principle of operation is that the sum of the waves incoming from the PAs is
delivered to the output, whereas the difference of the waves is dissipated in the dump
resistance. This concept enables the generation of an amplitude-modulated wave at the



86
CHAPTER 4. VARIABLE ENVELOPE SYSTEMS BASED ON

SWITCHED-MODE AMPLIFIERS

load, by varying the phase of the incoming signals. The sum of the power outputs pro-
duced by the PAs is equal to the sum of the useful RF output power, Pout , and the dumped
power, PD. How much of the incident power will be effectively radiated, and how much
will be wasted depends on the relative phase shift between the two signals. Two extreme
situations are clearly the following:

© the entire produced power is delivered to the load and no power is wasted, i.e. Pout =
Pout,max = 2PPA and PD = 0. The transmitter operates with its peak output power and
the total efficiency of the system is equal to the efficiency of the PAs, i.e. ηsys = ηPA.

© the entire produced power is dumped, and no power is deliver to the load, i.e. PD =
2PPA and Pout = 0. Obviously, ηsys = 0 in this case, regardless of the efficiency of
the PAs.

A continuum of envelope values is possible between these two extremes, which re-
sults in an envelope-varying output signal. Unlike in the case of lossless (Chireix) power
combining, the PAs here deliver constant (i.e., nominal) output power, regardless of the
instantaneous envelope of the signal at the load. Furthermore, they are continuously pre-
sented with constant impedances, which is a convenient feature of the isolating power-
combining network. Due to the fact that the two PAs always operate at their nominal
output power, and thus continuously consume constant power from the supply, the effi-
ciency of the system is a simple linear function of the instantaneous output power, given
by ηsys = Pout/2PPA. This dependency is plotted in Figure 4.16.
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Figure 4.16 The efficiency vs. output power of an outphasing PA system with
lossy power combining.

The plot of Figure 4.16 reveals a painful fact that the efficiency will be halved at a
back-off of only 3 dB. The efficiency vs. Pout characteristic of an outphasing PA system
with lossy power combining is thus essentially equivalent to that of Class-A amplifiers,
due to the fact that the same amount of power is continuously drawn from the dc supply,
at all levels of the output envelope. A significant difference, however, is that the peak
efficiency can be considerably higher than that of the Class A, because high-efficiency
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nonlinear amplifiers can be utilized in the outphasing PA architecture. Obviously, in this
type of outphasing architecture, it is not possible to optimize the efficiency of the system
for a particular level of the output envelope. As is the case with Chireix power combining
scheme, the overall efficiency will be a strong function of the PDF of the envelope of the
signal. The efficiency drop at lower envelope levels is here even more pronounced than in
the Chireix technique, which in terms of efficiency, makes this type of system unattractive
for signals with large values of the PAR.

Since the lossy power combiner provides constant impedances to the PAs, the choice
of the type of PAs for the system is in principle unrestricted. High-efficiency switched-
mode configurations, such as Classes E and F, are thus prime candidates for this type
of outphasing architecture. The AM-AM and AM-PM behavior of the PA under load
mismatch conditions becomes unimportant; the only aspect of importance is that the PAs
correctly transfer the phase information from the input to the output. In the case of abrupt
phase transitions in the input signal, this requirement may be troublesome with some
classes of PAs. An abrupt phase transition, namely, can result in severe disturbances of
the operation of the PA, thereby producing undesired amplitude modulation of the output
signal; this is a complex issue that will be further investigated in Chapter 6.

As for the practical realization of the isolating power combiner, a number of networks
can be used. One of the classical approaches, again, is to make use of the center-tapped
transformer, as shown in Figure 4.17. If the balancing (dump) resistance RD is carefully
chosen, this configuration provides constant impedances to the PAs, even if the output
levels of the PAs are not equal (which conceptually is not the case in outphasing systems,
but still occurs due to inevitable mismatch between the two paths). It can be shown that
if the dump resistance is set to RD = (m/n)2R0, then the PAs are isolated from each other
and both see a constant load impedance of RPA = 2(m/n)2R0, where m and n represent
the numbers of the primary and secondary turns, respectively, and R0 is the termination
resistance.
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Figure 4.17 Practical implementation of isolating power combiner.
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The circuits of Figures 4.13 and 4.17 make use of an ideal, lossless, center-tapped
transformer, which is traditionally realized as a wounded ferrite-core device and encoun-
tered in low-frequency applications. Practical implementation of transformers at RF and
microwave frequencies, however, is a different issue that entails many challenges and de-
tailed technological considerations. At lower frequencies (in the VHF and UHF bands),
a wide variety of transformers based on ferrite materials and multiple twisted wires have
been developed [10,13]. These discrete, bulky devices can offer an excellent performance,
but unfortunately are not applicable at frequencies beyond the UHF band. Thus, for PAs
operating in the GHz range, different techniques of realization must be used. Indeed, it
turns out that a transformer can be implemented even as a monolithic device, i.e. in IC
technology, which is a more feasible solution for applications in the GHz range. Planar,
on-chip transformers for RF applications were introduced more than a decade ago, and
their use for power amplifiers (and other RF circuits) at various power levels and frequen-
cies has been demonstrated in virtually all types of semiconductor processes used for RF
applications [19–21, 46–50]. One of the most critical issues is the insertion loss (due to
substrate loss, conductive loss and irradiation), as well as the symmetry and bandwidth
in which an acceptable performance can be achieved. The design of such an on-chip RF
transformer involves detailed considerations on the layout of the structure, as well as char-
acterization of the metal layers and the substrate. In general, extensive simulations and
the use of modern electromagnetic CAD tools (such as HFSS of Ansoft or Momentum of
Agilent) are required.

Other, more feasible options are to employ some of the classical transmission line
structures often used in microwave design, such as the hybrid ring combiner, or Wilkinson
combiner, as shown in Figure 4.18. If enough board area is available, these elements can
be easily realized in the form of PCB traces with satisfying performance, even without
the need for special substrates; in many cases, the classical FR-4 will prove adequate. If
low loss is required, or the frequency of operation extends above several GHz, a variety
of materials specially suited for RF applications are available, such as high-frequency
laminates.
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Figure 4.18 Distributed structures for power combining. (a) Wilkinson com-
biner, (b) hybrid ring combiner.
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4.3 Pulse-modulated RF PA systems
The third technique for high-efficiency linear RF power amplification that will be dis-
cussed here is the pulse-modulated (PM) PA concept. This approach, as we will see,
actually has several similar subvariants, and in general is the topic of an increasing in-
terest in the PA research community, although these transmitter architectures are still not
very often encountered in practice.

The underlying idea of the concept is the well-known principle of pulse-width mod-
ulation (PWM), but this time applied to RF signals, which may seem as more than a
daunting scenario, at least at a first glance. PWM is traditionally used at much lower
frequencies, in applications such as various voltage regulators, speed regulators for elec-
trical motors, switched-mode power supplies, light dimmers etc., and lately for efficient
and linear audio amplification, in conjunction with Class-D amplifiers. However, modern
semiconductor technology offers some possibility to extend this principle all the way up
to frequencies in the GHz range.

Before considering such RF PA systems, it is instructive to briefly review the basic
principle of the classical PWM concept, illustrated in Figure 4.19. The pulse width (duty
ratio) of the blockwave signal vPWM(t), with the frequency fs, is varied on the cycle-to-
cycle basis in accordance with the instantaneous value of the baseband signal vBB(t). In
adddition to that, there are three different possibilities regarding the pulse positioning:
either the rising edge, the middle of the pulse or the falling edge can have fixed positions
in time; the example shown in Figure 4.19 corresponds to the case where the rising pulse
edges are fixed, i.e. equidistant in time. The spectrum of the PWM signal is similar for all
three cases.

t

BB (t)

vPWM(t)

1/fs

t

v

Figure 4.19 Basic Pulse-Width Modulation principle.

If such a PWM signal is now passed through a low-pass filter, the original, baseband
signal can be retrieved, with a certain amount of distortion. This fact is easily verified by
considering the spectrum of a typical PWM signal. Namely, assuming that the modulating
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(baseband) signal is a pure sinusoidal tone at a frequency fm, and that the unmodulated
pulse wave signal has a frequency fs, the spectrum of the resulting PWM signal has the
appearance shown in Figure 4.20.

Distortion
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LPF mask
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Figure 4.20 Spectrum of a PWM signal.

Thus, the spectrum of a PWM signal is in general rather complex, due to the fact
that each harmonic of the switching frequency fs is followed by a number of sideband
components. The desired baseband signal at a frequency fm is easily extracted by a low-
pass filter (LPF), however a certain amount of distortion is inevitable, as shown in Figure
4.20. Obviously, the distortion can be decreased by increasing the switching frequency
and the selectivity of the low-pass filter.

4.3.1 RF Pulse-Width Modulation
The RF PWM concept, originally proposed by Raab [51], is essentially identical to the
original PWM, with one major difference: the band-pass filtering (instead of a low-pass
one) is now applied to a pulse-width modulated signal. Furthermore, the fundamental fre-
quency of the pulse train is chosen such to correspond to the desired RF carrier frequency
of the transmitted signal. The RF PWM concept is illustrated in Figure 4.21.

From the spectrum of a PWM signal (see Figure 4.20), it is clear that a high frequency
amplitude-modulated carrier with the belonging sideband components can be retrieved
from the PWM by applying a band-pass filter (BPF) with the center frequency tuned to fs.
It should be mentioned that the modulating signal now actually is the desired envelope to
be transmitted. Thus, the envelope waveform is used to perform pulse-width modulation
of a train of pulses at a carrier frequency. The switched-mode PA can efficiently amplify
this type of signal, and the output BPF reconstructs the desired envelope-varying signal.

4.3.2 Carrier Pulse-Width Modulation
Another form of PWM-like RF PA system is carrier pulse-width modulation. This method
was first used in a UHF rescue radio at Cincinnati Electronics in the early 1970s [52]. The
underlying idea is to use a PA to transmit a high-frequency constant-envelope carrier in
PWM bursts, with the width of each burst proportional to the instantaneous envelope of



4.3. PULSE-MODULATED RF PA SYSTEMS 91

L

PA

vRF_PWM vout

v in

vRF_PWM

vout

RF
PWM

modulator

R

Figure 4.21 RF pulse-width modulation.

the desired output. The RF bursts are then passed through an output band-pass filter that
reconstructs the desired envelope-varying signal, and also eliminates the PWM switch-
ing spectral components. This system can be used in conjunction with a Class-S power
amplifier, as shown in Figure 4.22.
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Figure 4.22 Carrier pulse-width modulation concept.

The burst switching frequency in a carrier PWM system is several orders of magni-
tudes lower than the RF carrier frequency. Therefore, it is not limited by capabilities of
power-switching devices, which means that relatively high bandwidths of the envelope
can be achieved. A drawback of the concept is the need for a highly selective output
band-pass filter with steep edges. The implementation of such a filter at RF and mi-
crowave frequencies is difficult, and the filter may be lossy, typically exhibiting 1-2 dB
of insertion loss, which directly impacts the efficiency. However, the overall efficiency
of the system may still be attractive, particularly for signals with high peak-to-average
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ratios. Another drawback of the system is that the power utilization factor (PUF) of the
PA is rather small, which arises from the pulsed nature of operation. Namely, in order to
obtain a desired peak envelope power at the output, it is necessary to employ significantly
oversized devices, which would be able to deliver much larger output level in a continuous
mode of operation.

4.3.3 Sigma-Delta Modulation

Sigma-delta (Σ∆) modulation is a technique widely used in the area of analog-to-digital
and digital-to-analog conversion and signal processing in general. In the recent years,
however, there seems to be continuous effort made towards applying this concept in con-
junction with RF PAs as well [53–57]. Basically, the underlying idea is similar to that of
the RF PWM, with the main difference that the PA transistors are switched at a frequency
which is in general several times that of the transmitted RF carrier. The basic Σ∆-based
PA system is shown in Figure 4.23.
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Figure 4.23 Delta-Sigma-based transmitter.

The Σ∆ modulator, which is a synchronous (clocked) circuit, translates an input vari-
able envelope RF signal into a two-level signal (i.e., a train of binary pulses), through the
process known as noise shoping. This high-frequency bit stream is used as a drive signal
for the switched-mode Class-S PA. The PA, which is essentially an appropriately sized
logic inverter, effectively operates as an ideal pulse voltage source, toggling the node Q
between the supply voltage VDD and ground. The output bandpass filter rejects the noise
from the spectrum, leaving only the desired spectral components to reach the load. The
load impedance ZL seen at the node Q, looking into the band-pass filter, has a finite resis-
tive value RL around the frequency of interest fc, and much higher, predominantly reactive
values at other frequencies. Thus the pulse voltage source (i.e., the PA) dissipates power
only in the desired bandwidth centered around the carrier frequency which leads to a high
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efficiency of amplification. The bandpass filter rejects the higher spectral components,
effectively reconstructing the desired signal at the load.

4.3.4 Limit-Cycle Transmitter

An alternative and innovative architecture for linear amplification based on switched-
mode PA is shown in Figure 4.24. This concept, here referred to as the limit-cycle trans-
mitter, is similar to the Σ∆ approach, but with a few important differences. First, the circuit
is not clocked, but rather asynchronous. Second, it exhibits a self-oscillating nature, with
the dynamics dictated by the input signal. Furthermore, in addition to the feedback loop,
which is inherently present in all Σ∆-like systems, it also contains a feedforward path, by
which the supply voltage of the switched-mode PA can be controlled [58].

Class−S

outRFRFin

PA

Envelope
detector

Figure 4.24 Limit-cycle transmitter concept.

The principle of operation of the transmitter can be described by the following. The
input varying-envelope RF signal is transformed into a two-level signal by the action of
the quantifier and the primary feedback loop. Thus, the output signal contains the spec-
trum of the input signal, but also a very significant “waste” content at higher frequencies,
which results from the proces of quantization i.e. digitization of the analog input signal
into a binary pulse waveform. As with the other concepts previously discussed, the pro-
cess of translation into a two-level waveform is needed to enable a highly efficient power
amplification by the Class-S amplifier. The passive matching network at the output of the
PA provides the needed load impedance at the target carrier frequency, and simultane-
ously suppresses undesired high-frequency quantization noise, inherently reconstructing
the waveform of the original signal. The analysis of such a limit-cycle concept was de-
scribed in [59], and the efficiency performance was investigated in [60].
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4.4 Conclusions
In this chapter we have reviewed three different approaches for high-efficiency linear am-
plification. In addition to the EER and LINC architectures, a collection of several similar
PM-based techniques based on the limit-cycle principle has been considered in detail,
and a novel limit-cycle architecture has been proposed. This novel type of architecture
[patent] offers a higher practical feasibility in comparison with other similar concepts that
have been discussed in Section 4.3.

In Section 4.1, the basics of the EER transmitter architecture have been discussed.
Although well-known and dating from the era of vacuum tubes, the EER technique seems
to be not sufficiently exploited in nowadays wireless systems, despite the obvious poten-
tial for efficiency improvement. It has received a lot of attention in the last several years
though, and some EER-based commercial solutions for portable applications have been
announced in the market, but they still have the status of an alternative, “almost there”-
solution, rather than that of a proven concept translated into the product. The key problem
of the concept remains to be the practical implementation of an efficient and fast supply
modulator. A linear voltage regulator can be used to provide the required bandwidth for
the envelope, but at the expense of the efficiency, making the whole system unattractive
from the efficiency viewpoint. On the other hand, a switched-mode voltage regulator of-
fers significantly higher efficiencies, but necessitates switching operation at a frequency
much higher (typically 5-10 times) than the bandwidth of the envelope of the signal. In
addition, considerations on the spectral purity and distortion of the supply voltage due
to PWM will also lead to the requirement of increasingly high switching frequency. In
Chapter 6, we will take a more comprehensive look on the issues encountered in the EER
technique.

Section 4.2 reviews the concept of outphasing/LINC amplification, another technique
that dates back to the era of vacuum tubes, but has been a subject of revived interest in the
last decade, particularly due to the advent of powerful DSP. The signal component sepa-
ration is usually considered the most challenging problem of the LINC architecture, and
this is where DSP can be of great help. It has been shown, however, that the linearity per-
formance in modern LINC systems is constrained by the degree of matching between the
RF sections of the two paths. Since much of the attention hystorically has been focused
on the component separation problem, the importance of the power combining issue for
the overall performance of the system is often overseen or underestimated. In Section
4.2.2, a detailed discussion of the influence of the choice of the power combiner has been
given, clarifying the two possible approaches: lossless but non-isolating power combining
schemes, and lossy combining with isolated input ports. The peculiarities of both meth-
ods have been considered, in terms of the influence on the linearity and efficiency of the
system, followed by the examples of networks for practical realization of the combiner.

Section 4.3 brings considerations on a variety of PM-based RF PA schemes. In gen-
eral, the practical implementation of these systems is still difficult because of the ex-
tremely high switching rate required from the Class-S PA. Unlike the Class-E config-
uration, Class-S PAs do not feature soft-switching operation, and consequently suffer
from the loss associated with charging/discharging of parasitic capacitances during ev-
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ery RF cycle. Another problem of this concept is the difficulty of generating sufficient
output power. Since Class-S amplifiers do not use a biasing choke in the supply path,
the available voltage swing is significantly reduced. Furthermore, the concept of PWM
itself additionally restricts the output power. The problem of insufficient output power is
also emphasized by rapid scaling of IC technologies. The steady decrease of the feature
size in CMOS technologies enables faster devices, but also reduces the breakdown volt-
age, which in turn makes it increasingly more difficult to obtain the needed output power
levels. However, limit-cycle PAs have been demonstrated recently, and the practical fea-
sibility is likely to improve with the advancing pace of IC technologies. The advent of
high-voltage technologies, based on wide bandgap III-V semiconductor materials such as
GaN and SiC, will open the door for utilization of these advanced architectures at higher
power levels.

The discussed architectures, which constitute an alternative to conventional ”linear”
(reduced conduction angle) PAs, are becoming increasingly more popular and will dom-
inate the PA research area in the years to come. In the opinion of the author, among
the three considered architectures, the EER concept is the most promising candidate for
medium power (e.g., 20-30 dBm) portable applications. For these reasons, the Class-E
configuration will be investigated in detail in Chapter 5, and overall system-level effects
in an EER system will be considered in Chapter 6.
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5

Analysis and design of Class-E PA

AMONG several types of switched-mode PAs, Class E is the most promising for RF
applications, due to a number of reasons: high efficiencies even at RF frequencies,

the simplicity of the load network and and a satisfying performance even with non-optimal
drive. Besides showing a potential for high-efficiency operation, this PA configuration is
also suitable for use in an EER type of architecture. The objective of this chapter is to
examine in detail the analysis and design procedures for this interesting circuit, and to
discuss a number of issues and circuit techniques relevant for the design of Class-E RF
PAs.

The chapter begins with an analysis of the basic, idealized Class-E operation. Follow-
ing an overview of general considerations and classical design equations, we will analyze
the effects of various non-ideal effects that occur in a practical Class-E circuit. The op-
eration of the Class-E PAs with realistic, lossy elements will be examined, as well as the
possibility of the operation with finite DC-feed inductance instead of an RF choke. We
will discuss various possibilities for implementation of the load network and will conclude
the chapter with an overview of the general design methodology.

5.1 Idealized operation
In this section we will perform an analysis of the theoretically ideal Class-E operation.
The Class-E power amplifier, in its most basic form, is shown in Figure 5.1. The circuit
consists of a transistor, a shunt capacitor C1, an RF choke (RFC), and a series LC res-
onator followed by the load resistance RL. In this schematic, the transistor is shown as
a BJT, but it can be any other type of transistor device, e.g. MOSFET, MESFET, HFET

97
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etc. As already discussed in Chapter 3, the Class-E configuration belongs to the switched-
mode PAs, in which the transistor is, by means of a heavy overdrive, operated as a switch
with two discrete states, ON and OFF. Therefore, for the purposes of analysis of the cir-
cuit operation, we will use an equivalent schematic, shown in Figure 5.2.

L1

2C2

RL

V dc

RFC

Load network

Q

Z1

C1

L

Figure 5.1 Basic Class-E circuit diagram.
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Figure 5.2 Equivalent schematic of the Class-E circuit.

In the equivalent schematic given above, the transistor has been replaced by a switch,
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shunted by the capacitor C, which comprises the external capacitance C1 (see Figure 5.1)
and the possible parasitic output capacitance of the transistor device. Furthermore, the
series combination LsCs has been replaced by a combination of the resonator L0C0, tuned
to the frequency of operation ωc, and an additional reactance jX . The reasons for this
approach will be given later. In order to make the analysis of the circuit mathematically
tractable, it is necessary to make several simplifying assumptions. These assumptions are
the following:

1. The transistor is modeled as an ideal switch, i.e. a short circuit in the ON state and
an open circuit in the OFF state, with an instant switching action.

2. The switch is operated with a 50 % duty cycle, at the carrier frequency.

3. The switch can sustain the current running through it in the ON state and also must
be able to stand the non-zero voltage that appears during the OFF state.

4. The RF choke (DC-feeder) has a very large inductance and accordingly allows only
DC current to flow through it.

5. The Q-factor of the series resonator L0−C0 is high enough, so it can be considered
that a purely sinusoidal current is running through the load RL.

The goal of this analysis of the Class-E operation under ideal conditions is to obtain
nominal expressions for the circuit elements, i.e. design equations. The analysis proceeds
as follows. We will consider that the circuit has reached a steady-state operation, and will
divide an RF cycle in the ON and OFF state. For further analysis, it is convenient to adopt
the angular time, given by θ = ωct where ωc represents the frequency of operation. The
ON and OFF states will be defined in time as

0 < θ < π OFF state (5.1)
π < θ < 2π ON state (5.2)

Due to the very large reactance of the RF choke at the frequency of operation, we can
consider that only DC current IDC flows into the circuit. On the other hand, the assumption
of a relatively high loaded Q-factor of the series resonator L0 −C0 suggests that only
current at the fundamental frequency is flowing through the load branch. Therefore, we
can write

iR(θ) = I1 sin(θ +ϕ) (5.3)

where I1 denotes the amplitude of the load current and ϕ is the initial phase. In the OFF
state, the currents flowing through the switch and through the shunt capacitor will be

isw(θ) = 0 (5.4)

and
ic(θ) = IDC− I1 sin(θ +ϕ) (5.5)
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The current ic(θ) is charging/discharging the shunt capacitor C. Since we assume that
during the ON state the voltage across switch/shunt capacitor is equal to zero, the capaci-
tor voltage in the OFF state can be found as

vc(θ) =
1

ωcC

∫ θ

0
ic(θ) dθ (5.6)

If we substitute (5.5) into (5.6), and perform integration in the given boundaries, we will
obtain that the capacitor voltage at any instant in the OFF state is given by

vc(θ) =
1

ωcC
[IDCθ + I1 cos(θ +ϕ)− I1 cosϕ] (5.7)

A unique feature of the Class-E operation, that distinguishes this class from the other
switching-mode PA configurations, is the so-called ”soft switching”. It means that the
circuit operation is arranged in such a manner that the shunt capacitor is never discharged
through the switch. In other words, the switch closes precisely at the instant where the
shunt capacitor is completely discharged. This type of operation enables high efficiency
of power amplification. Therefore, in order to achieve soft switching, it is necessary to
satisfy the well known Class-E conditions at the instant of turn-on (i.e. at θ = π). These
conditions are given as

vc(θ = π) = 0 (5.8)
dvc(θ)

dθ
|θ=π = 0 (5.9)

It should be mentioned that the second condition (Eq. 5.9) actually does not refer to the
state of the capacitor charge. It describes the slope of the capacitor voltage at the instant
of turn-on and guarantees that the switching will not produce current spikes in the switch.
From (5.7) and (5.8), we have

IDC =
2
π

cosϕ I1 (5.10)

and from (5.7) and (5.9)
IDC =−sinϕ I1 (5.11)

By combining the previous two equations, we find

ϕ = arctan
(
− 2

π

)
(5.12)

Noticing that IDC and I1 are both positive values, the solution for the angle ϕ must be
chosen in the right quadrant, i.e. such as to satisfy (5.10) and (5.11). Therefore, we obtain
the fourth quadrant solution, ϕ =−0.567rad. Thus,

sinϕ =− 2√
π2 +4

(5.13)



5.1. IDEALIZED OPERATION 101

and
cosϕ =

π√
π2 +4

(5.14)

For voltage vx (see Figure 5.2), we can write

vx(θ) = I1

√
R2

L +X2 sin(θ +ϕ +ψ) (5.15)

where X represents the value of the excess reactance placed between the series resonator
and the load resistance, and ψ is the angle of the impedance RL + jX , given by

tanψ =
X
RL

(5.16)

By expanding the sine term in (5.15), we can transform this equation into

vx(θ) = VCI sin(θ +ϕ)+VCQ cos(θ +ϕ) (5.17)

where VCI and VCQ are the in-phase and quadrature component of the voltage vx(θ), given
by

VCI = I1

√
R2

L +X2 cosψ (5.18)

and
VCQ = I1

√
R2

L +X2 sinψ (5.19)

Therefore, we can relate the angle ψ with VCI and VCQ as

tanψ =
X
R

=
VCQ

VCI
(5.20)

We proceed with the analysis to find these two voltage components.
The series resonator L0−C0 represents a short circuit for the fundamental component of
current flowing through this branch. Therefore, the two components VCI and VCQ can be
determined by finding the Fourier components of the voltage vc(θ) with respect to the
phase of the current iR(θ), i.e.

VCI =
1
π

∫ 2π

0
vc(θ)sin(θ +ϕ)dθ (5.21)

and

VCQ =
1
π

∫ 2π

0
vc(θ)cos(θ +ϕ)dθ (5.22)

Since vc(θ) = 0 during the ON state (π < θ < 2π), the upper boundary in the integrals
above can be taken to be π . By substituting (5.7) in (5.21) and (5.22), and performing the
integration, we will obtain

VCI =
1

πωC

[
IDC(π cosϕ−2sinϕ)−2I1 cos2 ϕ

]
(5.23)
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and

VCQ =
1

πωC

[
IDC(−π sinϕ−2cosϕ)+ I1

π
2

+ I12sinϕ cosϕ
]

(5.24)

It should be noted that evaluation of the integrals in (5.21) and (5.22) will involve terms
of the type

∫
x sinx dx, which can be solved by partial integration.

By substituting (5.10), (5.13) and (5.14) into (5.23) and (5.24), we obtain

VCI =
I1

ωC
8

π(π2 +4)
(5.25)

and

VCQ =
I1

ωC
π(π2−4)
2(π2 +4)

(5.26)

From (5.20), (5.25) and (5.26), it is now easy to find

tanψ =
π(π2−4)

16
≈ 1.152 (5.27)

Therefore, the value of the excessive reactance equals

X = 1.152RL (5.28)

Furthermore, we can derive the relationship between RL and C by combining (5.16), (5.18)
and (5.25), in order to obtain

RL =
1

ωC
8

π(π2 +4)
(5.29)

Therefore, the nominal value of the shunt capacitance equals

C =
1

ωRL

8
π(π2 +4)

≈ 0.1836
ωRL

(5.30)

The only derivation left is to relate these parameters to the supply voltage VDC, for the
desired level of output power. To do so, we will evaluate the average voltage of vc(θ),
noticing that it must be equal to the supply voltage due to the fact that the RF choke
represents a short circuit for DC signal. Therefore, we can write

1
2π

∫ 2π

0
vc(θ)dθ = VDC (5.31)

Again, the integration is performed only in the OFF state, since in the ON state vc(θ) = 0.
By combining (5.7), (5.11), (5.13) and evaluating the integral in (5.31), we obtain

IDCRL
π2 +4

8
= VDC (5.32)
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Thus, the DC resistance seen by the supply source is

RDC = R
π2 +4

8
≈ 1.734RL (5.33)

The power delivered to the circuit by the DC power supply is then

PDC = VDCIDC =
V 2

DC
RDC

=
V 2

DC
RL

8
π2 +4

≈ 0.5768
V 2

DC
RL

(5.34)

and the output RF power delivered to the load RL can be found as

Pout =
1
2

RLI2
1 =

1
2

RL

(
IDC

−sinϕ

)2

=
V 2

DC
RL

8
π2 +4

(5.35)

which is essentially an algebraic confirmation that the DC-to-RF power conversion effi-
ciency (η = Pout/PDC) is ideally equal to 100 %. From equation (5.35), the required load
resistance for the given Pout and VDC can be calculated.

In this section we have completed the analysis of an idealized Class-E operation,
derived design equations for the nominal element values and confirmed that the theoretical
output efficiency equals 100 %. Under the ideal conditions of operation, the characteristic
and recognizable Class-E waveform will occur in the circuit. Figure 5.3 displays the
ideal waveforms of the collector/drain voltage and current, as well as the shunt capacitor
current.

Ipk

Idc

isw(θ)

ic(θ)

vc(θ)
Vpk

θ0 π 2π
ON OFF

θ

θ

Figure 5.3 The characteristic Class-E circuit waveforms.
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One of the aspects that is of particular interest in PAs is to determine the peak values
of the collector/drain current and voltage. We have seen that the switch voltage in the
OFF state is defined by (5.7). The peak value of vc(θ) occurs at the instant where the
shunt capacitor current ic(θ) changes polarity, i.e. passes through zero. At that instant,
the shunt capacitor is maximally charged and, consequently, the switch voltage reaches
its peak value, as shown in Figure 5.3. In order to find this peak value, it is first necessary
to determine the angular time θm at which the peak occurs. By imposing the condition
ic(θm) = 0 to (5.5), it follows that

IDC− I1 sin(θm +ϕ) = 0 (5.36)

Since IDC =−I1 sinϕ (see Eq. 5.11), we obtain the relationship between θm and ϕ as

sin(θm +ϕ)+ sinϕ = 0 (5.37)

where ϕ is known and equals ϕ = −0.567rad , as already evaluated in (5.12). From the
upper equation we now easily arrive at

θm =−2ϕ (5.38)

By substituting θ = θm =−2ϕ into (5.7), the peak switch voltage value can be found as

Vpk = vc(θm) =− 2
ωC

IDCϕ (5.39)

The goal, however, is to relate the peak voltage to the supply voltage of the circuit. There-
fore, by combining (5.39), with (5.30) and (5.32), we finally obtain

Vpk = vc(θm) =−2πϕVDC = 3.562VDC (5.40)

This result reveals an uncomfortable fact, that the peak voltage at the device terminals ex-
ceeds by more than three times the supply voltage of the circuit. It should be mentioned
that this value holds exclusively for the case of 50% duty-off cycle. The peak voltage de-
creases when the value of the duty-off cycle increases, and vice-versa, which is intuitively
easy to understand: for very short duration of the off duty cycle, the switch voltage wave-
form has to exhibit an exceedingly high pulse, in order to produce the required amount of
the fundamental component at the load.

When it comes to the peak value of the device current, the calculation is significantly
easier. Since the current that flows through the parallel connection of the switch and
capacitor is a combination of the DC current IDC and the RF load current I1 sin(ωt + ϕ),
the peak value is easily found as

Ipk = IDC + I1 = IDC− IDC

sinϕ
= 2.862IDC (5.41)

The output power capability, defined as the (useful) output RF power versus the product
of the peak values of the device voltage and current, for an ideally tuned Class-E PA thus
equals

c =
Pout

VpkIpk
=

VDCIDC

3.562VDC ·2.862IDC
= 0.098 (5.42)
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Again, this numerical result holds only for the D=0.5 case. In [61], it was shown that the
50% duty-cycle operation actually represents an optimum in terms of the output power
capability. At higher values of the off duty cycle, the peak switch voltage is lower, but
the peak current is significantly higher. This increase of the peak current, however, is
dominant compared to the decrease of the peak voltage, which in the end results in a
lower output power capability. The same conclusion holds for lower values of the off duty
cycle, where the increase of the peak voltage is comparatively larger than the decrease of
the peak switch current.

From the above considerations, it follows that D=0.5 is the optimum mode of opera-
tion of the Class-E PA, at least from the output power capability perspective. However, a
few additional remarks on this point are appropriate. Since RF power transistors are most
often low-voltage high-current devices, the breakdown limitation of a transistor usually
turns out to be a more limiting factor for achieving desired levels of output power than
the peak current that can be sustained. In principle, the transistor in an IC technology
can be arbitrarily sized i.e. scaled in accordance to the pre-estimated maximum current
level. Dealing with the breakdown voltage, which has a fixed, technologically-determined
value, is usually much more troublesome for the designer: the breakdown voltage essen-
tially determines the maximum allowable supply voltage, and the latter is in turn in direct
relation to the output power. For a certain given breakdown voltage, the maximum supply
voltage is determined, and the only way to obtain a larger output power is to decrease the
load resistance. Excessively small load resistance values, on the other hand, lead to other
types of problems, such as the loss in the matching network, as we will see later. These
considerations, therefore, suggest that the Class-E operation with the off duty cycle larger
than the above-mentioned optimum of 50% is worth considering, as it provides a means
to mitigate the impact of the breakdown limitation. However, the Class-E operation with
large duty-off cycle imposes additional challenges on the driving circuitry: the transistor
needs to be driven during a short period, and very intensively, since the peak current is
now even more increased. The difficulty particularly arises when the transistor needs to
be turned-off, as the turn-off transient in general proves to be more detrimental for the
performance of the circuit. Therefore, we may conclude that the Class-E operation with
modified duration of the duty-cycle might be an interesting option for PAs at lower fre-
quencies (e.g. in the tens of MHz range), but is not really an option for RF applications,
due to increasingly difficult driving requirements.

5.2 Effects of circuit variations
In the previous section, the idealized analysis of the Class-E operation was carried out.
The basic design equations were derived that establish the relationships between the cir-
cuit elements that have to be satisfied for the ideal Class-E operation to occur. It is of
interest, however, to consider what happens with the circuit operation when the key cir-
cuit elements vary from these nominal values. Such an analysis is relevant because the
circuit components will always be prone to certain tolerances in practice, and in addition
to that, variations of the impedance presented to the transistor can also result from antenna
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mismatch conditions.
A detailed analysis of the effects of circuit variations on the Class-E tuned PA was

carried out by Raab [62], and in this section the main results of that work will be reviewed
and discussed in a broader perspective. The equivalent circuit of the Class-E PA is shown
in Figure 5.2. For simplicity of analysis, we will consider three separate cases, when each
of the key circuit elements R, X, B1, varies from its ideally nominal value prescribed by
the standard design equations (5.29), (5.30) and (5.35), while the other two retain their
ideal values. Such an approach enables insight into how sensitive the circuit operation
is versus variations in these three key components. Furthermore, the analysis provides a
valuable insight into how the transistor current and voltage waveforms are affected. It is
of interest, of course, to consider the case when all the parameters change simultaneously,
but such an analysis is mathematically complex; however, it can be obtained by repeating
the analysis that will be described here for various parametric values of the stationary
circuit components. A more effective approach to analyze the impact of load mismatches
on the PA operation is the load-pull technique, which will be discussed in more detail
later in this chapter.

5.2.1 Load resistance variation
A variation of the load resistance can be seen as a simultaneous (and correlated) variation
of both the shunt capacitance and load reactance. Namely, we can always assume that
the effective load resistance is the nominal one, and that the shunt capacitance and load
reactance have values that are deviating from those that correspond to that effective load
resistance. This is thus a special case of the more general and complex situation when
both the shunt susceptance B and the series reactance X change arbitrarily. Therefore, we
first need to consider the simpler cases when either the shunt susceptance B or the load
reactance X vary. As already mentioned, to keep the analysis tractable, it is necessary to
consider one effect at a time.

5.2.2 Load reactance variation
In this section we will consider how variations of the reactive part of the load impedance
at the fundamental frequency influence the operation of the idealized Class-E PA. As in
the case of the idealized operation (Section 5.1), the standard simplifying assumptions
will be made here too. Therefore, the load impedance seen by the transistor in an ideally
tuned Class-E PA (see Figure 5.2) will be assumed to be equal to ZL = R + jX at the
carrier frequency, and approaches infinitely high reactive values at harmonic frequencies,
which is a direct consequence of the infinitely-high Q-factor of the series LC circuit. The
excessive reactance X varies, and the load resistance R remains stable, as well as the shunt
susceptance B.

The effects of variations of X on the output power and efficiency are shown in Figure
5.4, with the parameters in the plot being given in a normalized form. Thus, the reactance

1B = ωC denotes the susceptance of the shunt capacitor.
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X is normalized towards its nominal value, i.e. X = 1 corresponds to the ideally tuned
circuit (see Eq. 5.28), and Pout = 1 corresponds to the output power of such a circuit (see
Eq. 5.35).
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Figure 5.4 The effect of load reactance variation on the output power and effi-
ciency.

From the above figure, it can be observed that the efficiency remains relatively un-
affected for values of X in the range between 0.5 and 2. For values of X higher than
3 or lower than 0, however, the efficiency exhibits a sharp drop. Interestingly, at load
impedances which are less inductive than in the optimum-efficiency tuned PA, the output
power is actually increased.

5.2.3 Variation of the shunt capacitance
This analysis of this effect was also described in detail in [62]. The effect of varying
the susceptance B = ωC of the shunt capacitor on the efficiency of the Class-E circuit
is shown in Figure 5.5. The susceptance B is given on the logarithmic scale and is nor-
malized towards the nominal value Bnom, i.e. the normalized value of 1 corresponds to
the capacitance value defined by (5.30). Figure 5.6 on the other hand shows the effect of
the variation of B on the output power of the Class-E PA. Again, both the power and the
susceptance are given in the normalized form. It is interesting to observe that at lower
than the nominal value of the susceptance, higher output power is obtained from the PA.
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However, the efficiency is not optimal at those values of the susceptance, as can be seen
from Figure 5.5.
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Figure 5.5 The effect of shunt susceptance variation on the output efficiency.
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Figure 5.6 The effect of shunt susceptance variation on the output power.

5.2.4 Duty-cycle variation
In general, a Class-E PA is always designed for a certain fixed, predetermined duty cy-
cle of the drive signal; there is also a relation between the chosen duty cycle D and the
minimum required value for the Q-factor of the output LCR circuit [63]. It is interesting,
however, to consider the performance of an ideally tuned Class-E PA when the duty cycle
deviates from its predetermined nominal value. As we will see, pulse-width modulating a
Class-E amplifier can be a means of producing an amplitude-modulated signal, although
the efficiency resulting from such a process is not optimal; the PA operates at its max-
imum efficiency only at the nominal value of the duty cycle. Furthermore, the nominal
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duty cycle does not necessarily coincide to the peak output power; this is a fortuitous oc-
currence, however, as it enables the designer to center the nominal duty cycle to the most
probable power level.

We shall consider the case when a Class-E PA designed for a standard value of D=0.5
is driven by a pulse-wave signal of a nominal frequency, but with variable duty cycle. In
Figure 5.7, the amplitude of the output signal normalized to that of the nominal case is
shown, and D is the duty-on cycle (in some references, D is used to denote the duty-off
cycle). The dependence of efficiency on D is also shown in the figure.

0.2

out Pnom

η
1

0.8

0.6

0.4

0.2

0.50.40.3 0.6 0.7 0.80.2

0.5

1

/

0.6 0.7 0.8 D

D

0.3 0.4 0.5

0.75

0.25

1.25

P

Figure 5.7 The effect of duty cycle variation on the output power and effi-
ciency.

As we would expect, the efficiency drops when the duty cycle deviates from the nom-
inal values of the duty cycle. It is interesting, however, to observe that the output power
actually increases for some peculiar values, but that type of operation is not an optimal
one, due to the drop in efficiency. These results, anyhow, indicate that duty cycle mod-
ulation of the Class-E PA, in addition to supply-voltage control, is a way of generating
an amplitude-modulated (AM) signal with the Class-E amplifier. In that regard, another
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effect that is of particular interest is that the phase ϕ of the output signal also changes, as
shown in Figure 5.8.
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Figure 5.8 The effect of duty cycle variation on the phase of the output signal.

Duty cycle modulation of the Class-E PA thus results in simultaneously amplitude-
and phase-modulated wave. From the above results, we may conclude that duty cycle
modulation is a possible, but not very promising method for amplification of variable-
envelope RF signals. The problem of undesired phase variation can in principle be solved
by incorporating the PA in a phase-locked loop (PLL) [62], but such a solution increases
the overall complexity of the system. Another issue is the effective dynamic range that
can be achieved by this architecture, as well as the transient response, i.e. dynamics of the
system. Large back-off levels (i.e. small values of the envelope) will necessitate exceed-
ingly large or small values of duty cycle, and that type of driving operation is difficult to
achieve and accurately control at RF frequencies. Namely, very narrow RF pulses are dif-
ficult to generate and to drive the transistor sufficiently strong for satisfactory switching
operation.

In the literature, there are examples of Class-E circuits intentionally operated with
varying duty cycle, in order to achieve amplitude modulation of the output signal. How-
ever, since such an approach is not promising for RF PA application with the output power
levels typically used in mobile communications (e.g. 10-30 dBm), we will not any further
investigate that type of operation.

Based on the considerations presented in this section, we may conclude that duty-
cycle-based modulation of Class-E PA is not a realistic option for RF applications. The
remaining possibility to control the output power is the well known concept of supply
modulation, that will be investigated in more detail in Chapter 6.
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5.3 Class-E with lossy elements

In practice, components used to implement the circuit will always exhibit a certain amount
of loss. These losses, in addition to adversely impacting the efficiency of the PA, can also
lead to a significant dissipation of heat in the circuit and thus pose a reliability concern.
Namely, since the absolute levels of currents in PAs can be remarkably high, even small
amounts of parasitic series resistance can lead to a relatively large power dissipation. In
this section, our goal is to consider the Class-E operation when its components are lossy.
The same approach will be used as in the previous section, i.e., one effect at a time will
be analyzed.

There are many possible sources of loss in a Class-E PA, and some of them were
already thoroughly discussed in the literature [64, 65]. In this work [66], we will pay
attention to the following sources of loss which previously were not sufficiently investi-
gated: lossy shunt capacitor, parasitic ”ON” resistance of the switch and parasitic switch
inductance. The analysis will be based on the Class-E circuit shown in Figure 5.9, and
similar simplifying assumptions will be made as in the ideal case. As Figure 5.9 shows,
the losses of passive components are modeled by a parasitic equivalent series resistance
(ESR).
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Figure 5.9 Class-E circuit with lossy elements.
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5.3.1 Influence of the ESR of the shunt capacitor
First we will perform an analysis for the case when the shunt capacitor in the Class-E
circuit is not ideal, i.e. we will assume that it has a certain ESR, which is denoted as rc
in Figure 5.9. The other two parasitic elements (Lsw,ron) will be considered non-existent.
The principle of the analysis is the same as in the ideal case, with necessary modifications
of some equations. All the assumptions made at the beginning of Section 5.1 hold here as
well, and the definition of the ON and OFF states is the same as given by (5.1) and (5.2).
In the OFF state, the shunt capacitor voltage will now be

vc(θ) =
1

ωC

∫ θ

0
ic(θ) dθ + rcic(θ) (5.43)

Thus, by substituting (5.5) into (5.43) and evaluating the integral, we will have

vc(θ) =
1

ωC
[IDCθ + I1 cos(θ +ϕ)− I1 cosϕ]+ rc [IDC− I1 sin(θ +ϕ)] (5.44)

The Class-E conditions will also be applied here, with a small modification: the second
condition, described by (5.9), will now refer to the shunt capacitor voltage, and not to the
voltage vc(θ) (which now represents voltage across the series C-rc connection). In other
words, at the instant of turn-on, the capacitor is fully discharged and the instantaneous
current ic(θ) is zero. These two conditions result in the same relations between angle
φ and currents IDC and I1 as it is the case with the ideal Class-E operation. Therefore,
equations (5.10)–(5.14) hold.

Also, the presence of rc does not conflict with the considerations in (5.15)-(5.20), so
these equations hold as well. Furthermore, equations (5.21) and (5.22) are also valid, but
for evaluation of the integrals, we have to substitute vc(θ) from (5.44). This results in the
following expressions:

VCI =
I1

ωC

[
8

π(π2 +4)
−ωCrc

π2−4
2(π2 +4)

]
(5.45)

VCQ =
I1

ωC

[
π2−4

2(π2 +4)
+ωCrc

8
π(π2 +4)

]
(5.46)

Therefore, from (5.20), (5.45) and (5.46) we find that

tanψ =
VCQ

VCI
=

π(π2−4)+16ωCrc

16−π(π2−4)ωCrc
(5.47)

Obviously, things are getting more complicated here than in the ideal case considered in
the previous section, because both VCI and VCQ depend on ωCrc and tanψ can not be
directly calculated, as we have done that in (5.27). In other words, an in advance known
value of rc is not sufficient to enable us to perform an exact calculation of the circuit
elements for a given set of input data (Pout , VDC, ω); we need to know ωCrc as well.
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Since rc is the ESR of the capacitor, the Q-factor of the capacitor at the frequency of
operation will be

Qc =
Xc

rc
=

1
ωCrc

(5.48)

Thus, from the previous two equations, we can express the dependence of tanψ on Qc as

tanψ =
π(π2−4)Qc +16
16Qc−π(π2−4)

(5.49)

For an ideal capacitor, Qc approaches infinity, and (5.49) degenerates into (5.27). How-
ever, a realistic capacitor will have a finite quality factor. For example, discrete SMD
capacitors of the order of several pF will have a typical value of ESR of 0.3Ω, which
means that a typical quality factor will be around 30. The dependence of tanψ on Qc,
given by (5.49), is plotted in Figure 5.10.
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Figure 5.10 Dependence of the angle ψ on the quality factor of the capacitor.

Needless to say, the relation between RL and C, given by (5.29) for the ideal Class-E
operation, will also be modified. From (5.16), (5.18) and (5.45), we can derive

RL =
1

ωC

[
8

π(π2 +4)
− 1

Qc

π2−4
2(π2 +4)

]
(5.50)

The variation of the product ωCRL with Qc is displayed in Figure 5.11. For high values
of Qc, the curve asymptotically approaches the nominal value for the ideal case (0.1836),
calculated in (5.30).

Now we need to relate the supply voltage with the rest of circuit parameters. Therefore,
we apply (5.31), taking care to substitute vc(θ) from (5.44). By evaluating the integral,
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Figure 5.11 Dependence of ωCR on QC.

and making use of (5.11), (5.13) and (5.14), we obtain

IDC

πωC
= VDC (5.51)

Therefore, the DC resistance that the circuit presents to the supply source is

RDC =
VDC

IDC
=

1
πωC

(5.52)

The consumed DC power can be found by combining (5.50) and (5.52) as

PDC =
V 2

DC
RDC

=
V 2

DC
RL

[
8

π2 +4
− 1

Qc

π(π2−4)
2(π2 +4)

]
(5.53)

On the other hand, the output RF power can be written as

Pout =
1
2

RLI2
1 (5.54)

and by rearranging (5.11), (5.13), (5.50) and (5.52), we obtain

Pout =
V 2

DC
RL

(π2 +4)
8

[
8

π2 +4
− 1

Qc

π(π2−4)
2(π2 +4)

]2

(5.55)

Finally, by combining the previous two equations, the dependence of the output efficiency
η on the quality factor Qc of the shunt capacitor is found to be

η = 1− 1
Qc

π(π2−4)
16

(5.56)

and this result is plotted in Figure 5.12. Therefore, a finite quality factor of the shunt
capacitor in a Class-E configuration imposes a theoretical limit for the output efficiency
of the amplifier.
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Figure 5.12 Efficiency as a function of QC.

5.3.2 Influence of the parasitic resistance of the switch
Now we will study the effect of the electrical series resistance of the switch on the perfor-
mance of the amplifier. We will consider that the equivalent circuit in Figure 5.9 contains
a parasitic ON resistance ron, and that the other two parasitics (rC, Lsw) do not exist. All
the definitions end equations remain same as in the ideal case, unless stated otherwise.

In the Class-E operation, the switch opens at the instant where its instantaneous cur-
rent is substantial. Therefore, at the instant of turn-off, there will be a certain voltage drop
across the switch terminals, and across the shunt capacitor, consequently. So, we will
have to modify (5.6) into

vc(θ) =
1

ωC

∫ θ

0
ic(θ) dθ +V0 (5.57)

where V0 represents the initial capacitor voltage at the instant of turn-off (θ = 0, in our
case). Consequently, (5.7) will be modified into

vc(θ) =
1

ωC
[IDCθ + I1 cos(θ +ϕ)− I1 cosϕ]+V0 (5.58)

During the ON state, the voltage across the switch equals

vc(θ) = ronisw(θ) = ron [IDC− I1 sin(θ +ϕ)] (5.59)

Therefore, voltage V0 is found as

V0 = ronisw(0) = ron [IDC− I1 sinϕ ] (5.60)

Here, we are making a subtle error in our analysis, by assuming that the current IDC −
I1 sin(θ + ϕ) flows entirely through the switch, during the ON state. A very small por-
tion of this current is actually flowing through the shunt capacitor, charging it up to the
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voltage V0 at the instant of turn-off. It means that determination of V0 in (5.60), from
the mathematical perspective, is not entirely correct. However, for practical values of the
parasitic resistance ron and shunt capacitance C, this is by far a marginal effect and can
comfortably be neglected.

The Class-E conditions, given in (5.8) and (5.9), will be applied here too. By applying
(5.9) to (5.58), we will obtain an expression identical to (5.11). Then, by substituting
(5.11) and (5.60) in (5.58), and applying (5.8) to the resulting expression, we will find
that

1
ωC

[−πI1 sinϕ−2I1 cosϕ]−2I1ron sinϕ = 0 (5.61)

and by rearranging the last expression, we obtain

tanϕ =− 2
π +2ωCron

(5.62)

Therefore, unlike in the ideal case or the case with parasitic resistance of the shunt capac-
itor, angle ϕ is now a function of the circuit parameters.

We will continue the analysis by rewriting expressions for vc(θ), for clarity. In the
OFF state (0 < θ < π), we will have

vc(θ) =
1

ωC
[−I1θ sinϕ + I1 cos(θ +ϕ)− I1 cosϕ]−2I1ron sinϕ (5.63)

and in the ON state (π < θ < 2π)

vc(θ) = ron [−I1 sinϕ− I1 sin(θ +ϕ)] (5.64)

As in the previous two cases, we need to find the VCI and VCQ component of voltage vc(θ).
Thus, we need to evaluate integrals in (5.21) and (5.22). However, this time integration
needs to be performed over the entire RF cycle, using (5.63) and (5.64) for the OFF and
ON state, respectively. The lengthy and tedious integration will yield

VCI =
I1

πωC
[2sin2 ϕ−2cos2 ϕ−π sinϕ cosϕ

−2ωCron sinϕ cosϕ−ωCron
π
2

] (5.65)

and

VCQ =
I1

πωC
[π sin2 ϕ +4sinϕ cosϕ

+
π
2

+2ωCron sin2 ϕ] (5.66)

For easier manipulation with long expressions, we can introduce auxiliary parameters, α
and β , such that

VCI =
I1

πωC
α (5.67)
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and
VCQ =

I1

πωC
β (5.68)

and let α and β take the corresponding values from (5.65) and (5.66), respectively. Now
we can relate the excessive reactance X and the load resistance RL as

X
R

= tanψ =
VCQ

VCI
=

β
α

(5.69)

The last step in derivation of the circuit parameters is to relate the average value of vc(θ)
to the supply voltage. Therefore, we need to evaluate the integral in (5.31), by making
use of (5.63) and (5.64). The integration yields

VDC =
1

2π
I1

ωC
[2ωCron cosϕ−3ωCronπ sinϕ

−π2

2
sinϕ−2sinϕ−π cosϕ] (5.70)

which is more convenient to write as

VDC =
1

2π
I1

ωC
γ (5.71)

and let γ take the corresponding value from (5.70). From

VCI = I1

√
R2

L +X2 cosψ = I1RL

√
1+ tan2 ψ cosψ = RLI1 (5.72)

and (5.67), we can relate RL and C as

RL =
α

πωC
(5.73)

Furthermore, by combining
VDC = RDCIDC (5.74)

with (5.11), (5.71) and (5.73), we can express the DC resistance that the circuit presents
to the supply as

RDC =− 1
2sinϕ

γ
α

RL (5.75)

The RF output power delivered to the load is

Pout =
1
2

RLI2
1 (5.76)

and by making use of (5.11), (5.74) and (5.75), can be transformed to

Pout =
V 2

DC
RL

2α2

γ2 (5.77)
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The DC power supplied to the circuit is determined as

PDC =
V 2

DC
RDC

=
V 2

DC
RL

α
γ

(−2sinϕ) (5.78)

Finally, the output efficiency η is found from (5.77) and (5.78) as

η =
Pout

PDC
=− 1

sinϕ
α
γ

(5.79)

The dependence of the maximum output efficiency η on ωCron is plotted in Figure 5.13.
It can be seen that for fixed values of other circuit components, the efficiency rapidly
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Figure 5.13 Efficiency versus ωCron plot.

drops with the ON resistance of the switch.

At this point, we can conclude that the design of a Class-E power amplifier, employing
a switch with a non-zero ESR, represents an iterative problem. To calculate the values of
the circuit elements, on the base of the given input data (Pout ,VDC,ω), it is necessary to
know not only ron, but ωCron, and C is yet to be determined. Therefore, it is necessary
to perform an iterative procedure in order to calculate the circuit parameters. Here we
propose a relatively simple procedure for calculation of the circuit parameters:

1. Choose target specs : VDC, Pout , ω ; ron is considered to be known ( a characteristic
of the switch).

2. On the basis of the ideal case theory, calculate the initial value of the load resistance
as

Rinit = 0.5768
V 2

DC
Pout

(5.80)
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3. On the basis of Rinit calculated in step 2., calculate the shunt capacitance as

C =
0.1836
ωRinit

(5.81)

4. Calculate ωCron and memorize this value.

5. With this value of ωCron, calculate tanϕ from (5.62), sinϕ and cosϕ .

6. Calculate α and β (see equations (5.67) and (5.68) for reference).

7. With these values of α and β , determine tanψ from (5.69).

8. Calculate γ (5.70)

9. Calculate RL as

RL =
V 2

DC
Pout

2α2

γ2 (5.82)

10. From (5.73), calculate new value of C .

11. With C from the previous step, calculate ωCron and compare with the value calcu-
lated in step 4. If the agreement is very good, proceed with the next step; otherwise,
adopt for C the value calculated in step 10 and go back to step 4.

12. Estimate η by using (5.79).

13. Calculate the excessive reactance as X = RL tanψ .

14. Compare the obtained results with the conventional theory.

A convenient program was written in Mathematica, to perform the iterative calculation
quickly, and to test the procedure on several examples, for the same set of input data
(Pout = 1W, VDC = 3V, f = 2GHz) and different values of ron. The procedure shows to
converge very quickly, usually in 3-4 iterations. The results of calculations are given in
Table 5.1.

The last column in the table, DE, represents the value of efficiency calculated by the

ron [Ω] RL [Ω] C [pF] X/RL η DE
0 5.191 2.814 1.152 1 1

0.05 5.049 2.881 1.159 0.9866 0.9867
0.1 4.906 2.952 1.165 0.9729 0.9737
0.2 4.162 3.109 1.18 0.9442 0.9488
0.5 3.6527 3.773 1.239 0.8433 0.8812

Table 5.1 Results of the iterative procedure.
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equation given by [65]

DE =
1

1+1.365 ron
RL

(5.83)

Equation (5.83) was derived on a simplified approach, assuming that the waveforms in the
circuit entirely correspond to those in the ideal Class-E case. The efficiency is then found
as the ratio of the load power to the sum of the load power and power dissipated in the
switch. This simplistic approach is not analytically correct, as it does not take into account
the influence of the non-zero switch voltage in the ON state on other parameters in the
circuit, but still shows a good agreement with our results, particularly for lower values of
ron. The approach presented in this thesis, however, is more exact and, furthermore, we
have derived a procedure for modified values of the load network elements when ron is
known.

5.3.3 Influence of the parasitic inductance of the switch
In addition to the two loss mechanisms already mentioned, we should estimate the amount
of loss caused by the non-zero parasitic switch inductance, denoted as Lsw in Figure 5.9.
The loss occurs during the ON-to-OFF transient. The opening of the switch at the instant
θ = 0, when the switch current is not equal to zero, will lead to the loss of energy accumu-
lated in inductance Lsw. This energy equals w = 1

2 LswI2
sw, where Isw represents the current

through the switch at the instant of turn-off. Therefore, at the frequency of operation f ,
the power of this type of loss will equal

Psw =
1
2

LswI2
sw f (5.84)

In order to estimate Isw, we will take a simplified approach and assume that the operation
of the circuit is not disturbed, i.e. the Class-E conditions and other equations from Section
5.1 hold. Therefore, Isw is found as

Isw = isw(0) =−2I1 sinϕ (5.85)

and for sinϕ we can use (5.13). Therefore, from (5.84), (5.85) and (5.13), we find that

Psw =
8

π2 +4
LswI2

1 f (5.86)

The output power delivered to the load is

Pout =
1
2

RLI2
1 (5.87)

and from the previous two equations, we obtain

η =
Pout

Pout +Psw
=

1
1+ 8

π(π2+4)
ωLsw

RL

(5.88)



5.4. OPERATION WITH FINITE DC-FEED INDUCTANCE 121

Noticing the relation (5.30), the output efficiency η can also be expressed as

η =
1

1+ω2LswC
(5.89)

It should be mentioned that the parasitic inductance Lsw is mainly caused by the par-
asitics of the transistor package and/or inductance of the bondwires, if a standalone die is
used. For packaged transistors used in RF power amplifiers, Lsw can be significant, on the
order of 1 nH. Therefore, a better solution is a standalone transistor die. By using multiple
bondwires in parallel, this inductance can be significantly decreased and typically equals
0.1 nH. If we take the shunt capacitance to be C = 2.814 pF (as in the ideal case in Table
5.1), for operation at f = 2 GHz, we will have the results as given in Table 5.2.

Lsw [nH] η
0.05 0.9783
0.1 0.9575
0.2 0.9184
0.5 0.8182

Table 5.2 Efficiency for different values of Lsw.

5.4 Operation with finite DC-feed inductance
Since its introduction [24], the Class-E PA has been a subject of significant interest in
the research community. Many different aspects were thoroughly studied, and one of the
most interesting of them is the Class-E operation without an RF choke (RFC). Using a
finite DC-feed inductor instead of an RFC in the Class-E PA has a number of benefits. A
small DC-feed inductor has lower loss due to a smaller electrical series resistance (ESR).
Furthermore, the cost and the physical size of the circuit decrease, and the load resistance
that has to be presented to the transistor increases, thus making the design of the matching
network easier. Finally, using a small DC-feed inductance is important if the PA is to be
used in an envelope elimination and restoration (EER) system [67, 68], i.e. in variable-
envelope applications. Therefore, there is a strong interest to pursue the design of the
Class-E PA with finite DC-feed inductance.

In [69], one of the first attempts was made to study this topic. Some other relevant
papers include [70–73]. All these papers have in common that the procedure of obtaining
final circuit elements is either long, complex and iterative [69, 70], and does not provide
a direct insight into the circuit design, or is too simplistic and not analytically exact [71].
Basically, the design of the Class-E PA with small DC-feed inductance is, from the math-
ematical point of view, a transcendental problem. The designer needs to iteratively solve
the system of equations for a certain set of input parameters, in order to obtain the fi-
nal circuit element values. If any of the input parameters is changed, the calculation has
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to be repeated from the beginning. Thus, it is a tedious and highly impractical design
procedure.

In this thesis we propose another approach to this problem. The system of transcen-
dental equations is numerically solved for a certain number of discrete points of an input
parameter, and the obtained results are interpolated by the Lagrange polynomial. The
polynomial interpolation, if performed with a sufficient density of points on the segment
of interest, provides adequate accuracy and can be used for any value of the input param-
eter on that segment. In other words, we obtain explicit, directly usable design equations
for the Class-E PA.

5.4.1 Analysis and interpolation

In this subsection we will study the operation of the Class-E PA with finite DC-feed
inductance and develop explicit design equations. The basic Class-E equivalent circuit is
depicted in Figure 5.14. The circuit is operated at the carrier frequency ω = 2π f , with
a conventional 50 % duty cycle. The operation is analyzed in two discrete states. In
the OFF state (0 < ωt mod 2π < π), the switch SW is open, whereas in the ON state
(π < ωt mod 2π < 2π), the switch is considered to be closed. As usual in the Class-E
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Figure 5.14 Class-E PA circuit.

analysis, we will assume that the loaded Q-factor of the series LsCs resonator is very high,
so that only a sinusoidal current at the carrier frequency is allowed to flow through the load
resistance R. The susceptance of the shunt capacitor C1 is B = ωC1 and X represents the
excessive (mistuning) reactance. In case of the classic, RFC-based Class-E PA (L1 →∞),
the design procedure consists of evaluating the three key circuit parameters: the load
resistance R, the shunt susceptance B, and the excessive reactance X. The well-known
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design equations have been derived in Section 5.1, and they are given by

R = 0.5768
V 2

dc
Pout

(5.90)

B = 0.1836/R (5.91)
X = 1.152R (5.92)

where Vdc and Pout are the supply voltage and the desired output power, respectively.
In case of the Class-E PA with small DC-feed inductance, these equations do not hold
anymore. The current iL(t) will significantly vary throughout the RF cycle, and the circuit
operation has to be re-analyzed and solved in time domain. Therefore, an exact time-
domain analysis of this circuit is needed, by using differential equations and imposing the
”soft switching” conditions (vc(t) = 0 and dvc(t)

dt = 0 at the instant of turn-on). A detailed
description of such an analysis can be found in Appendix C.

The results of the analysis show that the key circuit parameters R, B and X are tran-
scendent functions of the input parameters (Pout , Vdc, ω and L1). Therefore, it is not
possible to directly obtain the explicit design equations. In [70], the authors provide a
relatively long Mathematica program for calculation of the final circuit elements, but ap-
plying this program is a highly impractical and error-prone approach. Furthermore, there
is no insight into how the circuit elements are obtained. Here, we propose a more practical
and intuitive procedure for the circuit design.

At the beginning of the design process, the designer usually has an idea what value
of inductance he would like to use for the DC-feeder. Therefore, the reactance of this
inductor is known, and it is given by

Xdc = ωL1 (5.93)

On the other hand, an ideal Class-E PA provides a 100 % DC-to-RF efficiency. Therefore,
the DC resistance that the circuit presents to the supply source is also known from the PA
specifications, and is simply given as

Rdc =
V 2

dc
Pout

(5.94)

Depending on the Xdc/Rdc ratio, the circuit parameters R, B and X will change their values
from those given in (5.90)–(5.92) for the RFC-based Class-E. We have calculated the
values of these three parameters by numerically solving the transcendent circuit equations
for a number of different values of Xdc/Rdc. The results of these calculations are given in
Table 5.3.

All three parameters are given in a normalized form. The load resistance R is normal-
ized to the supply voltage Vdc and desired Pout , whereas the shunt susceptance B and the
excessive reactance X are normalized to R. For high values of Xdc/Rdc, the values of R,
B and X closely correspond to those for the RFC case, but they significantly change as
Xdc/Rdc is decreasing. In Figure 5.15, this variation of the Class-E circuit elements R, B
and X is plotted as a function of Xdc/Rdc. However, the plots are not continuous functions;
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Xdc/Rdc PoutR/V 2
dc BR X/R

∞(RFC) 0.5768 0.1836 1.152
1000 0.5774 0.1839 1.151
500 0.5781 0.1843 1.150
200 0.5801 0.1852 1.147
100 0.5834 0.1867 1.141
50 0.5901 0.1899 1.130
20 0.6106 0.1999 1.096
15 0.6227 0.2056 1.077
10 0.647 0.2175 1.039
5 0.7263 0.2573 0.9251
3 0.8461 0.3201 0.7726
2 1.013 0.4142 0.5809
1 1.363 0.6839 0.0007

Table 5.3 Class-E circuit elements as functions of the Xdc/Rdc ratio.

they are of discrete character, and the curves are actually piecewise linear interpolation of
the values given in Table 5.3.

dc /Rdc

Pout R/V2
dc

X/R

X

BR

Figure 5.15 Effect of the finite DC-feed inductance on the Class-E circuit ele-
ments.

In order to obtain explicit design equations for the Class-E circuit elements, we have
used the Lagrange polynomial interpolation of the numerically obtained results. From the
mathematical point of view, from n pairs of discrete values (xi,yi) i = 1, ...,n, it is possible
to generate a n−1-th order polynomial function y(x), such that y(xi) = yi.
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From the plot given in Figure 5.15, it can be seen that the area of the most signifi-
cant variation of the circuit parameters R, B and X is for Xdc/Rdc < 5. Therefore, it is
necessary to perform interpolation on this segment with higher density of interpolation
points than on the segment where Xdc/Rdc > 5. On the other hand, it is also desirable to
limit the number of interpolation points to a reasonable value, in order to obtain relatively
simple expressions (i.e. a low order of polynomial). Hence, we have decided to perform
interpolation separately on two segments, thus generating two sets of design equations:
one for 1 < Xdc/Rdc < 5, and the other for 5 < Xdc/Rdc < 20. For Xdc/Rdc > 20, the
circuit elements values are approaching those for the RF choke case, and thus we will not
further consider that segment.

On the segment 1 < Xdc/Rdc < 5, we have performed an interpolation with the fol-
lowing four points: Xdc/Rdc = {1,2,3,5}. If we denote the ratio Xdc/Rdc as a variable z,
the resulting 3-rd order polynomial expressions are:

R=
V 2

dc
Pout

(1.979−0.7783z+0.1754z2−0.01397z3) (5.95)

B =
1
R

(1.229−0.7171z+0.1881z2−0.01672z3) (5.96)

X =R(−1.202+1.591z−0.4279z2 +0.03894z3) (5.97)

On the segment 5 < Xdc/Rdc < 20, we have also performed an interpolation with four
points, in order to obtain the 3-rd order polynomials which are not too cumbersome, but
still provide an acceptable accuracy on the given segment. The interpolation is performed
through the following points: z = Xdc/Rdc = {5,10,15,20} and the resulting design equa-
tions are:

R =
V 2

dc
Pout

(0.9034−0.04805z+0.002812z2−5.707 ·10−5z3) (5.98)

B =
1
R

(0.3467−0.02429z+0.001426z2−2.893 ·10−5z3) (5.99)

X = R(0.6784+0.06641z−0.003794z2 +7.587 ·10−5z3) (5.100)

Design equations (5.95)–(5.100) are explicit, relatively simple and can be used for any
value of z = Xdc/Rdc within the corresponding segment. Outside these segments, they are
not valid. However, precisely this range of values of Xdc/Rdc is of the largest practical
interest.

It is interesting to study how the utilization of a small DC-feed inductance affects the
circuit waveforms in the Class-E PA. We will assume the unity case, i.e. the 1 W PA that
is supplied by 1 V DC voltage. In Figure 5.16, it is shown how the waveform of iL(t)
changes for different values of Xdc/Rdc.

From Fig. 5.16, it can be seen that for low values of Xdc/Rdc, the DC-feed current can
be negative during a certain portion of the RF period. In [70], the authors claim that this
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Figure 5.16 The current through the DC-feed inductance.

Figure 5.17 The switch voltage and current waveforms.

operation can present a risk for the active device, due to reverse breakdown. However,
the simulated waveforms in Figure 5.17 show that the operation with a very low DC-feed
inductance of Xdc/Rdc=1 does not put much of additional stress on the active device. The
peak voltage is only slightly larger than in the RFC-based case, and the peak current is
even lower. Thus, this is a perfectly safe operation. However, since the current iL(t)
contains a very significant RF component, special care has to be taken to ensure that the
DC-supply source is properly bypassed by a low-ESR capacitor.
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In low-voltage, high-frequency applications, the utilization of a finite DC-feed induc-
tance has several major benefits. First, it results in a higher load resistance in comparison
to the RFC case [74]. This effect makes easier the design of low-loss matching networks,
since the designer typically needs to transform a standard 50 Ohm termination to the load
resistance of several Ohms. Furthermore, the excess inductance X is also lower, and the
shunt susceptance B is increased. This increase of the shunt susceptance is particularly
useful, as it extends the maximum frequency limitation of the device imposed by its output
capacitance.

5.4.2 Design example (for an ideal transistor)
In this section, the obtained design equations will be verified with the following de-
sign example. The goal is to dimension the Class-E circuit elements for the following
PA specifications: Vdc=3V, Pout=1W, f =2GHz and we will assume that we want to use
a DC-feed inductance of L1=2nH. From (5.94), we find Rdc=9Ω, and from (5.93) and
the initially chosen value for L1, we obtain Xdc/Rdc=2.793. Therefore, we need to use
equations (5.95)–(5.97), suitable for interpolation on segment 1 < Xdc/Rdc < 5. By set-
ting z = Xdc/Rdc = 2.793 and applying (5.95)–(5.97), we obtain the following values:
R=7.822Ω, B=0.04208S, and X=5.883Ω. The calculated values of B and X correspond to
the shunt capacitance of 3.349pF and series inductance of 0.468nH, respectively.

A schematic of the designed and simulated Class-E circuit is displayed in Figure 5.18.
The inductance Lm and capacitance Cm transform the 50Ω load to the desired value of
R=7.822Ω, while Ls and Cs form a high-Q series resonator. In practice, inductances Ls,
Lx and Lm can be lumped into a single inductor, and L1 can be implemented by a bondwire
inductance. The circuit has been simulated by transient analysis in ADS, and the follow-
ing results are obtained: Pout=1.02W and η=97.4 %. The simulated switch voltage and
current waveforms are displayed in Figure 5.19 and they indicate a near-perfect Class-E
operation. A small disturbance in the waveforms can be ascribed to the parasitic switch
resistance RSW and the limited Q-factor of the output network, as well as to the small error
of the interpolation polynomial.

3.67pF

isw(t)

c(t)v

ic(t)

Vdc

SW
3.349pF

50Ω

2nH

0.1Ω

1.44nH1nH 6.33pF 0.468nH
C1 Cm

L1

Ls
iL(t)

Rsw

Cs LmLx

Figure 5.18 The Class-E PA for 2 GHz.
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Figure 5.19 The switch voltage and current waveforms and the DC-feed induc-
tance current.

5.5 Design methodology
In this section a general design approach for Class-E PAs will be proposed and discussed
in detail for the practical situation of a non-ideal transistor. Relevant issues such as the siz-
ing of the transistor device, the various approaches for design of the practical impedance
transformation/matching network2, the applicable types of analyses and methods for sim-
ulation of the circuit, and some of the available CAD tools, will be addressed.

5.5.1 Transistor device
Selection and sizing of the transistor device is an important issue and the first step in
the design of a PA. Unlike many other analog circuits, most PAs contain only a few
transistors, however usually very large ones, which is needed to support large levels of
current. Therefore, the characteristics of the device have a vital role on the performance
of the circuit.

First, there are two basic options for the practical implementation of a PA: an inte-
grated version (i.e. custom-designed, monolithic active device in an IC technology) or a
discrete, ready-to-use packaged transistor. The first approach is also referred to as the
Monolithic Microwave Integrated Circuit (MMIC) technology. Furthermore, if a custom
designed active device is chosen, the device (or the whole PA) may also be used as a
packaged part, or as a bare, unpackaged die that can be mounted on a suitable substrate,
such as a PCB or ceramic. These practical and technology-related issues will be discussed
more extensively in Chapter 7.

There is a significant difference between these two methods: in the IC approach, the
PA designer is given a much larger freedom (and a larger work load), since the design

2In Class-E PA design, the “impedance transformation network” (or “load network”) is a more appropriate
expression, since the load resistance is not actually matched to the output impedance of the transistor.
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and layout of the transistor is an integral part of the overall PA design process. In the
case of a discrete transistor, the PA design consists of careful selection of the transistor
part available on the market, and the design of the matching and biasing networks. Which
approach will be taken depends largely of the target application of the design and the
frequency of operation. For mass-market products, such as PAs for cellular phones, the
IC-based (or even fully integrated, i.e monolithic) PA is nowadays usually the preferred
solution, as it offers significant cost and area savings in comparison to solutions based on
discrete components. In addition to that, discrete-based solutions are an option only for
frequencies up to several GHz. For higher range frequencies, an integrated solution is a
necessity, and either a complete pre-matched PA module must be used, or the PA needs
to be designed from scratch, starting from the active device.

In this section, we will direct our intention to the IC-based design approach. As al-
ready mentioned, PA design inevitably is associated with the use of very large transistor
devices, which may be implemented and modeled as a number of smaller unit-cell tran-
sistors connected node-to-node in parallel, as shown in Figure 5.20. One of the central
issues in the world of PAs is the characterization and modeling of such a large active
device [13]. The key concept here is scaling: once the small unit-cell device has been
measured and accurately characterized, the large, scaled-up power device, can be, in prin-
ciple, considered as a parallel combination of a larger number of those basic unit-cells.

Figure 5.20 Composite power device implemented as a number of unit cells in
parallel.

The problem that occurs here is that the above scaling rule does not necessarily hold,
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i.e. it may happen that the large parallel network of small devices does not accurately
replicate the electrical behavior of the actual power device. In other words, a large power
device, with an arbitrarily chosen active area M times that of the unit cell, is not com-
pletely equivalent to the array of M small devices connected in parallel, and this can be
particularly true for RF behavior. The reasons for this discrepancy are multiple and out-
side the scope of this thesis, and in general belong to the field of semiconductor device
modeling. Some of the phenomena that may occur in power transistors include nonuni-
form thermal effects (local hot spots), effects such as emitter crowding, electromagnetic
coupling between bondwires etc. As a result, the electrical behavior of the power device
will depend, among other aspects, not only on the active area but also on the actual layout
of the transistor. As we will see later, a power transistor with a large periphery can be
implemented in various ways; for example, two commonly employed layouts of the gate
connection of a multifinger device are the fishbone and interdigitated structures [75], as
shown in Figure 5.21. The total area (or aspect ratio) of such a device is determined by
the three parameters: the number of emitter/gate fingers, and the length and width of each
finger (WF ). In order to maximize the gain and speed of the device, the gate width is nor-
mally chosen as the minimal value allowed by the process (the feature size), which leaves
the designer to balance the the other two parameters for a specified gate periphery. Sim-
ilar reasoning holds for sizing of bipolar devices, although the quantity of interest is the
active (emitter) area rather than the gate periphery. The maximum acceptable gate finger
length depends on the frequency of operation, and so does the number of gate fingers. If
the finger width is too large, the gate becomes a distributed structure, i.e. a transmission
line. On the other hand, an excessive number of gate fingers leads to a very tall device,
with the outmost fingers being driven not in phase with the centrally positioned fingers,
because of their distance from the central feed point. These considerations illustrate typi-
cal trade-offs the designer is facing in the process of making the layout of a transistor.

(b)

F

n fingers

(a)

W

Figure 5.21 Commonly used types of layout of multifinger devices: fishbone
(a) and interdigitated structures (b).
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Device sizing and drive level considerations

In the further course of the section, we will consider the importance of sizing the device
in a Class-E PA properly for the required level of the output power and expected effi-
ciency performance. First, it is necessary to consider how a semiconductor switch is more
realistically modeled. As shown in Figure 5.22 (a), a FET-based switch can be simply
represented as switch with a parasitic series ”ON” resistance, which is the approach used
in Section 5.3. A bipolar (BJT or HBT) device, however, is more truthfully represented as
a series connection of the ON switch resistance and an offset (knee) voltage of the device,
as shown in Figure 5.22 (b). The offset voltage corresponds to the minimum of VCE in the
saturation region of the given device. This value depends on the type of the transistor, and
typically is on the order of a few tenths to a few hundreds of mV.

(b)

ron

Vsat

ron

(a)

Figure 5.22 Simplified modeling of FET (a) and BJT (b) device for switched-
mode PAs.

Clearly, these are greatly simplified, first-order models, but still very useful in the ini-
tial stages of the design: they can provide the designer with a straightforward indication
of the maximum theoretical level of efficiency and directly indicate the needed transistor
size for the desired performance level. Of course, detailed simulations of the whole cir-
cuit, based on an advanced and accurate model for the active device, are essential for the
later stage refinements and final optimization of the design.

In [64, 65, 76], it was shown that the effect of the switch offset voltage Vsat on the
output power and efficiency can be taken into account by replacing the supply voltage
VDC with the effective supply voltage Ve f f = VDC−Vsat . The output power is then given
by the familiar expression

Pout = 0.5768
V 2

e f f

RL
(5.101)
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whereas the DC-to-RF efficiency of such a circuit is

η =
Ve f f

VDC
= 1− Vsat

VDC
(5.102)

In addition to that, it is necessary to take into account the influence of a realistic non-zero
switch resistance too. In [76], it was shown that the effect of the ON resistance of the
switch on the efficiency of the PA can be modeled as

η =
1

1+1.365ron/RL
(5.103)

where ron is the parasitic ON resistance of the switch, and RL is the load resistance.
Furthermore, this expression can be extended to take into account the effect of parasitic
resistances of the passive components in the circuit as well.

The above given expressions are based on somewhat simplified considerations. Namely,
it is assumed that the switch contains some parasitic ON resistance, ron, and thus dissi-
pates some power in the ON state, but the circuit operation itself is considered to be
unaffected by the presence of this resistance. In other words, the circuit waveforms are
derived as for the ideal Class-E operation, and then the power dissipated in the switch is
calculated, based on the switch current waveform and the ON resistance of the switch.
The efficiency is then expressed as Pout/(Pout +Ploss), where Pout and Ploss are the output
power and the switch loss, respectively. This approach, while straightforward and in most
cases usable, is analytically not entirely correct. In reality, the circuit waveforms (i.e., the
equations governing the operation of the circuit) will be affected by the parasitic resis-
tance of the switch. Therefore, the circuit operation needs to be analytically solved again,
if an accurate solution is required. In Section 5.3, the analysis of the Class-E operation
with a lossy switch has been carried out in such an analytically more accurate manner,
by taking into account the non-zero switch voltage during the ON state, in the calculation
of the Fourier series of the switch voltage [66]. For cases where the switch resistance is
significantly smaller than the load resistance, (5.103) offers sufficient accuracy.

Considerations when using a FET-based switch

The most straightforward method to estimate the ON resistance of a FET-based switch is
to consider the DC characteristics of the device. In Figure 5.23, a typical example of the
set of the output characteristics (iD vs. vDS) of the FET device is shown. For switched-
mode PAs, one is interested in the two regions of operation which are normally of little or
no interest in classical analog applications: the triode region, and the cut-off region. In the
triode (linear) region of operation, the transistor can be modeled as a simple linear resistor
where the slope of the iD−vDS curve determines the resistance. Obviously, the resistance
will depend on the gate periphery of the device, but on the gate drive voltage, vGS, too.
Therefore, the transistor sizing and the driving requirements are two related issues and
need to be considered simultaneously. We will consider these issues quantitatively and in
some more depth here.
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saturation
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v

Figure 5.23 Family of DC output characteristics of a FET.

The drain current of a long channel N-channel MOSFET in the triode region is given
by

iD =
1
2

µnCox
W
L

[
(vGS−Vt)vDS− 1

2
v2

DS

]
(5.104)

where µn is the mobility of electrons in the channel, Cox is the gate oxide capacitance per
unit area, Vt is the threshold voltage of the device, and W and L are the gate width and
length, respectively. For the transistor to operate in the triode region, two conditions must
be satisfied: vGS > Vt (induced channel) and vDS < vGS −Vt (continuous channel). For
small values of vDS, the above expression can be approximated by

iD =
1
2

µnCox
W
L

(vGS−Vt)vDS (5.105)

which indeed suggests that the transistor operates as a linear, voltage-controlled resistor.
The resistance of such a device is given by

RDS =
vDS

iD
=

2
µnCox

W
L (vGS−Vt)

(5.106)

which is a direct indication that the resistance is inversely proportional to the gate width.
The parameters of the process (µn, Cox) are fixed and the designer has no control over
them, and the channel length L is normally set to the minimum possible value, as already
discussed. The resistance is thus determined by the two parameters: the gate width, W ,
and the drive level vGS. Two important and mutually related questions arise at this point:
how much drive can actually be applied, and how the transistor should be sized. First, we
will address the maximum drive level issue. We will assume that in the Class-E PA, the
transistor is always driven to the maximal extent allowed by the technology of the device.
For a MOSFET, the limitation imposed on the maximal vGS that can be safely applied
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arises from the gate oxide breakdown phenomenon. In modern deep submicron CMOS
technologies, the gate oxide is very thin, with the thickness on the order of a few tens
of angstroms, and relatively low voltages applied to the gate can cause excessive electric
fields, which may result in a catastrophic breakdown of the oxide, i.e. destruction of the
device. For modern CMOS processes, the maximum vGS and vGD that the device can sur-
vive is typically only a few volts. The value is essentially determined by the thickness and
quality of the gate oxide. Some processes also offer an option of thick-oxide MOSFETs
with higher breakdown specifications, at the expense of the current driving capabilities
and frequency characteristics of the device.

In the case of an HFET device, such as e.g. MESFET or PHEMT, there will be a limit
on the maximum allowed gate-to-source voltage too, but the physical cause of this limita-
tion is entirely different. In this type of components, the gate forms a Schottky junction,
i.e. the metal gate electrode is directly placed on the semiconductor material. Conse-
quently, at higher forward bias voltages, a substantial gate current might start flowing.
As the situation essentially corresponds to a forward biased diode, the gate current rises
very rapidly when increasing the value of vGS. The limitation on the maximum vGS thus
is a result of the restriction on the maximum gate finger current, which in turn is related
to metal migration, a serious reliability issue in all microelectronic devices. At high DC
currents, particles of metal can move, creating depletions in one area and accumulation in
the adjacent one. The resistance is increased at the location where the cross section of the
metal line is diminished, and a catastrophic failure can result. The technology in which
the circuit is fabricated will prescribe critical levels of current density for all metal layers,
in terms of mA per unit width of the metal line. Since the width of the gate finger is
usually very small, this current is typically on the order of 1 mA/finger, and in combina-
tion with the total number of fingers of the device, can be translated to the maximum safe
drive level vGS. It should be mentioned that the metal migration considerations will actu-
ally result in two specifications of the maximum current densities in metals: a DC rating,
and a peak (instantaneous) rating for RF operation. The peak rating is typically several
times higher than the DC limitation, but must be taken into account to avoid instantaneous
damages of metal structures.

With the maximum drive level chosen as discussed above, the transistor size (i.e., gate
periphery) now can be established in the following manner. If vGSmax is known, the total
gate width can be determined from (5.106) so as to provide the maximum allowed ON
resistance of the switch for the practical target efficiency. The switch resistance and the
efficiency are related by (5.103), where RL is the load resistance which is found from
the specified output power and supply voltage. Here the term practical efficiency is used
because it is obvious that a larger transistor would produce a switch with a lower resis-
tance, thus enabling a higher theoretical efficiency. The transistor size cannot be infinitely
increased, however; a large device will indeed provide a small resistance, but will also
necessitate a correspondingly large drive power to operate properly. An excessive drive
power does not affect the DC-to-RF efficiency, but it lowers the power-added efficiency
(PAE) and gain of the PA. Furthermore, a large device will also result in a large output
capacitance. This is not a problem per se, since the output capacitance can be absorbed
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into the shunt capacitance of the Class E circuit, but there still will be a theoretical limit
for the total capacitance. Basically, for a specified output power and supply voltage of the
PA, the reactance of the shunt capacitor will be determined. This means that for a given
frequency of operation, there will be a limit on the maximum device size, assuming that
the entire shunt capacitance is composed of the output capacitance of the transistor.

Another problem that should be mentioned at this point is that the output capacitance
of the transistor, Cout , is nonlinear, i.e. voltage-dependent. This nonlinearity is due to
the fact that Cout mostly stems from the reverse-biased pn-junctions of the device. The
presence of the capacitance nonlinearity affects the operation, because the drain voltage
in a Class-E circuit significantly varies during the OFF state. Consequently, the shunt
capacitance will dynamically change. The standard approach in modeling the nonlinear
output capacitance of the active device is based on the expression for the capacitance of a
reverse-biased step pn-junction, given by

C(v) =
C0

(1+ v/φ0)
n (5.107)

where C0 is the zero-bias value of the capacitance, φ0 is the built-in potential of the junc-
tion and n is a parameter that depends on the profile of the junction (n=1/2 for a step
junction). The value of C0 is proportional to the junction area, and φ0 is determined by
the processing parameters [77,78]. It is important to observe that the expression in (5.107)
represents a small-signal capacitance, i.e. it gives the incremental capacitance value for a
fixed bias voltage. As the Class-E amplifier operates in the large-signal regime and the
drain voltage exhibits enormous variation throughout the OFF state, the analysis of the cir-
cuit has to take into account the dynamically varying capacitance. The Class-E operation
with a nonlinear shunt capacitance has been extensively investigated in literature [79–81],
and it has be shown that an efficient, soft-switching operation is possible with such a
nonlinear component as well. Interestingly, the output current and voltage remain unaf-
fected, and the only implications of the nonlinear capacitance are the reduced normalized
power capability and increased peak switch voltage. This effect is also easy to observe
intuitively. Namely, at the beginning of the OFF state, the switch voltage is zero, i.e. the
capacitor is empty and the capacitance is at its maximal, zero-bias value. As the current
is injected and the voltage increases, the capacitance will progressively decrease, causing
the voltage to rise more sharply than in the linear (constant-capacitance) case. How much
the peak voltage will exceed the nominal value of the linear case, Vpk = 3.56VDC (see Eq.
5.40), depends on the ratio of the supply voltage and the built-in voltage of the junction.
For typically used values, with VDC in the range of 2−5 V and φ0 in the range of 0.5−1
V, the peak drain/collector voltage is around 4−4.3 V [79].

In general, the total shunt capacitance will be a combination of Cout of the active
device and a fixed external capacitance, which is the scenario investigated in [81]. In the
case of microwave PAs, the entire shunt capacitance is likely to be provided by the output
capacitance of the transistor, whereas at lower frequencies (e.g. ≤ 2 GHz), an external
capacitance will be needed. At higher frequencies, the total required shunt capacitance
may even be a major constraint for dimensioning of the transistor. The presence of the



136 CHAPTER 5. ANALYSIS AND DESIGN OF CLASS-E PA

additional fixed capacitance very much depends on the type of device used; some modern
IC technologies (especially those based on compound semiconductors) tend to minimize
the capacitances of the device to the extreme boundaries, and an extra (on-chip) shunt
capacitance will be required for a proper Class-E operation, even when the operating
frequency is in the GHz range. This is a somewhat ironical situation, in which the circuit
designer neutralizes the efforts of the device technologists who strive to deliver devices
with as low as possible parasitic capacitances.

In addition to being nonlinear, Cout is a combination of several different intrinsic ca-
pacitances of the active device that stem from the various physical causes. For example,
in the case of a FET device, Cout is composed of Cds in parallel with a series combination
of Cgd and Cgs, as shown in Figure 5.24. This is a simplistic view of the complex prob-
lem, because the capacitances Cgd and Cgs are not truly in series; the intermediate node
is the feed point for the drive signal that will affect the charge stored in the two adjacent
capacitors. This effect suggests that the exact waveform of the gate voltage throughout
the both ON and OFF state needs to be taken into account in the analysis of the circuit.
Particularly interesting (and difficult) to analyze is the influence of the feedback capaci-

gd

Cgs

Cds

C

Figure 5.24 Intrinsic capacitances of a FET device.

tance Cgd on the operation and performance of the Class-E amplifier. This issue has been
treated in [82], and it has been shown that the effect of the feedback capacitance on the
Class-E operation can be modeled, to a certain extent, by modifying the expression for
the equivalent Cout of the device.

An additional difficulty in analyzing the impact of parasitic capacitances on the Class-
E operation is the fact that the inter-terminal capacitances of a MOS transistor very
strongly depend on the bias conditions and the region of operation of the device [78].
This phenomenon is illustrated in Figure 5.25 and is of particular interest for Class-E op-
eration. As the figure shows, the variation of the inter-terminal capacitance of a MOS
device is substantial. Since in a Class-E amplifier, the transistor is basically turned off
during a half of the RF cycle, and then in the triode region in the other half, with going
shortly through saturation between these two states, the variation of the capacitances will
play a strong role. In order to address this issue, it is necessary to write the time-domain
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equations for the circuit, taking into account the time-varying character of the MOS ca-
pacitances, a complex and difficult undertaking.
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V

Figure 5.25 Gate-source and gate-drain capacitances of a MOS device as a
function of the region of operation.

Considerations when using a bipolar transistor based switch

For bipolar transistors, considerations on device sizing and drive level are slightly more
complex than in the case of FET devices. In the ON state, the bipolar transistor will
operate in saturation3, and can be represented by the equivalent circuit shown in Figure
5.22(b). In order to estimate the resistance and offset voltage of a saturated BJT, it is
necessary to consider the output characteristics of the device and its large-signal behavior.
A detailed treatment of the BJT operation in saturation can be found in [77, 83], and only
the key aspects will be reviewed here. A comprehensive study on the switching operation
of BJTs can be found in [84].

Figure 5.26 depicts a set of the output characteristics, iC-vCE , of a typical BJT device.
A possible operating point in the saturation mode is denoted as P, and is characterized
by three parameters: a collector current ICsat , a base current IB, and a collector-emitter
voltage VCEsat . Basically, two of these three parameters are sufficient to fully determine
the operating point. At this point, it is important to recall the fact that in the Class-E
operation the current is not drawn by the transistor, but is rather being pushed through it
by the action of the reactive load network. The role of the device is purely to provide as
much as possible unimpeded flow of current, the magnitude of which is determined by the
load network and supply voltage, and not by the transistor itself. Therefore, the goal here
is to consider how the device should be sized and driven for the proper Class-E operation
and desired performance level.

We will assume that during the ON state, the transistor will be driven by a constant
base current IB. Therefore, only the iC − vCE characteristic that corresponds to this par-

3To avoid confusion, it should be stressed once again that the saturation mode of operation of a BJT is
analogous to the triode region of operation of a MOSFET. On the other hand, the saturation region of the
MOSFET corresponds to the forward active region of the BJT.
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Figure 5.26 Family of DC output characteristics of a BJT.

ticular base current value needs to be considered. For clarity, the saturation portion of
the iC − vCE curve of interest is expanded and displayed separately in Figure 5.27(a).
As already mentioned, at operating point P, the transistor can be represented by a series
connection of a resistance RCEsat and a battery VCEo f f , as indicated in Figure 5.27(b).
The saturation resistance, RCEsat , corresponds to the reciprocal value of the slope of the
iC − vCE curve at point P, and the offset voltage is found at the intersection point of the
tangent of the iC−vCE characteristic and the vCE axis. Therefore, it is possible to identify
the ON resistance and offset voltage of the switch for, say, the peak current of the de-
vice in the Class-E operation, Ipk (see Eq. 5.41). The problem with this approach is that
the switch current significantly varies throughout the ON state, i.e. the operating point
changes its location along the iC − vCE characteristic. Therefore, the parameters RCEsat
and VCEo f f dynamically change their values as well. Interestingly, for higher values of
the injected current, the resistance RCEsat decreases. On the other hand, the offset voltage
VCEo f f exhibits the opposite trend: a lower voltage VCEo f f corresponds to a lower level
of current ICsat . The question that arises here is how to estimate the effective saturation
resistance and offset voltage for a given device and drive level, in order to predict the
theoretical efficiency limit, stated in (5.102) and (5.103).
Of course, the dissipation of the transistor in the ON state can in an analytically exact
manner be found by integrating the voltage-current product over the duration of the ON
state, i.e.

PswON =
1
π

∫
iC(θ)vCE(θ)dθ (5.108)

where iC(θ) is the switch current as given in (5.5), and vCE(t) is the transistor voltage
corresponding to the instantaneous value of the switch current. Notice that the current is
forced into the transistor, thus iC is considered to be the stimulus, and vCE the response in
this process. However, such an analytically exact approach is impractical and not insight-
ful in the initial stage of the design, where the objective is to determine the appropriate
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Figure 5.27 (a) The iC−vCE characteristic operation in saturation of a constant-
current driven BJT, and (b) the equivalent circuit of a saturated BJT.

device size for the required power and efficiency.
A possible approach is to use the RCEsat value that corresponds to the average value of

the switch current in the ON state. At lower values of iC(t), the resistance will be higher,
but since the dissipation is proportional to i2R, at lower current it is also of less relevance.
The average value of the switch current in the ON state can be found as

IavgON =
1
π

∫

ON state
iC(θ)dθ (5.109)

As discussed in Section 5.1, the peak switch current equals 2.86IDC, where IDC is the
supply current of the PA. By employing (5.5), (5.12) and (5.109), it can be shown that the
average switch current in the ON state equals 2IDC. Therefore, the effective switch resis-
tance RCEsat can be found by estimating the slope of the iC− vCE curve at the operating
point iC = 2IDC.

In order to estimate the slope of the current at the desired operating point, the designer
can make use of the following expression. From the Ebers-Moll model of the BJT [83],
the collector current can be expressed as

iC = IBβF
evCE/VT −1/αR

evCE/VT +βF/βR
(5.110)

where VT = kT/q is the thermal voltage, αR is the reverse-mode common-base current
gain, and βF and βR are the forward and reverse active-mode common-emitter current
gains, respectively. From the above expression, the parameters of the BJT in saturation,
RCEsat and VCEo f f , can be estimated as a function of the drive level IB.
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When it comes to the offset voltage VCEo f f , it is interesting to observe that all the iC−
vCE curves in Figure 5.26 start rising at a value V0 = VT ln( 1

αR
). Therefore, the transistor

in saturation, driven by a current IB throughout the ON state, can be modeled as a series
connection of the DC voltage source V0 and a resistance RCEsat estimated at the operating
point iC = 2IDC, where IDC is a priori known.

From the above discussion, it follows that the minimum base current which is needed
to appropriately drive the transistor during the ON state is given by

IBmin =
Ipk

βF
(5.111)

where Ipk = 2.86IDC is the peak switch current in the Class-E circuit, and βF is the forward
current gain of the transistor, a parameter of the semiconductor process. In order to keep
the transistor in saturation, and thus minimize the loss in the ON state, it is necessary
to apply a base current IB > IBmin. This observation, however, neglects the fact that in
addition to βF , the active area and other physical parameters of the particular device are
also important. In our analysis so far, the transistor size has been entirely ignored; it
might be erroneously concluded that any device, regardless of its size, can support the
required level of current, provided it is sufficiently driven, i.e. operated in saturation and
that (5.111) is satisfied. In reality, in addition to the limitations regarding critical current
densities in metal structures, various other effects will take place that will put a limit onto
how hard the device can be driven and what peak current can be supported. What has
been omitted in our considerations, is how the base current is related to the base-emitter
voltage, vBE . In order to appreciate these facts, it is first necessary to look at the Ebers-
Moll model [83], that describes the operation of the bipolar transistor in all of the four
possible modes. This model relates the transistor terminal currents to the voltages applied
between them, and is given by the following set of equations:

iC = IF − IR

αR
iE =

IF

αF
− IR iB = iE − iC (5.112)

where
IF = IS

(
evBE/VT −1

)
IR = IS

(
evBC/VT −1

)
(5.113)

IS is the scale current, a physical parameter of the transistor which is directly proportional
to the area of the emitter-base junction, and αF and αR are the forward- and reverse-
active mode common-base current gains, determined by the technological parameters of
the transistor. The expressions in (5.112) and (5.113) are derived under certain assump-
tions, for example, that in the forward-active region, the common-emitter current gain βF
is constant. In reality, βF will depend on the operating conditions, which is illustrated
in Figure 5.28 that shows the dependence of the collector and base currents on the base-
emitter voltage when the transistor operates in the forward-active mode.
Figure 5.28 is also referred to as the Gummel plot and indicates that the forward current
gain, βF = iC/iB, exhibits deterioration at extremely low and high current levels. At inter-
mediate current levels, βF has a constant, nominal value, and this is the range of currents
at which the transistor is normally used. The degradation of βF at low current levels is the
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Figure 5.28 The collector and base currents as a function of vBE in the forward-
active mode of operation.

result of an increase in the base current due to the recombination of carriers in the base-
emitter depletion region. This effect actually occurs at all current levels, but only makes
significance at very low current conditions. On the other hand, and more importantly for
our considerations, βF decreases at high current levels as a result of high-level injection
– a condition in which the injected minority carrier density in the base approaches the
majority carrier density. At high-level injection, the hole current from base to emitter
becomes substantial, leading to a decline in the collector current. The point of onset of
the high-level injection is called the knee current, IKF , and is a parameter which is pro-
portional to the active area of the device.

From the considerations presented in this section, general guidelines for sizing the
bipolar device for the application in a Class-E PA can be formulated. First, based on the
nominal βF of the device and estimated peak current Ipk, it is necessary to select an appro-
priate device size such that IKF < Ipk. This would be the minimum device size needed to
prevent the transistor from operating in the high-level injection; a larger device, of course,
can be used if a lower ON resistance is required. Once the transistor size is determined,
the scale current IS will be known, and the exact iC − vCE curves can be obtained. The
minimum current drive level needed to keep the transistor saturated in the ON state has
been given by (5.111), and in combination with IS, can be translated to the needed base-
emitter voltage. Of course, as already mentioned, the drive level can be further increased
in order to push the transistor deeper into saturation and thus decrease the loss in the
ON state. Excessively increasing the level of saturation, however, is detrimental for two
reasons. First, an excessive drive power will at a certain point start to impact the PAE
more profoundly and will exceed the benefit of decreasing the switch loss. Second, the
transistor driven deeply into saturation will exhibit a significantly slower recovery during
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the ON-OFF transient4. Here, however, we are focusing our attention exclusively on the
static behavior of the device. A detailed analysis of the dynamic aspects of switching
operation of the bipolar transistor, particularly for RF operation, is a very complex task
which by far exceeds the scope of this thesis. In general, it is necessary to analyze the
accumulation and transport of charge in the transistor throughout the entire duration of
the RF cycle. Examples of the analysis of dynamic operation of the bipolar transistor can
be found in the literature [84,85]; a particularly in-depth treatise of switching operation of
the BJT was given in [84]. A myriad of effects must be taken into account in such an anal-
ysis, and the obtained result may not be directly applicable and insightful for practical RF
circuit design. One of the key issues, for example, is how the transistor should be driven
throughout the ON and OFF states for an optimal Class-E operation; the conclusions ob-
tained from the charge transport analysis of the device may not be easily transferable into
a feasible driving-stage topology, especially at RF and microwave frequencies. Therefore,
the emphasis in this thesis is on a more practical, circuit-oriented design approach appli-
cable for switched-mode RF PAs. More details on the dynamic operation and the practical
approach to PA design will be given in Chapter 7, illustrated by two design examples.

5.5.2 Practical implementation of the load network

Matching networks represent one of the essential concepts in PA design and radio elec-
tronics in general. The role of the matching network (which we will occasionally refer to
as the load network) is rather simple: it needs to present the required impedance to the
transistor at the required frequency and thus to provide an optimal operation of the circuit.
In general, matching networks can be used as input, output or interstage blocks, as shown
in Figure 5.29.

Driver PAInput
match

Interstage
match

RS

VS

Output
match

R0

Figure 5.29 Block diagram of a two-stage PA with matching networks.

The function and principle of operation is the same for all three types, although dif-
ferent requirements may be imposed on e.g. input and output matching network. Thus,

4This effect has been extensively studied in the design of bipolar digital circuits, and has lead to the intro-
duction of non-saturating bipolar logic.
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for instance, the insertion loss of the output matching network is far more critical than
that of the input or interstage one. Namely, due to a large difference in power levels, the
output matching network loss will much more profoundly affect the efficiency of the PA.
Also, the output matching network must be designed with the designer bearing in mind
the peak current and voltage levels which the network has to support, otherwise reliability
issues or even catastrophic (i.e., destructive) failure may result.

The goal in this section is to review some of the basic concepts in matching network
design, with emphasis on the topologies that are particularly suitable for the Class-E oper-
ation. We will consider some practical examples of load networks and discuss the relevant
issues.

Basic matching problem

In Section 5.1, we have shown that the ideal Class-E operation actually requires a load
impedance ZL = R+ jX where X = 1.152R. The output power is then determined by the
supply voltage and load resistance R. In this section, we will first focus on the general
matching problem - how to provide the required load resistance. For commonly employed
values of supply voltages and desired output power levels, the designer often faces with
the requirement for load resistance R in the range of only a few ohms - this is one of the
well known problems in PA design, and stems from the fact that RF power transistors are
low-voltage high-current devices. Since the standard RF interface termination is, for his-
torical reasons, set to 50Ω, the need often occurs to transform this value down to the load
resistance required by the PA. This task can be accomplished in a number of ways, and
we will consider several options for the practical implementation of the output matching
network.

Figure 5.30 illustrates the concept of impedance match: the matching network trans-
forms a reference resistance R0 to a resistive target load impedance RL, at the specified
operating frequency f . As already mentioned, it is usually taken that R0 = 50 Ω, and
most often RL < R0. Therefore, we will consider some topologies that can be used for
this type of impedance transform. The simplest of all solutions is a two-element lowpass
L-section, shown in Figure 5.31.

@ f R0RL

Matching
network

Figure 5.30 The concept of impedance match.

The L-section matching network of Figure 5.31 is, despite its simplicity and limitations,
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Figure 5.31 The two-element lowpass matching network.

a very useful one; it is something of a cornerstone of matching network design, and is
often the basic ingredient of more involved matching structures. It should be stressed that
the circuit is capable of performing only downward impedance transformation, i.e. can
be used only when RL < R0, which is, however, most often the case in practice. The
operating principle can be simply described as a two-step process: the shunt capacitor
Cp, in combination with the reference resistance R0, produces a complex impedance
Zp = R0/(1 + jωR0Cp), when looking into the plane A-A’. The reactive part of the
impedance is then canceled out by the series inductor Ls, which results in the required
load resistance, RL. The design equations can be conveniently formulated in terms of the
transformation ratio m = R0/RL as the following:

m =
R0

RL
(5.114)

XC =
R0√
m−1

(5.115)

XL =
√

m−1RL (5.116)

where XC and XL are the reactances of the shunt capacitor and series inductor, respec-
tively. The values of the matching components are then easily found as C = 1/(ωXC)
and L = XL/ω , where ω is the operating frequency. The operation can also be illustrated
by means of the Smith chart, as shown in Figure 5.32. The 50-Ω impedance (point A)
is transformed by the action of the shunt capacitor to the impedance in point B, which is
further transformed to the needed resistive load impedance of 10Ω (point C).

It should be mentioned that a high-pass counterpart of the L-type matching network
is also possible; the topology is identical to that shown in Figure 5.31, with the capacitor
and inductor swapping their positions. The design equations are also equivalent, and the
reactances XL and XC should exchange places in (5.115) and (5.116).

The single-section, two-element L-type matching network is obviously very simple,
but suffers from a number of shortcomings. The most significant one is the bandwidth
within which an acceptable impedance match can be obtained with such a circuit. The
required impedance transformation, namely, is obtained only at a single frequency, which
is usually taken in the center of the bandwidth used in the intended application. At other



5.5. DESIGN METHODOLOGY 145

−j25

A

B

C

−j50

−j100

j50

j100

j10

j25

−j10

50

10

100

shunt C

series L

Figure 5.32 Operation of the L-section matching network in the Smith chart.

frequencies, the matching network will provide impedances different from the ideal one,
resulting in non-optimal operation of the amplifier. Therefore, the bandwidth is an im-
portant figure of merit of matching networks and needs to be carefully considered. In
PA design, however, the definition itself of the bandwidth of the matching network is not
a straightforward issue. The problem arises from the fact that PAs are often nonlinear
circuits, and that the concepts of linear network theory are not directly applicable. Thus,
how a non-optimal match will affect the PA performance cannot be answered by applying
the classical linear theory, but rather necessitates the use of the load-pull response of the
given PA. In other words, in order to find the bandwidth of the matching network (or,
actually, of the PA), it is necessary to combine the frequency response of the matching
network with the load-pull response of the amplifier in question. The issues related to the
load-pull technique will be more extensively discussed in Section 5.5.4.

The bandwidth of the single-section L-type matching network decreases when the
value of the transformation ratio m increases [13]. Since quite low load resistances are
often needed in PA design, the transformation ratio easily reaches values of several tens,
and the bandwidth issue then becomes a very serious one. A potential relief for the band-
width problem can be found in the form of multistage matching networks, as shown in
Figure 5.33.
The design of such a multistage matching network essentially consists of repeating the
procedure for the design of a single-stage section. As shown in Figure 5.33, the first sec-
tion (L1, C1) transforms the terminating impedance R0 to an intermediate impedance RM ,
which is than further transformed to the required load impedance RL by the second sec-
tion (L2,C2). The choice of the intermediate impedance RM is the freedom of the designer,
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Figure 5.33 Multistage matching network.

and it is usually taken as RM =
√

RLR0. Such a choice of RM is a useful initial value in
designing a matching network with a wider bandwidth. It is, of course, possible to deviate
from this simplistic rule of thumb and to use more involved design procedure, to optimize
the tradeoff between the in-band mismatch and the effective bandwidth of the matching
network.

Some of the commonly employed multistage matching topologies include the Π- and
T -type networks, shown in Figure 5.34. It is easily observed both configurations can be
seen as conjunctions of two single-stage L-type sections. As with other types of multi-
stage matching networks, the benefit of these topologies is that the Q-factor of the whole
network can be set independently of the required transformation ratio [10,86]. As a result,
it is possible to obtain a larger bandwidth with an acceptable match.

C

L2L1

R0RL

L

C

C2
RL R01

Figure 5.34 Π- and T-type matching networks.

The Π−type network is particularly suitable for PA applications, as a significant out-
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put capacitance, which is often associated with large power devices, can be absorbed in
the shunt capacitance of the matching network. An interesting and commonly employed
version of the Π-type network is its symmetrical variant, shown in Figure 5.35. The reac-
tances of the inductor and capacitors are equal, and from (5.114)-(5.116), it is easy to see
that the only design equation needed is simply given by

X =
√

RLR0 (5.117)

where X = XL = XC is the reactance of the elements forming the network. Besides its ob-
vious simplicity, this symmetrical topology has the advantage that it provides an extended
bandwidth in comparison to that of the asymmetrical two-section network. Of course, as
with the single-section networks, each of the above mentioned topologies has its high-
pass equivalent.

−jXL

jX

−jX R0R

Figure 5.35 Symmetrical form of the Π-type lowpass matching network.

The matching networks discussed so far have been based on lumped components. In
RF and microwave engineering, however, transmission lines (and distributed elements in
general) are the essential ingredients; every interconnection line is a transmission line and
needs to be modeled accordingly. Apart from providing interconnection of the lumped
components and active devices, transmission lines are very often intentionally employed
to perform various impedance transformations. Therefore, they can be used for the im-
plementation of matching networks, either solely or in combination with lumped compo-
nents. In fact, transmission lines have some unique and potentially useful characteristics
that cannot be replicated by lumped components; one of the examples is the generation
of the required odd- and even-order harmonic impedances in the design of Class-F am-
plifiers. There is a number of other similar tricks that can be achieved by distributed ele-
ments. In general, the creative freedom that they offer to the designer is huge, and these
techniques fall out of the scope of this thesis. Therefore, we will not discuss them further
than necessary for our study on PA systems. In Chapter 8, a design example employing a
load network based on transmission lines will be considered.
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Considerations on practical matching networks for Class-E PAs

After the generalized discussion on matching networks, practical load network topologies
for Class-E design will now be considered. So far, we have reviewed matching networks
that transform a reference termination R0 to a needed load resistance R, at a specified
operating frequency. In the Class-E mode of operation, however, the optimal fundamen-
tal load impedance contains a certain reactive (inductive) component, too. Furthermore,
there are requirements imposed on the harmonic load impedances as well (the infinite-Q
assumption). The required excessive reactance is simply provided by inserting an appro-
priate inductor in series with the target load impedance, and a possible topology of the
complete load network is shown in Figure 5.36.
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R0

LXC0

@ n fC

LM

CM

L

Figure 5.36 Class-E PA load network with L-match included.

The L-section matching network (LM,CM) transforms the reference termination R0 to the
target load resistance R, and the inductance LX provides the needed excessive reactance.
The series resonator (L0,C0), tuned to the operating frequency ωc, has a very high loaded
quality factor QL, and is inserted in series with the structure, to satisfy the requirement
for infinitely high harmonic impedances presented to the transistor and shunt capacitor.
This requirement, on the other hand, is related to the simplifying assumption (see Section
5.1) that only the fundamental load current component flows through the load network. In
principle, this is not strictly necessary for the ideal, soft-switching Class-E operation; it is
possible to satisfy the Class-E switching conditions stated in (5.8) and (5.9) with certain
amount of harmonic currents as well. The assumption of an infinitely high Q was thus pri-
marily introduced to make the analysis of the circuit mathematically feasible. Of course,
the power of harmonics delivered to the load is also of interest, but that issue will be con-
sidered in more detail later. Theoretically minimal value of the loaded Q factor at which
the Class-E operation is possible is related to the chosen duty cycle; for the standard case
of D=50%, the minimal Q is approximately 1.8 [24].

Historically, operation with a finite Q-factor has been one of the heavily investigated
topics in relation to the Class-E configuration [61, 63, 76]. In the case of a finite Q-
factor, the analysis of the circuit becomes a very intricate and tedious procedure: it is
necessary to formulate the system of differential equations for the ON and OFF states
separately, in order to solve the transient response of the the load network for the both
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states. As a result, expressions for the circuit elements required for an optimal operation
are not easily obtained in a closed form, as was the case with the idealized, infinite-Q
circuit. Rather, they can be numerically solved for various values of QL, and then given
in a tabulated form [63]. Alternatively, approximative closed-form design equations can
be developed based on polynomial interpolation of the tabulated results [76, 87]. The
accuracy obtained already with the second-order polynomial approximation is excellent,
and the circuit elements can be expressed as functions of QL, which allows the design for
an arbitrary QL.

The presence of a series resonator with an infinitely high QL in the load network,
therefore, is not essential, and moderate values of QL seem as a more practical approach.
This observation is further enhanced by the fact that the L-section matching network em-
ployed in a Class-E PA inherently performs two tasks: it provides the required load resis-
tance at the fundamental frequency and simultaneously generates relatively high harmonic
impedances. Namely, an L-type low-pass matching network with the transformation ra-
tio m = R0/R, where R is the required load resistance at the fundamental, generates the
following harmonic impedances:

Z1 =
R0

m
= R (5.118)

Z2 =
R0

4m−3
+ j4

√
m−1

(
1
m
− 1

4m−3

)
R0 (5.119)

Z3 =
R0

9m−8
+ j9

√
m−1

(
1
m
− 1

9m−8

)
R0 (5.120)

...

Zn = Rn + jXn =
R0

1+n2(m−1)
+ jn2√m−1

(
1
m
− 1

1+n2(m−1)

)
R0 (5.121)

where n denotes the order of the harmonic. The resistive part of the impedance decreases
with the order of harmonic, but the reactive part rapidly increases. Thus, the L-section
itself can provide sufficiently high harmonic impedances required for the Class-E oper-
ation. In addition, the excessive inductance (LX in Fig. 5.36) will also contribute to the
total reactance of harmonic impedances presented to the load. As a result, it may be pos-
sible to completely eliminate the series resonator (L0, C0) from the load network depicted
in Figure 5.36, or to use one with a rather moderate value of the Q-factor (e.g. 3-5).

In [65, 76, 87], Sokal provided improved design equations for the Class-E PA with
a finite Q-factor. However, the classical load network has been assumed, consisting of
the series LCR combination, as shown in Figure 5.37, with the loaded Q-factor5 being
defined as QL = ωcLS/R. The circuit elements then can be determined based on the value
QL arbitrarily chosen by the designer, with the restriction of QL > 1.8 for the D=50% case
[24]. Notice that the series combination LS−CS is not tuned to the operating frequency;

5Note that in some papers on Class-E PA design, the loaded Q-factor is defined as QL = ωcL0/R, where L0
is the inductance of the series resonator in Figure 5.36.
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Figure 5.37 Classical series load network.

the inductor LS can be seen as composed of the inductors L0 and LX in the circuit of Figure
5.36.

In the standard load network, depicted in Figure 5.37, the loaded Q-factor has been
defined as QL = ωcLs/R. Notice that the series combination LS −CS is not tuned to
the operating frequency ωc, because the inductance LS contains the excessive mistuning
component. Thus, LS can be decomposed into the component Lr that will be in resonance
with CS, and the excessive inductance component LX . The loaded quality factor of the
network then can be redefined as Q

′
L = ωcLr/R. If we establish the equivalence between

the circuits depicted in Figures 5.37 and 5.36, by equating the Q-factors Q
′
L and QM , then

we can adopt the circuit elements tabulated in [76,87]. As a result, it is possible to obtain
exact numerical values for the circuit elements of the load network depicted in Figure
5.38.

It is thus of interest to consider how the results from [76, 87] can be extended to a
practical Class-E design that will involve a downward impedance-transforming network.
First, it is instructive to observe that the Q-factor of the low-pass L-type matching section
shown in Figure 5.36 will be directly related to the transformation ratio m as

QM =

√
R0

R
−1 =

√
m−1 (5.122)

Therefore, it is in principle possible to completely omit the series resonator from the
circuit of Figure 5.36; the reactive nature of the L-match will be sufficient to provide the
needed waveform shaping and to sufficiently suppress harmonics (see Eq. 5.121).

5.5.3 Design tools and simulation techniques
Nowadays, electronic circuit design is unthinkable without the use of modern Computer
Aided Design (CAD) tools. Although digital circuits have, at a first glance, more pro-
foundly benefited from the emergence of CAD tools, and have reached an amazing level
of complexity, analog circuit design remains a discipline that heavily relies on the sup-
port of various CAD tools. The nature of signals in analog circuits actually makes them
even more challenging for the manual analysis that can be performed by a human, in
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Figure 5.38 Class-E with a simple and practical load network.

comparison with digital circuits. Therefore, the role of CAD tools is immense in modern
analog circuit design, and PAs are no exception, although in practice their design has tra-
ditionally involved quite significant amount of trial-and-error and post-production tuning
(“tweaking”). The emergence of accurate nonlinear active device models and sophisti-
cated instrumentation for device characterization has additionally increased the signifi-
cance of simulation tools in the overall design process. In this section we will briefly
review several types of analyses (i.e., simulation techniques) that can be used in the de-
sign of Class-E PAs. The analysis methods that are discussed include transient, harmonic
balance and envelope simulation. Peculiarities of each of the mentioned types of analysis
are discussed in the context of Class-E PA design.

In general, since the design of the Class-E PA largely consists of dimensioning the
values of the load network elements, it is reasonable to start the design with a simple,
possibly lossy switch, instead of a realistic (and complex) model of the transistor. Such
a design strategy enables the designer to focus on the design of the load network and
to establish initial values of the circuit elements for a given specification. Second-order,
device-related effects can be temporarily ignored and the simulation time significantly
reduced. At a later stage, the simplistic switch will be replaced by a suitable nonlinear
transistor model, and the circuit elements will be modified during the overall optimization
of the circuit.

Transient analysis

By transient analysis, the operation of a circuit can be simulated in the time domain.
In addition to AC and DC analyses (which are pretty much useless when it comes to
Class-E design), transient analysis is one of the basic and most widely used methods
for circuit simulation. It has been supported from the first version of SPICE [88], and
remains an indispensable instrument in the toolbox of the PA designer. Although other,
more advanced methods of analysis have emerged since the introduction of SPICE, the
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transient analysis remains an important tool that indeed proves very suitable for the design
of Class-E amplifiers. In this section, some aspects of the transient type of analysis that
are particularly relevant in the design of Class-E PAs will be discussed.

For transient analysis, the initial conditions (at instant t = 0− s) in the circuit are
important: it is necessary to define the energy stored in capacitors and inductors, i.e.
capacitor voltages and inductor currents, as well as the initial state of the switch. For
simplicity, we can use default zero values, i.e., assume that the reactive components have
no energy stored, or, alternatively, the simulator can be set to ignore any user-specified
initial conditions and to perform only the initial DC analysis. Furthermore, since the
switch preferably has as low as possible ON resistance, it is desirable to consider the
switch initially open, otherwise enormous current will be flowing through the DC-feed
inductor at the beginning of the analysis.

In transient analysis, the switch is modeled as a voltage-controlled resistor. Some
CAD packages allow only abrupt, binary-state distinction, i.e., the switch is either open,
and characterized by the resistance ROFF , or is closed and characterized by the resistance
RON , as shown in Fig. 5.39(a). The switching action is instantaneous, and dictated by the
input control voltage. A similar but more refined version of the voltage-controlled switch
is shown in Fig. 5.39(b), where the resistance of the device is now defined as a continuous
function of the control voltage. Such an approach enables a more realistic modeling of
the behavior of the switch, by providing a smooth transition between the states. Since
the control voltage will change at a finite speed, so will the response of the switch. The
function f (vCON) that describes the dependence of the switch resistance on the control
voltage is in principle definable by the user.

Another point of concern when simulating a Class-E PA in the time domain is the
DC-feed inductor, i.e., the element which is frequently referred to as the ”RF choke”
(RFC). The inductance of an RFC is, by definition, infinite, and consequently only a DC
current can be assumed to flow from the power supply into the circuit. Of course, this is a
mathematical abstraction, and in the case of transient analysis, the exact inductance of the
RFC will have to be specified. As already discussed in Section 5.4, Class-E operation with
a finite DC-feed inductance instead of an RFC is possible and sometimes even desirable.
The designer can opt for the RFC-based design, however, and the question then is how
large the inductance of the RFC should be. If Xdc is the reactance of the DC-feeder at
the operating frequency, and Rdc is the steady-state resistance that the PA circuit presents
to the supply source, then in cases where Xdc/Rdc > 20 the operation may be considered
as RFC-based (see Figure 5.15). The RFC inductance, thus, can be determined based on
this consideration, and should not be unnecessarily increased for the following reason.
A Class-E circuit simulated in the time domain will exhibit a transient (start-up) period
before reaching a steady-state operation. The duration of the start-up will depend on two
parameters: the inductance of the RFC, Ldc, and the resistance of the circuit seen from the
supply, Rdc. The build-up of the circuit waveforms is, as one would expect of a first-order
RL circuit, exponential and characterized by the time constant

τ =
Ldc

Rdc
(5.123)
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Figure 5.39 Possible switch models for transient simulation.

Illustrated in Figure 5.40, the start-up of a Class-E PA follows the exponential law,
and the output RF signal envelope is given by

E(t) = E0(1− e−t/τ) (5.124)

where E0 denotes the steady-state value of the envelope, and τ is given by (5.123). The
supply current iL(t) increases exponentially as well, showing some dynamic variation
during the transient period; in the steady-state, it essentially contains only the DC com-
ponent, with a small AC component due to a finite value of the choke inductance Ldc.

Clearly, a long start-up time is not beneficial, neither from the simulation perspective,
nor from the functional one. Many modern wireless communication systems employ
pulsed RF operation, where the transmitter is active only during the time slot assigned to
the user. The start-up time of a PA is thus of relevance, and may not be too large with
respect to the total duration of the transmission burst. The specifications of a particular
wireless standard will prescribe a certain ramping profile for the start-up and shut-down
of the PA’s output.

Of course, in order to evaluate the PA operation in the steady state, the total length
of transient simulation should be made considerably larger than the time constant τ . In
addition to that, the time step must be carefully chosen, as it can have a substantial impact
on accuracy of the simulation. The time step can be either fixed by the designer, or
allowed to be variable, i.e. automatically controlled by the simulator, based on circuit
dynamics. The latter approach has been introduced as a means to speed up the simulation
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Figure 5.40 Influence of the choke inductance on the start-up time.

If a fixed time step is chosen, then it must be made sufficiently small, typically 1/50 to
1/100 of the carrier period. Such a stringent requirement is needed to ensure a reasonable
accuracy of the simulation results, otherwise a significant error can result and even lead
to a cumulative effect, due to the fact that it is necessary to simulate a large number of
RF cycles before the circuit reaches a steady state operation [89,90]. In the experience of
the author, the default settings for variable time step control in various simulators often
prove inadequate in terms of accuracy, and setting a small, fixed time step is a better
option, though time consuming. An alternative approach is to use a variable time step
but with sharpened tolerance settings, in particular the parameter controlling the charge
accuracy [91, 92]. A variable time-step method also has the advantage of being more
robust in terms of resolving convergence problems.

Another aspect worth of mentioning in the discussion on transient analysis is the prob-
lem associated with distributed elements, e.g. transmission lines. Although most time-
domain simulators support the use of exclusively lumped passive components, it is in
principle possible to simulate circuits with distributed elements as well. Such an opera-
tion, however, requires suitable time-domain models of distributed structures, based on
their impulse response. In Agilents’s ADS, these models are provided, but the range of
frequencies at which they can be used is limited [91].

An important feature of transient analysis is that it can be employed to detect potential
instabilities of the circuit which are not possible to discover by other types of analyses,
e.g. harmonic-balance. In general, when the circuit is designed by making use of some
other type of analysis, it is always advisable to carry out a transient simulation as a means
of an additional verification. The main disadvantage of the design approach centered
around transient analysis is that these simulations are often time-consuming, especially in
comparison with other types of simulation techniques that the designer can utilize.
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Harmonic balance analysis

In this section, some of the relevant aspects of harmonic balance analysis will be discussed
in relation with the design of Class-E PAs. Harmonic balance analysis is a frequency-
domain analysis technique suitable for simulation of nonlinear circuits exhibiting periodic
waveforms. In general, it is often the preferred method of analysis of RF and microwave
circuits, where distortion of the circuit and/or spectral content of the output signal are of
high significance; examples include amplifiers, mixers, modulators, oscillators etc. It is
exceptionally suitable for simulating circuits operating under large-signal conditions such
as power amplifiers.

The basic premise in harmonic balance analysis is that the circuit operates in the
steady-state and that the signals are periodic6. Furthermore, they must be representable by
a superposition of a finite number of discrete tones. Under these conditions, it is possible
to employ the generalized Fourier analysis, which is the cornerstone of the harmonic
balance method.

If a nonlinear circuit, excited by a single-tone carrier (i.e., a sinusoid) at a frequency
ωc, has reached a steady-state operation, than all nodal voltages and branch currents can
be represented in the form of a truncated Fourier series, i.e.

v(t) =
m

∑
n=1

Re
(
Vne jnωct) (5.125)

where Vn is the complex phasor of the n-th harmonic, given by

Vn = Vne jϕn (5.126)

where Vn represents the amplitude of the n-th harmonic component of voltage v(t), and ϕn
is the corresponding phase angle. The equivalent equation can be formulated to describe
the branch currents in the circuit. Obviously, the total number of harmonics by which
v(t) is represented, m, must be limited for practical reasons. By increasing the order of
the simulation, the amount of memory needed to describe the equations governing the
operation of the circuit very rapidly increases, in proportion to m2. Fortunately, most
practical circuits are satisfactorily solved by using a relatively low number of harmonics,
with the value of m typically being in the range 5−10.

It has been shown that an idealized Class-E operation produces relatively sharp, abrupt
current waveforms, as those given in Figure 5.3. These sharp, truncated waveforms pose
a challenge for the harmonic balance simulator engine. Namely, an excessively large7

number of harmonics would be needed to represent such waveforms in the frequency
domain, which is clearly impractical. This is, however, just a theoretical abstraction; a
real transistor device will exhibit a finite switching speed (particularly at RF), which in
turn will result in waveforms with more gradual transitions and smoother appearance.
Thus, a limited number of harmonics turns out to be a viable approach for practical,
transistor-based circuits. For instance, consider the waveforms displayed in Figure 5.41.

6Or quasi-periodic, strictly mathematically speaking; such is the case with mixers, for example.
7Theoretically, infinite number of harmonics is required.
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The collector/drain voltage waveform of a ideal Class-E PA is depicted, and the same
waveform but with the number of harmonics limited to m; higher harmonic components
are simply eliminated.
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Figure 5.41 The influence of the number of harmonics on the appearance of the
drain/collector voltage waveform.

From Figure 5.41, it is apparent that a limited number of harmonics is not a problem
for Class-E PA design based on harmonic-balance simulations, and that reasonably good
waveforms can be achieved with only a few harmonics included in the simulation. This
is particularly true having in mind that the real circuit will have a finite switching speed
and will also suffer from a number of other imperfections. Ironically, and in contrast with
transient analysis, it turns out that in the harmonic balance method, a realistic transistor
device is an easier issue to deal with than an idealized switch.

One of the important features of the harmonic balance method is the ability to control
harmonic impedances independent of each other. Illustrated in Figure 5.42, this concept
offers some interesting benefits in the design process.

The block denoted as the multi-harmonic impedance tuner allows the user to specify
the impedances seen at its input for each harmonic separately. The designer thus has a
full control of the impedances, and can focus on their effect on the operation of the cir-
cuit, rather than on the actual topology and elements of the matching network. This is
a convenient and conceptually important feature of harmonic balance, unfeasible in tran-
sient analysis. The impedance tuner is a conceptual, black-box device, which keeps the
designer completely oblivious of the implementation details. Once the tuning procedure
is finished and desired impedance conditions are established, the designer can start with
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Figure 5.42 Impedance tuner in harmonic balance analysis.

considerations on how to realize the required impedances. As we will see in Section 5.5.4,
the concept of impedance tuning is the basis of the load-pull technique, a powerful tool
widely used in PA design.

Envelope simulation

This type of analysis is of a newer date and a more sophisticated one; it can be seen
as a hybrid between the transient and harmonic balance analyses. Envelope simulation
is supported in various state-of-the-art circuit simulators, but with different naming con-
ventions: in Agilent’s ADS, it is called Circuit Envelope analysis, whereas in Cadence’s
SpectreRF it is referred to as Envelope Following analysis.

Envelope simulation is exceptionally suitable for simulation of RF circuits in which
the envelope and/or phase of a high-frequency signal change at a speed several orders of
magnitude lower than that of the signal itself. This is the situation that regularly occurs in
communication circuits as a result of modulation/demodulation processes. Furthermore,
turn-on transients of e.g. oscillators or transient response of PLLs can also be simulated.
Therefore, envelope analysis is a versatile tool by which a wide range of circuits and
different types of phenomena can be analyzed, from spectral regrowth of amplifiers to
settling behavior of various circuits. If such a circuit is simulated by conventional transient
analysis, an enormous number of RF cycles would need to be processed, which would not
only be very inefficient in terms of the time required for the simulation, but would also
create a huge set of data that would be inconvenient to handle and utilize. This is all the
consequence of the huge redundancy of such an approach - many points are simulated in
which virtually nothing significant happens, because the modulation is much slower than
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the RF carrier. On the other hand, simulating the circuit by harmonic balance analysis can
provide information only on the steady-state behavior, and only generalized distortion and
nonlinearity parameters can be assessed, under the simplistic assumption of a single- or
possibly multi-tone excitation. How the various complicated effects in e.g. an amplifier
affect the quality of the transmitted digitally-modulated RF signal cannot be evaluated by
the harmonic balance method only, and is difficult (but not impossible) and impractical to
do by transient analysis as well.

The main concept in circuit envelope analysis is that a randomly modulated RF signal
can be represented as a simultaneously amplitude- and phase-modulated wave, i.e.

v(t) = E(t)cos [ωct +ϕ(t)] = Re{E(t)e jωct} (5.127)

where E(t) = E(t)e jϕ(t) is the complex envelope of the modulated signal, defined by the
time-varying amplitude and phase component, E(t) and ϕ(t), respectively. Of course,
the amplitude, phase and time step of the complex envelope can be arbitrarily defined
by the designer, i.e. such to correspond to a desired digitally modulated RF signal. For
this purpose a range of signal sources with the most frequently employed modulation
formats used in wireless systems is provided in the library of the envelope simulator [91].
Needless to say, this is a very convenient feature of the circuit envelope technique, and
significant advantage over other methods of linearity assessment, e.g. the two-tone test.

The basic idea of the envelope simulation method is conceptually simple: harmonic
balance analysis of the circuit is performed at a number of sufficiently distant instants
in time, so that envelope variation due to modulation can be observed. In a sense, a
circuit envelope simulation is a collection of harmonic balance simulations with different
stipulated excitation parameters, E(t) and ϕ(t). Therefore, the whole concept of envelope
analysis can be illustrated by Figure 5.43.

The result of an envelope simulation is a collection of the fundamental and harmonic
responses of the circuit over a number of points along the time axis; for each time point, a
harmonic-balance simulation is performed. If we now consider the complex response (i.e.,
the amplitude and phase) of the fundamental signal only, then it is possible to reconstruct
the envelope of the fundamental component over time. By applying Fourier analysis to
these results, the spectrum of the output signal can be obtained and the spectral regrowth
estimated. In other words, it is possible to obtain the response of the circuit to a randomly
modulated waveform.

The circuit envelope simulation, obviously, does not have much significance in the
initial stages of the design of the Class-E PA, where the focus is on the waveforms, effi-
ciency, output power and other major figures of merit. However, if the PA is considered in
the context of some of the linearized transmitter architectures described in Chapter 4, en-
velope analysis proves a valuable tool for evaluation of the ACPR and EVM performance.
This issue will be discussed in more detail in Chapter 6.

HEPA-plus

In addition to the three simulation techniques mentioned so far, and which are supported
by the standard state-of-the art CAD software, the designer can also reach for a less com-
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Figure 5.43 The concept of envelope analysis.

mon and highly specialized PA design tool such as HEPA-plus [93]. Introduced by the
inventor of the Class-E PA, HEPA-plus is a program based on the exact numeric solution
of the Class-E operation under various non-ideal conditions, such as a non-zero ON resis-
tance, finite Q-factor of the load network, nonlinear output capacitance etc. The advantage
of HEPA-PLUS over the classical transient simulation method is that the former is, as a
specialized tool, orders of magnitude faster and capable of directly finding the steady-state
waveforms of the circuit, without simulating many cycles and going through the transient
(turn-on) period. Furthermore, HEPA-PLUS has a number of additional useful features,
such as the built-in optimizer, capability to analyze the turn-on and turn-off transients,
analysis of the operation with frequency modulation of the carrier etc. The application of
HEPA-PLUS in designing Class-E RF PAs has been in more detailed discussed in [94], a
comprehensive reference on switched-mode RF PAs.

5.5.4 Load-pull approach
In this section we will discuss the load-pull technique, which is a powerful and com-
monly employed design tool in the PA world nowadays. The large-signal operation of a
PA, combined with the strong and weak nonlinearity phenomena, often results in a diffi-
cult to analyze and predict behavior of the circuit under various conditions of operation.
The simplified linear or moderately nonlinear analysis is not sufficient when it comes to
the effects such as hard clipping, load mismatch or vDS reaching the knee voltage of the
device. Therefore, alternative design techniques have to be used, not only to secure a suc-
cessful design, but also to provide the designer with an efficient optimization capability.
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The load-pull approach is conceptually a simple and very straightforward technique: it
represents a systematic implementation of the trial and error methodology applied to PA
design. The concept is illustrated in Figure 5.44.

Output
tuner

Input
tuner

Z LZ S Z in

Signal
source

Power
meter

Figure 5.44 Block diagram of a load-pull setup.

As the figure shows, a typical load-pull setup consists of an amplifier, input and output
tuners, a signal generator and a power meter. The idea is to measure the output power and
efficiency of the amplifier as functions of the complex load impedance ZL seen by the
transistor. The output tuner serves as a tunable matching network, i.e. a device that
can provide various complex impedances to the transistor according to a control input.
After ZL has been swept across a desired range of values, and the power and efficiency
measured at every impedance point, the results can be plotted in the Smith chart in the
form of constant output power and efficiency contours, as shown in Figure 5.45. The
maximum power impedance, denoted as ZP, indicates a narrow region (theoretically, a
single point) of impedances that provide the maximum output power achievable with the
PA, with the given level of drive. As the impedance ZL is varied, the power will deviate
more or less from the maximum value. Therefore, we can identify the locii of the load
impedance that result in a power, say, 1 dB below the maximum level. These points, if
placed sufficiently close, may be approximated by a curve - a constant power contour. As
shown in Figure 5.45, the constant power contours are usually concentric ellipsoid curves,
centered around the optimal impedance locus. The same holds for the efficiency contours,
but the two optimal points in general do not coincide. It is a common practice to plot the
constant power and efficiency contours with a uniform and sufficiently small step, usually
1 dB and 5 %, respectively. One of the important and very useful characteristics of the
load-pull results is that they indicate the sensitivity of the output power and efficiency
with regard to variations of the load impedance. This is a very useful information, as the
designer can estimate the impact of, for instance, load mismatch or frequency variation
on the PA performance.

In [95], a method to predict and plot the load-pull contours with a linear simulator
was presented. Nowadays, state-of-the-art CAD tools such as ADS provide support and
routines for an easy, automated generation of the constant power and efficiency contours.
In a circuit simulator, it is possible to set the load impedance at the fundamental and
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Figure 5.45 Result of the load pull measurements: constant power and effi-
ciency contours.

harmonics independent of each other - a feat which unfortunately does not always reflect
the reality. Namely, one of the main problems in the load-pull measurements is that the
load tuners do not allow one to set and control the second and higher order harmonic
impedances independently from that at the fundamental frequency. This may or may not
be a serious ramification, depending on the type of operation and linearity of the amplifier.
In general, reduced conduction angle and switched-mode PAs will require at least some
control over harmonic impedances. More details on this issue will be given in Chapter 8.

Needless to say, the availability of an accurate large-signal nonlinear model for the ac-
tive device is absolutely critical for load-pull simulations. The type of analysis in which
a load-pull setup can be established is usually harmonic balance [91], and a desired num-
ber of harmonics can to be taken into account. Another important aspect is the drive
mechanism. Two points need to be addressed here.

First, Figure 5.44 shows that an input tuner is also part of a typical load-pull setup.
Namely, the transistor has to be properly driven, i.e. the input impedance Zin should be
matched to that of the signal source. The input tuner is thus used to boost the gain of the
device; without a good input match, the load-pull setup would, in principle, still function
properly and produce pretty much the same contours as a result, but with a lower Pout
and efficiency. Such a conclusion, however, is based on purely theoretical consideration.
In practice, the situation is more involved: some types of transistors may exhibit quite
significant dependency between the output power and the impedance presented to the
input. In other words, it is not just a matter of the input match and the amount of power
delivered from the source to the PA, but rather a source-pull effect, i.e. the influence of the
source impedance on the gain of the PA. In practice, it might be difficult to differentiate
between the two effects
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Second, the drive level itself should also be chosen carefully. If the PA is of a (moder-
ately) linear type, the device should not be driven beyond the maximum linear power, i.e.
the PA should not be pushed into compression, unless that would be the intended mode of
operation. We will see later, however, that the situation regarding the input drive is more
complex when it comes to switching amplifiers.

Class-E design based on load-pull

An interesting question that arises at this point is whether and how the load-pull concept
can be used for the design of switched-mode PAs, such as e.g. Class-E. This topic seems
to have been rather modestly investigated until recently. Therefore, in this section we will
consider this issue more extensively and propose a method for designing Class-E PAs by
making use of the load-pull technique.

The first step, of course, is to establish a simulation setup such as the one shown in Fig-
ure 5.46. The transistor should be sized according to the target output level and specified
supply voltage (see Section 5.5.1). It is also necessary to select the load network topol-
ogy that will transform the 50-Ω termination to the initial value of the load resistance, as
discussed in Section 5.5.2. The response of the chosen network is then simulated at the
harmonic frequencies, i.e. the fundamental and harmonic impedances Z(nωc) have to be
found. These are just the initial values, which will be refined later. On the input side, the
transistor is biased to be at the edge of conduction in the absence of input RF drive signal.
Furthermore, the input matching network is used to transform the 50−Ω impedance of
the signal source to one which is more suitable for driving the transistor. In accordance
with the conjugate match theory, the source impedance is chosen to correspond to the
conjugated value of the transistor input impedance. Such an impedance can be found
from e.g. S-parameter simulations of the circuit at a given bias point [15]. In practice,
however, some trial-and-error adjustment will prove more adequate. The problem lies in
the fact that the input impedance of the transistor is highly nonlinear, i.e., dependent on
the operating point. Thus, the device operating under large-signal conditions (and espe-
cially in switched-mode PAs), will exhibit dynamically varying input impedance. Clearly,
a passive matching network cannot easily address this issue and provide an optimal match
under all possible conditions of operation; the optimal solution must be sought in terms of
exhaustively exploring the impedance space and finding a “sweet spot” that provides the
best input match. This is a frequently employed practice in PA design, and the philosophy
behind the controversial large-signal S-parameters concept. Basically, the large-signal pa-
rameters of a device are specified for certain bias conditions, frequency of operation and
drive power level; nothing has been said about the values of load and source impedances
at harmonics, despite the fact that in PA applications, the drain current will inevitably
contain harmonic components, due to the intrinsic nonlinearity of the device. There-
fore, the problem with the large-signal S-parameters concept is that variation of the load
impedance presented to the transistor at, say, second or third harmonic, may substantially
change the waveform of the drain-source voltage, thus effectively changing its fundamen-
tal component as well. In the extreme case, it may even happen that the device enters the
triode region, creating a situation where both the drain and current waveforms mutually
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depend on each other; such operation is analytically surprisingly complex [13]. For the
mentioned reasons, it should be clear that large-signal S-parameters are a questionable
concept. However, it continues to exist in a part of the PA engineering community, and
is supported in some state-of-the-art CAD packages such as ADS. In the opinion of the
author, the large-signal impedance concept is a flagrant oversimplification of nonlinear
analysis problem, and most often not sufficiently theoretically developed and precisely
defined.
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Figure 5.46 Block diagram of the load-pull setup for Class-E PA design.

The load-pull concept illustrated in Figure 5.46 shows that there are basically four
independently variable parameters:

© the load impedance at the fundamental, Z1

© the source impedance at the fundamental, ZS

© the base bias voltage

© the drive level, VS

The design procedure is iterative, and consists of finding the optimum values of these
four parameters for a specified level of output power. Obviously, this is a multidimen-
sional space problem, however that doesn’t mean that it is impossible to derive a usable
solution. As already mentioned, the quiescent bias should be set so that the transistor is at
the verge of conduction, or, that the quiescent collector current is, say, on the order of 1%
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of the estimated peak current. The shunt capacitance CP is considered to be fixed and di-
mensioned according to the equations for the idealized Class-E operation. Initial value of
the load impedance, Z1, is also based on the ideal-case considerations, and the harmonic
impedances should be set sufficiently high. Their value is not critical at the initial stages
of the procedure. The small-signal S-parameters of the transistor are then simulated, in
order to determine the starting value for the source impedance, ZS. After these steps, the
initial conditions for all parameters are determined except for the drive level, VS.

When it comes to load-pull simulation applied to switched-mode PAs, one of the
issues that deserve special attention is the drive of the transistor. How exactly should the
transistor be driven in a switched-mode PA? It turns out that the answer is not simple, as
an insufficient drive results in the transistor not being enough ”ON” i.e. dissipation due to
the significant ON resistance of the switch. On the other hand, driving the transistor with
an excessively high level of input power is as well detrimental, since the device enters
saturation too deeply and cannot quickly recover i.e. the turn-off transient is slowed down
and disturbs the operation. By monitoring the collector current and voltage waveforms,
the designer can sweep the drive power until the range of sufficient drive is established.
Then, with the drive level set to a suitable value, the load-pull search for the optimum
load impedance can begin. In addition to the output power and efficiency, it is necessary
to monitor the collector/drain current and voltage waveforms, to ensure that the PA is still
operating in the desired Class-E regime. In Chapter 8, a Class-E PA design example based
on this procedure will be presented.

5.6 Conclusions
As already discussed in previous chapters, among several types of switched-mode PAs,
the Class-E configuration is the most promising one, particularly for RF operation. In
this chapter we have analyzed in detail the Class-E operation, both in its ideal form and
under the influence of various non-ideal effects. In Section 5.1, a detailed treatment of the
idealized Class-E operation, based on several simplifying assumptions, has been given.
This classical analysis has been carried out in order to create a basis for the more involved
case of Class-E operation under lossy conditions, presented in Section 5.3. An alterna-
tive, iterative design procedure has been proposed, and the theoretical limitations on the
efficiency due to parasitic resistances of the switch and shunt capacitor have been shown.

The Class-E operation with a finite DC-feed inductance instead of an RFC has been
the subject of Section 5.4. It was shown that the operation with a small feed inductance
is feasible and desirable, particularly for variable-envelope PA architectures based on the
Class-E circuit, such as the EER. The analysis of the finite-inductance based Class-E op-
eration shows that the design of such a circuit is a transcendental mathematical problem.
Therefore, the values for the circuit elements have been numerically solved for a num-
ber of discrete values of the input parameter. The obtained results are then interpolated
by the third-order Lagrange polynomials, resulting in closed-form design equations. The
proposed method has been verified by a design example, and the simulation results show
excellent agreement with the theoretical predictions.
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In Section 5.5, a general design methodology for Class-E PAs has been extensively
discussed. A number of issues have been covered, from device sizing to the load-pull
method for the design of the load network. Considerations related to the device size
and drive level requirements have been given in Section 5.5.1, for both FET and bipolar
devices. It has been shown that the device size imposes a theoretical limit on the DC-to-
RF efficiency of the Class-E PA, and guidelines onto how to size and drive the device for a
target efficiency performance have been described. The drive level requirements for FET
and bipolar devices are of course substantially different, owing to the different physical
operation of the two devices.

Section 5.5.2 highlighted the problem of matching network design for PAs. General
considerations on the matching network theory were given and a number of practical
topologies used in PA design are reviewed. It has been shown that the L-type low-pass
matching network is particularly suitable for the Class-E configuration, as it inherently
performs two critical tasks: the downwards impedance transformation at the fundamental,
and the generation of high harmonic impedances. The Class-E operation with a finite
Q-factor has been considered, and the method for practical circuit design, based on the
L-match lowpass network that obviates the need for the series high-Q resonator, has been
proposed, building up on the work previously published by Sokal.

An overview of CAD tools and simulation techniques applicable in the design of
Class-E PAs has been given in Section 5.5.3. Three types of analyses were discussed:
transient, harmonic balance and envelope simulation. Peculiarities of each of the men-
tioned simulation techniques have been considered in the context of Class-E PA design.
Transient simulation still proves useful and irreplaceable, offering some unique benefits
in comparison to the harmonic balance counterpart. On the other hand, harmonic balance
analysis, in addition to being more efficient, offers the concept of harmonic impedance
tuning, a feat that forms the basis of the load-pull technique. Furthermore, the advantages
of a specialized Class-E design tool HEPA-PLUS over the standard CAD solutions have
been briefly described.

Section 5.5.4 concludes the chapter by a discussion on the load-pull technique, one of
the essential instruments in the toolbox of a PA designer nowadays. Despite its complex-
ity, time-consuming character and somewhat ”unscientific” appeal, it remains a powerful
design tool for getting the PAs working and understanding them better. The requirement
for simultaneous fundamental and harmonic tuning is not always easy to accomplish in
practice, but the advent of fast nonlinear simulators and accurate large signal models
enables the load-pull technique to be implemented in the simulation domain as well. Fur-
thermore, the technique proves useful for design and optimization of switched-mode am-
plifiers as well, as discussed in the method proposed for Class-E PA design. A possible
design procedure based on the load-pull simulations has been described, and will be fur-
ther demonstrated by a design example in Chapter 7.
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6

Class-E in the EER context

IN Chapter 4, the basics of the EER architecture (often referred to as polar modulation),
were introduced. We have seen that EER combines a highly efficient but nonlinear RF

power amplifier with a highly efficient and linear envelope amplifier (supply modulator)
to produce a high-efficiency linear RF power amplification. On the other hand, it was
shown that Class E is among switched-type PAs the most suitable one for RF operation.
In this Chapter, we will in more detail examine the Class-E PA and the EER architecture
conjunction, and study various circuit-level phenomena that are not immediately notice-
able at architecture-level considerations. In addition, we will consider the influence of
various system-level nonidealities on the overall performance of an EER system.

Before proceeding with our considerations, a comment on the terminology is in order.
In the literature, some confusion appears to exist in the use of the term ”polar modulation”
or polar-modulated PA. Similar, but essentially different PA linearization and efficiency
enhancement techniques are often referred to as polar modulation, some of them erro-
neously. For instance, the envelope tracking (ET) technique [13, 34, 96] is principally
different from the polar modulation concept: the signal coming to the (linear) PA em-
ployed in an ET transmitter is already amplitude and phase-modulated wave, and the ET
architecture only provides efficiency enhancement by dynamically changing the supply
voltage overhead of the PA in order to decrease unnecessary dissipation.

The objective in this chapter is to provide an understanding of the issues and chal-
lenges in polar modulation PA techniques. Whereas in classical PA design one tries to
achieve as low as possible sensitivity of the output power of the PA to variations in the
supply voltage, in the polar-modulated PA design the goal is precisely to achieve modula-
tion of the output power by varying the supply voltage. While being simple and intuitive,
this concept hides several caveats that are not obvious at a first glance.

167



168 CHAPTER 6. CLASS-E IN THE EER CONTEXT

6.1 The EER concept
The Envelope Elimination and Restoration (EER) is a rather old technique, dating from
the days when virtually all RF transmitters were still based on vacuum tubes. The tech-
nique was originally proposed in [33], and is also often referred to as Kahn’s technique,
by the name if its inventor. It is based on the principle of controlling the output power of
a transmitter by modulating its supply voltage, rather than varying the level of the drive
signal. The combination of switched-mode RF PAs and low-frequency linear amplifiers
turns out to be a successful approach for the simultaneously linear and efficient ampli-
fication of variable-envelope RF signals. Like any other circuit technique, the EER has
its own difficulties that particularly come to the eye when a practical implementation is
contemplated.

6.1.1 Ideal EER system
First it should be made clear what constitutes an ideal EER system. Consider the system
depicted in Figure 6.1. Initially, we will assume all the blocks of the system to be ideal
and that all conditions needed for an optimal functioning are satisfied. This specifically
means the following:

© The input signal vin is a narrowband-modulated RF carrier, and hence can be repre-
sented in the form vin(t) = A(t)cos [ωct +ϕ(t)].

© The envelope and phase-modulated component of the input RF signal are concep-
tually generated in the envelope and phase generation (EPG) block. In practice, the
input signal to the system need not be an RF signal, since the envelope and phase
can be generated directly from the baseband circuitry (see Figure 4.4).

© The power supply modulator (PSM) is a block with a perfectly linear transfer char-
acteristic, i.e. VPA is linearly proportional to A and contains no offset. Furthermore,
VPA is not sensitive to variations of the overall DC supply, VBAT T .

© The PA has ideal AM-AM and AM-PM characteristics. This point will be discussed
in more detail in the following section.

© The envelope and phase paths are perfectly aligned in time to each other. The out-
put signal may exhibit considerable delay (latency) td with respect to the the input
signal, and an additional phase shift ψ , but there is no delay mismatch between the
amplitude and phase components.

Under these assumptions, the EER is a perfectly linear system. Nothing is ideal in
practice, of course, and distortion of a realistic EER system may arise for a number of
reasons. Here, we we will classify them in the following two categories:

© Distortion due to imperfections of the PA.
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Figure 6.1 Ideal modulation characteristic of a PA for EER.

© Distortion due to system-level effects (i.e., all other factors that are not related to
the PA).

In the following sections, we will analyze in more detail the effects of nonidealities from
the both categories.

6.2 Realistic Class-E PA and EER
In this section, we will examine how the various imperfection of a realistic Class-E PA
influence the overall system performance of an EER system in which such a PA is em-
ployed. The focus will be on circuit-level effects in the PA, and we will analyze how these
phenomena degrade the performance of the entire EER system. This situation can be ana-
lyzed from two different points of view. First, imperfections of the PA lead to degradation
of performance of the whole system. On the other, some of the undesirable effects of the
PA may arise specifically because the PA is part of the linearization scheme.

6.2.1 Imperfections of the PA
Under distortion due to the imperfections of the PA, nonideal AM-AM and AM-PM char-
acteristics of a realistic PA will be assumed. However, here we refer to the AM-AM and
AM-PM characteristics in the context of the EER architecture, as opposed to the conven-
tional definition of AM-AM and AM-PM effects that was given in Chapter 2. Namely, a
PA to be employed in an EER architecture ideally should have a perfectly linear (on the
log-lin scale) or a perfectly quadratic (on the fully linear scale) Pout vs. VDD characteristic.
In other words, on the linear scale, the output power of the PA should be proportional to
the square of the supply voltage and contain no offset, as plotted in Figure 6.2.

In addition, the phase of the RF signal at the output of the PA should exhibit no
dependence on the supply voltage, i.e. the PA ideally should have a flat ϕout vs. VDD
characteristic, as shown in Figure 6.3.
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Figure 6.3 Ideal modulation characteristic of a PA for EER.

Another feature of Class-E amplifiers that makes them particularly attractive for the
EER architecture is that the output (DC-to-RF) efficiency of an ideal Class-E PA remains
constant at all output power levels. As discussed in Chapter 5, the fact that the transistor
is operated as a switch implies that no power is dissipated in the device, and that all the
power drawn from the supply is delivered to the load. This observation holds at all power
levels and gives rise to the constant efficiency behavior. The back-off operation of the
Class-E stage is thus very favorable for the EER architecture.

In practice, the characteristics of a Class-E PA can significantly deviate from the ideal
ones shown in Figures 6.2 and 6.3 [30, 97, 98], and the reasons for this behavior are
numerous. In general, the transistor is not an ideal switch, but rather a very complex
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device that exhibits a number of intrinsic nonlinear mechanisms. Varying the supply
voltage of the Class-E PA will directly change the magnitude of currents and voltages in
the circuit, but will also alter the average values of various nonlinear quantities related to
the physical operation of the transistor. Furthermore, a practical Class-E PA will not only
exhibit nonideal AM-AM and AM-PM behavior, but will also show some dependence
of the output efficiency on the output power level. Nevertheless, the Class-E technique
remains an attractive choice for EER applications, as will be demonstrated in the next
section.

6.2.2 Case study: Class-E PA based EER system
Now we will consider how a Class-E circuit, based on a realistic model of a bipolar
transistor, behaves in an EER system. In Figure 6.4, a block diagram of the linearization
concept based on the EER principle is presented. WCDMA baseband signals I and Q are
generated by the system-level software tool Signal Processing Workbench (SPW), with a
3.84 Mcps chiprate, and imported into the circuit simulator Spectre RF of Cadence.

X2

X2

vRF(t)

vRFin(t)cos

sin ωct

ω tc

1

X

X

E(t)

I(t)

Q(t)

Figure 6.4 Linearization circuit

The WCDMA RF signal is obtained by IQ modulation as

vRF(t) = I(t)cos(ωct)+Q(t)sin(ωct) (6.1)

and can also be expressed as

vRF(t) = E(t)cos(ωct +φ(t)) (6.2)

This signal has a variable envelope (see Figure 6.6) and a peak-to-average power ratio
(crest factor) of 5.7 dB. In the original EER concept, the envelope of the RF signal is ob-
tained by passing it through the amplitude detector, but it can also be done by the baseband
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signal processing, as E(t) =
√

I2(t)+Q2(t). The presented linearization scheme contains
a minor modification of the original EER. The RF signal coming from the IQ modulator
is being multiplied by the reciprocal value of the envelope. As shown in Figure 6.4, ideal
(algorithmic) multiplication, addition, reciprocity, square and square-root blocks from the
analog hardware descriptive library (AHDL) have been used in the process of generating
the envelope and phase components. The underlying idea here is to generate a constant
envelope sinusoidal signal with the preserved phase information, i.e. zero crossings. Thus,
a signal

vRFin(t) = cos(ωct +φ(t)) (6.3)

is obtained, which is more suitable as the input signal for the Class-E PA, since the am-
plifier is designed for a constant envelope drive. From the linearization circuitry, signals
E(t) and vRFin(t) are now fed to the Class-E circuit, as depicted in Figure 6.5.

C2 L2

L1

VDCin

vRFin (t) Rload
v
RFout(t)C1

E(t)

Q

A

+

Figure 6.5 Class E PA with EER applied.

Before being delivered to the input of the PA, the phase-carrying signal vRFin(t) must
undergo certain signal conditioning, in order to provide optimal drive conditions for the
active device. Signal vRFin(t) is thus multiplied by an appropriately chosen constant A
and a DC offset voltage VDCin is added. The values of A and VDCin have been determined
experimentally, by simulating the Class-E circuit with constant-envelope drive and opti-
mizing A and VDCin for maximum efficiency. Furthermore, the envelope signal, E(t), is
now fed through a small inductance L1. Namely, an RF choke can not be used in the circuit
employed in the EER system, since it would have suppressing effect on higher spectral
components in E(t). The value of the inductance L1 is also determined experimentally,
by optimizing the circuit for soft-switching operation.

In Figure 6.6, the original (source) WCDMA RF signal and the output RF signal from
the PA are given. Basic visual inspection shows that the original variable envelope is
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Figure 6.6 The original and output WCDMA RF signal

almost perfectly restored in the output signal. The first 2µs of the simulation should be
neglected, until the WCDMA baseband generator enters a stable operation and starts pro-
ducing valid output values for I(t) and Q(t). While the visual inspection of the waveforms
is purely qualitative and serves only as a rough indication of the basic functioning of the
EER circuitry, the ACPR analysis of the output signal shows that the simulated operation
indeed satisfies the WCDMA spectrum requirements. The technical specification [9] for
the WCDMA air interface specifies the minimum ACPR1=33 dBc and ACPR2=43 dBc,
and the ACPR performance of the simulated EER system is given in Table 6.1. Three
different types of devices have been used for the PA, and the obtained ACPR behavior
is satisfactory in all three cases. The values of constants A and VDCin are experimentally
determined for each device separately, so as to optimize the efficiency performance of the
PA.

Table 6.1 Simulated ACPR performance of the linearized PA
Technology

Parameter BJT HBT CMOS18
ACPR1 (dBc) 39.7 34.4 37
ACPR2 (dBc) 55.9 53.6 46.9

Power spectral densities used for calculation of the ACPR are obtained from the re-
sults of a 35 µs long transient analysis in Spectre RF circuit simulator. The waveform
calculator of Spectre RF has been used in calculations. In Figure 6.7, the power spectrum
of the output signal vRFout is displayed.

It is important to note that all blocks in the linearization schematic (multipliers, adders,
square and square root functions) are ideal and do not introduce any delay nor distor-
tion. This is of crucial importance, since the EER technique is particularly sensitive
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to delay mismatch between the envelope and phase path. The ACPR values of vRF(t),
generated by an ideal IQ modulator, are 65 dBc and 85 dBc, for ACPR1 and ACPR2,
respectively. Therefore, the output signal exhibits a certain degradation, even though the
building blocks in the EER circuit, apart from the PA, are ideal. As already mentioned
in Section 6.2.1, the reasons for such behavior are complex and numerous. First, the
amplifier introduces certain amount of phase distortion. Secondly, the assumption that
the amplitude of the output signal is linearly dependent on the supply voltage does not
hold in practice. Theoretically, the amplitude of the output signal of an ideal Class-E PA,
supplied by VDC, is Vout = 1.074VDC and the ratio Vout/VDC remains constant when VDC
changes [99]. This is not the case in practice, however, since there is an entire set of
nonidealities and voltage-dependent effects of the transistor, such as e.g. the non-linear
parasitic output capacitance or the knee voltage of the device. In Figure 6.8, it is shown
how the amplitude of the output signal depends on the supply voltage, for the PA based
on the HBT. Factor k is defined as k = Vout/VDC. It can be noticed that k is smaller than
the theoretical value of 1.074, which is explained by the nonidealities of a real circuit, the
knee voltage of the transistor and inevitable losses. The value of k itself is not a problem
per se, but rather its dependence on VDC, since it constitutes AM-AM distortion and will
have a direct impact on the linearity and ACPR performance of the whole system. There
is little that the PA designer can do about this, however; the AM-AM and AM-PM effects
are difficult to be tamed at the PA circuit design level, and can only be resolved by apply-
ing suitable predistortion procedures. More comments on this will be given in Chapter 7.

The PAE also changes with the supply voltage, and the corresponding plot for the
HBT-based circuit is shown in Figure 6.9. The primary reason for the drop of the PAE
when VDC decreases is the fact that the PA is driven by a constant input power at all
values of VDC. When VDC is lowered, the output power reduces (and PDC as well), but the
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input power remains constant. Since the PAE is defined as PAE = (Pout −Pin)/PDC, the
influence of the input power term Pin becomes increasingly dominant for lower values of
VDC.
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Figure 6.9 PAE dependence on the supply voltage

The presented simulation results show that a Class-E based EER system can satisfy
the ACPR requirements even for linearity-demanding systems such as UMTS, provided
the envelope and phase-modulated components are properly generated and fed to the PA.
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At the time of its publication [67], this was the first such quantitative verification of the
feasibility of the Class-E based EER architecture for UMTS applications. These results
implicit that the EER concept also is a viable solution for other comparable variable-
envelope systems such as e.g. EDGE(3π/8-8PSK), CDMA (π/4-DQPSK) etc. Of course,
in addition to ACPR, the EVM requirements must be satisfied as well, but in the case
of the UMTS system, the ACPR specification is more sensitive to nonlinearity of the
system; as will be shown in Section 6.3.3, if the ACPR specification is satisfied, the EVM
requirement is satisfied as well.

6.3 System-level effects
In the previous section, we have seen that the linear AM-AM and constant AM-PM char-
acteristics1 of the PA are of great importance for the overall linearity of an EER system.
Simulation results have confirmed that a Class-E PA, if fed with appropriate drive and
supply signals, can produce the WCDMA RF signal with acceptably small distortion.
However, the generation of these signals and their delivery to the PA can pose significant
problems and be a real bottleneck of the system, rather than the PA itself. In this section
we will consider these system-level effects, assuming that the PA has ideal AM-AM and
AM-PM characteristics. The effects that will be discussed here are the following:

© linear distortion (filtering) in the amplitude path

© nonlinear distortion in the amplitude path

© delay mismatch between the amplitude and phase paths

6.3.1 Linear distortion in the amplitude path
As Raab pointed out in [100], the finite envelope bandwidth and the differential delay
between the envelope and RF path in the EER system are the two main parameters that
will result in the intermodulation distortion (IMD) of the output signal. The main goal
in this section is to extend the work presented in [100] and derive analytic relationships
between the IMD levels and an arbitrary transfer characteristic with gradual roll-off in the
envelope modulation path.

The approach will be based on a two-tone signal, which conveniently provides sim-
plicity for the analysis. This simplicity, however, does not compromise validity of the
obtained results. A two-tone test signal can be easiest generated as a product of a low-
frequency modulating signal and a high-frequency carrier, i.e.

vi(t) = cos(ωmt)cos(ωct) =
1
2

cos(ωc−ωm)t +
1
2

cos(ωc +ωm)t (6.4)

1In the context of the EER architecture.
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The two signals are taken with unity amplitudes, with ωm and ωc being the angular
frequency of the modulating signal and of the carrier, respectively. This type of signal
is commonly referred to as a Double Side Band - Suppressed Carrier (DSB/SC) signal.
The input signal from (6.4) can also be represented as an amplitude- and phase-modulated
wave, i.e.

vi(t) = Ei(t)cos(ωct +φi(t)) = Ei(t)vx(t) (6.5)

where Ei(t) is the envelope of the input signal, fulfilling the condition Ei(t)≥ 0, and φi(t)
is the phase modulation of the RF carrier. In further expressions it is convenient to adopt
the angular time given by θ = ωmt. For the two-tone signal in (6.4), it is easy to see that

Ei(t) = |cos(ωmt)| (6.6)

whereas the phase modulation is given by

φi(t) =
{

0, cos(θ)≥ 0
π, cos(θ)≤ 0 (6.7)

The block diagram of the EER system for the study of IMD products is shown in
Figure 6.10. As can be seen from (6.7), in the case of our two-tone signal, the phase
variation φi(t) corresponds to reversals in the carrier polarity. Therefore, signal vx(t)
which is fed to the input of the amplifier, can be simply represented as the original RF
carrier multiplied by a switching function c(θ),

vx(t) = cos(ωct +φi(t)) = c(θ)cos(ωct) (6.8)

where the switching function c(θ) is defined as

c(θ) = sgn(cos(θ)) =





1, cos(θ) > 0
0, cos(θ) = 0

−1, cos(θ) < 0
(6.9)

Since Ei(θ) and c(θ) are periodic signals, they can be expanded into the correspond-
ing Fourier series as

Ei(θ) = a0 + ∑
m=2,4,6...

am cos(mθ) (6.10)

c(θ) = ∑
n=1,3,5...

cn cos(nθ) (6.11)

where the coefficients am and cn are defined as

a0 =
1

2π

∫ 2π

0
|cos(θ)|dθ =

2
π

(6.12)

am =
1
π

∫ 2π

0
|cos(θ)|cos(mθ)dθ =

4
π

(−1)
m−2

2

m2−1
, m = 2,4 . . . (6.13)
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Figure 6.10 Block diagram of the EER test system

cn =
1
π

∫ 2π

0
sgn(cos(θ))cos(nθ)dθ =

4
π

(−1)
n−1

2

n
, n = 1,3 . . . (6.14)

For reasons that will be explained later, it is of interest to study the effect of the simple
lowpass RL network on the envelope signal Ei(θ) and, consequently, on the output signal
and its spectrum. Therefore, we will consider the case where the envelope signal Ei(θ)
is passed through the circuit depicted in Figure 6.11, before being fed to the PA. The
complex transfer function of the RL network is

H(jω) =
V2( jω)
V1( jω)

=
1

1+ jω LRFC
RA

=
1

1+ j(ω/ωt)
= H(ω)ejϕ(ω) (6.15)

where ωt = RA/LRFC represents the corner (3dB) frequency of the filter. The amplitude
and phase characteristic are

H(ω) =
1√

1+(ω/ωt)2
(6.16)

ϕ(ω) =−arctan
(

ω
ωt

)
(6.17)

The amplitude and phase response of the RL lowpass filter at harmonic frequencies of
ωm will be denoted as hk and ϕk, respectively, where

hk = H(kωm) =
1√

1+
(

kωm
ωt

)2
, k = 1,2,3 . . . (6.18)

and

ϕk = ϕ(kωm) =−arctan
(

kωm

ωt

)
, k = 1,2,3 . . . (6.19)
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Figure 6.11 Low pass LR network

Therefore, due to the action of the lowpass RL circuit, the restored envelope of the output
signal will be given by

Eo(θ) = a0 + ∑
m=2,4...

amhm cos(mθ +ϕm) (6.20)

The reconstructed signal at the output of the power amplifier can now be represented as

vo(t) = Eo(θ)vx(t) = Eo(θ)c(θ)cos(ωct) = y(θ)cos(ωct) (6.21)

where y(θ) = Eo(θ)c(θ) is the modulating function of the reconstructed output signal.
In order to analyze the IMD products in the output signal, it is necessary to consider the
product Eo(θ)c(θ), i.e. the spectral content of the modulating function. From (6.20) and
(6.11), we observe that

y(θ) =

[
a0 + ∑

m=2,4...

amhm cos(mθ +ϕm)

]
∑

n=1,3,5...

cn cos(nθ) (6.22)

Therefore, the spectral components of the modulating function are the result of mixing of
each of the spectral component in Eo(θ) with each of the spectral component of c(θ). The
presence of the phase term ϕm in (6.22) and the gradual roll-off of the lowpass transfer
function require special attention and cause the analysis to be far more complicated than
in [100], where an ideal brick-wall lowpass filter was assumed and a simple truncation
of the out-of-band spectral terms in the envelope signal was used. Here, we will apply
a series of trigonometric transformations in order to obtain analytic expressions for the
IMD products. Thus, equation (6.22) can be rewritten as

y(θ) = ∑
n=1,3...

a0cn cos(nθ)+

∑
m=2,4...

n=1,3...

amhmcn cos(mθ +ϕm)cos(nθ) (6.23)
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The product of the two cosine functions in the second sum in (6.23) can be expanded as

cos(mθ +ϕm)cos(nθ) =
1
2

cos((m+n)θ +ϕm)+

+
1
2

cos((m−n)θ +ϕm) (6.24)

The first term on the right hand side in (6.24) can further be transformed as

1
2

cos((m+n)θ +ϕm) =
1
2

cosϕm cos((m+n)θ)

−1
2

sinϕm sin((m+n)θ) (6.25)

Similarly, for the second term in (6.24) we will have

1
2

cos((m−n)θ +ϕm) =
1
2

cosϕm cos((m−n)θ)

−1
2

sinϕm sin((m−n)θ) (6.26)

Taking care of the polarity of term (m−n), we can transform (6.26) into a more generic
form

1
2

cos((m−n)θ +ϕm) =
1
2

cosϕm cos(|m−n|θ)

−1
2

sgn(m−n)sinϕm sin(|m−n|θ) (6.27)

As we will see, this transformation facilitates the calculation of the IMD products. It
allows us to derive a more compact expression for the IMD products, since the influence
of the sign of the difference (m−n) is eliminated from the sine function. By combining
equations (6.22)-(6.27), we can write

y(θ) = ∑
n=1,3...

a0cn cos(nθ)+

∑
m=2,4...

n=1,3...

amhmcn
1
2

[cosϕm cos((m+n)θ) +

cosϕm cos(|m−n|θ)− sinϕm sin((m+n)θ)
−sgn(m−n)sinϕm sin(|m−n|θ)] (6.28)

Since m takes only even values, and n only the odd ones, the modulating function y(θ)
can be written as

y(θ) = ∑
k=1,3,5...

[pk sin(kθ)+qk cos(kθ)] (6.29)
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From (6.28), the coefficients pk and qk are found to be

pk = ∑
m=2,4...

n=1,3...

m+n=k

−1
2

amhmcn sinϕm +

∑
m=2,4...

n=1,3...

|m−n|=k

−1
2

amhmcnsgn(m−n)sinϕm (6.30)

and

qk = a0ck+ ∑
m=2,4...

n=1,3...

m+n=k

1
2

amhmcn cosϕm +

∑
m=2,4...

n=1,3...

|m−n|=k

1
2

amhmcn cosϕm (6.31)

From (6.30) it can be seen why it was important to extract the polarity of (m−n) out of
the sine function: k = |m−n| is always positive, but the two different combinations of n
that lead to the same k for a given m must be taken into account with correct polarity. For
instance, m = 2 and n = 1 lead to k = 1, just as do m = 2 and n = 3. However, in the latter
case, the sinϕm term in (6.30) is taken with the negative polarity.

Finally, we can transform the modulation function from (6.29) into the form

y(θ) = ∑
k=1,3,5...

bk cos(kθ + γk) (6.32)

where bk and γk are calculated as

bk =
√

p2
k +q2

k (6.33)

and
γk = arctan

(
− pk

qk

)
(6.34)

taking care to chose the right quadrant for the solution. From (6.21) and (6.32), we can
finally write the output signal as

vo(t) = ∑
k=1,3...

bk

2
[cos((ωc + kωm)t + γk)

+cos((ωc− kωm)t− γk)] (6.35)
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In further considerations, we will be interested only in the amplitude of the IMD products,
and not in the phase. The amplitude of the desired sideband components is b1/2, while
the amplitude of the k-th order IMD products is bk/2.

In [100], the carrier-to-intermodulation ratio (C/I) was used to characterize the IMD
behavior. This ratio, defined with respect to an unmodulated carrier (amplitude of unity),
is given by

(C/I)[dB] = 20log
(

2
|bk|

)
(6.36)

However, in the opinion of the author, it would be more instructive to define an alternative
measure, the sideband-to-intermodulation ratio, which is for the k-th order IM product
defined as

(SB/Ik)[dB] = 20log
( |b1|
|bk|

)
(6.37)

Clearly, the SB/I ratio gives a less optimistic picture of the intermodulation distortion in
the EER-based transmitter, for at least 3 dB lower than C/I, but a more realistic one, since
information is contained in the sideband product and not in the carrier (which is in this
case suppressed).

From equations (6.12), (6.13), (6.14), (6.18), (6.19), (6.30), (6.31) and (6.33), the
values of the coefficients bk can be numerically calculated, if the ratio ωm/ωt is known.
A suitable program has been written in MATHEMATICA to perform the calculation of
these coefficients and the corresponding values of SB/Ik as a function of ωm/ωt . In (6.30)
and (6.31), we can notice that the indices m and n can take an infinite number of values
for a given k, such that |m− n| = k. Therefore, in the calculation of these sums, m and
n should theoretically be swept to infinity. However, as can be seen from (6.12)–(6.14)
and (6.18), the values of am, hm and cn rapidly drop with the increase of m and n, so the
calculations have been performed by sweeping the indices up to m = 100 and n = 99. This
range of values is entirely sufficient for the good accuracy, and MATHEMATICA performs
this operation almost instantaneously.

The equations derived here are of generic character and can be used for an arbitrary
envelope filter function. It is sufficient to substitute the appropriate values of hm and ϕm
in (6.30) and (6.31) and to repeat the necessary calculations.

The results obtained for the single-pole lowpass function are shown in Figure 6.12.
The dominant IM products are, as expected, of the third and fifth order, and only they
have been plotted, for clarity. At low values of the ratio ωm/ωt , SB/I3 and SB/I5 have
virtually the same values. A rapid drop in the SB/I ratio can be noted as the frequency of
the modulating signal ωm approaches the corner frequency ωt of the lowpass network.

Another point that is important to mention here is the Adjacent Channel Power Ratio
(ACPR), which is a commonly used parameter to characterize the IMD of transmitters
in modern communication systems. A very substantial and accurate conclusion on the
ACPR that will result in an EER-based system cannot be made here, but SB/I can be used
as a useful indication of the expected ACPR performance. In [100], Raab mentions that
the IMD for multitone signals is never larger than that of the two-tone signal. Therefore,
intuitively we would say that SB/I3 represents a worst-case prediction for ACPR1 for our



6.3. SYSTEM-LEVEL EFFECTS 183

0 0.5 1 1.5 2

20

40

60

80
3rd−order IMD
5th −order IMD

SB/I[dB]

ω tm/ω
Figure 6.12 The calculated SB/I response of the EER system

EER system, based on perfect blocks and one-pole low-pass function in the envelope path
(Figure 6.10). In practice, however, the nonlinearity of the PA and other phenomena, such
as differential delay between signals vx(t) and Eo(θ), will also have a strong impact on
the IMD and make ACPR worse.

C2 L2

Rload
v
RFout(t)C1

LRFC

RA Q

+

E(t)

Figure 6.13 The LR network in the Class-E PA

As already mentioned, the derived equations are of generic character and thus applica-
ble for any transfer function in the envelope path, but the analyzed case of the first-order
low-pass transfer function indeed proves of particular importance since it is inherently as-
sociated with the Class-E circuit. In order to clarify this point, consider the circuit diagram
of the Class-E PA shown in Figure 6.13. The DC-feeding inductance LRFC is a consti-
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tutive part of the circuitry, whereas RA denotes the resistance that the circuit presents to
the supply, i.e. the dc-resistance seen looking into the supply terminal of the PA. For the
constant envelope operation, LRFC is usually chosen large enough to be considered as an
open circuit for the RF signal and thus allows only the DC component to flow. Therefore,
no special considerations on the choke inductance are necessary in that case. When using
the Class-E in an EER system, however, LRFC becomes an important design parameter:
it is a part of the intrinsic lowpass network. Therefore, when using the Class-E PA in
an EER transmitter system, the designer should be careful and choose the value of LRFC
that will, in conjunction with RA of the circuit and a given bandwidth of the RF signal,
provide a satisfying IMD response. The value of RA is basically dependent on the desired
output power level for a given supply voltage, but also on whether the circuit is designed
with an RF choke or a finite-inductance DC-feeder. Also, the Class-E circuit elements
change their nominal values when the circuit is to be designed with a small DC-feeder
inductance, as already discussed in Section 5.4.

In Figure 6.14, the simulated SB/I response plot of the Class-E PA is shown. It
is interesting that for a given ωm/ωt , the SB/I response is better than the theoretical
prediction for the ideal EER system in Figure 6.12. This effect is due to suppression
of the IMD products by the load network of the Class-E PA. Namely, the series LCR
combination acts as a bandpass filter, attenuating the IMD products in the output signal.
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Figure 6.14 The simulated SB/I response of the EER system based on the Class-
E PA

In Section 6.2.2, an experimental approach was used to design Class-E with small
DC-feeder inductance, in order to obtain a good ACPR. Here, we propose an analytic
and more quantitative approach to this issue. While at the first glance the presence of
the inductance in the supply line of the PA may seem as a trivial point and not really
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an obstacle for the realization of the EER system, the results of the analysis show that
caution is necessary, especially when using PAs that deliver significant amounts of power
with relatively low supply voltages. Such a PA can have a low value of RA, which then
leads to the low value of ωt even if finite inductance LRFC has been used instead of a
”real” RF choke. Depending on the bandwidth of the envelope signal, the designer should
choose the value of LRFC that satisfies the desired levels of IMD.

6.3.2 Nonlinear distortion in the amplitude path
Nonlinear distortion in the amplitude path refers to the case where the supply voltage
provided to the PA is a nonlinear function of the input envelope signal. This situation
can occur due to nonlinearity of any of the circuit blocks in the envelope path of an EER
system. For instance, a diode-based envelope detector is essentially a nonlinear circuit
that will distort the original envelope. Modern implementations of the EER concept,
however, will generate the input envelope signal directly from the baseband circuitry with
an excellent accuracy. In practice, nonlinearity in the envelope path is usually caused by
the switching supply modulator, due to inherent nonlinear distortion associated with the
PWM technique.

As already discussed in Section 2.2, odd-order nonlinearity of a PA leads to intermod-
ulation distortion of the signal, i.e. the presence of intermodulation spectral components
at the output that contribute to the adjacent-channel interference. Interestingly, even-order
nonlinearity does not produce IM components at the output, but only odd-order harmonics
that are in general not so critical as they can be filtered out.

Here, our focus is to analyze the effects of nonlinearity in the envelope path of an
EER system, assuming that the PA is perfectly linear (i.e., acts as an ideal multiplier).
The impact of nonlinearity in the envelope path will be analyzed by using a standard
two-tone signal at the input of the system. This approach is illustrative, as it enables to
quantitatively investigate the intermodulation products at the output, but is also convenient
from the mathematical point of view.

A conceptual EER system for the analysis of the effects of nonlinear distortion in
the amplitude path is shown in Figure 6.15. The input signal, which is considered an
amplitude- and phase-modulated wave, is in the upper branch fed to an ideal envelope
detector that extracts the input envelope, Ein(t). By passing the envelope signal through
a conceptual block that generates its reciprocal value and multiplying it by the original
signal, the component of the input signal carrying information in the phase is obtained.
This phase-modulated wave is denoted as vx(t).

The analysis of the system is carried out in a way analogous to the one used in Section
6.3.1, with the only difference that the envelope path now contains a nonlinear distortion
element instead of a linear filter. The output envelope, Eo(t), thus can be expressed as a
nonlinear function of the input envelope, Ei(t). We will adopt the conventional method of
modeling nonlinearity by a power series, i.e. the output envelope can be expressed as

Eo(t) = k1Ei(t)+ k2E2
i (t)+ ... =

∞
∑
n=1

knEn
i (t) (6.38)
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where coefficients kn are real numbers that determine the nature and extent of the nonlin-
earity. Furthermore, in our considerations we will assume that memory effects and delay
are non existent.

The idea here is to compare the linearity performance of the system depicted in Figure
6.15 with that of the classical nonlinear amplifier having the same type and amount of
nonlinearity as the nonlinear block in the envelope path. Thus, we will assume that the
envelope of the output signal will be a nonlinear function of the input signal envelope.

]

vx(t)v i (t) vx(t)Ei (t)= vx(t)Eo (t)vo (t) =

Ei (t) Eo (t)

vx(t) ωc

PA

value
Reciprocal1/x

Env. detector Nonlinearity

= cos [ t + φ( t )

Figure 6.15 Conceptual EER system for analyzing the effects of nonlinear dis-
tortion in the amplitude path.

Case 1: second-order distortion

First we will compare the intermodulation performance of a classical nonlinear amplifier
with that of an EER system for the case of a second-order nonlinear behavior. As already
mentioned, it will be assumed that nonlinearity of the amplifier corresponds in nature
and magnitude to the nonlinearity contained in the envelope path. We will begin our
considerations by noting that the input-output characteristic of the amplifier is given by

vo(t) = k1vi(t)+ k2v2
i (t) (6.39)

where k1 represents the linear gain and k2 is a coefficient that characterizes the second-
order distortion. If the input signal consists of two discrete tones, i.e.

vi(t) = A1 cos(ω1t)+A2 cos(ω2t) (6.40)

then it can be shown [8, 13] that the output signal is given by

vo(t) =
1
2

k2(A2
1 +A2

2)+ k1A1 cos(ω1t)+ k2A2 cos(ω2t)+
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1
2

k2A2
1 cos(2ω1t)+

1
2

k2A2
2 cos(2ω2t)+

1
2

k2A1A2 cos(ω1−ω2)t +
1
2

k2A1A2 cos(ω1 +ω2)t (6.41)

As the above equations shows, the output signal contains a number of spectral compo-
nents: the DC term, the fundamental tones, their harmonics and intermodulation prod-
ucts. The intermodulation products, given in the last row of (6.41), are at frequencies
ω1−ω2 and ω1 +ω2 and thus fall far from the desired signal and can relatively easily be
filtered out. This is in accordance with the general well-known theory that only odd-order
nonlinearity produces intermodulation products that disturb the adjacent channels and are
difficult to remove.

It is now of interest to consider the effects of the second-order distortion for the case of
an EER-based PA system. In order to do so, we will refer to the system depicted in Figure
6.15 and assume that the output envelope is a nonlinear function of the input envelope,
given by

Eo(t) = k1Ei(t)+ k2E2
i (t) (6.42)

Obviously, the output signal envelope, Eo(t), contains a linear (undistorted) component,
k1Ei(t), and the distorted component, k2E2

i (t). Since we are interested in overall distortion
of the system, only the distorted component of the envelope need be considered; the linear
part is not of relevance and thus can be neglected. For mathematical convenience, the
analysis will be carried out on the two-tone signal, i.e. the same approach will be used as
in Section 6.3.1. For clarity, some of the expressions will be rewritten here. The two-tone
input signal with a unity peak envelope can be expressed as

vi(t) = cos(ωmt)cos(ωct) = Ei(t)vx(t) (6.43)

where Ei(t) = |cos(ωmt)| = |cosθm| is the envelope of the signal and vx = cos(ωct +
φ(t)) represents the unity-magnitude phase-modulated wave. As already discussed in
Section 6.3.1, in the case of a two-tone signal, the phase variation φ(t) has the effect
of reversing the polarity of the carrier wave. Therefore, the constant-amplitude phase-
modulated signal vx(t) can be conveniently represented as the unmodulated RF carrier
multiplied by a switching function c(t), i.e.

vx(t) = cos(ωct +φ(t)) = c(t)cos(ωct) (6.44)

where the switching function c(t) has been defined in (6.9) and (6.11). The undesired,
distorted component of the output signal (i.e., the error) can thus be in the time domain
formulated as

ve(t) = k2E2
i (t)c(t)cos(ωct) =

k2

2
(1+ cos2θm)c(t)cos(ωct) = ye(t)cos(ωct) (6.45)

where ye(t) is the modulating function of the error signal that multiplies the carrier wave
cos(ωct). We are thus using the same approach in the analysis as in Section 6.3.1. By
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combining (6.11) with 6.45), the modulating function of the error signal can be found as

ye(t) =
k2

2
(1+ cos2θm)

∞
∑

n=1,3,5...

cn cosnθm =
∞
∑

k=1,3,5
bk coskθm (6.46)

where coefficients of the modulating function are given by

bk =
k2

2
ck +

k2

4 ∑
n=1,3,5...

|n−2|=k

cn +
k2

4 ∑
n=1,3,5...

n+2=k

cn (6.47)

When the carrier wave cos(ωct)is multiplied by the modulating function, the spectral
components that arise due to b1 will overlap with the desired sidebands in the output
signal, i.e. they will distort the desired, linearly amplified components, whereas higher
order terms in (6.47) will lead to intermodulation products at the output. For k ≥ 3, the
magnitude of the intermodulation products at ωc± kωm in the output signal will thus be
given by

IMk =
1
2

bk (6.48)

From the presented analysis, it is clear that the presence of odd-order distortion in the
envelope path of the EER system will lead to intermodulation products in close vicinity
to the desired spectral components, i.e. adjacent-channel interference. This result is in
contrast with the case of the classical amplifier with odd-order distortion in the transfer
characteristic, as discussed at the beginning of this section.

Case 2: third-order distortion

The procedure carried out in the previous case will be repeated here, but now assuming
that the nonlinearity of the amplifier and of the envelope path is of the third order. Thus,
the output signal of the amplifier is given by

vo(t) = k1vi(t)+ k3v3
i (t) (6.49)

where k3 is the term2 that gives rise to the nonlinear behavior of the amplifier. Substituting
(6.40) for the input signal in (6.49) yields

vo(t) = k1vi(t)+ k3v3
i (t)

= k1A1 cos(ω1t)+ k1A2 cos(ω2t)
+k3A3

1 cos3(ω1t)+ k3A3
2 cos3(ω2t)

+3k3A2
1A2 cos2(ω1t)cos(ω2t)+3k3A1A2

2 cos(ω1t)cos2(ω2t) (6.50)

2Usually, k3 < 0, which results in a compressive transfer characteristic.
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Since cos2 x = 1
2 (1 + cos2x) and cos3 x = 3

4 cosx + 1
4 cos3x, (6.50) can be transformed

into

vo(t) =
(

k1A1 +
3
4

k3A3
1 +

3
2

k3A1A2
2

)
cos(ω1t)+

(
k1A2 +

3
4

k3A3
2 +

3
2

k3A2
1A2

)
cos(ω2t)+

1
4

k3A3
1 cos(3ω1t)+

1
4

k3A3
2 cos(3ω2t)+

3
4

k3A2
1A2 (cos(2ω1−ω2)+ cos(2ω1 +ω2))+

3
4

k3A1A2
2 (cos(2ω2−ω1)+ cos(2ω2 +ω1)) (6.51)

In addition to the desired components3 at ω1 and ω2, the resulting signal also contains, as
we would expect, third-order harmonics and, more importantly, third-order intermodula-
tion products (IM3) at 2ω1±ω2 and 2ω2±ω1.

It is of interest now to consider the spectrum of the output signal of an EER system
that contains the equivalent type of nonlinearity in the envelope path. The output envelope
is thus given by

Eo(t) = k1Ein(t)+ k3E3
in(t) (6.52)

whereas the input envelope Ein of our two-tone signal is defined by (6.6). Substituting
(6.6) in (6.52) yields

Eo(t) = k1|cosθm|+ k3|cosθm|3 (6.53)

The cube term in the above equation can further be transformed as

|cosθm|3 = cos2 θm|cosθm|= 1
2
(1+ cos(2θm))|cosθm| (6.54)

and |cosθm| can be represented by its Fourier expansion as in (6.10). Combining (6.53)
with (6.54) and (6.10), we obtain the output envelope as

Eo(t) = (k1 +
k3

2
)a0 +

k3

2
a0 cos(2θm)+

∞
∑

n=2,4,...

(
k1 +

k3

2

)
an cos(nθm)

+
k3

2

∞
∑

n=2,4,...

an cos(2θm)cos(nθm) (6.55)

The last sum term in (6.55) can be transformed as

cos(2θm)cos(nθm) =
1
2

(cos(n−2)θm + cos(n+2)θm) (6.56)

3Note that the magnitude of the desired output components is a nonlinear function of the input magnitude.
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Based on the derived equations, the output envelope finally can be expressed as

Eo(t) = e0 +
∞
∑

n=2,4,...

en cos(nθm) (6.57)

where coefficients en are given by

e0 =
(

k1 +
k3

2

)
a0 +

k3

4
a2 (6.58)

e2 =
k3

2
a0 +

(
k1 +

k3

2

)
a2 +

k3

4
a4 (6.59)

en =
∞
∑

i=n,n+2,...

[(
k1 +

k3

2

)
ai +

k3

4
(ai−2 +ai+2)

]
, n = 4,6, . . . (6.60)

In order to arrive at the spectrum of the reconstructed output signal, we need to mul-
tiply the envelope signal in (6.57) with the phase-modulated wave in (6.44). As already
discussed in the analysis of the second order distortion and also in Section 6.3.1, in the
case of our two-tone signal, the phase-modulated wave can be conveniently represented
as a product of the switching function c(t) and an unmodulated CW carrier. The resulting
spectrum is then obtained by mixing of all of the components of Eo(t) with all of the
spectral components of the switching function c(t). Thus,

vo(t) = Eo(t)vx(t) = Eo(t)c(t)cos(ωct) = y(t)cos(ωct) (6.61)

where y(t) = Eo(t)c(t) is the modulating function that multiplies the RF carrier. Repeat-
ing the approach used in the analysis of the second-order distortion, and replacing the
envelope and the switching function with their Fourier expansions, we proceed to find the
analytical expression for y(t) as

y(t) = Eo(t)c(t) =

(
e0 +

∞
∑

n=2,4,...

en cos(nθm)

)
∞
∑

n=1,3,...

cn cos(nθm) (6.62)

The resulting modulation function can be represented as

y(t) =
∞
∑

n=1,3,...

zn cos(nθm) (6.63)

where coefficients zn are given by

zn = e0cn +
1
2 ∑

j=2,4,...

k=1,3,...

n= j+k

ej ck +
1
2 ∑

j=2,4,...

k=1,3,...

n=| j−k|

ej ck (6.64)
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The output signal is obtained by multiplying y(t) with the carrier wave, as stated
in (6.61). While z1 produces the desired sideband components, all other terms lead to
undesired, intermodulation products, giving rise to the spectrum regrowth phenomenon.
The first intermodulation products adjacent to the desired sidebands thus result from z3.
It is instructive now to compare the magnitude of these IM products to those generated by
the classical nonlinear amplifier. From (6.51), the amplitude of the IM3 products is found
as

IM3Amp =
3
4

k3A2
1A2 (6.65)

Expression (6.51) was derived for a generic two-tone signal. Since we have assumed a
unity envelope in the two-tone signal in the EER system, we need to take A1 = A2 = 1/2
in order to provide equivalence of the two input signals. Therefore,

IM3Amp =
3
32

k3 ≈ 0.094k3 (6.66)

where k3 is the coefficient characterizing the nonlinearity of the amplifier.
On the other hand, in the case of the EER system with nonlinear transfer function in

the envelope path, the output signal can be written as

vo(t) = y(t)cos(ωct) = ∑
n=1,3,...

zn cos(nωmt)cos(ωct) = ∑
n=1,3,...

1
2

zn cos(ωc±nωm) t (6.67)

The magnitude of the closest IM products is thus given by

IM3EER =
1
2

z3 (6.68)

Based on (6.14), (6.58)–(6.60) and (6.64), the magnitude of z3 and thus of the sidebands
components IM3EER can be calculated. In these equations, we observe that coefficients en
are dependent on both k1 and k3. However, only k3 is of importance, since k1 represents
the linear gain in the envelope and does not contribute to the generation of IM products.4

Therefore, instead of using coefficients en given by (6.58)–(6.60), we can use only their
k3-related components and will denote them e′n. Thus,

e′0 =
k3

2
a0 +

k3

4
a2 (6.69)

e′2 =
k3

2
a0 +

k3

2
a2 +

k3

4
a4 (6.70)

e′n =
∞
∑

i=n,n+2,...

[
k3

2
ai +

k3

4
(ai−2 +ai+2)

]
, n = 4,6, . . . (6.71)

The magnitude of IM3EER can now be calculated and compared to the value obtained
for IM3Amp in (6.66). By using (6.12)–(6.14) and (6.69)–(6.71), and combining them

4This can be easily verified, by setting k3=0 and carrying out calculation to find the values of zn. All zn will
be equal to zero, except for z1, which produces the desired sidebands.
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with (6.64) and (6.68), the magnitude of the nearest IM products in the EER system can
be found as

IM3EER ≈ 0.121k3 (6.72)

which is considerably larger than in the case of the classical nonlinear amplifier, see
(6.66).

At this point, the following conclusions on the effects of nonlinear distortion in the
envelope path of an EER system can be drawn:

1. Intermodulation products that fall into the band of interest occur as a result of any
type of nonlinearity in the envelope path, i.e. due to the presence of both even- and
odd-order nonlinear distortion that may take place in the envelope path, as opposed
to the classical nonlinear amplifier, where only odd-order terms are of significance.

2. The consequences of nonlinearity are stronger in the case of the EER system than
in the case of the classical amplifier. For these reasons, it is clear that providing
a high level of linearity of the supply modulator (possibly taking into account the
predistortion needed to compensate the AM-AM behavior of the PA) over the entire
dynamic range of the envelope is of vital importance for the realization of an EER
transmitter.

6.3.3 Delay mismatch between the amplitude and phase paths

In addition to the linear and nonlinear distortion in the amplitude path of an EER system,
another phenomenon of crucial importance for the overall linearity performance is the de-
lay mismatch between the amplitude and phase paths. The importance of this parameter is
intuitively perceived from the underlying principle of the EER architecture: the amplitude
and the phase-modulated signal are recombined in the output amplifying stage that acts as
a multiplier. For an accurate reconstruction, the two signals need to be accurately aligned
to each other, otherwise mismatch between the information carried in the amplitude and
phase components will occur, leading to both in-channel distortion and out-of-channel
interference.

In [100], the effect of the delay mismatch between the two paths on the linearity per-
formance of the EER system was analyzed for the case of a two-tone signal. Our goal
here is to extend the analysis to the case where both linear distortion in the amplitude path
and delay mismatch simultaneously occur, as this is a realistic scenario in practical EER
systems. An experimental analysis of the intermodulation distortion in the EER architec-
ture will be carried out on a two-tone signal, for different values of the delay and envelope
bandwidth, assuming a first-order lowpass filter in the envelope path. Furthermore, since
the impact of the system-level nonidealities of an EER transmitter on the quality of the
output signal is strongly dependent on the type of signal and modulation format used in
the system, it is necessary to consider these nonidealities in the context of a particular
scenario. Therefore, we will consider an example of the WCDMA signal and the effects
of envelope
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Case study: EER and WCDMA signal

A WCDMA signal with a chip rate of 3.84 Mcps has been generated in a simulation setup
and applied to the conceptual circuitry shown in Figure 6.16. Since the simulation is car-
ried out in the circuit envelope domain, the amplitude and phase-modulated components
of the WCDMA RF signal are readily available. The amplitude (envelope) signal, A(t),
is delayed for td and the output signal is reconstructed by means of multiplication. Ideal
(algorithmic) multiplier and delay block have been used, thus the only nonideality in the
system is the mismatch delay between the envelope and phase paths, td . The whole sys-
tem has been simulated in ADS with circuit envelope analysis, and the EVM and ACPR
performance of the output signal has been observed for several different values of delay
mismatch.

d

WCDMA
sig. source cos ωc t + φ (t)[ ]

DelayA(t)

ACPR
meas.

EVM
meas.

t

Figure 6.16 Simulation setup.

Figure 6.17 Ideal constellation diagram and signal trajectory of undistorted
WCDMA signal.
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Figure 6.18 Spectrum of undistorted WCDMA signal.

Figure 6.19 Spectrum and constellation of the WCDMA signal with td = 5% of
Tchip.

In Figures 6.17 and 6.18, the constellation diagram and spectrum of the undistorted,
source WCDMA signal are shown. The EER principle of reconstruction of such a signal
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Figure 6.20 Spectrum and constellation of the WCDMA signal for td/Tchip =
10%.

Figure 6.21 Spectrum and constellation of the WCDMA signal with td = 25%
of Tchip.

has been simulated for three different values of delay mismatch, td , expressed as percent-
age of the chip time Tchip. Figures 6.19, 6.20 and 6.21 show the simulated ACPR and
EVM performance for td/Tchip = 5, 10 and 25 %, respectively. As the figures show, both
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Figure 6.22 ACPR of the WCDMA signal as a function of the delay mismatch
between the envelope and phase path in the EER system.

Figure 6.23 EVM of the WCDMA signal as a function of the delay mismatch
between the envelope and phase path in the EER system.

the ACPR and EVM rapidly deteriorate with increasing td .
In Figures and 6.22 and 6.23, ACPR and EVM as functions of the td/Tchip ratio are

plotted. As the UMTS technical specification [9] on the radio interface requires at least 33
dBc for ACPR and a maximum level of 17.5% for EVM, the maximum delay mismatch
that can be tolerated in an otherwise ideal EER system is approximately 3%, and this limit
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stems from the ACPR constraint. It is interesting to observe that the EVM performance
for td/Tchip = 3% is still far below the maximally allowable value. This observation,
however, holds only for this particular type of signal and is by no means of universal
character; other modulation formats may show different sensitivity in their ACPR and
EVM behavior. For instance, modulation schemes with closely spaced symbols in the
constellation diagram, such as e.g. 64-QAM, typically have stringent EVM requirements,
and relatively small values of td may result in prohibitively large values of EVM.

From the presented considerations, it follows that the equalization of the delays through
the two paths is of critical importance for successful realization of an EER-based UMTS
transmitter. Considering the vastly different natures of the signals in the envelope and
phase paths, this goal is most easily achieved through the DSP-based type of EER archi-
tecture depicted in Figure 4.4.

6.4 Supply modulator considerations
In this section the various issues related to the PA supply modulation technique for the
EER architecture will be discussed. We will consider several topologies that are suitable
for this purpose and discuss their merits and drawbacks. From the previous discussion,
it is clear that the three main requirements imposed on the supply modulator in an EER
system are linearity, bandwidth and efficiency. Therefore, we will discuss these aspects
for each of the presented topologies.

6.4.1 Linear voltage regulator
In Figure 6.24, one of the possible straightforward approaches for modulation of the PA
supply is illustrated. The PMOS transistor M1, in combination with the operational am-
plifier, performs modulation of the supply voltage VPA according to the input envelope
signal A(t).

The principle of operation is straightforward: the operational amplifier, that is em-
ployed in the negative feedback configuration, controls the gate of the large PMOS device
and enforces the PA supply voltage VPA to be virtually equal to the controlling envelope
signal A(t). The supply voltage of the PA is thus a truthful replica of the input envelope,
and consequently, the envelope of the output RF signal is modulated accordingly to A(t).
This type of circuitry can provide a rather fast control of the PA supply, i.e. a sufficiently
large bandwidth can be obtained. Since the relevant bandwidth of the envelope signal for
major cellular standards is typically a few MHz (up to a few tenths of MHz for demanding
systems such as UMTS), the opamp and the PMOS have a relatively easy task to track the
variation of the input signal.

While the obvious simplicity and available bandwidth are the strong points of this
topology, efficiency is not. Due to the fact that the entire supply current for the PA runs
through the regulating transistor, and that a large drain-source voltage drop can occur
for lower values of the envelope, a relatively large portion of the power drawn from the
VDD supply is dissipated in M1 which lowers the efficiency of the regulator and of the
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Figure 6.24 Linear supply regulation by a large PMOS transistor.

entire system. The drop of the efficiency is particularly significant at low envelope values,
because the source voltage of M1 is fixed to VDD, whereas the drain voltage tracks the
input envelope. As shown in Figure 6.25, the PMOS can be seen as a voltage-controlled
resistor RREG that regulates the supply voltage of the PA, i.e.

VPA =
RPA

RREG +RPA
VDD (6.73)

where RPA is the resistance that the PA presents to the supply terminal. Ideally, RPA is
a constant (linear) resistance, i.e. independent of the output envelope level. In practice,
however, RPA may exhibit a certain degree of nonlinearity. This issue, much in the same
manner as the AM-AM effects of the PA itself, can be addressed through an appropriate
predistortion characteristic employed in the supply regulation mechanism.

As already mentioned, the efficiency of the resistive supply regulation scheme is a
weak point of this technique. Illustrated in Figure 6.25, the entire supply current that
flows into the PA also flows through the regulating resistor, thereby causing a loss of
power. Therefore, the power efficiency of the regulation can be written as

ηREG =
PPA

Ptot
=

VPAI
VDDI

=
VPA

VDD
(6.74)

where PPA denotes the input supply power delivered to the PA, and Ptot is the total power
drawn from the supply source VDD. The efficiency of the resistive voltage regulation is
thus a direct linear function of the actual PA supply level, VPA, i.e. it is directly propor-
tional to the instantaneous output envelope level.

It should be mentioned that (6.74) implies that the efficiency of regulation can theo-
retically reach as high as 100% at the peak output level, when VPA = VDD. This reasoning
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Figure 6.25 Supply regulation by a resistive voltage divider.

is based on the assumption that the regulating resistance RREG can be controlled from
zero to infinity. While the latter is obviously possible (the PMOST being turned off), the
former is not. Even if hardly overdriven and pushed into the triode region, the transistor
will always exhibit a non-zero drain-source voltage drop, thereby incurring a loss, i.e. VPA
can never reach VDD. Therefore, a large PMOS device is needed to minimize the series
resistance and maximize the VPA/VDD ratio at the peak output level. Basically, how large
the device should be scaled depends on the acceptable efficiency of regulation at the peak
output power. If ηm is the minimum acceptable peak-level efficiency, then the PMOS
device should be chosen such as to enable

RREGmin = RPA(
1

ηm
−1) (6.75)

Based on the supply voltage VDD and the maximum allowed gate-source voltage of the
PMOS device, the size of the device that provides (6.75) can be determined. In general, a
very large PMOS device will be required, since the supply-loading resistance of the PA,
RPA, typically equals only a few ohms. In order to appreciate the difficulty of device siz-
ing, consider the following example. Assume that the PA is to deliver 1W of peak RF out-
put power and that the available supply voltage is VDD=3V. For simplicity of calculations,
we can assume that the PA is 100 % efficient, i.e. Pout = PPA. If the acceptable efficiency
of regulation at the peak output power is, say, ηm = 0.9, then the PA must produce the
target output power when the supply voltage is VPA = ηmVDD = 2.7V (see (6.74)). The
resistance seen looking into the supply terminal of the PA is then RPA = V 2

PA/Pout = 7.3Ω,
and (6.75) yields a resistance of RREG = 0.8Ω. The PMOS transistor must be able to pro-
vide such a low resistance, i.e. to sustain a current of I = 3/(0.81+7.3) = 0.37A, with a
drain-source voltage of only Vds = 0.3V. Furthermore, a realistic figure for the efficiency
of the PA will make RPA even smaller, thus necessitating smaller RREG as well. In prac-
tice, very large PMOS devices are used, with typical gate widths on the order of a few
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thousand µm.
The efficiency given in (6.74) refers to the efficiency of the regulation scheme only.

Taking into account the efficiency of the PA as well, the total DC-to-RF efficiency of an
EER transmitter can be found as

ηtot = ηREGηPA (6.76)

where ηPA denotes the DC-to-RF efficiency of the PA. In principle, ηPA is constant at all
output levels, i.e. it is independent of the supply voltage VPA. Since the output RF power
is proportional to the square of the output envelope, the total efficiency can be expressed
as a function of the output level by

ηtot = ηmax

√
Pout

Ppk
(6.77)

where Pout and Ppk denote the instantaneous and peak output power of the transmitter,
respectively, and ηmax is the efficiency at the peak output level. This dependence is shown
in Figure 6.26.

/

tot
η
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Pout Ppk

1

1

0.5

0.25

/η

Figure 6.26 Total efficiency of an EER transmitter with resistive supply regula-
tion.

6.4.2 Switched-mode supply modulator
We have seen that the efficiency is a major shortcoming of the linear regulators, due
to the simple fact that transistors are operated as current sources or resistors and thus
incur a considerable dissipation. Switched-mode regulators therefore represent a much
better alternative for the EER applications where the overall efficiency is of paramount
importance.

Illustrated in Figure 6.27, the basic topology of the switched-mode supply regulator
strongly resembles that of the classical resistive regulator discussed in the previous sub-
section. The main difference is that the transistors in the modulator are now operated as a



6.4. SUPPLY MODULATOR CONSIDERATIONS 201

duty-cycled switches, regulating the voltage VPA by pulse-width modulation rather than by
lossy resistive voltage dividing. Thus, the current that flows into the modulator from the
power supply is not equal to the current delivered to the PA. However, the power drawn
from the supply is indeed equal to the power deliver to the PA, assuming an ideal, lossless
Class-S modulator. The circuit essentially performs DC/DC conversion under control of
the envelope signal A(t).

modulator

PA

VDD

ωccos t + ϕ (t)[ ]K

RFin
RFout

VPA

generator
PWMA(t) Class−S

Figure 6.27 Switched-mode supply regulator.

Since varying the supply of a switched-mode PA directly controls the envelope of the
output signal i.e. performs amplitude modulation and thus directly affects the spectrum
occupied, it is necessary to thoroughly consider the spectral content of the signal produced
by the PWM technique.

Pulse-width modulation

An important and undesirable property of the pulse-width modulation technique is that it
inherently suffers from nonlinear distortion. In this section, we will study the influence
of the PWM-related distortion on the ACPR performance of an EER transmitter. Namely,
the distortion that is inherent in PWM imposes a constraint on the accuracy by which
the envelope can be reconstructed, which leads to spectrum regrowth in the output RF
signal. In order to investigate this issue in a quantitative manner, it is necessary to review
the basics of PWM first. While the pulse-width modulation can be accomplished by
different techniques, we will consider the system depicted in Figure 6.28 that generates
a PWM signal by comparing the input waveform with an internally generated triangular
waveform reference. Whenever the input modulating signal is larger than the reference
signal, the comparator produces high logic output, which is further processed by pulse
amplifiers, inverted and applied to the gate of the PMOS device in the Class-S regulator,
i.e. voltage vPWM is forced to VDD. When the comparator produces low logic output, the
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PMOS transistor is turned off and vPWM drops to zero. The resulting pulse waveform
vPWM is filtered by a low pass LC filter, and ideally only the desired spectral components
of the pulse train are delivered to the load. Thus, as the name of the technique implies, in
PWM the duty cycle of vPWM is controlled in proportion to the instantaneous value of the
modulating signal.

In order to examine the spectral content of a PWM signal, we will first carry out
harmonic analysis of a simple periodic rectangular pulse train. For this purpose, consider
the unity-amplitude waveform with a fixed duty-cycle (so, with constant y) shown in
Figure 6.29. It can be shown (see Appendix D for the derivation) that the Fourier series
expansion of r(θ) is given by

r(θ) =
y
π

+
2
π

∞
∑
k=1

sinky
k

cos(kθ) (6.78)

where y denotes the half of the pulse width in radians, θ = ωt and ω is the angular
frequency of repetition. Since the duty cycle is constant, this expression corresponds to
the case where the modulating signal is simply a constant (dc) value. As can be seen from
(6.78), the first term of the PWM signal is linearly proportional to the duty cycle, i.e. to
the amplitude of the modulating signal. In addition to the desired dc component, r(θ) also
contains an infinite number of harmonic components, as we would expect from a periodic
rectangular pulse waveform.

It is of interest now to consider the case where the duty cycle is not constant, but
rather is varied in accordance to the envelope of the RF signal to be amplified by the
EER transmitter. We will analyze the generic case of the AM signal envelope in order
to derive conclusions on the PWM-related distortion in the EER concept, as well as the
requirements for the design of the supply modulator.

PWM distortion of a classical AM signal

In this scenario, we will assume that the duty cycle of the PWM pulse train is varied
in such a way to provide a dc component and a sine wave of a certain amplitude in the
envelope of the RF signal - a case that corresponds to a classical amplitude modulated
(AM) signal. Thus, we will assume that the desired output envelope is given by

E(t) = V0 +Vm sinωmt (6.79)

where V0 and Vm are the dc level and the sine amplitude of the envelope5, respectively.
Obviously, V0 and Vm must be such that the condition

0≤ E(t)≤VDD (6.80)

is always satisfied in order for the PWM process to be able to reconstruct the envelope
from a given supply voltage VDD. Further, the envelope signal given by (6.79) can be

5Strictly speaking, (6.79) represent the supply voltage of the PA, whereas the envelope of the RF output is
proportional to the supply voltage; the proportionality constant is irrelevant for the conclusion.
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Figure 6.28 Generation of a PWM signal by comparing the input signal with a
sawtooth reference.
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Figure 6.29 Periodic rectangular waveform.

rewritten as

E(t) = V0 (1+msinωmt) (6.81)
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where V0 is the dc level of the envelope and m = Vm/V0 is the modulation index of the
AM signal. Obviously, the largest swing (i.e., dynamic variation) of the envelope can
be obtained for V0 = VDD/2 and m = 1, as illustrated in Figure 6.30. In general, for an

2π

DD

VDD

2

ωm t

E(t)

Vm

0 π

V

Figure 6.30 A fully modulated envelope signal.

envelope specified by (6.81), the half of the duty-cycle angle of the resulting PWM train
is given by

y(t) =
E(t)
VDD

π =
V0

VDD
(1+msinωmt)π = y0(1+msinθm) (6.82)

where y0 = (V0/VDD)π is the half of the pulse width (in radians) that provides the dc
component of the envelope and θm = ωmt is the angular time, defined with respect to
the modulating frequency, ωm. Assuming narrowband modulation, so the variation in y(t)
being slow compared to the switching frequency ω , we can approximate the time variance
by combining y(t) with (6.78), and the Fourier expansion of the resulting PWM voltage
is given by

vPWM(t) = VDD

[
y(t)
π

+
2
π

∞
∑
k=1

sinky(t)
k

cos(kωt)

]

= V0(1+msinθm)

+VDD
2
π

∞
∑
k=1

sin
(

k V0
VDD

(1+msinθm)π
)

k
cos(kθ) (6.83)

where θm = ωmt, θ = ωt, and ωm and ω are the frequency of the modulating signal and
of the PWM sampling reference, respectively. As can be seen from the above formula,
the expression for vPWM(t) contains two terms: the first term represents the desired linear
replica of the envelope, whereas the second one is a series of amplitude-modulated com-
ponents at harmonics of the switching frequency of the PWM generator. This series of
undesired components is a result of the inherent nonlinear distortion of the PWM tech-
nique and is of special interest for EER applications, as it directly impacts both the EVM
and ACPR performance of the EER transmitter. Therefore, we will analyze the behavior
and significance of the sum term in (6.83). Namely, the sine expression in the sum term
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can be transformed as

sin
(

k
V0

VDD
(1+msinθm)π

)
= sin

(
k

V0

VDD
π
)

cos
(

k
V0

VDD
mπ sinθm

)

+cos
(

k
V0

VDD
π
)

sin
(

k
V0

VDD
mπ sinθm

)
(6.84)

The right-hand side of (6.84) can further be transformed by making use of the Bessel
functions as

cos
(

k
V0

VDD
mπ sinθm

)
= J0(k

V0

VDD
mπ)+2 ∑

n even
Jn(k

V0

VDD
mπ)cos(nθm) (6.85)

sin
(

k
V0

VDD
mπ cosθm

)
= ∑

n odd
Jn(k

V0

VDD
mπ)sin(nθm) (6.86)

where Jn denotes the n-th order Bessel function of the first kind. Therefore, by combining
the last three equations with (6.83), the PWM voltage can be rewritten as

vPWM(t) = V0(1+msinθm)

+
∞
∑
k=1

[
Vk +

∞
∑
n=1

(
Ak,n cos(nθm)+Bk,n sin(nθm)

)
]

cos(kθ) (6.87)

where

Vk =
2VDD

kπ
sin

(
kπ

V0

VDD

)
J0

(
k

V0

VDD
mπ

)
(6.88)

Ak,n =

{
0 n = 1,3,5...
4VDD

kπ sin
(

k V0
VDD

π
)

Jn

(
k V0

VDD
mπ

)
n = 2,4,6...

(6.89)

Bk,n =

{
4VDD

kπ cos
(

k V0
VDD

π
)

Jn

(
k V0

VDD
mπ

)
n = 1,3,5...

0 n = 2,4,6...
(6.90)

Further, by applying the trigonometric identities

cosα cosβ =
1
2

[cos(α +β )+ cos(α−β )]

sinα cosβ =
1
2

[sin(α +β )+ sin(α−β )]

to (6.87), and remembering that θ = ωt and θm = ωmt, we can now express the PWM
pulse train as
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vPWM(t) = V0(1+msinωmt)

+
∞
∑
k=1

Vk cos(kωt)

+
∞
∑
k=1

[
∞
∑

n=1,3,5...

Vk,n (sin(kω +nωm)t− sin(kω−nωm)t)

+
∞
∑

n=2,4,6...

Vk,n (cos(kω +nωm)t + cos(kω−nωm)t)

]
(6.91)

where

Vk,n =
{

Bk,n/2 n = 1,3,5...
Ak,n/2 n = 2,4,6...

(6.92)

and Ak,n and Bk,n are defined by (6.89) and (6.90), respectively.
As can be seen from (6.91), the PWM waveform corresponding to the envelope of a

classical amplitude-modulated signal contains the following spectral components:

© the desired components of the envelope, V0(1+msinωm).

© a series of components at the switching frequency ω and its harmonics. The ampli-
tude of the harmonic at kω is Vk.

© sideband components centered around each of the harmonics and separated by ωm.
The amplitude of the sideband at kω±nωm is Vk,n.

The spectrum of such a PWM signal is shown in Figure 6.31. Note that the spectrum is
discrete (a collection of Dirac pulses) for y(t) being constant. In practice (narrowband
modulation) the spectrum will be continuous, but as long as the narrowband assumption
is fulfilled, the pulses will be very narrow. As the figure shows, some of the spurious
sidebands inevitably fall in the vicinity of the desired components of the envelope, i.e. in
the signal passband. Since these components cannot be eliminated by the low-pass filter,
some distortion is inherent in the PWM technique.

Interestingly, multiple spurious sidebands fall in the passband of the envelope signal.
Basically, if ωm is the highest spectral component of the envelope, then all spurious for
which | ± kω ± nωm| ≤ ωm will contribute to distortion of the envelope. In practice,
however, only sidebands arising from the fundamental of the switching frequency (k=1)
are relevant, if the switching frequency has been chosen sufficiently high, as we will see
shortly. It is important to stress that these spurious sidebands cannot be eliminated by
the low pass filter that follows the Class-S modulator, regardless of the steepness of the
frequency response of the filter, because they fall in the passband of the envelope signal.
In addition to that, undesired components falling in the vicinity of the passband will also
reach the load (i.e. the PA), because of the finite roll-off slope of the low pass filter at the
output of the Class-S supply modulator.
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Figure 6.31 The spectrum of the PWM signal.

It is of interest now to consider the magnitude of the spurious components that fall
in the passband and cause distortion of the envelope. As already mentioned, depending
on the ratio of the switching frequency and the bandwidth of the envelope signal, various
combinations of k and n will cause the spurious components Vk,n to fall in the passband of
the desired signal. We will consider a simplistic yet illustrative case where the switching
frequency of the PWM train, ω , is an integer multiple of the frequency of the sinusoidal
tone of the envelope, ωm. Thus, we can write

ω = pωm (6.93)

where p is an integer number. The frequency of the sideband spurious Vk,n will coincide
with ωm if

kω−nωm = ωm (6.94)

Combining the previous two equations yields that the sideband Vk,n falls precisely on ωm
when

n = kp−1 (6.95)

Of course, sidebands with an order n > kp− 1 also fall in the passband, but for the mo-
ment we will focus on the dominant sideband component with the order n = kp− 1 that
coincides with the desired tone of the envelope, Vm. Furthermore, if we assume a certain
fixed integer value of p, multiple combinations of k and n can satisfy (6.95). It is of inter-
est, however, only to consider the sideband products associated with the fundamental of
the switching frequency, i.e. those Vk,n where k = 1. Sidebands belonging to harmonics
(k ≥ 2) are of far less significance, also they do contribute to the overall distortion of the
envelope signal.

Figure 6.32 displays the dependence of the normalized magnitude of the n-th order
spurious, V1,n/Vm as a function of the modulation index, m, for various values of n, and
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where the DC level of the envelope is V0 = VDD/2. Since k = 1, the spurious V1,n overlaps
with the tone Vm of the envelope if n = p− 1, as follows from (6.95). Alternatively, we
can say that the required minimum switching frequency of the pulse-width modulator is
p = n + 1 if we want the distortion to be lower than the curve V1,n. Based on the plot, it
is possible to derive guidelines on how to choose the switching frequency of the PWM
system for a given amount of distortion that can be tolerated. We can observe that for
n = 2 (i.e., p = 3), the distortion is on the order of -10 to -20 dB; for many applications
with stringent EVM and ACPR requirements, this turns to be an unacceptable figure.
Therefore, the switching frequency of the PWM must be chosen sufficiently high to satisfy
the linearity requirements of a given standard. In practice, this will mean that p has to
be chosen above the value of 5. While increasing the switching frequency of the PWM
supply regulator is an effective means of lowering the distortion of the envelope, it is
associated with drop in the efficiency of the regulator. More comments on this will be
given later in this section.
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Figure 6.32 The normalized magnitude of spurious sideband components
V1,n/Vm in a PWM signal. The DC level of the envelope is V0 =
VDD/2.

As Figure 6.32 shows, the distortion level is a relatively strong function of the modu-
lation index, i.e. of the dynamics of the envelope, and increases with increasing m. This
observation indicates that signals with large peak-to-average power ratio (PAPR) will de-
mand a higher switching frequency than signals exhibiting moderate fluctuations of the
envelope. The analysis of the PWM-inherent distortion is here carried out for the case
of a classical analog AM signal, but the conclusions are of generic character and thus
applicable to variable envelope digitally modulated RF signals. An amplitude-modulated
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signal with a modulation index m will have a PAPR given by

PAPR = 20log
Epk

E0
= 20log

V0(1+m)
V0

= 20log(1+m) (6.96)

Thus, m = 1 results in a PAPR of 6 dB, which is a relatively large value. A digitally
modulated RF signal with the same PAPR will thus experience a similar amount of in-
band envelope distortion, which would further contribute to both the EVM and ACPR of
the system.

However, the PAPR of the envelope is not the only factor that will influence the dis-
tortion of the supply regulation. Beside the dynamics of the signal, another parameter of
importance for the overall distortion of the PWM scheme is the DC level of the envelope.
Namely, from (6.89) and (6.90), it can be seen that the level of distortion also depends on
V0/VDD. To illustrate the relevance of this point, consider the following two cases of AM
signals.

3π

DD

ωm

m=0.5

V0=0.5 VDD
E1 (t)

Vm

Vm VDD= mV0= 0.25

E2 (t)
VDD

m=1

V0=0.25

ωm

VDD

Vm

Vm VDD= mV0= 0.25
V0

V0

tπ 2π 3π t0 π 2π

V

Figure 6.33 The AM envelopes with the same envelope swing and different DC
levels.

The envelopes E1(t) and E2, depicted in Figure 6.33, have the same swing Vm but
different values of the DC level V0. Since the modulation index m is defined with respect
to V0, the corresponding values of m are also different. It is interesting to compare the
PWM distortion of these two signals, assuming that the switching frequency of the PWM
generator is, for instance, ω = 5ωm. Thus, we need to consider the normalized magnitude
of the spurious V1,4/Vm for these two cases. From (6.89) and (6.92), the relative distortion
of the envelope can be found as

V1,4

Vm
[dB] =

{ −52.2 V0/VDD = 0.5, m = 0.5
−55.2 V0/VDD = 0.25, m = 1 (6.97)

Although the amount of distortion is relatively small in both cases, it is interesting to
observe that the second signal (m = 1) is less distorted than the first one (m = 0.5), despite
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the fact that it has a larger PAPR (6 dB as opposed to 3.52 dB, based on (6.96)). This result
points to the importance of taking into account the V0/VDD ratio as well when designing
a PWM supply regulator. Figure 6.34 shows the dependence of V1,4/Vm as a function of
V0/VDD, for the various values of m.
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Figure 6.34 The dependence of the PWM distortion on the DC level of the en-
velope.

As Figure 6.34 shows, for a fixed value of m, the level of distortion is now a strong
function of V0/VDD. Therefore, even signals with high PAPR, as is the case for instance
with OFDM signals, can be linearly amplified by the PWM-based EER scheme if the
supply regulator provides enough voltage headroom, i.e. if VDD is considerably higher
than the average value of the envelope, V0.

PWM efficiency

So far, we have considered only the linearity behavior of the PWM supply-regulation
technique. Another characteristic that is of vital importance for EER applications is the
efficiency of the regulation scheme. Ideally, the efficiency of a switching regulator is 100
% because the transistors are operated as switches and not as a current-source or a resistor
with considerable voltage drop. Nothing is ideal, however, and practical Class-S supply
modulators suffer from the following three types of losses:
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© The loss caused by the non-zero ON resistance (RON) of the MOS switches. The
transistors in the Class-S modulator are usually very large, but still have a finite,
non-zero resistance when operated in the triode region.

© Switching losses associated with charging/discharging of the parasitic capacitance
at node vPWM (see Figure 6.28) during every cycle of the PWM switching signal.

© ESR of the passive components in the low-pass filter at the output of the Class-S
modulator. Most notably, the losses in the inductor can be an issue.

Obviously, increasing the size of the MOS devices in the Class-S modulator will de-
crease the ON resistance and consequently the resistive loss of the switches, but will also
lead to large parasitic capacitances of the transistors and thus contribute to the loss due to
charging/discharging of the common node capacitance.

Summarizing discussion

Based on the presented considerations, the following general conclusions can be drawn
on the PWM-based supply regulation technique for EER applications:

1. The most significant spurious products that cause nonlinear distortion in PWM are
those centered around the fundamental of the switching frequency. The choice
of the switching frequency is the main parameter in the design of PWM supply
modulator for EER applications. In practice, the ratio of the switching frequency
and the highest frequency (i.e., the bandwidth) of the envelope needs to be at least
5 in order to ensure sufficiently low distortion of the envelope.

2. The degree of distortion depends on the dynamics (i.e. PAPR) of the envelope.
Distortion increases with larger PAPR.

3. The DC-level of the envelope relative to the available supply voltage also plays a
role in the PWM-inherent distortion. For a certain value of PAPR, lower V0/VDD
results in lower distortion. Signals with high PAPRs can experience low distortion
if sufficiently large supply overhead is provided.

4. Unlike their linear counterparts, switched-mode regulators can provide high effi-
ciency of supply modulation over a wide range of supply voltages, which makes
them attractive for EER applications. The efficiency of the regulator is determined
by the switching frequency of the regulator, as well as the ON resistance of the
switches and ESR of the inductor in the low-pass filter.

Efficient and accurate high-level envelope modulation remains a challenging problem.
While there are examples of digital envelope modulators in the literature [101,102], these
solutions are not applicable for supply modulation of a high-efficiency PA in the classical
EER context. Rather, they perform digital-to-analog conversion, up-mixing and power
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amplification. Therefore, the efficiency was not a focal point in these papers, but rather the
accuracy of the modulator, as well as the implementation of the circuit in a standard digital
state-of-the-art CMOS process. Some of the examples of switched-mode regulators for
EER transmitters include [103–105]. Of particular interest, however, are hybrid, split-
band regulators that will be discussed in the next section.

6.4.3 Hybrid (split-band) regulator

As we have seen in the previous two sections, the linear and switching regulators both
have their own advantages and disadvantages. This observation leads us to the idea that
an optimal solution for the supply regulator in EER applications can possibly be based on
a combination of both approaches. Proposed in [106] and illustrated in Figure 6.35, the
basic idea of the concept is to employ an efficient low-frequency switching regulator for
providing the dc and low-frequency portion of the envelope signal, in conjunction with a
linear regulator that generates high-frequency components of the envelope.
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RFin RFout

Ein (t)

Eh (t)

El (t)

Linear
regulator

Switched
regulator

PA

LPF

HPF

VPA

Figure 6.35 The basic concept of split-band modulator.

Such a split-band regulator combines the strong properties of both types of regulation
techniques: high overall efficiency and the needed accuracy. This result stems from the
fact that most of the envelope power (in some cases as much as 80%) is located in vicinity
of DC. For instance, the envelope of the IS-95 signal contains more than 85% of the
power in the DC–100 kHz region [107]. Therefore, high-efficiency supply regulation
is obtained since the switching frequency of the PWM regulator can be chosen to be
relatively low. The DC level and low-frequency contents of the envelope are provided
by the switching regulator, whereas the less efficient regulator takes care of the higher
spectral components and provides the needed accuracy. The overal efficiency is thus a
combination of the efficiencies of both regulators, but is primarily determined by the
efficiency of the switched-mode regulator.

One point of concern in the design of such a hybrid regulator is how the outputs of the
two regulators are combined into a single supply terminal of the PA. While conceptually
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this has been denoted as an adder in Figure 6.35, the circuit implementation is more
involved. In Figure 6.36, one possible topology is shown.
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Figure 6.36 Example of circuit implementation of hybrid power supply modu-
lator for polar-modulated PAs.

As the figure shows, the voltage VPA at the supply terminal of the PA is a result of
the continuous operation of the linear regulator that acts as a voltage source, and of the
switching operation of the switched regulator that acts as a current source. Essentially,
this is a feedback system. A small resistor and a current sense comparator are used to
control the switch in the upper stage. The overall efficiency is thus a combination of the
efficiencies of both stages. By careful design, however, it is possible to ensure that the
largest amount of the power supplied to the PA is provided by the highly efficient switched
regulator, whereas the linear regulator corrects for the errors of the switched regulator.

Some examples of the recent advances in hybrid power supply modulators include
[108, 109]. In [108], the authors proposed a DC-20 MHz wideband envelope amplifier
with an average efficiency of 60% when operated with a WLAN 802.11g signal. In con-
junction with a Class-E amplifier, an output power of 19 dBm was obtained with the
average PAE of 28%, whereas the EVM performance of 2.8% was achieved. The applied
design method was developed to optimize the efficiency of the modulator for a given
PAR of the signal and the envelope slew rate. The circuit was implemented in discrete
technique, by off-the-shelf components.

In [109], a similar solution based on a combination of Class-AB and -D stages was
presented. Implemented in 65 nm CMOS technology, the circuit reaches a peak efficiency
of 87.5% and is capable of delivering nearly 23 dBm to the load (PA). The efficiency at 10
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dB back-off also remains remarkably high, above 40%. The modulator provides accurate
reconstruction of the envelope for signals with RF bandwidth up to 20 MHz and satisfies
the linearity requirements of the WLAN 802.11g standard.

6.5 Conclusions
In this chapter, the various effects relevant in the EER technique have been considered.
First, the basic principle of the EER concept has been quickly reviewed, and the require-
ments for an ideal EER system have been clarified. As discussed in Section 6.1.1, realistic
EER systems suffer from a number of imperfections that can be classified into two cate-
gories: those related to the PA, and those that occur at the system level. Assuming an ideal
PA, in Section 6.3, the effects of various nonidealities in the supply-modulation chain on
the linearity performance of the EER system have been examined and described in terms
of predicted ACPR and EVM performance. We have seen that the presence of either lin-
ear or nonlinear distortion in the envelope path seriously degrades the overall linearity
and leads to spectral regrowth at the output.

Considerations on the basic properties and limitations of linear voltage regulators have
been given in Section 6.4.1. While they enable rather high-accuracy and speed of supply
regulation, their efficiency performance in back-off operation is rather poor, rendering
the whole EER system unattractive. Switched-mode regulators are thus the regulators of
choice when it comes to the EER architecture.

Analysis of the effect of the distortion associated with PWM on overall linearity per-
formance of an EER-based transmitter has been presented in Section 6.4.2. As discussed,
the PWM signal contains a plethora of spectral components that can seriously impact the
linearity of the EER system due to contamination of the passband of the envelope signal.
Providing a sharp roll-off of the lowpass filter at the output of the supply modulator is
desirable in order to minimize the adjacent channel interference, but does not solve the
problem of in-band envelope distortion. Basically, the only means of circumventing this
type of distortion is to provide sufficiently high ratio of the switching frequency of the
regulator to the bandwidth of the envelope of the RF signal. This, however, decreases the
efficiency of supply modulation due to capacitive losses in the regulator.

Section 6.4.3 concludes the chapter by considerations on the hybrid type of supply
regulator, the optimum solution that combines the strong properties of the purely linear
and switched-mode counterparts. The largest part of the envelope signal power is lo-
cated at DC and low frequencies, which enables the use of switched-mode regulation
for low-frequency part of the envelope spectrum, whereas high-frequency components
are contributed by a fast linear regulator. Modern hybrid regulators achieve outstand-
ing speed without incurring penalty on the efficiency performance: with switching fre-
quencies on the order of 100 MHz, their bandwidths exceed 20 MHz, while the peak
efficiencies exceed 80%. The results that have been achieved in practice confirm that
the polar-modulated PA architecture, in conjunction with switched-mode PAs, is a highly
promising direction for development of high-efficiency linear RF power amplifiers.
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Practical implementation issues and design examples

IN this chapter, two examples of PA designs will be presented: a 2 GHz GaAs HBT-
based Class-E PA, and a PHEMT-based two-stage PA with the Class-E output stage,

also for operation at 2 GHz. In addition, a number of issues that become especially
important if a practical implementation of a circuit is contemplated, will be considered.
Also, a concept of a two-stage EER system will be proposed in order to deal with AM-AM
and AM-PM effects of the PA, while optimizing the overall efficiency of the system.

7.1 HBT-based Class-E PA at 2 GHz
High-efficiency RF power amplifiers are required for many sorts of wireless applications.
As discussed in the previous chapters, among several types of switching-mode ampli-
fiers, the Class-E configuration is the most suitable for RF operation. Since its introduc-
tion [24], the Class-E has aroused a lot of interest in the scientific circles and a significant
amount of research has been done on this intriguing type of circuit. It has been imple-
mented in different technologies and at different frequency bands [30, 110–114].

In many papers it is shown that, when a Class-E PA is designed with a finite value of
the DC-feeding inductance, the circuit elements deviate from their nominal values. The
same holds for variations in the duty cycle, in the Q-factor of the load network, or in the
transistor current rise- or fall-time. However, when all these effects are simultaneously
combined, a fully analytical and exact approach to the Class-E PA design becomes very
difficult. Basically, the designer faces an analytically intractable problem and needs to
employ other design techniques.

In this section, we present a Class-E PA design for operation at 2 GHz and an output
power level of 24 dBm. The circuit is designed by combining the well-known theory

215
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of the Class-E operation with an experimental approach based on load-pull simulations.
First, the design procedure is described, followed by major details considering the tech-
nology and the practical implementation of the circuit. Then, the simulation results and
the measured performance are revealed, and the conclusions are drawn.

7.1.1 Circuit topology and design procedure
A Class-E PA circuit with conceptual input (IMN) and output (OMN) matching networks
is depicted in Figure 7.1. By means of a heavy overdrive, the transistor is operated as
a switch, i.e. it is in saturation during the ON state, and in cut-off during the OFF state
of the RF cycle. The circuit is designed for a conventional 50% duty-cycle operation,
and the transistor is biased by VBB to be at the verge of conduction. Inductors Lc, Lb and
Le represent the parasitic inductances of the collector-contact bondwires, base-contact
bondwires and emitter back-side vias, respectively. It is important to take these parasitics
into account, for accurate simulation. The parasitic inductance Le should be reduced to a
minimum possible value, because it represents one of the sources of loss and spoils the
Class-E operation.

Figure 7.1 Class-E PA circuit with conceptual input and output matching net-
works.

The elements Rb and Cb are the base-ballasting resistor and the DC-blocking capacitor,
respectively, and they have been implemented on-chip. The DC-feeding inductors L1 and
LBB, the shunt capacitor Cp, and the input and output matching networks are implemented
off-chip, on the laminate substrate (PCB). This approach has been chosen to obtain greater
flexibility in the design of matching networks and in the subsequent fine-tuning of the
circuit. Namely, the design of matching networks is a crucial part in the design of any
power amplifier. For the Class-E operation in particular, it is necessary to provide the
desired impedance not only at the fundamental, but at the harmonic frequencies as well.
First we will focus on the design of the output matching network, which transforms the
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50-Ohm termination to the desired load impedance, ZL. The optimal load impedance is
determined in the following manner. The conventional, ideal Class-E operation requires
the following conditions in the load network:

ZL( jωc) = RL(1+ j1.152) (7.1)

ZL( jnωc)→∞ n = 2,3,4, . . . (7.2)

Cp =
0.1836
ωcRL

(7.3)

where ωc = 2π fc is the radial frequency of operation and RL is the load resistance, de-
termined by the supply voltage and the target output power as RL = 0.577V 2

CC/POUT (see
(5.29)–(5.28)). By taking POUT = 250 mW (24 dBm), VCC = 3.6 V and fc = 1.95 GHz, we
have calculated the values of ZL( jωc) and Cp and used them as initial point for extensive
load-pull simulations.

In Advanced Design System (ADS) of Agilent, we have created an interactive load-
pull setup, and while keeping Cp constant, we have swept ZL( jωc) across a range of values
in the complex impedance plane. During this procedure, the load impedance values at
higher harmonic frequencies (ZL( jnωc), n ≥ 2) were kept at rather high (predominantly
reactive) values, in accordance to (7.2). By performing load-pull simulations through the
harmonic balance type of analysis, we have monitored the simulated power, efficiency
and gain, as well as the collector voltage and current waveforms, in order to be sure that
the circuit remains in the Class-E operation.

Figure 7.2 Load-pull simulation of the Class-E PA.

In Figure 7.2, the constant power added efficiency (PAE) and constant output power
contours, obtained by the load-pull simulations, are plotted in the 50-Ohm Smith impedance
chart. The two optimal impedance points (i.e., impedance values that provide either the
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highest POUT or highest PAE) and are clearly indicated, but they do not coincide. This is
a normal behavior of all classes of PAs. In our design, we have focused on obtaining an
optimum efficiency rather than generating maximum power with the given device.

Once the optimum load impedance has been found, the output matching network can
be designed to transform the standard 50 Ohm termination to this optimum value. How-
ever, a real matching network will not produce infinitely high impedances at higher har-
monics, as we initially assumed. Therefore, it is necessary to perform some additional
fine tuning of the final load impedance value, by replacing the real values for the harmonic
impedances ZL( jnωc) in the load-pull setup, and carrying out several more iterations to
find the optimal impedance for the fundamental, ZL( jωc).

Having established the optimal value of the load impedance, we proceed with the
design of the input matching network. Similarly to the load-pull simulations, we have
performed extensive source-pull simulations, by varying the complex source impedance
ZS( jωc) presented to the PA (see Figure 7.1), and observing the circuit waveforms and
key performance parameters. Again, an iterative procedure is performed here, because it
is necessary to change ZS( jωc), but to adapt the available source power Pavs as well. Basi-
cally, the goal is to drive transistor just sufficiently strong, so that it satisfactorily operates
as a switch. Too much drive power can be detrimental, because it spoils the operation,
due to the slow recovery of the transistor from saturation (the turn-off transient). Once the
transistor is properly driven, further increase in Pavs does not bring any benefit, but rather
leads to a drop in the PAE and gain of the PA.

Figure 7.3 Input matching network of the Class-E PA.

When the final optimal values of ZS( jωc) and ZL( jωc) are established, the input and
output matching networks can be designed. In Figure 7.3, the schematic of the input
matching network is depicted. The elements in the lowpass L-section matching net-
work are dimensioned to transform the 50 Ohm source impedance to the optimal source
impedance of 1.9+j5.1 Ω at the operating frequency of 1.95 GHz (for design equations,
see Section 5.5.2). In the practical realization, inductor LIN has been replaced by a short
section of microstrip line and CIN = 8.2 pF.

Three different versions of the output matching network have been designed. In prin-
ciple, as long as the required load impedance is presented to the transistor, the PA will
function properly, regardless of the implementation of the matching network. There-
fore, we have demonstrated the high-efficiency Class-E operation with both lumped- and
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distributed-components output matching networks. In Figures 7.4–7.6, the topologies of
the designed and implemented load networks are shown. Load network LN1 is based
on lumped components and is implemented by SMD 0201 discrete passives. The net-
work provides an impedance transformation from 50 Ω to the optimal load impedance of
14+j*10 Ω at fc = 1.95 GHz, and also has a relatively high suppression of harmonics at
the output, due to the chosen loaded Q-factor (Q≥10). The values of the elements are
the following: L2 = 2.7 nH, C2 = 3.9 pF and C3=2 pF. The dc-feed feed inductor and
the shunt capacitor have been chosen as L1=3.9 nH and Cp=1 pF. The values of the ele-
ments in the load network values deviate slightly from the ideal ones that would produce
the mentioned optimal load impedance for the following two reasons. First, the discrete
passive components are typically available only in standardized values, depending on the
manufacturer. For instance, SMD 0201 inductors of 3.9 nH and 4.3 nH may happen to
be available, with no value in between; the value closest to the desired one then must
be selected. Second, it is necessary to take into account inevitable interconnections of
the passive components with the PCB and rest of the circuitry. Namely, the process of
assembly of the circuit imposes a number of restrictions in terms of the placement of
the components, minimum distance between them, minimum dimensions of the solder-
ing footpads etc. These parasitic PCB traces (not shown in the schematic in Figure 7.4),
although at a first glance small, can actually have a significant effect on the accuracy of
impedance transformation of the matching network, and their presence needs to be taken
into account. They do not necessarily represent a negative factor in the design of the load
network, though. On the contrary, the designer can use them, or even deliberately extend
them by e.g. inserting an additional short section of microstrip line, to perform fine tun-
ing of the passive network in order to achieve precisely the desired impedance. Such a
fine tuning may be necessary because the passive components are often available only in
certain standard values, as discussed above.

Figure 7.4 Load network LN1.

Load Networks LN2 and LN3 are based on distributed components, i.e. transmission
lines, and are implemented by microstrip lines on the laminate substrate. LN2 is designed
by the approach similar to that described in [114]. The open-circuit shunt stubs TL2 – TL5
have been sized such to correspond to λ/4 transmission lines at the harmonic frequencies
of 2 fc to 5 fc, respectively. In this way, a low harmonic content will be obtained at the
output of the PA, despite a harmonic-rich voltage signal at the collector of the transistor.
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At the same time, the length and characteristic impedance of the series sections TL1 and
TL6 are chosen such to provide the optimal load impedance at the fundamental frequency.

Figure 7.5 Load network LN2.

Figure 7.6 Load network LN3.

LN3 is also based on distributed components, but provides a significantly simpler
topology and occupies less space than LN2, while the PA performance is almost identical
in terms of the output power and efficiency, with somewhat higher level of harmonics at
the output [115]. The electrical length and characteristic impedances of TL1 and TL2
have been experimentally determined, in such a way to obtain the desired load impedance
at the fundamental, and reasonably high harmonic impedances.

In Figure 7.7, the simulated impedance responses of all three load networks are shown,
from the fundamental frequency (1.95 GHz) up to the fifth harmonic (9.75 GHz). As the
figure shows, all three networks produce the same target load impedance at the fundamen-
tal frequency, whereas their responses at higher harmonics slightly differ. The network
LN1 provides the highest reactive behavior, but as discussed in Chapter 5, very high
impedance at harmonics is not the absolute necessity in Class-E PAs. Therefore, LN2 and
LN3 also enable correct Class-E operation, which has been confirmed by measurements.
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Figure 7.7 The impedance response of the three different load networks.

7.1.2 Technology and implementation

For the active device an InGaP/GaAs heterojunction bipolar transistor (HBT) has been
chosen. The transistor is fabricated in a commercial GaAs HBT process (fT =30 GHz)
specifically suited for RF power amplifiers. The process has 3 metal layers and features
back-side grounding vias. In Figure 7.9, a photo of the chip is shown. The HBT device
consists of four basic transistor cells in parallel, with the total emitter area of 1620 m2.
The transistor size is based on the estimation of the peak collector current (ICpk ≈ 300 mA)
for the given supply voltage and output power level, and the maximum allowable current
density of the process (JCmax = 0.2 mA/µm2). A modified Gummel-Poon model is used
for simulations. In Figure 7.8, simulated DC characteristics of the used device are shown.

Each basic cell has three emitter fingers of 45 µm length each. The transistor cells
are placed along one side of the die, in the vicinity of the collector bondpads, in order
to decrease the parasitic inductance of the metal tracks between the internal collector
of the device and the external collector contact. There are six backside vias providing
low-inductance ground connection to backside metallization of the die. It is of major im-
portance to minimize the emitter lead inductance (Le, see Figure 7.1), hence multiple vias
have been used. The die has been attached by a conductive epoxy glue to the metallized
die seat on the laminate substrate. This glue also provides a good thermal conductivity.
The chip is connected to the rest of the circuitry by 30 µm thick gold bondwires. In order
to decrease the series inductance, multiple bondwires have been used, in the same manner
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Figure 7.8 Simulated DC I-V characteristics of the HBT device with the ideal
Class-E loadline indicated.

as it was done with the back-side vias. The thickness of the laminate substrate (PCB) on
which the circuit is mounted is 460 µm. In Figures 7.10 (a)–(c), the three implemented
PAs based on load networks LN1–LN3, respectively, are shown, whereas Figure 7.10 (d)
displays all three circuits together.

Figure 7.9 A photo of the GaAs die.
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Figure 7.10 The implemented Class-E PA circuits.

7.1.3 Measurement results

In this section, the measured performance of the Class-E PA based on load network LN2
wil be presented; the results obtained with the other two versions are slightly worse, but
comparable. The measurements are performed at fc=1.95 GHz and with the drive level
fixed at Pavs = 8 dBm (6.31 mW). Since Class-E is a switching type PA, the output power
can be controlled by changing the supply voltage rather than by changing the input power.
The measured POUT vs. VCC characteristic is shown in Figure 7.11. Due to the effect of
the ”knee” voltage (VCEsat ≈ 0.35 V), the output power is proportional to (VCC−VCEsat)2

rather than to the supply voltage, VCC. The non-zero knee voltage of the device is at the
same time one of the main sources of loss in amplifier. Theoretically, the output (collector)
efficiency is limited to η = (VCC −VCEsat)/VCC, but other losses in the circuit exist too,
most notably the current-voltage overlap during the turn-off transient. The measured
output efficiency and power added efficiency are also shown in Figure 7.11.

These two efficiencies are defined as η = POUT /PDC and PAE = (POUT −Pavs)/PDC,
where POUT , Pavs and PDC represent the output power, available source power and DC
consumption power, respectively. The measured peak values are PAE=68.5% and POUT =
281 mW at VCC = 3.8 V. The decrease in the PAE in Figure 7.11 for lower values of
VCC is primarily due to the drop in the gain of the amplifier. When VCC is decreased,
POUT is also decreasing (approximately by the square low), but since the drive power
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Figure 7.11 The measured output power and efficiency performance of the
Class-E PA (CW operation).

Figure 7.12 Amplification of a GMSK signal.

Pavs is kept constant, the PAE rapidly drops as the influence Pavs term in the equation
becomes increasingly stronger. However, PAE remains above 50% for the huge range of
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output power of almost 10 dB. In our opinion, this is an exceptional performance that
demonstrates the potential of the Class-E PA to provide an overall high efficiency for
variable-envelope signals.

As Figure 7.11 shows, the output (DC-to-RF) efficiency exhibits a rather small vari-
ation over the entire measured range. This comes as a no surprise, since the output ef-
ficiency of an ideal Class-E indeed should be independent of the supply voltage, as dis-
cussed in Section 6.2. This is purely an idealization, however, and a realistic Class-E will
show some small dependence of η on the supply voltage. One of the obvious reasons
is the influence of the knee voltage of the device, VCEsat , which becomes increasingly
stronger at low values of the supply voltage. Beside the relatively high η and PAE, a
rather flat efficiency characteristic is another proof that the circuit operates in the Class-E
regime.

Being a switched-mode PA, the Class-E configuration is inherently incapable of am-
plifying amplitude modulated (i.e. variable envelope) signals, unless employed in an EER
system. However, it can be easily used with constant envelope modulation formats, such
as e.g. GMSK, GFSK or analog FM signals. In Figure 7.12, the spectrum of the ampli-
fied GMSK signal is displayed. The GMSK signal with a symbol rate of 270 kHz and
BT1=0.3 is generated by WinIQSIM software in conjunction with AMIQ vector modu-
lator and SMIQ vector signal generator, and then amplified by the Class-E PA. We have
not noticed any significant spectrum regrowth in comparison with the input signal to the
PA. Furthermore, as Figure 7.13 shows, the level of harmonics in the output signal is
approximately -40 dBc or better.

Table 7.1: PA performance benchmark.

Ref.
# Class

Technology
and device

fc
(GHz)

Pout
(dBm)

Gain
(dB)

PAE
(%)

This work
[116] E

GaAs
HBT 2 24 16 68

[117] E
GaAs
HBT 0.8 21.3 13 74

[118]
F+E

(driver+PA)
GaAs

MESFET 0.84 24 20 52

[119]
E

(differential)
0.35 µm
CMOS 0.7 27 18 62

[120]
E

(differential)
0.35 µm
CMOS 1.9 30 20 48

The presented PA is essentially a narrowband, tuned circuit, but the output power and
efficiency were with satisfying results measured over a bandwidth of at least 50 MHz.
The variation of the output power and efficiency with frequency is given in Figure 7.14,
for drive power fixed at 8 dBm and VCC=3.8 V.

1The bandwidth of the Gaussian filter (B) and symbol time (T) product.
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Figure 7.13 Spectral content of the output signal of the Class-E PA (CW opera-
tion).

Figure 7.14 Measured output power and efficiency as a function of frequency.

In Table 7.1, the achieved performance is reviewed in comparison with the relevant
work of other authors. At the time of publication of this work [116], surprisingly few
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Class-E PAs based on HBT technology and for 2 GHz frequency could have been found
in the literature. Therefore, some of the designs implemented in other technologies and
for other frequency bands were reviewed as well. In [117], a PAE of 74% is reported,
but at more than a factor of two lower frequency and with a 3 dB lower gain. The work
in [118] represents a two-stage amplifier, with the driver stage operating in Class-F. The
reported gain is remarkably high, but with significantly lower PAE and also at a much
lower frequency. Designs in [119] and [120] are differential CMOS Class-E PAs employ-
ing the mode-locking technique. The reported gain and output power are high, but either
at a lower frequency [119] or with a relatively low PAE [120].

7.2 Two-stage PHEMT-based Class-E PA at 2 GHz
One of the general problems in the world of power amplifiers is to provide sufficient
amount of power gain, in addition to the required considerable output power. As discussed
in Chapter 2, single-stage RF PAs can hardly achieve power gain larger 15 dB2 even in
the lower GHz range (and this figure rapidly drops at higher-range frequencies), based on
state-of-the art semiconductor technologies. If an output power level on the order of 30
dBm is required, it is clear that multi-stage PAs have to be used, since the signal level at
the output of an upconversion mixer is typically around 0 dBm [8]. A practical EER PA
system for cellular handset applications is thus likely to be implemented as an amplifier
with at least two stages of amplification. The design of such a system, however, entails
certain issues that are not evident in the most basic case of the EER architecture based on
a single-stage PA. In this section, we will consider an example of a two-stage PA system
designed for EER applications and the relevant issues in the design.

Before proceeding further with the actual design, it is instructive to consider how the
efficiency of a two-stage amplification system depends on the efficiencies of the individual
amplifiers. Consider the conceptual diagram shown in Figure 7.15, where both amplifiers
have their own drain efficiency and gain, denoted by η and G, respectively. The total
output (DC-to-RF) efficiency of the system is given by

ηtot =
Pout2

Pdc1 +Pdc2
(7.4)

where Pin, Pout and Pdc are the input, output and DC consumption power of each stage,
respectively. Since

Pdc1 =
Pout1

η1
=

Pin2

η1
=

Pout2

G2η1
(7.5)

the total efficiency can now be expressed as

ηtot =
Pout2

Pdc2

(
1+ Pdc1

Pdc2

) =
η2

1+ Pdc1
Pdc2

=
η2

1+ 1
G2

η2
η1

(7.6)

2Here, we refer to the power gain in large-signal regime, i.e. in PA applications; small-signal amplifiers can
have somewhat larger gains.
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Therefore, if G2η1 À η2, the total efficiency of the system is ηtot ≈ η2. In other words,
if the gain of the second stage is significant, e.g. on the order of 10 dB or more, and
the efficiency of the driver stage is not too low, then the total efficiency of the system
is predominantly determined by the efficiency of the second stage, a logical conclusion
since the final stage of an amplifier chain usually is the main power consumer. Thus,
when designing a multistage PA system for high-efficiency operation, the focus must be
on the efficiency of the last stage.

Amp2

dd Vdd

Pdc1 Pdc2
Pout2 Pin1 Pin2

Pout1

Amp1

V

Figure 7.15 Conceptual two-stage amplification system.

In Figure 7.16, a block diagram of a two-stage PA is depicted. As the figure shows,
the circuit consists of the output stage operating in Class E, the driver stage operating
in Class F, and the input, output and interstage matching networks. Class E is a logical
choice for the output stage, whereas the Class-F mode has been chosen as a driver since it
can generate approximately rectangular waveforms that are optimal for driving a Class-E
amplifier [118]. Both the driver and output stages have independently controlled drain
and gate bias voltages; as we shall see later, this approach is needed in order to enable
optimization of the circuit waveforms and efficiency.

The usual sequence of steps in designing a two-stage PA is the following [75]: 1)
the design of the output stage, 2) the design of the driver stage, and 3) the design and
optimization of the interstage matching network. Thus, we will consider the design of the
output stage first.

A 0.13-µm PHEMT process of the OMMIC foundry3 has been chosen for the imple-
mentation. This technology is particularly well-suited for PA applications and features
back-side vias and a large breakdown voltage (VGDmax = 12V and VDSmax = 9V), in ad-
dition to an fT of 100 GHz. As discussed in Section 5.5, the design process begins with
estimating the peak drain voltage and current values, and sizing of the transistor device in
the output stage of the PA for a given supply voltage and desired output power. Since the
peak drain voltage in an ideal Class-E PA can exceed the supply voltage by a factor of 3.5
or even more, it is necessary to determine the nominal supply voltage accordingly so as
to remain within the breakdown limit of the device. The maximum allowed drain-source
voltage of the transistor is 9V, and a supply voltage of Vdd=2V is thus chosen, taking into
account some safety margin. Based on the target output power of 27 dBm (0.5W), and

3See www.ommic.com.
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Figure 7.16 The block diagram of the two-stage PA.

the chosen supply voltage of 2V, the load resistance of an ideal Class-E PA is found as

RL = 0.577
V 2

dd
Pout

= 4.6 Ω (7.7)

The peak drain voltage and current are then approximately given by

Vpk = 3.56Vdd = 7.12 V (7.8)

Ipk = 2.86Idc = 2.86
Pout

Vdd
= 715 mA (7.9)

Of course, these are only approximate values, based on ideal Class-E operation. They are
useful, however, at this initial stage of the design.

The next step is to determine the size of the transistor, based on the expected (i.e.,
acceptable) efficiency of the output stage. As discussed in Chapter 5, increasing the
transistor size will decrease the ON resistance of the switch, but will also result in an
increased load capacitance of the driver stage, thus necessitating more drive power and
correspondingly lower gain and PAE. It is necessary, therefore, to be realistic in efficiency
expectations. Based on the discussion in Section 5.5.1 and (5.103), which will be rewrit-
ten here for convenience, if the only loss in the circuit is caused by the ON resistance
of the switch, then the drain efficiency of the Class-E can be shown to be approximately
equal to

η =
1

1+1.365rON/RL
(7.10)
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where rON is the ON resistance of the switch, and RL is the load resistance of the PA. If we
set the acceptable efficiency to η = 90%, the resulting maximal tolerable ON resistance
of the switch is

rONmax = 0.32Ω (7.11)

Figure 7.17 The DC I-V characteristics of the PHEMT device.

In Figure 7.17, the DC Ids vs. Vds characteristics of a 1 mm wide PHEMT device are
shown, for the various values of Vgs. Since the transistor is to be operated as a switch, we
consider the ON resistance of the device in its linear region, for values of Vds beyond the
knee voltage. In this region of operation, the transistor is essentially a voltage-controlled
resistor, where Vgs is the controlling parameter that determines the slope of the character-
istic, i.e. the resistance. The maximum allowed value of the gate-source voltage for this
particular technology is limited to 0.8 V. For higher values of Vgs, an unacceptably large
gate current may occur, which can lead to reliability problems and ultimately to a de-
structive failure of the device. Namely, the gate of a PHEMT is a Schottky barrier (i.e., a
diode), that starts conducting considerable current if Vgs is increased beyond the safe limit.
In the used process, the gate current is limited to 1 mA per gate finger, which translates
to the value of approximately 0.8 V for Vgs. Thus, the ON resistance of PHEMT is deter-
mined by the slope of the Id-Vds characteristic with Vgs = 0.8 V. As the figure shows, the
static ON resistance of the 1 mm device at Vds = 0.5 V is rON,1mm = 0.5/0.515 = 0.97Ω.
Strictly speaking, a FET-type device operated in the linear region is a nonlinear resistor,
since the slope of Id is not constant but slightly dependent on Vds as well. This depen-
dence, however, is relatively weak, and the resistance thus can be considered as constant
and estimated at a single point. Based on the resistance of the 1 mm device and the
maximally acceptable ON resistance of the switch, the total width of the PHEMT device



7.2. TWO-STAGE PHEMT-BASED CLASS-E PA AT 2 GHZ 231

needed for the desired efficiency can be determined as

Wtot [mm] =
rON,1mm

rON,max
≈ 3 mm (7.12)

In order to allow for a certain loss margin, the total width of the output device is
chosen to be Wtot=4 mm. Obviously, this is a relatively large transistor that needs to be
partitioned in multiple cells, as discussed in Section 5.5. The entire power device is thus
realized as four cells in parallel, each with 10 gate fingers of WG = 100µm width, which
results in a good balance between the width and height of a single device, an important
consideration in the design of monolithic PAs with large gate peripheries [75]. The layout
of an individual power cell is shown in Figure 7.18.

Figure 7.18 The layout of an individual transistor cell.

In Class-E PA design, the placement of the shunt capacitor is an important issue. Since
the transistor is operated as a switch, and a considerable current flows through it at the
instant of its opening, it is desirable that the shunt capacitor be placed as close as possible
to the switching device, in order to avoid parasitic inductances and disturbance of the
drain voltage waveform during the turn-off transient, i.e. to provide a smooth redirection
of the current from the switch into the capacitor. For this reason, a shunt capacitor is also
distributed into four separate capacitances, each of 2.8 pF, placed next to individual power
cells. The outputs of the four cells are then combined on-chip, whereas the load network
and the DC-feed inductance are implemented as external components, in the form of SMD
passives.

The topology of the whole chip, with some off-chip components, is displayed in Fig-
ure 7.19. As the figure shows, the driver stage consists of two transistors, each of them
driving two power cells in the output stage. The driver is biased and operated in the
Class-B/Class-F mode: the quiescent drain current of the driver stage, in the absence of
RF drive, is almost zero, by setting the gate bias VGG DR close to the threshold voltage



232
CHAPTER 7. PRACTICAL IMPLEMENTATION ISSUES AND DESIGN

EXAMPLES

Figure 7.19 The topology of the PHEMT PA chip.

(Vth = −0.8 V, as the used PHEMTs are of the depletion type). The interstage matching
network, consisting of two shunt inductances and a series capacitor in a Π-type structure,
is optimized and tuned to enable flattening of the gate voltage of the PHEMTs in the out-
put stage, in order to provide good driving for the Class-E mode of operation. The design
of the interstage matching network is not a straightforward issue, due to the fact that the
input impedance of the output stage, particularly in Class-E operation, significantly varies
over the RF cycle.

As shown in Figure 7.19, beside the PHEMT devices, other on-chip components in-
clude the shunt capacitors of the output stage, the capacitors of the interstage matching
network, and 2 kΩ resistors for the gate bias of the driver stage. All on-chip capacitors
are realized as metal-insulator-metal (MIM) capacitors and the off-chip elements of the
load network are shown in Figure 7.20. The layout of the PHEMT chip is shown in Fig-
ure 7.21. Further details regarding the practical realization of the circuit can be found in
Appendix E.

Simulated drain current and voltage waveforms of the output stage, for different values
of the supply voltage VDD PA (output power sweep), are shown in Figure 7.22. As can be
seen from the figure, the simulated waveforms relatively well correspond to the Class-E
regime. In Figure 7.23, the output power and efficiency performance are shown for a
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Figure 7.20 Implementation of the load network of the PHEMT PA.
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Figure 7.21 The layout of the two-stage PHEMT PA.

certain set of biasing and drive parameters. The simulated peak output power is 29 dBm,
for VDD PA = 3.3V, while the peak PAE is 60%. In addition, the efficiency without losses
in the load network is given. As the figure show, approximately 10% of the PAE is lost
due to losses in the load network. A notable feature of the circuit is that the PAE curve
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fc = 2 GHz, Pin = -0.5 dBm, Vdd_PA sweep 0.3 – 3 V

V
dd_DR

= 2.4 V, V
gg_PA

= V
gg_DR

= -0.85 V

Figure 7.22 Simulated drain current and voltage waveforms (current given for
a unit cell.

Figure 7.23 Simulated power and PAE performance.

remains relatively flat over the top 10 dB of the output power.
In Figure 7.24, the simulated phase of the output signal as a function of the output

power sweep is shown. A very strong presence of AM-PM distortion is thus obvious,
indicating the need for compensation. As we discussed in Chapters 2 and 6, AM-PM
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Figure 7.24 Simulated dependence of the output phase on the supply voltage of
the output stage.

effects do constitute a mechanism of nonlinear distortion, but often fall in the shadow of
AM-AM effects that receive most attention in discussions on linearity.

7.3 Ideal EER
Since the design of a multi-stage EER system is associated with a number of issues, the
question arises whether such a system is feasible and practical. The answer is principally
positive, due to the fact that power digital signal processors, look-up tables and other
means of signal processing in the digital domain are nowadays easily accessible and do
not incur significant cost. One possible approach for realization of an ‘ideal’ two-stage
EER PA system is shown in Figure 7.25.

As the figure shows, the baseband digital stream is fed to the system DSP, which gen-
erates the envelope and phase signals in the digital domain, and delivers them to a ‘smart’
bias and drive controller. This block, possibly based on a look-up table (LUT), incorpo-
rates knowledge on how to predistort the phase-modulating signal, φpd , and the biasing
voltages of the output stage and the driver, so that the desired output power is obtained,
with optimal efficiency and without AM-AM and AM-PM effects. The programming of
such a bias controller necessitates extensive characterization and efficiency optimization
of a given PA; there are potentially many different settings of the biasing voltages at which
the desired power can be obtained, but they will differ in efficiency, and the phase of the
output signal will also depend on the settings. Thus, instead of trying to optimize the PA
circuit for minimal AM-AM and AM-PM effects, it is more instructive for the designer
to focus purely on optimizing for the efficiency at all possible output power levels, and to
leave all the necessary AM-AM and AM-PM compensation to the digital predistorter.
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Figure 7.25 Concept of a two-stage EER system with digital predistortion.

7.4 Conclusions

As discussed in Section 7.1, a Class-E power amplifier based on a GaAs HBT is designed
and implemented. A peak PAE of 68% and a power gain higher than 16 dB are achieved,
which represented the state-of-the-art performance for a single-ended single-stage GaAs
HBT Class-E PA at 2 GHz at the time of publication. The PAE remains above 50%
over the range of output power of almost 10 dB, which is an exceptional performance,
in the view of the author. The PA is designed by combining the well-known Class-E
theory and an experimental approach based on the load-pull principle. Both lumped- and
distributed-component concepts have been demonstrated, with similar performance. The
PA is capable of amplifying constant envelope RF signals, which has been successfully
demonstrated with GMSK signal.

In Section 7.2, a 2GHz two-stage PHEMT PA design is presented. As discussed,
the goal of this design was to examine the intricacies and difficulties encountered in the
multistage PA design for the EER architecture, which differs significantly from the single-
stage PA scenario. As discussed in Section 7.2, a multi-stage solution is needed to provide
a reasonable gain and dynamic range of output power. Such an approach, however, brings
along more difficult issues than the single-stage design. First, dynamically varying the
supply voltage of the output stage will have a significant impact on its input impedance,
i.e. on the load of the driver stage. Since driver is principally a nonlinear circuit, the
effects of load variation can be more serious than in the case where the PA is driven by
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an ideal signal source with fixed internal impedance. Second, the AM-AM and AM-PM
effects are more prominent in the case of a two-stage PA than in the case of a single-
stage amplifier. As discussed in Section 7.3, this issue is difficult to resolve at the circuit
level, due to inherent nonlinearities of the transistor. Nowadays, owing to availability
of powerful DSP, digital predistortion of the baseband signals is the most effective way
to deal with the AM-AM and AM-PM effects of the PA in a modern type of the EER
architecture.

In addition to presenting difficulties, a multi-stage EER PA architecture also offers
some possibilities for further efficiency improvement; at low output power levels, the
power consumption of the driver stage becomes significant, so the efficiency can be fur-
ther improved by dynamically varying the supply voltage of the driver stage as well, as
proposed in the system shown in Figure 7.25. Furthermore, independent control of the
gate bias voltages and control of duty cycle of the PA may be another degree of freedom
in seeking for efficiency improvement.
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8

Conclusions

General conclusions on the work presented in this thesis are drawn here. For more detailed
conclusions, the reader should consult the conclusions at the end of the corresponding
chapters.

Many problems in PA design vanish if the requirements on the efficiency are relaxed
– a sufficient amount of back-off, possibly combined with some additional linearization
scheme such as predistortion or feedforward, will provide adequate linearity for most
applications. However, the advent of portable wireless communication systems in the last
decade of the 20th century has put some old problems and potential solutions back in
focus. Fueled by the consumer demands for cheap, light and compact handsets with a
long talktime between recharging cycles, the need for high-efficiency PAs is nowadays
stronger than ever, since higher efficiency easily translates into a market advantage for a
handset maker.

Back-off operation of conventional PA modes leads to severe degradation of effi-
ciency, which implies that a linear amplification of variable-envelope signals is incom-
patible with overall high efficiency. Indeed, the problem of high-efficiency linear ampli-
fication over a wide dynamic range of a signal, the “holy grail” of PA design, has been
challenging designers and engineers for decades, from the early days of the pre-solid-
state era. This problem remains the central research issue in the world of PAs to date.
Clearly, classical PA concepts in which the transistor is operated as a current source must
be abandoned in the search for higher efficiencies.

State-of-the-art semiconductor technologies enable switched-mode PAs to provide
relatively high efficiencies even at deep microwave frequencies, on the order of tens of
GHz. However, switching amplifiers in their basic form are essentially useful only for
constant-envelope modulations. Fortunately, a multitude of techniques have been invented
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that allow the use of the switched-mode PAs in amplification of varying-envelope signals,
and thus open the perspective for the much desired high-efficiency linear amplification.

Three particular PA techniques that have potential for high-efficiency linear amplifi-
cation are: the envelope elimination and restoration (also referred to as polar modulation),
linear amplification with nonlinear components and pulse-modulated RF PA systems. All
three schemes have their own difficulties and limitations regarding both the linearity and
efficiency performance. In the EER concept, the critical part is not the PA itself, but rather
the realization of a fast and efficient power supply modulator. Furthermore, an accurate
alignment of the amplitude and phase paths is of vital importance, as well as compensa-
tion of the AM-AM and AM-PM effects of the PA, which can best be accomplished in
the DSP domain.

In the LINC architecture, the process of power combining imposes fundamental lim-
itations on the performance of the system: a lossless power combiner does not provide
isolated input ports, thus leading to mutual load-pulling of the PAs, whereas an isolating
power combiner inherently suffers from loss, making the whole scheme unattractive due
to low overall efficiency.

Pulse-modulated RF PA systems are very interesting, due to the availability of transis-
tors with very high speed. While having potential for efficient power amplification, these
circuits also can naturally provide a link between the digital world of signal processing
and the analog world of modulated RF waveforms. Many problems, however, still remain
to be resolved in a practical implementation of such a PA concept, and there are also
certain fundamental limitations of the approach, such as the relatively low power output
capability. In the opinion of the author, the EER architecture, among the three considered
ones, has the best prospects to emerge as the PA platform of the future.

Among all types of switched-mode amplifiers, Class E is the most suitable for high-
frequency operation, and is furthermore an excellent vehicle for the EER concept. Ac-
cordingly, considerable attention needs to be paid to this intriguing type of circuit. A
number of issues were covered in great detail, from the basic analysis of the Class-E op-
eration to the choice of transistor device and simulation techniques suitable in the design
of this type of PA. Novel, explicit design equations for Class-E PA with small dc-feed
inductance were developed, providing the designer with direct insight into variation of
key circuit elements as a function of the chosen inductance value. Furthermore, analysis
of resistive losses in the switch and shunt capacitor was carried out, resulting in the theo-
retical limit of the expected efficiency as a function of the Q-factor of the shunt capacitor
and of the switch ON resistance.

EER being the most promising high-efficiency linear PA architecture, and Class E
being the most promising RF PA configuration, the combination of the two arises as the
logical choice to be examined in detail. Therefore, a Class-E circuit has been designed
in conjunction with an idealized behavioral EER test bench. The response of the whole
system to UMTS modulated RF signal has then been simulated and the spectral content of
the output signal analyzed, confirming that a Class-E RF PA, supplied with appropriately
conditioned signals, can satisfy the linearity requirements of the UMTS standard.

Generating these appropriately conditioned signals can be associated with many prob-
lems, however. The presence of both linear and nonlinear distortion in the envelope path
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leads to intermodulation distortion in the output signal, and the process of decomposi-
tion of a modulated RF carrier into its envelope and phase components is associated with
spectral expansion. Equations were derived that predict the IM3 level in the output sig-
nal based on the transfer function of the envelope path. The obtained results show that
the required bandwidth of the envelope path of an EER system thus must equal at least
4-5 times the channel bandwidth of the modulated RF signal, in order for the system to
meet the required ACPR specifications. Furthermore, the sensitivity of the ACPR and
EVM performance of an ideal behavioral EER system to delay mismatch between the
amplitude and phase paths has been examined for the case of WCDMA signal. The re-
sults of simulations show that a delay mismatch of only 2.5% of the symbol time can be
tolerated before the ACPR mask is violated. The efficiency and distortion behavior of
both the linear and switched power supply regulator has been analyzed, and it was shown
that only the switched-mode PWM-based regulator can provide decent overall efficiency
over a wide dynamic output range. Distortion inherently related to the PWM technique
mandates that the switching frequency of such a regulator be at least 5-6 times the band-
width of the envelope signal. On the other hand, efficiency of a switched-mode regulator
trades with its switching frequency. For these reasons, a hybrid solution, comprising both
a switched-mode regulator for the dc and low-frequency components of the envelope, and
a linear regulator for higher spectral components, is an optimal solution.

Two design examples were implemented: a single-stage HBT-based Class-E PA for
2 GHz, and a two-stage PHEMT-based PA, also for 2 GHz. The HBT-based circuit was
designed for a 24 dBm target output power, and the measurement results show a PAE of
68% at full output power at VCC=3.8V, with a transducer power gain of 16 dB. The PAE
remains above 50% over the top 10 dB range of the output power, which demonstrates the
superiority of the EER concept in preserving efficiency under back-off conditions. Such
a PA can be implemented by either lumped or distributed components.

In practice, however, at least a two-stage power amplifier will be needed, in order to
provide output levels on the order of 25-30 dBm with a drive power on the order of 0 dBm,
which is a typical output level of upconversion mixers. An output power level of 27 dBm,
with a PAE higher than 70%, should be possible with a two-stage PHEMT-based PA,
where the output stage operates in Class-E mode, and the driver stage is designed close
to Class F, to provide optimal drive conditions. At lower power levels, the dissipation of
the driver stage becomes considerable in relation to the total power dissipation of the PA,
pointing to the conclusion that further efficiency improvement of such an EER system is
possible by dynamically varying not only the supply voltage of the PA, but that of the
driver stage as well. When the output level is low, the power fed to the output stage need
not be considerable, so there is some room to decrease the voltage swing at the drain of
the driver, and thus also its power dissipation.

Another observation of critical importance is that variation of the output power is
followed by a large variation of the phase of the output signal, i.e. the AM-PM effects are
very significant. These effects cannot be tamed at the PA circuit design level, and the only
way to resolve this problem is the system-level DSP-based predistortion of the amplitude
and phase signals.
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Although conventional Class A/AB amplifiers currently still dominate the cellular
market, the future of the PA world lies in innovative concepts, possibly EER-like systems
enhanced with a DSP-based predistortion and control mechanism. Another direction in
which PA design will evolve, particularly for medium and low output power applications,
are pulsed-based RF PA systems, thus approaching the concept of all-digital radio.
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Reduced conduction angle operation

THE objective of this appendix is to present a generalized analysis of the reduced
conduction angle PA modes. As mentioned in Chapter 2, in the reduced conduction

mode operation we assume that the drain/collector current waveform of the transistor cor-
responds to a positive truncated sinusoidal waveform that has a certain (possibly negative)
DC-offset in comparison to the Class-A case. In order to illustrate this point, consider the
waveform shown in Figure A.1.

The transistor conducts only during part of the RF cycle, and the peak drain current
value is Ipk, normally taken to correspond to the maximum current that the device can
support. The device current waveform can be analytically described as

iX (θ) = I0 + Im cosθ (A.1)

iD(θ) =
{

iX (θ), if iX (θ) > 0;
0, otherwise. (A.2)

where I0 and Im are the quiescent value and the magnitude of iX (θ), respectively, and the
drain current iD(θ) is defined as the positive portion of iX (θ). Since iD(θ) is a periodic
waveform, it can be represented by its Fourier series, namely

iD(θ) = IQ +
∞
∑
k=1

(
IA,k coskθ + IB,k sinkθ

)
(A.3)

where IQ, IA,k and IB,k can be found as

IQ =
1

2π

∫ π

−π
iD(θ)dθ (A.4)

243



244 APPENDIX A. REDUCED CONDUCTION ANGLE OPERATION
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Figure A.1 Transistor current in a reduced conduction angle mode.

IA,k =
1
π

∫ π

−π
iD(θ)coskθ dθ (A.5)

IB,k =
1
π

∫ π

−π
iD(θ)sinkθ dθ (A.6)

By combining (A.1) and (A.2) with (A.4)–(A.6), the amplitudes of the spectral com-
ponents of the drain current can be determined as functions of I0, Im and α . However,
there is a certain redundancy in doing so, since the waveform iD(θ) is in principle com-
pletely determined by Ipk and α , and in the design of a PA, it is actually desirable to
express the spectral content of iD(θ) as a function of these two parameters. Thus, we may
observe that the relationships between I0, Im, Ipk and α are given by

I0 + Im = Ipk (A.7)

I0 + Im cosα = 0 (A.8)

By combining (A.7) and (A.8) with (A.1) and (A.2), we can now express the drain
current as

iD(θ) =

{
Ipk

1−cosα (cosθ − cosα) , if −α < θ < α;
0, otherwise.

(A.9)

Of course, (A.9) holds for 0 < α ≤ π . Now we can evaluate (A.4), (A.5) and (A.6) in order
to obtain desired spectral components. Due to the suitably chosen cosine phasing of the
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waveform iD(θ) of Figure A.1, the components IB,k will be zero. Therefore, only the DC
and cosine components of the Fourier series need to be considered. The DC component,
IQ, is found as

IQ =
1

2π

∫ α

−α

Ipk

1− cosα
(cosθ − cosα) dθ =

Ipk

π
sinα−α cosα

1− cosα
(A.10)

where α denotes the half of the conduction angle. The fundamental and harmonic com-
ponents can be found as

Ik = IA,k =
1
π

∫ α

−α

Ipk

1− cosα
(cosθ − cosα)coskθ dθ

=
Ipk

π (1− cosα)

(∫ α

−α
cosθ coskθdθ +

∫ α

−α
cosα coskθdθ

)

=
Ipk

π (1− cosα)

[
sin(k +1)α

k +1
+

sin(k−1)α
k−1

− 2cosα sinkα
k

]
(A.11)

The above expression gives us the amplitude for the k-th order harmonic; it principally
also holds for the fundamental (k = 1), where the term sin(k−1)α

k−1 degenerates to α . Thus,
the magnitude of the fundamental component of the device in a reduced conduction angle
PA is

I1 =
Ipk

π
α− sinα cosα

1− cosα
(A.12)

Based on (A.10) and (A.12), it is possible to calculate the output (DC-to-RF) effi-
ciency of the PA as a function of the conduction angle. The output efficiency is given
by

η =
Pout

PDC
=

1
2V1I1

VDD IQ
(A.13)

where V1 and I1 are the magnitude of the fundamental component of the load voltage and
current, respectively, whereas IQ is the quiescent (bias) current of the PA, drawn from the
supply voltage VDD. Furthermore, we know that the load resistance is chosen such as to
maximize the voltage swing at the drain (load line match), and thus V1 = VDD. Therefore,
the efficiency can be calculated as

η =
1
2V1I1

VDD IQ
=

I1

2IQ
(A.14)

By substituting (A.10) and (A.12) into (A.14), we obtain the output efficiency as

η =
α− sinα cosα

2(sinα−α cosα)
(A.15)

As already discussed in Chapter 2, reducing the conduction angle of a PA increases
the efficiency, but this benefit is followed by a reduction in the available output power.
This reduction can be expressed in relation to the Class-A case (α = π) as

r =
P(α)

PClass−A
=

I1(α)
Ipk/2

=
2(α− sinα cosα)

π(1− cosα)
(A.16)
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The dependencies of η and r on the conduction angle1 are plotted in Figure A.2.
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Figure A.2 Efficiency and output power capability in various classes of opera-
tion.

As can be seen from the above figure, reduction of the conduction angle can provide
higher output efficiencies, however that leads to other two problems. First, the available
output power quickly drops, since narrow current pulses contain smaller amount of the
fundamental component. Second, such an operation requires more peculiar drive con-
siderations and more drive power, and in general results in lower power gain, which in
turns leads to lower power-added efficiency. In general, reduced conduction angle opera-
tion with small angles (i.e., deep Class-C operation) is of limited use for RF applications
operating at frequencies in the GHz range.

1α is half the conduction angle; the total conduction angle is thus 2α .



B

Efficiency of reduced conduction angle PAs in back-off

AS discussed in Chapter 2, a power amplifier is always designed for a certain nomi-
nal, peak output power, and the efficiency is often specified only at this peak output

power level. It is of great importance, however, to consider the efficiency behavior of the
PA when it is operated below its peak output power, a condition commonly referred to
as back-off. A PA can be operated in back-off when it is driven by a variable-envelope
signal, but also in constant-envelope systems, the PA can be operated at different output
levels due to the power control mechanism. From the efficiency perspective, the underly-
ing cause of back-off operation is irrelevant; what matters is only the efficiency at a given
power level. Based on the η(Pout) characteristic of the PA and the statistical characteris-
tics of the signal, the average efficiency can be found.

Class A

First we will consider the efficiency in back-off of the most fundamental type of PAs, the
Class-A configuration. Consider Figure B.1 that shows the current waveforms of the tran-
sistor when the Class-A stage is operated in back-off. Solid line represents the waveform
at the full output power, whereas dashed lines are used to indicate the waveforms when
the PA is backed-off. Two cases of back-off are shown: when the drive level is reduced
to 70% and to 30% of the nominal peak drive, corresponding to the back-off levels of
approximately -3 dB and -10dB, respectively. Parameters VQ and IQ denote the normal-
ized quiescent bias values of the gate-source voltage and drain current, respectively, with
reference to Figure 2.8.

As the figure shows, the magnitude of the current linearly varies with the drive level
(assuming a perfectly linear transfer characteristic of Figure 2.8), a consequence of the
fact that the transistor in a Class-A PA is always conducting. The device current waveform

247



248
APPENDIX B. EFFICIENCY OF REDUCED CONDUCTION ANGLE PAS IN

BACK-OFF

[rad]

max

VQ =0.5

IQ =0.5

-

3 Π
��������

2
-Π

-

Π

����

2
Π

����

2
Π 3 Π

��������

2

0.25

0.5

0.75

1

iD (θ)/

θ

I

Figure B.1 Transistor waveforms of a Class-A PA in back-off.

is centered around its quiescent value, and the power drawn from the DC supply thus
remains constant, i.e. independent of the output power level. Therefore, the DC-to-RF
efficiency of the Class-A PA as a function of the output power level can be expressed as

η(Pout) =
Pout

PDC
=

Pmax

PDC

Pout

Pmax
= ηmax

Pout

Pmax
= 0.5

Pout

Pmax
(B.1)

The output efficiency of the Class-A PA thus linearly varies with the output power
level. Clearly, this is an unattractive property of the Class-A configuration, indicating that
the efficiency of amplification of variable-envelope signals will in general be significantly
lower of the already rather modest maximum output efficiency of 50%. Basically, it can be
shown that a signal with a certain peak-to-average power ratio (PAPR) will be amplified
with an efficiency of

ηavg = 0.5
Pavg

Pmax
=

0.5
10PAPR/10 (B.2)

where PAPR is taken in dB.

Class B

The efficiency behavior of the Class-B PA in back-off operation is somewhat different
than that of the Class-A stage. Consider the Class-B waveforms in back-off shown in Fig-
ure B.2. As the figure shows, varying the drive level changes the magnitude of the drain
current, and correspondingly of the drain-source voltage. Since the conduction angle does
not change (α = π/2=const.), the fundamental component of the device current changes
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in linear fashion with the drive level (assuming an ideally linear vGS–iD characteristic of
the device), an interesting and favorable property of the Class-B operation. However, in
addition to the fundamental component of the device current, the DC component changes
as well, as opposed to the Class-A case where the DC component remains constant and
entirely independent of the drive level in back-off.
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Figure B.2 Transistor waveforms of a Class-B PA in back-off.

Since the drain current waveform of a Class-B PA corresponds to the half-rectified
sinusoid, the fundamental and dc components are given by I1 = Ipk/2 and IDC = Ipk/π ,
respectively, where Ipk denotes the peak value of the waveform. The efficiency of the
Class-B PA stage can then be expressed as

η =
Pout

PDC
=

1
2 RLI2

1

VDDIDC
=

π
8

RLIpk

VDD
(B.3)

where RL is the load resistance, VDD is the supply voltage and Ipk is the peak value of
the drain current that is controlled by the drive level. The output efficiency of the PA
is thus linearly proportional to the magnitude of the drain current. Since Pout ∝ I2

1 and
I1 = Ipk/2, we may derive the relationship between the efficiency of the Class-B PA and
its instantaneous output power as

η(Pout) = ηmax

√
Pout

Pmax
=

π
4

√
Pout

Pmax
(B.4)

where Pmax is the maximum output power for which the PA is designed. The output
efficiency of the Class-B amplifier operated in back-off is thus proportional to the square-
root of the instantaneous output power, indicating a more favorable η vs. Pout behavior
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than that of the Class-A counterpart. If we consider the 3-dB back-off case, the efficiency
of an ideal Class-A amplifier drops to η3dB = 0.5ηmax = 25%, whereas an ideal Class-B
PA would provide an efficiency of η3dB = ηmax/

√
2 = 55%.

Class-AB and Class-C operation in back-off

It is of interest to consider the behavior of the other conventional (non-switching) classes
of PAs in back-off, especially since the Class-AB represents the most widely encountered
type of PA in practice.

Class-AB and -C amplifiers have a property that the conduction angle varies with the
drive level, as shown in Figures B.3 and B.4. Principally, this is the reason for nonlinearity
of these types of PAs, since the fundamental component of the current is in a nonlinear
fashion related to the drive level. The power drawn from the dc supply varies as well,
also in a complex nonlinear fashion. For these reasons, it is now a rather complicated
matter to analytically express the η vs. Pout dependence, as opposed to the Class-A and
-B scenarios. A more practical approach is to sweep the drive level in order to observe the
variation of the output power and efficiency, and then to plot the efficiency as a function
of the output power by making use of a suitable software tool, such as e.g. Mathematica
and its ParametricPlot function that provides this functionality.
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Figure B.3 Transistor waveforms of a Class-AB PA in back-off.

As indicated in Figures B.3 and B.4, the analyzed cases of Class-AB and -C operation
have a normalized bias of VQ = 0.2 and VQ =−0.2, respectively. As in the cases of Class-
A and -B, the dashed traces indicate the waveforms at back-off levels of -3 dB and -10 dB.
In Figure B.5, the output efficiency of the various PA classes as a function of the back-off
level is shown.
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Figure B.4 Transistor waveforms of a Class-C PA in back-off.
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Figure B.5 Efficiency of conventional PAs in back-off.
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C

Class-E operation with finite
DC-feed inductance

OPERATION of a Class-E circuit with a finite DC-feed inductance differs substan-
tially from the classical case based on an RF choke (RFC). The principal difference

is that the current entering the circuit through the biasing inductance can now contain a
considerable AC component, in addition to the DC one. The standard, simplified Class-
E analysis described in Section 5.1 thus does not hold, and it is necessary to carry out
the whole analysis from scratch, taking into account the time-variable component of the
current flowing through the feeding inductance. In this appendix, we will describe a sum-
marized version of the extensive analysis of a Class-E PA circuit with a finite (i.e., small)
dc-feed inductance carried out in [70]; a similar, but extended and generalized, analysis
of the Class-E operation has been presented in [73]. The results and implications of the
derivations given in this appendix are discussed in Section 5.4, followed by a practical
approach proposed for derivation of the closed-form design equations.

Consider the Class-E PA circuit depicted in Figure C.1. As usual, a 50% duty-cycle
soft-switching Class-E operation is assumed, with the only difference that the current
iL(t) is not constant, but rather variable. The transistor is operated as a switch at a carrier
frequency ω , and the current iR(t) flowing through the load branch is purely sinusoidal,
since we assume that the series resonator LsCs has a very high loaded Q-factor.

The analysis of the Class-E operation will be carried out in the time domain, in the
usual manner, observing that for the variable current iL(t), we can write

vL(t) = L1
diL(t)

dt
(C.1)
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where vL(t) is the voltage across the inductor L1, and can be expressed as

vL(t) = VDD− vC(t) (C.2)

The operation of the circuit is analyzed in two discrete states:

© OFF state: 0 < ωt < π , the switch is opened.

© ON state: π < ωt < 2π , the switch is closed.

isw(t)

c(t)v

CsLs
iL(t)

Vdc

C1

tuned @

vx

ic(t)

ω

R

iR(t)

jX

L1

SW

Figure C.1 Class-E PA circuit with a finite DC-feed inductance.

The following equations can now be written for the circuit. First, since the load current
is purely sinusoidal, we can write

iR(t) = IR sin(ωt +ϕ) (C.3)

Because of the presence of the reactance jX , the voltage vX (t) can be expressed as

vX (t) = IRR

√
1+

X2

R2 sin
(

ωt +ϕ + arctan
X
R

)
(C.4)

Further, we need to formulate the relationships for the feeding inductance current, iL(t),
and for the shunt capacitor voltage and current, vC(t) and iC(t), respectively. When the
switch is open (OFF state), the current iL(t) is composed of the current through the ca-
pacitor, iC(t), and the load current, iR(t). Therefore,

iL,o f f (t) = iC,o f f (t)+ iR(t) (C.5)
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The shunt capacitor current in the OFF state is given by

iC,o f f (t) = C1
dvC,o f f (t)

dt
(C.6)

On the other hand, by combining (C.1) and (C.2), we can write

vC,o f f (t) = VDD−L1
diL,o f f (t)

dt
(C.7)

Finally, differentiating (C.7) and combining the result with (C.6) and (C.5) yields a non-
homogeneous second-order differential equation

L1C1i ′′L,o f f (t)+ iL,o f f (t) = IR sin(ωt +ϕ) (C.8)

This equation implicitly describes the waveform of iL(t) throughout the OFF state, i.e. for
0 < ωt < π . Solving (C.8), we obtain the explicit expression for iL(t) in the OFF state as

iL,o f f (t) = Acos
(

t√
L1C1

)
+Bsin

(
t√

L1C1

)
+

IR

1−ω2L1C1
sin(ωt +ϕ) (C.9)

where A and B are constants that need to be determined from the boundary conditions.
When the switch is closed (ON state, π < ωt < 2π), the voltage at the shunt capacitor

is zero, and based on (C.1) and (C.2) we will have

L1
diL,on(t)

dt
= VDD (C.10)

iL,on(t) =
VDD

L1

∫ t

π
ω

dt +C =
VDD

L1

(
t− π

ω

)
+C (C.11)

where C is a constant that represents the current iL,on(t) at the beginning of the ON state
and needs to be determined from the boundary conditions.

In order to establish the boundary conditions, we observe the basic property of an
inductance that the current through must be a continuous function (and the same holds for
the voltage of a capacitor). Therefore, we can postulate that iL(t) must preserve continuity
at the instants of transition between the ON and OFF state. Thus,

iL,o f f
(
t = 0+)

= iL,on

(
t =

2π
ω

−)
(C.12)

iL,o f f

(
t =

π
ω
−)

= iL,on

(
t =

π
ω

+
)

(C.13)

Furthermore, due to the continuity of the capacitor voltage, we can also write

vC,o f f
(
t = 0+)

= vC,on

(
t =

2π
ω

−)
= 0 (C.14)
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By combining the boundary conditions (C.12)–(C.14) with (C.7) and (C.9), it is pos-
sible to find the integration constants as

A =

(
1

1− cos π/
(
ω
√

L1C1
)
)[(

VDD

√
C1

L1
− IR ω

√
L1C1

1−ω2L1C1
cosϕ

)
sin

π
ω
√

L1C1

− 2IR

1−ω2L1C1
sinϕ +

VDD π
ωL1

]
(C.15)

B = VDD

√
C1

L1
− IR ω

√
L1C1

1−ω2L1C1
cosϕ (C.16)

C = iL,o f f

( π
ω

)
= Acos

(
π

ω
√

L1C1

)
+Bsin

(
π

ω
√

L1C1

)
− IR

1−ω2L1C1
sinϕ (C.17)

The next step in the analysis is to impose the soft-switching conditions so as to obtain
an optimal Class-E operation. The soft switching dictates that the shunt capacitor voltage
and its slope both be equal to zero at the instant of switch closure. Thus,

vC,o f f

(
t =

π
ω

)
= 0 (C.18)

dvC,o f f (t)
dt

∣∣
t=π/ω = 0 (C.19)

By combining (C.18) and (C.19) with (C.5), (C.6), (C.7) and (C.9), the initial phase shift,
ϕ , and the magnitude of the load current, IR, can be determined as

cotϕ =

(
π/
√

L1C1
)

cos π/
(
ω
√

L1C1
)
+ω sinπ/

(
ω
√

L1C1
)

ω2
√

L1C1
[
1− cos π/

(
ω
√

L1C1
)
+π/

(
2ω
√

L1C1
)

sinπ/
(
ω
√

L1C1
)]

− 2
ω
√

L1C1
cot

π
ω
√

L1C1
− ω

√
L1C1

(
1− cos π/

(
ω
√

L1C1
))

sinπ/
(
ω
√

L1C1
) (C.20)

IR =
VDD

(
1− cos π/

(
ω
√

L1C1
)
+π/

(
2ω
√

L1C1
)

sinπ/
(
ω
√

L1C1
))(

1−ω2L1C1
)

√
L1/C1 sinϕ sinπ/

(
ω
√

L1C1
)

(C.21)
What remains is to calculate the fundamental component of the voltage vX (t), and to

equate it to the fundamental component of vC(t), observing that the series resonator LsCs
is a short circuit for the fundamental frequency. Thus, we can write

IR R

√
1+

X2

R2 =
ω
π

∫ 2π/ω

0
vC(t)sin

(
ωt +ϕ + arctan

X
R

)
dt (C.22)

At the end, we may conclude that if two values of the four key circuit parameters (L1,
C1, X and R) are specified, the other two can be determined in such a way that the optimal
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(i.e., soft-switching) Class-E operation results. However, due to their nonlinear and tran-
scendental nature, the equations must be solved numerically; this process is rather cum-
bersome and not very insightful. Therefore, we have proposed an alternative approach in
Section 5.4, where the circuit operation has been solved for a number of discrete normal-
ized cases, and a polynomial interpolation has been used to generate closed-form, explicit
design equations.
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D

Rectangular pulse signal

IN this appendix, the harmonic analysis of a simple periodic rectangular waveform will
be carried out. Consider the waveform shown in Figure D.1, that has a radial frequency

of repetition ω and an angular pulse width 2y. For the purpose of the analysis, it is
convenient to use the angular time, defined as θ = ωt.

(θ)

y y

π 2π0−π

1

θ=ωt

r

Figure D.1 Periodic rectangular waveform.

Since the waveform r(θ) is periodic, it can be expressed as a trigonometric Fourier
series, i.e.

r(θ) = a0 +
∞
∑
k=1

(ak coskθ +bk sinkθ) (D.1)

where

a0 =
1

2π

∫ π

−π
r(θ)dθ (D.2)
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ak =
1
π

∫ π

−π
r(θ)coskθ dθ (D.3)

bk =
1
π

∫ π

−π
r(θ)sinkθ dθ (D.4)

By evaluating (D.2)–(D.4), the coefficients of the Fourier series corresponding to the
signal in Figure D.1 can thus be found as

a0 =
1

2π

∫ y

−y
dθ =

y
π

(D.5)

ak =
1
π

∫ y

−y
coskθ dθ =

2
kπ

sinky (D.6)

bk =
1
π

∫ y

−y
sinkθ dθ = 0 (D.7)

In pulse-width modulation technique, the duration (width) of the pulse is varied in
proportion to the modulating signal. Obviously, the duty (on) cycle of the pulse stream of
Figure D.1 is D = y/π .
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Figures and photos of the PHEMT PA design

IN this appendix, additional details regarding the implementation of the two-stage PHEMT
PA circuit are given.

Figure E.1 Design of the PCB and the placement of SMD passives.
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Figure E.2 PHEMT PA chip with SMD passives mounted on PCB.

Figure E.1 shows the design of the printed circuit board (PCB) with passive compo-
nents, including decoupling capacitors for the supply lines. The complete circuit, soldered
onto the PCB, is shown in Figure E.2.
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Summary

The explosive development of portable wireless communication systems in the last decade
has put some of the old and still unresolved problems in the field of radio-frequency (RF)
power amplification again in focus. Battery-operated handheld devices demand highly
efficient RF power amplifiers (PA) in their transceivers in order to maximize the operating
time between charging cycles. Since the PA is usually the most power-hungry building
block of the transceiver, and even can dominate the power consumption of the whole
handset, improvement of its efficiency is of major importance. On the other hand, high
data rates in modern wireless standards mandate efficient use of the available spectrum.
Spectrally efficient modulation schemes produce variable envelope RF signals that require
linear and thus power-inefficient amplification.

The work described in this thesis summarizes the research into possibilities of achiev-
ing high-efficiency linear RF power amplification, particularly for portable applications.
Three possible PA/transmitter architectures have been considered: envelope elimination
and restoration (EER), linear amplification with nonlinear components (LINC), and pulse-
modulated PA systems. The benefits and limitations of these concepts are compared, in
the context of the characteristics of the signals used in modern wireless systems and char-
acteristics of the state-of-the art semiconductor technologies. The conclusion has been
drawn that the most promising architecture is EER, and the feasibility of this concept has
been further investigated in detail.

Switched-mode Class-E power amplifiers prove to be prime candidates for the real-
ization of EER systems and as such have been thoroughly investigated in the thesis. Ex-
tensive time-domain circuit simulations have been carried out that indicate that Class-E
PAs, if properly employed in an appropriate EER scheme, can satisfy the stringent linear-
ity requirements of the UMTS system. This was the first such quantitative demonstration
in the literature. The design of Class-E PAs for use in the EER architecture has been
discussed and inherent causes of intermodulation distortion of such an EER system have
been identified. The influence of linear as well as nonlinear distortion of both the ampli-
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tude and phase path in an EER system has been clarified, and guidelines derived on the
design of the system for a given linearity specification. Furthermore, novel explicit design
equations have been derived for designing Class-E PAs with small DC-feed inductance.

Two different approaches for supply modulation in the EER architecture have been
considered: the linear (resistive) voltage regulation, and the pulse-width-modulation (PWM)
based scheme. While the resistive regulation has excellent properties in terms of band-
width and robustness, it suffers from a poor efficiency and thus proves unattractive for
EER applications. The PWM-based supply regulation scheme offers much better overall
efficiency, but is associated with PWM-inherent nonlinear distortion. A detailed analysis
of this PWM-related distortion has been carried out and guidelines on how to design the
system for a given linearity specification have been derived.

The theoretical work has been followed by two design examples: a GaAs HBT-based
Class-E PA for 2 GHz, and a two-stage GaAs PHEMT-based PA, also for operation at
2 GHz. Simulations indicate that the PAs exhibit both AM-AM and AM-PM effects.
Excellent efficiency performance has been measured in the case of the GaAs HBT PA,
whereas the other design exhibited discrepancies with regard to simulations. The possible
cause for this discrepancy are insufficiently accurate transistor models obtained from the
foundry.

The work presented in the thesis shows that the EER concept is feasible as a means for
high-efficiency linear power amplification over a wide dynamic range of the signal, but
that the PA-inherent AM-AM and AM-PM effects must be resolved at the system level,
in the form of DSP-based predistortion of the signal. Furthermore, a careful dynamic
bias control of a multistage PA is needed to ensure optimal efficiency at all output power
levels.
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Imre, Eržika, Ibika, Ketika, Suzana and Andreas, as well as to my relatives in the US,
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concerned the utilization of SEAMCAT–Spectrum Engineering Advanced Monte Carlo
Analysis Tool, in analyzing radio interference scenarios in cellular networks. In Septem-
ber 2001, he started his PhD studies at Eindhoven University of Technology, in the Mixed-
signal Microelectronics (MsM) group, where he has been working on the high-efficiency
linear RF power amplifier project, under the supervision of prof.dr.ir. Arthur van Roer-
mund and dr.ir. Johan van der Tang. Since September 2005, he has been a staff member
of the MsM group, working as a research scientist and lecturer, and has been involved
as a supervisor in several other PhD projects in the area of RF transceivers. In addi-
tion to giving lectures for subjects Elektronica Transistorschakelingen (5GG10) and Sys-
teemelektronica (5GG70), he provides guidance to the PhD candidates working on the
following three projects: Ultra-Low-Power Wake-Up Radio, Digitally Enhanced and Cal-
ibrated Front Ends, and Low-Power High-Speed Front End for 60 GHz (“Wireless wire”).
His interests are in the design of power amplifiers and other RF building blocks, as well
as circuit techniques for ultra-low-power RF applications.

281




	Contents
	Glossary
	Abbreviations
	1. Introduction
	2. General considerations on PA design
	3. Switched-mode power amplifiers
	4. Variable envelope systems based on switched-mode amplifiers
	5. Analysis and design of Class-E PA
	6. Class-E in the EER context
	7. Practical implementation issues and design examples
	Conclusions
	Appendices
	References
	List of publications
	Summary
	Acknowledgment
	Biography

