
 

High-frequency oscillator design for integrated transceivers

Citation for published version (APA):
Tang, van der, J. D. (2002). High-frequency oscillator design for integrated transceivers. [Phd Thesis 1
(Research TU/e / Graduation TU/e), Electrical Engineering]. Technische Universiteit Eindhoven.
https://doi.org/10.6100/IR559783

DOI:
10.6100/IR559783

Document status and date:
Published: 01/01/2002

Document Version:
Publisher’s PDF, also known as Version of Record (includes final page, issue and volume numbers)

Please check the document version of this publication:

• A submitted manuscript is the version of the article upon submission and before peer-review. There can be
important differences between the submitted version and the official published version of record. People
interested in the research are advised to contact the author for the final version of the publication, or visit the
DOI to the publisher's website.
• The final author version and the galley proof are versions of the publication after peer review.
• The final published version features the final layout of the paper including the volume, issue and page
numbers.
Link to publication

General rights
Copyright and moral rights for the publications made accessible in the public portal are retained by the authors and/or other copyright owners
and it is a condition of accessing publications that users recognise and abide by the legal requirements associated with these rights.

            • Users may download and print one copy of any publication from the public portal for the purpose of private study or research.
            • You may not further distribute the material or use it for any profit-making activity or commercial gain
            • You may freely distribute the URL identifying the publication in the public portal.

If the publication is distributed under the terms of Article 25fa of the Dutch Copyright Act, indicated by the “Taverne” license above, please
follow below link for the End User Agreement:
www.tue.nl/taverne

Take down policy
If you believe that this document breaches copyright please contact us at:
openaccess@tue.nl
providing details and we will investigate your claim.

Download date: 24. May. 2023

https://doi.org/10.6100/IR559783
https://doi.org/10.6100/IR559783
https://research.tue.nl/en/publications/cce06230-2342-4a47-857b-e47a96c7f91b




High-Frequency Oscillator Design 
for Integrated Transceivers 

Johan van der Tang 



Front cover: 
"Starting oscillator" 

Back cover: 
Steady-state oscillator waveform represented 
by the die-photo of an LC oscillator 

High-Frequency Oscillator Design 
for Integrated Transceivers 

PROEFSCHRIFT 

ter verkrijging van de graad van doctor 
aan de Technische Universiteit Eindhoven, op gezag van de 

Rector Magnificus, prof.ctr. R.A. van Santen, voor een 
commissie aangewezen door het College voor 

Promoties in het openbaar te verdedigen 
op woensdag 4 december 2002 om 16.00 uur 

door 

Johan David van der Tang 

geboren te Wolvega 



Dit proefschrift is goedgekeurd door de promotoren: 

prof.dr.ir. A.H.M. van Roermund 
en 
prof.dr.ir. W.M.G. van Bokhoven 

Copromotor: 
dr.-Ing. D. Kasperkovitz 

CIP-DATA TECHNISCHE UNIVERSITEIT EINDHOVEN 

Tang, Johan D. van der 

High-frequency oscillator design for integrated transceivers I by Johan D. van der 
Tang. - Eindhoven : Technische Universiteit Eindhoven, 2002. 
Proefschrift. -ISBN 90-386-1970-7 
NUR 959 
Trefw.: oscillatoren I oscillatoren ; ruis I geintegreerde schakelingen ; ontwerp I 
modeltheorie I radiozendontvangers. 
Subject headings: Oscillators I phase noise I tuning I integrated circuit design I 
modelling I transceivers. 

©Johan D. van der Tang 2002 
All rights are reserved. 

Reproduction in whole or in part is prohibited 
without the written consent of the copyright owner. 

Printing: Eindhoven University Press 

Id quod ratio debuerat usus docet 

Practice teaches what theory 
should have taught 

Cicero, Tusculanae 
Disputationes Ill 

Dedicated to 
Nienke, Frank & Jorian 



Glossary 

Abbreviations 

1 Introduction 
1.1 The oscillator designer 
1.2 Objectives . 
1.3 Scope . 
1.4 Outline 

2 Oscillators 
2.1 The ideal oscillator 
2.2 The non-ideal oscillator . 
2.3 Classification . . . . . . 
2.4 Oscillation conditions . . 

2.4.1 Feedback modeling . 
2.4.2 Negative resistance modeling 

2.5 Amplitude stabilization . . . . . 
2.5.1 Self-limiting . .... . 
2.5.2 Automatic gain control . 

2.6 Summary . . . . . . . . . . 

3 Structured design with FOMs 
3.1 Analog circuit design ................. . 

3 .1.1 Functional specifications and design resources 
3.1.2 Design phases .. 
3.1.3 Design heuristics . . . 

ix 

Contents 

xv 

xxi 

1 
8 
8 
9 

10 

13 
13 
15 
17 
21 
21 
27 
29 
30 
32 
34 

35 
36 
37 
38 
40 



x 

3.2 Structured and automated design methods 
3.2. l Trial-and-error .... .... . 
3.2.2 Optimization tools . . . 
3.2.3 Expert systems and synthesis environments 

3.3 FOM-based structured design ... .. 
3.3.1 Structured design requirements. 
3.3.2 Figures of merit .... 

3.4 Modeling framework . . 
3.4. l System level modeling . . 
3.4.2 Behavioral level modeling 
3.4.3 Circuit level modeling 

3.5 Summary .. ....... .. . 

4 Specifications 
4.1 Nominal specifications versus design specifications 
4 .2 Frequency and tuning range . . . . . 

4.2.1 Tuning constant and linearity . 
4 .3 Phase noise to carrier ratio . . . . . 

4.3.1 Reciprocal mixing . . . . . 

4.4 

4.3.2 Signal to noise degradation of FM signals 
4.3.3 Spurious emission 
Jitter . 

4.5 Waveform . . . . . . . . 
4 .6 Carrier amplitude and power 
4.7 Phase and amplitude matching 
4 .8 Power dissipation and supply voltage . 
4 .9 Supply pushing . . . . . . . . . 
4.10 Voltage, temperature and process variation . 

4.10.1 Supply voltage variation 
4.10.2 Temperature range 
4.10.3 Process spread .. 

4.11 Technology and chip area . 
4.12 Summary . . . .. 

5 Elementary properties 
5 .1 Frequency and phase 

5 .1. 1 LC oscillators . 
5.1.2 Ring oscillators . 

5.2 Tuning . . . . .. . 
5.2.1 LC oscillators . 
5.2.2 Ring oscillators . 

5.3 Waveform ..... . . 
5.3 .1 LC oscillators . 
5.3.2 Ring oscillators . 

Contents 

42 
42 
43 
45 
46 
47 
48 
54 
54 
57 
59 
60 

63 
63 
64 
65 
66 
70 
71 
71 
72 
74 
75 
75 
77 
78 
79 
79 
79 
79 
80 
80 

83 
83 
84 
89 
92 
92 
93 
94 
95 
99 

Contents 

5.4 Carrier amplitude and power 
5.5 Summary ... . .... . . 

6 Practical properties 
6.1 Frequency and phase . . . . . . . 

6.1. l Single-phase LC oscillators 
6.1.2 Multi-phase LC oscillators . 
6.1.3 The two-integrator oscillator 
6.1.4 N-stage ring oscillators . 

6.2 Tuning . . . .... . . . 
6.2. l LC oscillators . . . . 
6.2.2 Ring oscillators . . . 

6.3 C(fm) : linear time-invariant modeling 
6.3.1 LC oscillators . . .. .. . . 
6.3.2 Ring oscillators . . . . . . 

6.4 C(fm) : linear time-variant and nonlinear modeling 
6.4.1 Qualitative analysis . 
6.4.2 Quantitative analysis 

6.5 Waveform . . . . . . . . 
6.6 Carrier amplitude and power 
6.7 Power dissipation and supply voltage . 
6.8 Summary .. 

7 Figures of merit 
7. l Design FOMs . . . . . . . . . 

7 .1. 1 Frequency design FOMs 
7 .1 .2 Tuning design FOMs 
7 .1.3 C(fm) design FOMs 

7.2 Benchmark FOMs .. . . . . 
7.2. l Oscillator number .. 
7.2.2 Normalized phase: noise 
7.2.3 Oscillator design efficiency . 

7 .3 Summary . . . . . . . . . . 

8 AC phase noise simulation tool 
8.1 AC phase noise simulation 

8.1.1 Introduction . . . . . 
8.1.2 ACPN simulation principle . 

8.2 ACPN simulation flow . . . . 
8.3 Simulation example I: verification of Lbipa(fm) 
8.4 Simulation example II: C(fm) of a SOA LC oscillator 
8.5 Summary . . . . . . . . . . . . . .. . . . . . 

xi 

101 
101 

103 
104 
105 
110 
114 
119 
123 
123 
141 
143 
144 
153 
156 
157 
159 
163 
165 
167 
168 

171 
172 
172 
174 
174 
176 
176 
178 
178 
184 

185 
186 
186 
187 
190 
191 
193 
196 



xii 

9 Design examples 
9.1 A 670-830 MHz LC oscillator for FM radio in SOA . 

9.1.1 Specifications . . 
9.1.2 SOA technology .. 
9.1.3 Oscillator design .. 
9.1.4 Experimental results 
9.1.5 Benchmarking ... 
9.1.6 Conclusion ..... 

9.2 A 0.9-2.2 GHz two-integrator VCO for Sat-TV 
9.2.1 Specifications . . . . 
9.2.2 Oscillator design .. 
9.2.3 Experimental results 
9.2.4 Conclusion ..... 

9.3 A 225-310 MHz LC oscillator with PMOS varactors 
9.3.1 Specifications . . . . . . 
9.3.2 Resonator design . . . . 
9.3.3 Active oscillator design . 
9.3.4 Experimental results 
9.3.5 Discussion ....... 
9.3.6 Conclusion ....... 

9.4 A 10 GHz I/Q ring VCO for optical receivers 
9.4.1 Specifications . . . . . . . . . . . . . 
9.4.2 Two-stage ring oscillator topologies . 
9.4.3 Simulation of the maximum oscillation frequency . 
9.4.4 Adding buffered outputs 
9.4.5 Experimental results 
9.4.6 Benchmarking 
9.4.7 Conclusion 

10 Conclusions 
Original contributions . 

A Resonator quality factor 

B Behavioral modeling building blocks 

c The ideal limiter and implementations 
C.1 DC transfer characteristics of a MOS differential pair 
C.2 DC transfer characteristics of a bipolar differential pair 
C.3 Graphical example ........... . . . . . . . . 

D l/Q signal generation implementations 

E The frequency of a ring oscillator 

Contents 

199 
200 
200 
201 
204 
206 
206 
208 
208 
210 
211 
213 
215 
216 
216 
216 
220 
221 
223 
224 
224 
225 
226 
228 
229 
231 
232 
233 

235 
. 240 

241 

243 

247 
247 
248 
249 

251 

253 

Contents 

F Bipolar and MOS AC calculation model 
F.1 Generic transistor model ...... 
F.2 Bipolar and MOS parameter values . 

G Overview of LC oscillator designs 

H Overview of ring oscillator designs 

Q and £(fm) of linear LC oscillators 
1.1 Single-phase LC oscillators . 
1.2 Multi-phase LC oscillators ..... 

J Q and £(f m) of linear ring oscillators 
J.1 The two-integrator oscillator 
J.2 N-stage ring oscillators ........ 

References 

Literature on LC oscillator designs 

Literature on ring oscillator designs 

List of publications 

Summary 

Samenvatting 

Acknowledgment 

Biography 

xiii 

257 
257 

. 258 

261 

265 

267 
267 

. 269 

273 
273 

. 275 

277 

289 

293 

295 

297 

299 

301 

303 



xiv Contents 

Glossary 

Symbol Description Unit 

A amplitude of a signal 
A fraction of the maximum amplitude in an N-stage ring oscillator 
A e amplitude error 
Ba(w) imaginary part of Ya (negative resistance model) AN 
Bp(w) imaginary part of Yp (negative resistance model) AN 
c capacitance F 

Cactive active variable capacitance F 

c db drain-bulk capacitance F 

c f ixed fixed capacitance in parallel LC resonator F 

Cgd gate-drain capacitance F 
C8s gate-source capacitance F 

Cjc zero bias collector-base capacitance F 

Cje emitter junction capacitance F 
Cjs collector-substrate capacitance F 

Cjo zero bias junction capacitance F 

CL input capacitance of ring oscillator stage F 

Cmax maximum capacitance of a varactor F 
Cm;n minimum capacitance of a varactor F 

Cmaxband maximum capacitance of a switched capacitor F 

Cminband minimum capacitance of a switched capacitor F 

CMOS MOS varactor capacitance F 

Cnode node capacitance in a circuit F 
CNR(fm ) carrier to phase noise ratio at an offset frequency fm dBc/Hz 

Cox oxide capacitance per unit area F/m2 

Cp total capacitance of LC parallel resonator F 

Cpar parasitic capacitance in parallel LC resonator F 

c{Jmax maximum capacitance value of Cp F 

xv 



xvi Glossary Glossary xvii 

Cpm;n minimum capacitance value of Cp F lum maximum output current value of limiting transconductance A 
Cpt parasitic resonator capacitance F fpeak peak carrier current A 
CQ parasitic capacitance of switched capacitor (off-state) F l1ail tail current of a differential pair A 
Cs capacitor modeled with series resistance F k 1.38 10-23 , Boltzmann's constant J/K 
Cseries capacitor in series with varactor F Kee a CCO tuning constant Hz/A 
C,witch capacitor value that is switched F Kiwu sensitivity of f osc for tail current variations Hz/V 
Ctune tunable capacitance (varactor) F Ksupply sensitivity of f osc for supply voltage variations Hz/V 
Cv varactor capacitance F Kvco VCO tuning constant Hz/V 
Cµ collector-base capacitance F L inductance H 
C11: TFgmb;po + Cje, input capacitance F L MOS effective channel length m 
erfc complementary error function 

Lactive active variable inductance H 
Ecrit critical field strength of short-channel MOS V/m Lp total inductance of parallel resonator H 
!111 l/f-noise corner of oscillator spectrum Hz Ls inductor modeled with series resistance H 
f1; /-device device l/f-noise corner in a technology Hz .C(fm) SSB phase noise to carrier ratio at offset frequency fm dBc/Hz 
! carrier carrier frequency Hz [,bipo(/m) .C(fm) of linear bipolar LC oscillator model dBc/Hz 
! center center frequency Hz .Cu;(fm) .C(fm) of linear LC oscillator model dBc/Hz 
f H upper frequency integration bound Hz .CNu;(fm) .C(fm) of linear N-stage LC oscillator model dBc/Hz 
!L lower frequency integration bound Hz .CNring(/m) .C(f m) of linear N-stage ring oscillator model dBc/Hz 
fu; (211:.;c;;r;)- 1

, oscillation frequency of ideal LC oscillator Hz .C1wo-in1(/m) .C(f m) of linear two-integrator oscillator model dBc/Hz 
f m offset/modulation frequency Hz m an integer 
fmax specified maximum oscillation frequency Hz Ml junction grading coefficient 
f MAX maximum oscillation frequency (technology FOM) Hz MJC collector-base junction grading coefficient 
fmin specified minimum oscillation frequency Hz n an integer 
f osc oscillation frequency Hz ncyc/e number of cycles in a resonator for a specified damping ratio 
fT transition frequency (technology FOM) Hz N number of oscillator stages 
F noise factor Nb number of switched capacitors 
of(fm) frequency deviation power spectral density Hz/ Vfu NBW Noise bandwidth Hz 
!J.f peak frequency deviation Hz Nd iv division ratio of main divider 
gm transconductance NV Pm oscillator design parameter m 
gmMpo fc / Vr, bipolar small-signal transconductance NV p power w 
gmMos MOS small-signal transconductance NV Pvc DC power w 
Ga(w) real part of Ya (negative resistance model) NV PRF RF carrier power w 
Gp(w) real part of Yp (negative resistance model) NV Psignal signal power w 
hi(n) harmonic current content of nth harmonic Psss SSB noise power W/Hz 
hv(n) harmonic voltage content of nth harmonic q 1. 602 10- 19 , charge of the electron c 
H(jw) forward transfer function in a system qk oscillator property k 
Hc1(jw) closed-loop transfer function qmax maximum charge variation (swing) in a capacitance c 
Ho1Uw) open-loop transfer function !J.q total injected charge in an oscillator node c 
ic coupling current in N-stage LC oscillator A Q quality factor 
icarrier rms carrier current A Qb quality factor of a switched capacitor (on-state) 
it level current in N-stage LC oscillator A Qcact ive effective quality factor of active variable capacitance 
-:z 

mean square noise current in 1 Hz A2/Hz Qcs ( wCsRcs )- 1, quality factor of Cs In 
iout output current A Qnc coupling transistor in N-stage LC oscillator 
it total current into resonator of N-stage LC oscillator A Qnl level transistor in N-stage LC oscillator 
!bias bias current A QNLC ;::::: NQp cos( <Pres), Q of linear N-stage LC oscillator model 
le collector current A QNring 1 /2·Nsin(11: / N) , Q oflinear N-stage ring oscillator model 
Id drain current A QLaclive effective quality factor of active variable inductance 



xviii Glossary Glossary xix 

Q1s mLs / R1s, quality factor of Ls Vp peak amplitude of modulation signal v 
Qp Rp)Cp/ Lp, quality factor of parallel LC resonator Vpeak peak amplitude v 
Qres quality factor of a passive resonator Vsg source-gate voltage v 
Qswitch transistor that is used for band-switching Vsupply supply voltage v 
Q1ot total quality factor of compound varactor Vswitch control voltage of a switched capacitor v 
Qrwo-int unity, Q of linear two-integrator oscillator model VT kT / q, thermal voltage v 
Qvaractor varactor qua Ii ty factor VTH MOS threshold voltage v 
R resistance Q VT MOS Vgs - VTH, voltage where a MOS differential pair approx. starts v 
Rbase base resistance Q limiting 
Res effective series resistance of capacitor Cs Q Vrune tuning voltage v 
Rgate gate resistance Q w MOS channel width m 
Rts effective series resistance of inductor Lp Q X;n(jm) input variable feedback system 
Rp effective resistance of parallel resonator Q y admittance NY 
Rrherma/ thermal resistance of a package KJW Ya(jm) admittance of negative resistance model (active part) AN 
Rtune tuning resistance for active variable inductance Q Your (jm) output variable feedback system 
Rn /30 / 8mb;po , input resistance Q Yp(jm) admittance of negative resistance model (passive part) NV 
s CY + jm, Laplace transform complex variable Xµ factor that determines the intrinsic part (XµCµ) of Cµ 
S-parameter two-port scatter parameter (S 11, S 12 , S21, S22) z impedance Q 
SIF IF signal Z-parameter two-port impedance parameter (Z11, Z12, Z21. Z22) 
Stb lower bound of a specification a( moscl) f eff(Wosct) = r( moscl) a( moscl ), noise modulation factor 
Sw LO signal 

aband Cmaxband / Cminband• band-switch capacitance ratio 
Sn switched-capacitor number n 

as ER conversion factor between peak and rms jitter 
SRF RF signal 

acur variable current multiplication factor 
Specx A certain specification x 

a o1 gmRp , open-loop gain of behavioral LC oscillator model 
Sub upper bound of a specification 

a olring open-loop gain of a CML ring oscillator model 
Svout power spectral density of v0 w V2/Hz ap ratio of PMOS and NMOS W /Lin an inverter-type ring oscil-
s~n one-sided power spectral density of 8pn(t ) rad2 / Hz la tor 
s s double-sided power spectral density of 8p11 (t) rad2 / Hz avaractor Cmax / Cmin• varactor capacitance ratio £Jpn 

lsettling settling time of an LC oscillator s /3 (jm) feedback transfer function in a system 
T absolute temperature K /30 common-emitter current gain 
Tambient ambient temperature in the vicinity of an JC oc r noise factor of a MOS transistor ( 2/3 for a long-channel device) 
Tjunction junction temperature of an IC oc r( moscl) impulse sensitivity function (!SF) 
Vcarrier rms carrier voltage v f oc( moscl) DC value of effective ISF feff 
Vin input voltage v feff ( moscl) r( moscl) a ( moscl), effective ISF 
Vnoise rms noise voltage V/v'fu frms ( mosct) rms value of feff 
Vout (oscillator) output signal v £ constant used for AC phase noise simulation 
Vripple ripple voltage on the supply v Tiu: PRF / PDc, LC oscillator efficiency 
Vcb collector-base voltage v Tiring CML ring oscillator efficiency 
vcc supply voltage of bipolar circuit v e phase shift of phase shifter in N-stage LC oscillator model rad 
Vcontrol control voltage of active variable inductance v 8pn(t) stochastic phase variable rad 
VDc supply voltage of oscillator core v 8rms rms angular phase deviation of 8pn(t) rad/v'HZ 
VDD supply voltage of MOS circuit v µn mobility of electrons (NMOS) m2/Vs 
Vgs gate-source voltage v µp mobility of holes (PMOS) m2/Vs 
Vj built-injunction potential v v m/ mu: - mu:/ m 
Vjc built-in collector-base junction potential v O'c-to-c cycle-to-cycle jitter s 
Vum input voltage where a transconductance starts limiting v ux standard deviation (spread) of component X % 
Vo peak LC resonator voltage v ct> phase rad 



xx 

<Po initial phase at t = 0 

<Pcur phase between coupling current and total current in an N-stage 
LC oscillator 

<Pe phase error 

<Pres resonator phase shift 
r time constant 

TCML-stage dominant time constant in a CML ring oscillator stage 

TcMOS-stage dominant time constant in a CMOS ring oscillator stage 

'rde/ay propagation delay in a ring oscillator 
TF forward transit time 
Tr time constant of pole in two-integrator oscillator model 

T1 time constant of pole in N-stage ring oscillator model 
(l) angular frequency 
Wt. angular peak frequency deviation 

WC rid angular grid frequency 

WJF angular IF frequency 

WLC ( .;c;;t:;)- 1
, angular oscillation frequency of ideal LC oscilla-

tor 
WLQ angular LO frequency 
Wm angular offset/modulation frequency 

WNLC angular oscillation frequency of N-stage LC oscillator behav-
ioral model 

WNring angular oscillation frequency of N-stage ring oscillator behav-
ioral model 

Wosc angular oscillation frequency 

WRF angular RF frequency 

Wrwo- int angular oscillation frequency of two-integrator oscillator model 
llWLC frequency shift with respect to WLC 

Glossary 

rad 
rad 

rad 
rad 
s 
s 
s 
s 

s 
s 

rad/s 
rad/s 
rad/s 
rad/s 
rad/s 

rad/s 
rad/s 
rad/s 

rad/s 

rad/s 
rad/s 
rad/s 
rad/s 

AAC 
AC 
ACPN 
ADC 
ADS 
AGC 
AM 
As 
BER 
Bi CMOS 
CAD 
cco 
CML 
CMOS 
CNR 
dB 
dBc 
DC 
DCR 
DECT 
DRO 
DS 
DVB-T 
EDA 
Ga 
Ge 
GSM 
FDD 
FDMA 
FM 
FOM 

Automatic Amplitude Control 
Alternating Current 
AC Phase Noise 
Analog-to-Digital Converter 
Advanced Design System 
Automatic Gain Control 
Amplitude Modulation 
Arsenide 
Bit Error Rate 
Bipolar-CMOS 
Computer Aided Design 
Current Controlled Oscillator 
Current Mode Logic 

Abbreviations 

Complementary Metal Oxide Semiconductor 
Carrier to phase Noise Ratio 
decibel 
dB relative to the carrier 
Direct Current 
Data Clock Recovery 
Digital European Cordless Telephone 
Dielectric Resonator Oscillator 
Double-Sided 
Digital Video Broadcasting Terrestial 
Electronic Design Automation 

Gallium 
Germanium 
Global System for Mobile communication 
Frequency Division Duplex 
Frequency Division Multiple Access 
Frequency Modulation 
Figure of Merit 

XXI 



xx ii 

HBT 
IC 
iDAC 
IF 
InP 
I/Q 
!SF 
IRR 
LNA 
LNB 
LO 
LTI 
LTV 
MOS 
NBW 
Nor-PN 
NRZ 
Osc-No 
ODE 
OPAMP 
PCB 
PLL 
PM 
PSRR 
PSS 
Q 
QPSK 
rms 
RF 
RO 
RX 
SDH 
Si 
SNR 
SO NET 
SOA 
Spec. 
SSB 
Stabi 
TIA 
TR 
TX 
UI 
UMTS 
vco 
VHDL 
XO 

Hetero-junction Bipolar Transistor 
Integrated Circuit 
Current Digital-to-Analog Converter 
Intermediate Frequency 
Indium Phosphide 
In-phase/Quadrature 
Impulse Sensitivity Function 
Image Rejection Ratio 
Low Noise Amplifier 
Low-Noise Block-converter 
Local Oscillator 
Linear Time Invariant 
Linear Time Variant 
Metal Oxide Semiconductor 
Noise BandWidth 
Normalized Phase Noise 
Non-Return-to-Zero 
Oscillator Number 
Oscillator Design Efficiency 
Operational Amplifier 
Printed Circuit Board 
Phase Locked Loop 
Phase Modulation 
Power Supply Rejection Ratio 
Periodic Steady State 
Qua Ii ty factor 
Quadrature Phase Shift Keying 
Root-Mean-Squared 
Radio Frequency 
Reference Oscillator 
Receive (-band) 
Synchronous Digital Hierarchy 
Silicium 
Signal-to-Noise Ratio 
Synchronous Optical NETwork 
Silicon On Anything 
Specification 
Single-SideBand 
Stabilizer 
Trans-Impedance Amplifier 
TRansient 
Transmit (-band) 
Unit Interval 

Universal Mobile Telecommunications System 
Voltage Controlled Oscillator 
VHSIC Hardware Description Language 
Crystal Oscillator 

Abbreviations 

1 

Introduction 

ELECTRONIC communication nowadays is unthinkable without the use of oscilla
tors. An electronic oscillator1 is present in almost every electronic communication 

system, and provides a steady, often tunable, periodic signal, necessary for signal pro
cessing functions within the system. 

This work investigates the properties of a wide range of high-frequency integrated 
oscillators and describes design methods and circuit techniques for their realization. In 
this chapter, some instructive history that led to the wide-spread use of oscillators will 
be described first, followed by typical examples of electronic systems in which oscillators 
play a prominent role. Next a comprehensive overview is given on the literature, revealing 
a void in methodical design for oscillators. 

The objective of this thesis will be illustrated by Section 1.1 and further explained 
in Section 1.2. Section 1.3 defines the scope of this work. We end this chapter with an 
outline of this thesis, in Section 1.4. 

History 

The verb "oscillate" was first recorded in 1726 and the noun oscillation dates back to 1658 
when Christian Huygens worked on the pendulum clock [l]. Electronic oscillators gained 
importance when wireless radio transmission was invented. A breakthrough in the history 
of wireless transmission was Marconi's invention of "Syntonic Wireless Telegraphy" for 

1 The word oscillator is derived from the Latin verb "oscillare", which goes back to "oscillum", meaning 
swing. An English dictionary describes the word oscillate: "To swing back and forth with a steady, uninterrupted 
rhythm" (source: www.dictionary.com). 



2 

t 
1 .. : 

CHAPTER 1. INTRODUCTION 

Figure 1.1 Guglielmo Marconi's syntonized transmitter. 

which he was granted a British patent in 1898 (no. 12039, filed in 1896). One key 
paragraph of this patent reads: 

"It is desirable that the induction coil should be in tune or syntony with 
the electrical oscillations transmitted, the most appropriate number of turns 
and most appropriate thickness of wire varying with the length of wave trans
mitted". 

By means of the wireless telegraph, cross-Atlantic communication was established in 
1901. The "syntonized transmitter", as Marconi called it2 , is shown in Figure 1.1. The 
capacitor marked "e" is tunable, and can be changed to form a resonance circuit with 
the antenna, marked "A". Syntonized transmission did not utilize an oscillator yet, but it 
did use a tuned circuit, which improved the maximum transmission range. Moreover, it 
allowed for a simple construction of several transmitters that could receive independent 
signals. A patent for multiple simultaneous transmission by utilizing tuned coupled cir
cuits was filed in 1900 by Marconi and it is known as the famous "four sevens" patent. 
In 1902 Marconi summarizes his achievements in a lecture for the Society of Arts and 
states [2]: 

"I have come to the conclusion that the days of non-tuned systems are 
numbered" 

He could not have been more right. In 1914 Marconi transmitted speech over 50 miles by 
using an RF oscillator, modulated by speech. Since then, oscillators have never left the 

2Source: home.luna.nl/~arjan-muil/radio/museum.html. 

Application 

DECT Low-IF receiver 
Bluetooth transmitter 
FM radio front-end 
Satellite tuner 
Satellite LNB 
Baseband digital processing 
Watch 
FM radio demodulator 
Optical transmitter 
Optical receiver 

I Oscillator I unction 

tunable frequency, down-conversion 
tunable frequency, up-conversion 
tunable frequency, down-conversion 
tunable frequency, down-conversion 
fixed frequency, down-conversion 
clock generation 
timing reference 
demodulation 
clock conversion and generation 
carrier regeneration 

Table 1.1 Examples of oscillator functions in various applications. 
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field of electronic communication. The world-wide production of RF products is expected 
to exceed 900 million units per year by the end of 2002, all having one or more oscillators 
incorporated [3]. 

Application examples 

Oscillators are used in many applications and have various functions . A number of ap
plication examples is given in Table 1.1. The first four examples are applica.tions that 
use Frequency Division Multiple Access (FDMA) to distinguish between multiple users 
or multiple broadcast channels. A tunable oscillator is used to select one of many chan
nels for the reception and extraction of the information content of the channel. Con
sider the example of a Digital European Cordless Telephone (DECT) receiver front-end, 
where for simplicity the Radio Frequency (RF) signal3 SRF is only the carrier cos( WRFt). 

In reality the carrier is modulated and occupies a certain bandwidth as shown in Fig
ure 1.2. Multiplication, or mixing, of this signal with an Local Oscillator (LO) signal 
Sw = 2cos( wwt) results in an Intermediate Frequency (IF) signal S1F equal to 

S1F =cos( ( WRF - ww)t) +cos( ( WRF + ww)t). (1.1) 

Other channels, often equidistantly spaced on a certain frequency grid (±n · WGrid + WRF 

with n an integer) , are also down-converted in frequency. However, a channel selection 
filter attenuates these channels and the up-conversion product in (1.1) so that only the 
desired channel at w1F = WRF - ww remains (see Figure 1.2). If the oscillator frequency 
is tuned to ww ± nwa,;c1, the channel n at WRF ± nWarid is selected. Hence, many concur
rent conversations can be carried out with a DECT handset by many users. This example 

3For most wireless telecommunications systems, such as DECT, the RF frequency is in the range of 0.8 to 3 
GHz. Many "older" broadcast standards (terrestrial TV, FM radio, AM radio) work below I GHz. FM radio for 
example operates around I 00 MHz. 
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Figure 1.2 An oscillator with frequency row is used to convert a desired chan
nel down in frequency to a fixed IF, where the channel is selected 
by means of filtering. 

illustrates the important role of an oscillator in the frequency conversion and channel se
lection function of a receiver. At the IF, the desired channel can be processed in the analog 
domain or converted to the digital domain by an Analog-to-Digital converter (ADC). Al
though technology trends allow higher and higher IF sampling frequencies of integrated 
ADCs, RF sampling (which would make the LO obsolete) generally will not be feasible 
or not cost-effective for many years to come. 

In a transmitter, such as the bluetooth example in Table 1.1, the baseband signal is up
converted to a certain RF frequency, filtered by a transmission filter and transmitted4. In 
principle, it is simply the reverse process of down-conversion. There are several reasons 
why it is necessary to convert an information signal at baseband to a much higher RF fre
quency, prior to transmission. The most important reasons are adaptation to the transmis
sion medium (for example, to increase radiation efficiency or to comply with international 
frequency standards), reduction of noise and interference, channel assignment, multiplex
ing of messages over a single channel and to overcome equipment limitations [4]. 

An example of an application where a fixed frequency oscillator is used for down
conversion, is the Low-Noise Block-converter (LNB) in a satellite dish. Multiple satellite 
channels in the frequency range of about 10 to 12 GHz are received and down-converted 
in the LNB to an IF between 1 and 2 GHz. The cable connecting dish and satellite tuner 
(set-top box) has much lower losses for these frequencies compared to 10 GHz, and can 
therefore be cheaper. At the IF frequency, channel selection can take place in the satellite 
set-top box with a tunable oscillator, in a way similar to that we discussed for the DECT 
receiver. 

4 An alternative method is direct modulation of an oscillator, operating at the RF frequency, the way Marconi 
did. 
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Most communication systems, like the ones discussed above, can be divided into a 
front-end and a back-end. The main functions in a receiver front-end are frequency con
version and channel selection. In the back-end, analog signals are converted to the digital 
domain by one or more ADCs and a lot of signal processing takes place in this domain. 
The ADCs, and the digital circuitry that performs the signal processing need clock signals, 
which are generated by an oscillator (see Table 1.1). 

Long-term stability is what the consumer wants of the oscillator in a watch. In this 
application the function of the oscillator is to provide a stable beat to accurately keep track 
of time. When an oscillator is used for demodulation of FM radio signals, the short-term 
stability of the oscillator is of major importance. The information of the FM signal is 
corrupted by fast stochastic variations in the frequency of an oscillator in a demodulator. 

The last two examples of oscillators in Table 1.1 are in the field of optical transceivers. 
In optical transmission systems, a serial non-return-to-zero (NRZ) data stream is trans
ported via the glass fiber. In an optical transmitter, the bits of a parallel baseband data 
stream are time-multiplexed into a serial data stream prior to amplification and transmis
sion. This operation requires an oscillator that provides a clock signal at transmission 
speed. In an optical receiver front-end, the serial bit clock has to be regenerated since 
it is not separately transmitted, but is incorporated in the NRZ data stream. This func
tion is called Data Clock Recovery (DCR); most advanced DCR architectures require an 
oscillator. 

The examples in this section demonstrate that oscillators are used in many different 
systems for different reasons. These oscillators have to be designed and optimized to meet 
the requirements of the system in which they are used. Starting from the early days of 
oscillator usage in communication systems, the design of oscillators and related theory 
has intrigued many researchers. This resulted in a rich source of literature on oscillator 
theory, design and implementations. A comprehensive overview of this literature is given 
in the next section. 

Literature on oscillators 

Inventing the wheel would have been very rewarding, since wherever you are there is 
something on wheels near you nowadays. Unfortunately somebody had this bright idea 
somewhat earlier. To prevent the reinvention of existing oscillator theory and insights, a 
literature study was conducted. As a result of this study, references to many key papers 
in oscillator theory and excellent design examples will be given throughout this work. A 
selection of important literature on oscillators is given in Table 1.2. 

Rayleigh and Van der Pol were among the first to recognize that a practical oscilla
tor requires an amplitude limiting mechanism for amplitude stabilization. Barkhausen 
formulated the necessary conditions for oscillation and oscillation start-up, which were 
extended for linear and nonlinear feedback systems, such as an oscillator by Nyquist, 
Bode, and Blaquiere. Most other contributions to the open literature on oscillators in Ta
ble 1.2 focus on a description of noise in oscillators. Similar to other electronic building 
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Ref. I Author Description 

[5] Rayleigh Nonlin. diff. Eq. I limiting mechanism 1883 

[6] Van der Pol Nonlin. diff. Eq. I limiting mechanism 1920 

[7] Barkhausen Feedback theory I osc. conditions 1921 

[8] Nyquist Stability lin. feedback systems 1932 

[9] Groszkowski Influence of harmonics 1933 

[10] Kryloff Equivalent linearization method 1934 

[11] Bode Amplifier design & Bode diagrams 1945 

[12] Edson Noise in harmonic oscillators 1960 

[13] Hafner Noise in harmonic oscillators 1966 

[14] Leeson Simple oscillator noise model 1966 

[15] Blaquiere Oscillator noise calculations 1966 

[16] Kurokawa low frequency noise modulation 1968 

[17] Takaoka Matrix description of additive noise 1980 

[18, 19] Abidi Relaxation oscillator modeling 1981 

[20] Bates Stability of multi-freq. oscillators 1984 

[21] Robins AM and PM noise modeling 1984 

[22] Riddle Pole location of oscillators 1986 

[23] Vittoz Crystal oscillator design 1988 

[24,25] Verhoeven Relaxation oscillator modeling 1990 

[26] Razavi Noise CMOS ring osc. I general Q def. 1995 

[27,28] Mc Neill Jitter in ring oscillators 1997 

[29, 29] Hajimiri General phase noise theory 1998 

[30] Samori Noise folding in LC osc. 1998 

[3 1] Rael Phase noise in nonlin. LC osc. 2000 

[32, 33] Huang Phase noise in nonlin. Colpitts osc. 2000 

Table 1.2 Key references on oscillator noise and stability modeling. 

blocks, for example Low Noise Amplifiers (LNA) or filters, the inevitable presence of 
noise in oscillators limits the attainable Signal-to-Noise Ratio (SNR) in systems. Lee
son proposed a heuristic oscillator noise model for oscillators that was widely adopted, 
probably due to its simplicity. His linear model had an a noise figure in it, which was 
a fit-factor rather than a priori predictable parameter. Especially during the 90's, where 
digital wireless communication standards, like Global System for Mobile communication 
(GSM), were developed and successfully introduced to the consumer market, the need for 
a better understanding of all, linear and nonlinear, mechanisms contributing to noise in 
oscillators became apparent. For portable equipment the power dissipation of low-noise 
oscillators directly influences the battery size, and consumers are not really fond of walk
ing around with battery backpacks. The last five entries of Table 1.2 are examples of 
important publications on the subject of nonlinear noise mechanisms. 
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Figure 1.3 Journal and conference publications of the past decade, in the field 
of electrical engineering with the word VCO (black bar) or oscilla
tor (grey bar) in the title. The white bar represents the addition of 
the black and grey bar. (source: INSPEC literature database). 
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In addition to the qualitative analysis of oscillator literature in Table 1.2, a quantitative 
overview of the number of publications on oscillators over the past decade is presented in 
Figure 1.3. The successful introduction of digital wireless standards caused a significant 
increase in the number of publications. The average was around 250 publications each 
year in the early 90's and increased to over 350 by the late 90's. 

Some of the publications on oscillators report important new insights, like for exam
ple the ones listed in Table 1.2. These breakthroughs certainly speed up first-time-right 
oscillator design, but typically only one oscillator property is taken into account, such 
as oscillator noise. Most publications typically focus on one specific realized oscillator 
design for a specific application and report design issues and measurement results of this 
design. It should be realized that each publication on an oscillator design normally is the 
result of many man-months of work. 
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In contrast to the abundance of literature on oscillator designs, the number of publica
tions that discuss oscillator design methods is very small. The number of publications in 
the past decade with the word "oscillator" and "methods" or "methodology" in the title is 
less than ten, according to the INSPEC literature database. This thesis aims at to fill this 
apparent void in methodical design and describes design methods and tools for a wide 
range of integrated oscillators, addressing a wide range of oscillator properties. 

1.1 The oscillator designer 

In practice, design resources are limited and design time reduction is increasingly impor
tant, because of the consumer market, resulting in a reduction of time-to-market to stay 
competitive. The oscillator designer has to achieve a certain oscillator performance given 
these limited design resources, where design time often is a dominant resource. 

An analogy of the oscillator design process is to view the designer as a traveler who 
has to travel a certain road. The road is the design process. At the end of the road the 
reward is waiting: an oscillator design, simulated, manufactured and measured, which 
meets specification under worst-case conditions. Unfortunately, the oscillator designer 
has no map of the shortest route to the destination point, and on the way there are many 
side-roads that may lead to a dead-end street. Obviously, an experienced oscillator de
signer will have a much shorter traveling time than an inexperienced one, but both their 
journeys could be shortened by signs along the road. Moreover, there seems no obvious 
way to dump the brain content of experienced designers into the brain of inexperienced 
designers. 

The work described in this thesis aims to shorten the traveling time, i.e. the oscillator 
design process and increase the performance of the oscillator, by providing signs along 
the road for the oscillator designer and by barricading dead-end streets with road-blocks. 
In the next section these objectives are further clarified. 

1.2 Objectives 

The primary objective of this thesis is to develop and provide design insights, design 
methods and design tools that will shorten the design time and increase the performance 
cost ratio of a wide range of integrated high-frequency oscillators. The design time is 
defined as the time required to finish the electrical design of an oscillator, given a realistic5 

set of specifications and boundary conditions. 
Automatic optimizers are available nowadays and the design time of oscillators can 

be shortened in many ways. For example, one approach to pursue the objective could be 
buying more computing power to speed up simulations or building a sophisticated CAD
tool specialized for certain types of oscillator. We aim to reduce the design time of an 

5 As will be explained in Chapter 3, if one or more specification items are beyond practical or fundamental 
boundaries, no oscillator design exists that meets the specification. Clearly, this is rather impractical (infinite 
design time) and in this case the specification is considered to be unrealistic. 

-
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oscillator and increase its performance cost ratio in a different and much more generic 
way. First, we aim to provide the oscillator designer with a comprehensive overview of 
oscillator basics based on an extensive literature study. Second, we want to find a practical 
oscillator classification that provides information on the noise behavior of an oscillator, 
once we know its place in the classification. Third, we aim to structure the oscillator 
design process, and make important high-level design decisions (such as oscillator type, 
resonator, and tuning arrangement selection) faster by using Figures of Merits (FOMs). 
The FOMs will provide the designer with qualitative and quantitative information on the 
performance of an oscillator during the design with respect to the specifications. Fourth, 
we want to provide the designer with a detailed and transparent analysis of elementary 
and practical oscillator properties, such as frequency, tuning and noise behavior, and fill 
up gaps in existing theory. This analysis can then form the basis for a number of FOM 
examples that address the primary objective: shortening the oscillator design time and 
improving performance. Fifth and finally, we aim to design and present a number of 
high-performance oscillator realizations, whose design takes advantage of the elementary 
and practical analysis of oscillator properties and FOMs. 

1.3 Scope 

The design insight, methods and techniques presented in this thesis focus on high-fre
quency oscillators in integrated transceivers. Parts of this thesis describe oscillators on a 
behavioral level, which qualifies these parts for use in a wider application area than inte
grated transceivers. However, circuit level discussions and design examples are presented 
specifically for high-frequency oscillators in wired or wireless transceivers. 

The following subjects, strongly related to oscillator design in general, fall outside the 
scope of this study: 

0 Layout 
Once an oscillator design has reached the state of "electrical design ready", the 
physical layout has to be made. This work focuses on the oscillator design process 
up to layout. Although important layout issues will be mentioned when relevant, 
the development of design methods for making layouts or layout automation falls 
outside the scope. Design of layouts, and methods and tools for layouts is a huge 
subject in itself [34]. 

0 Technology and device design 
The technology used for implementing an oscillator has a profound impact on the 
performance of an oscillator design. Usually, an IC technology is optimized, char
acterized and presented to the designer as a library of devices. Most of these devices 
are parameterized, like the length and width of a resistor, the emitter area of a bipo
lar transistor and the W / L of a MOS transistor. It is acknowledged that for LC 
oscillators the resonator design is of high importance. However, the optimization 
of inductors and varactors is considered device design too, and therefore falls out
side the scope. In this work, it is assumed that the oscillator designer has access to a 
technology library, and can concentrate on circuit design rather than device design. 
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0 Phase Lock Loop (PLL) and tuning system design 
In most cases, the tuning system of a transceiver consists of a PLL system6

. This 
thesis focuses on oscillators and not on complete tuning systems such as a PLL 
system. Excellent books and publications are available on PLL design [3, 35-38]. 

0 Crystal oscillator design 
In PLLs, the reference oscillator often is a crystal oscillator, which provides a very 
good short-term frequency stability as well as excellent long-term frequency stabil
ity. For example, based on the absolute frequency stability of the crystal oscillator, 
the frequency grid of transceivers using FDMA can be defined accurately. Within 
the framework of this thesis, crystal oscillators are considered to be low-frequency 
oscillators and fall outside the scope. A multitude of instructive books and publica
tions are available on crystal oscillator design [23, 39-41]. 

0 Distributed oscillator design 
The majority of oscillators in integrated transceivers can be designed using Kirch
hoff's laws and can be considered quasi-stationary systems 7 . Distributed oscilla
tors will not be analyzed as this group of oscillators forms a minority in integrated 
transceiver systems and entails an entirely different analysis approach compared 
to oscillators with components that can be considered lumped. Examples of dis
tributed oscillators can be found in [ 43, 44]. 

0 Relaxation oscillator design 
Relaxation oscillators share properties, such as a wide tuning range and ease of 
integration with ring oscillators. At high frequencies, ring oscillators are preferred 
to relaxation oscillators in practice, due to their simplicity, equal or better noise 
properties and their multi-phase character. The design of relaxation oscillators will 
not be discussed. Many excellent publications are available on relaxation oscillator 
design [18, 19,24,25,45-47]. 

1.4 Outline 

The structure of this thesis is illustrated in Figure 1.4. Chapter 2 starts with a general 
introduction to oscillators, and discusses classification and basic oscillator theory. Various 
structured design methods of analog electronic building blocks are demonstrated, and a 
number of interesting approaches will be described in Chapter 3. Most importantly, this 
chapter highlights the concept of figures of merit, which help the designer with high
level design decisions. In addition, Chapter 3 discusses system, behavioral and circuit 
modeling aspects that are used throughout the following chapters. 

6In all application examples in Table l.1, a PLL system generally is used, except for the watch and the clock 
oscillator needed in baseband digital processing. In these two applications, a crystal oscillator suffices. 

7 A rule of thumb is that if the dimensions of a system (or subsystem) are at least ten times smaller than the 
wavelength of the highest operating frequency, the system can be considered quasi-stationary and Kirchhoff's 
laws are a good approximation [ 42]. 

-
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Figure 1.4 Outline of this thesis. 
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Chapters 4 to 8 discuss all aspects of an oscillator design flow, as is illustrated in Fig
ure 1.4. It is unlikely that you will get what you want, if you do not know what you want. 
In other words, a clear understanding of oscillator specifications is of prime importance. 
This subject is covered in Chapter 4. In a virtually infinite design space, the oscillator de
signer has to make a selection of the most promising oscillator configuration. This design 
space is explored in Chapter 5 and Chapter 6, in which elementary and practical proper
ties of oscillators are investigated. The discussion of practical properties includes many 
unwanted and parasitic effects encountered on the circuit level, whereas Chapter 5 only 
discusses properties of oscillators on the behavioral level, modeling elementary proper-
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ties only. The oscillator properties are combined in examples of useful Figures of Merit 
(FOMs) in Chapter 7, which guide the designer in the design process. Once an oscillator 
configuration and topology is selected, an important part of the remaining design task is 
to dimension and optimize the design parameters. In this task, transistor level simulation 
by circuit simulators using accurate transistor models is of great importance. Chapter 8 
highlights a fast oscillator phase noise estimation tool, which utilizes standard AC noise 
analysis of circuit simulators. 

There is nothing better than the real thing: working oscillators. In Chapter 9, four inte
grated oscillator realizations are discussed, complete with measurements. One oscillator 
implementation is for use in FM radio receivers, two are designed for use in digital satel
lite receivers and the last oscillator example is designed for optical transceivers. In the 
final chapter, Chapter 10, this work is concluded with a discussion on the most important 
aspects of the developed theory and methods for oscillator design. 

-

2 

Oscillators 

0 SCILLATORS are intriguing building blocks. An oscillator is the building block in 
a transceiver with a built-in timing reference1. When the power supply is switched 

on, DC power is used to somehow translate the information of the timing reference into a 
periodic signal, which forms the heartbeat of many functions in a system. 

In this chapter a concise overview of basic oscillator theory is given. The first two 
sections discuss the ideal oscillator and the non-ideal oscillator, respectively. Based on 
implementation principle, a practical classification of oscillators is introduced in Section 
2.3. Next, two important questions: "what are the conditions for oscillation?", and "how 
do we obtain stable (steady-state) oscillation?", are answered in Sections 2.4 and 2.5, 
respectively. Finally, a summary, in Section 2.6, concludes this chapter. 

2.1 The ideal oscillator 

The basic function of an oscillator is to generate a periodic signal with certain properties. 
An ideal oscillator generates a signal that only has wanted properties. The signal wave
form can have any form and any number of harmonics. The output voltage of an ideal 
harmonic oscillator (see Figure 2.l(a)) with angular frequency Wosc in rad/s and peak 
amplitude Vpeak in V, can be written as 

Vour(t) = Vpeak cos( Wosct + ¢o), (2.1) 

1 A timing reference is a system that produces an output signal with a known time behavior [48]. 

13 
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Figure 2.1 A harmonic oscillator (a), a harmonic VCO (b), a square wave os
cillator (c), and an I/Q oscillator (d). 

where ¢o is the initial phase at t = 0 of Vout (t). In the frequency domain, this is equivalent 
to a discrete spectral line with amplitude2 Vpeak at angular frequency Wosc· This means 
that all carrier power is located in an infinitely small bandwidth around Wosc· 

The output signal of tunable harmonic oscillator (see Figure 2. l(b)) can be represented 

by 

Vou1(t) = Vpeak cos(2n:(Kvco V1une+ f center)t+ </>o). (2.2) 

Frequency w1 and roi in Figure 2.l(b) represent the minimum and maximum frequency 
of the oscillator. Tuning voltage V1une controls the frequency, and tuning constant Kvco in 
HzN determines the tuning slope. ! center is the oscillation frequency with a zero tuning 
voltage. As the tuning input is a voltage, the oscillator in Figure 2.l(b) is a Voltage 
Controlled Oscillator (VCO). In the case of a Current Controlled Oscillator (CCO), the 
tuning constant Kcco will have the units Hz/A. 

Equation (2.2) does not explicitly show the "integrating" property of a controlled os
cillator and assumes a steady-state behavior. For a non-steady-state description, we have 
to use the phase property: the phase is the integral of the frequency with respect to time. 
Use of (2.2) for non-continuous Viune results in phase jumps in the oscillator output signal. 

2There are several definitions of forward and backward Fourier transforms. In this thesis we use the trans
form that yields the amplitude of the time domain signal (i.e. without a factor Tr:, which would yield 4 for the 
fundamental of a square wave, instead of the factor 4/n in Figure 2. l(c) [49]). 

-
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The following expression models the instantaneous behavior of a practical oscillator, 

Vout (t) = Vpeak cos( 2 7t (Kvco fo
1 

Viune(t) dt +!center t) +<Po). (2.3) 

Now the output phase always is continuous, even if a non-continuous Viwze(t) is modulat
ing the oscillator. If we choose Viune(t) equal to Vpcos( Wmt), calculation of (2.3) leads to 
the familiar time domain equation for a Frequency Modulated (FM) signal, 

Vou1(t) = Vpeak cos( 21tfce/l/ert +~(I) sin(Wmt) + </>o) , 
Wm 

where ~W = 2n:Kvco Vp. 

(2.4) 

An ideal harmonic oscillator provides a frequency selective signal: in the frequency 
domain all energy is located at the fundamental frequency. The oscillator in Figure 2.l(c) 
generates a square wave that is selective in time; timing information is not distributed in 
time but located at discrete points; the zero crossings. The Fourier series of the output 
voltage of the oscillator in Figure 2.l(c) is calculated with 

( ) 
_ 4Vpeak ( . ( ) sin(3W0 scf) sin(5W0 sct) ) 

Vout t - -7t- Sin Wosct + 3 + 5 + · · · ' (2.5) 

with the initial condition <Po = 0. 
Instead of generating one output signal, an oscillator can generate several output sig

nals with different phases. A special case of a multi-phase oscillator is an oscillator, 
which generates a sine and a cosine, see Figure 2.1 ( d). Many modern receiver and trans
mitter architectures require these so-called "In-phase and Quadrature" (I/Q) signals in 
their signal-processing component. 

The elementary properties, including many ideal properties, of oscillators in integrated 
transceivers are discussed in detail in Chapter 5. 

2.2 The non-ideal oscillator 

Of course nothing is ideal in practice. The oscillator and its properties are no exception. 
For example, an oscillator will never have exactly the required center frequency Cfcenter 
in (2.2)), due to the processing spread in an IC technology. Some additional tuning range 
will always be required therefore on top of the required range. 

Figure 2.2 shows the fundamental and two harmonics of a square wave. An important 
distinction between an ideal and a practical oscillator are phase noise sidebands, as illus
trated in Figure 2.2. Noise from the oscillator circuitry and externally generated noise (on 
the power supply, for example) corrupt the spectral purity of an oscillator signal. This 
means that the carrier power is now distributed in a finite bandwidth around Wosc and 
its harmonics. Although most power is present at Wosc. some power is also present at 
small offsets from Wosc and its harmonics. These phase noise sidebands decrease with 
increasing offset frequency from the carrier frequency. White noise becomes dominant 
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Figure 2.2 The spectrum (fundamental and two harmonics) of a square wave 
with phase noise sidebands. The inset shows the effect of the side
bands in the time domain: jitter. 

at a certain offset frequency. The white noise floor can originate from the oscillator but 
often originates from cascaded circuits. In the time domain, if zero-crossings are impor
tant, phase noise is referred to as jitter, and is shown in the inset of Figure 2.2. Due to the 
presence of jitter, the exact moment of a zero-crossing of the square wave (in other words, 
the phase) is stochastic. The ideal oscillator described by (2.1) can be extended to model 
this phase uncertainty by stochastic variable epn(t). We can write 

Vaui(t) = Vpeak cos( Wasc t + epn(t) ). (2.6) 

In a similar manner, (2.2) ... (2.5) can be extended to model uncertainty in the oscillator 
output phase. In general, an oscillator signal will also have (multiplicative) amplitude 
noise and Vpeak will have a stochastic component. However, unlike phase noise, this 
amplitude noise can be removed by a limiter at the expense of the generation of harmonics. 

In a multi-stage oscillator the phase and amplitude relation between the output signals 
of each stage will be non-ideal. For example, in practice there will be a phase error and 
amplitude between the two-phases of the I/Q oscillator in Figure 2.l(d). In Chapter 4 we 
will see that this limits the achievable image rejection in transceivers. 

The square wave in Figure 2.2 only has odd harmonics. In general, an oscillator output 
signal also has even harmonics. In balanced architectures, these are usually significantly 
lower than the odd harmonics. The application determines whether the harmonics of an 
oscillator output signal are unwanted or wanted. For example, if an oscillator is used as 
a clock generator, the harmonics are generally wanted. In that case, zero-crossings in the 
time domain are less sensitive to noise from the circuits where the clock-signal is used. On 
the other hand, if signals mix with harmonics and cause unwanted conversion products, 
these harmonics are unwanted properties of a practical oscillator. 

The mentioned properties of the non-ideal oscillator, and others, are extensively ana
lyzed and described in Chapter 6. 
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2.3 Classification 

An oscillator classification can be most useful if it informs the designer about the prop
erties of an oscillator, once he knows its place in the classification. An oscillator classifi
cation can be based on many aspects. For example, it may be based on one of the basic 
properties of an oscillator (frequency, tuning range, or noise performance), or on func
tionality (single phase output or multi-phase output). Another example is a classification 
based on the pole pattern of the timing reference in an oscillator, if this reference is a 
linear system [48]. 

The oscillator classification adopted in this thesis is shown in Figure 2.3, and is based 
on the principle of implementation. The oscillator implementation principle gives impor
tant information about the properties of an oscillator. Furthermore, oscillator types are 
easily given a place in such a classification. The components of an oscillator directly 
point out its place in the classification. Practical oscillators may strictly operate on one 
implementation principle, for example an oscillator constructed with a lumped resonator. 
However, a mixture of implementation principles is possible as well. LC oscillators can 
be connected in a ring structure and thus incorporate properties of a ring oscillators. 

The first two branches in Figure 2.3 divide all oscillator types into the two classes 
"continuous-time" and "discrete-time" operation. A looped-back digital counter is an 
example of a discrete-time oscillator, as is the relaxation oscillator. Although the latter 
produces a continuous-time output signal, it entails a state memory with a discrete number 
of states, and it changes state at discrete time moments [ 48]. 

Continuous-time oscillators can either be resonator based or non-resonator-based. A 
resonator has complex poles and can be distributed or lumped. The lumped type consists 
of inductors and capacitors (2 types of reactive elements) and the same is true for the 
equivalent circuit of a distributed resonator. Continuous-time operating oscillators with
out resonators are implemented with capacitors or inductors ( 1 type of reactive element). 
Resistance (of a resistor, e.g. or a transconductor) and feedback are needed to make a 
non-resonator-based oscillator work. In order words, assuming linear modeling is appli
cable, explicit feedback is necessary to make complex poles out of the real poles of the 
reactive elements. 

In resonator-based oscillators3 energy preservation in each oscillation period is possi
ble. In Chapter 6 we will see that this improves the spectral purity4 of oscillators. This is 
indicated by the figure of merit "quality factor" Q, which will be defined in Section 2.4. Q 
normally is much larger than unity for resonator-based oscillators. Non-resonator based 
oscillators do not preserve energy per oscillation period, which generally leads to poorer 
spectral purity compared to resonator-based oscillators (see Chapter 6). 

Oscillators with a lumped LC resonator5 and ring oscillators fall within the thesis as 
discussed in Chapter 1. For these oscillators, the classification in Figure 2.3 is extended 
based on the number of identical stages N present in an oscillator. For LC oscillators, 
three sub-types are distinguished: single-phase LC oscillators (with one stage, N = 1), 

3With a quality factor Q> I. 
4 Lower phase noise sidebands given a certain amount of power dissipation. 
5The resonator is also referred to as a "tank" circuit. 
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Practical oscillator classification based on implementation princi
ple. For the oscillators within the thesis scope, the classification is 
extended based on the number of identical stages (N). 
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Figure 2.4 Three examples of resonator-based oscillators. A differential bipo
lar oscillator with lumped resonator (a), A MOSFET DRO (b) and 
a crystal oscillator ( c ). 
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quadrature LC oscillators (with two stages, N = 2), and LC oscillators with more than 
two phases (N :'.'.'. 3). As mentioned in Section 2.1, quadrature signals are of high interest, 
since many advanced transceiver architectures require them. The minimum number of 
stages for a ring oscillators is two. An example of a two-stage ring oscillator is the two
integrator oscillator6 [229]. Like any even-stage (N = 2,4 , ... )ring oscillator, a two-stage 
ring oscillator provides quadrature signals. All oscillators (single-phase and multi-phase) 
within the thesis scope are extensively analyzed in Chapter 5 and 6. We will see in these 
chapters that the behavioral model and operation principle of two-integrator oscillators is 
quite different compared to ring oscillators that require more than two stages to oscillate. 
The latter class of ring oscillators will be referred to as N-stage ring oscillators throughout 
this text (with N :'.'.'. 3). 

The remainder of this section is devoted to a few implementation examples of oscil
lator types in the classification. Figure 2.4 shows three resonator-based oscillator config
urations from the classification. The LO in RF transceivers is usually implemented using 
an LC oscillator with lumped resonator (see Figure 2.4(a)). The resonator, constructed 
with inductors and capacitors, can be on-chip [231], or partially off-chip [235] . Figure 
2.4(b) shows an implementation of a distributed resonator-based oscillator. In a Dielectric 
Resonator Oscillator (DRO), the DR is placed adjacent to a micro strip-line, which imple
ments the coupling between the resonator and the oscillator [43] . The crystal oscillator in 
Figure 2.4(c) belongs to the same group as the DRO. Similar to the DRO, they have an 
excellent spectral purity and very good long-term frequency stability too [23, 41]. 

6See Figure 2.17 for its behavioral model. 
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(a) (b) 

vcc 

(c) 

Figure 2.5 A single-ended CMOS ring oscillator implementation (a), a bipolar 
relaxation oscillator (b), and a phase-shift oscillator implementa
tion (c) . 

Examples of oscillators without resonators include ring oscillators, relaxation oscilla
tors and the oscillator commonly referred to as a phase-shift oscillator. A possible imple
mentation of these oscillators is shown in Figure 2.5. These oscillator are known for their 
ease of integration. Figure 2.5(a) shows a ring oscillator implementation. A few cascaded 
inverters with feedback already can implement such an oscillator. For the single-ended 
ring oscillator, an odd number of stages is required to avoid latch-up (positive feedback 
for DC). A bipolar relaxation oscillator implementation is shown in Figure 2.5(b). The 
principle of this oscillator type is based on the charging and discharging of a capa~itor: A 
current charges a capacitor until a positive voltage threshold is reached and the directton 
of the current is reversed. Once the negative threshold voltage is reached, the current di
rection is again reversed, and so on. Figure 2.5(c) shows an entirely different oscillator. 
In the phase-shift oscillator, three identical RC sections each provide a phase shift of 60° . 
The transistor inverts its input signals, which makes the total phase shift in the feedback 
loop 360°. As we will see in Section 2.4.1, this fulfills the phase condition for oscillation. 

The reader should note that there are a great many types of oscillators and the dis
cussed oscillators are only a small sub-set of all electronic oscillators. This is indicated 
by the dotted lines in Figure 2.3. 
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xin(jro) 

,0+0-- H ( j ro ) 

p(jro) 

Figure 2.6 Block diagram of a linear feedback model for analyzing oscillation 
conditions. 

2.4 Oscillation conditions 
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It is crucial for an oscillator designer to predict whether the oscillator under design is 
properly dimensioned, so that the oscillator will start and produce a periodic signal. All 
oscillators in the classification are feedback systems and in most instances feedback mod
eling is used to assess the oscillation conditions. The feedback model is used throughout 
this work and is discussed extensively in Section 2.4.1. The negative resistance model can 
be regarded as a special case of the feedback model and is briefly described in Section 
2.4.2. 

2.4.1 Feedback modeling 

All oscillators in this work can be analyzed by modeling them as feedback systems. Figure 
2.6 shows a general block diagram of a linear feedback system with transfer functions 
H(jro) and f3(jro) . The conditions needed for oscillation are most easily analyzed using 
linear models. For many practical oscillators, including the oscillators discussed in this 
work, linear analysis of the oscillation conditions provides sufficiently qualitative and 
quantitative insight for oscillator design. However, an oscillator may well operate in the 
weakly or strongly nonlinear region making linear modeling inadequate for capturing 
the full behavior of these oscillators. The least a designer should do is see how well 
application of the linear oscillation conditions compares with transient simulations, which 
reveals the influence of nonlinearities in the oscillator. 

Steady-state oscillation conditions 

The transfer function Y011rf X;11 of the linear system in Figure 2.6 is the general equation 
for a feedback system (2.7): 

Yout (jro) 
X;,,(jro) 

H(jro) 

1 + H(jro) f3(jro)' 
(2.7) 

The necessary conditions for steady-state oscillation are known as the Barkhausen 
conditions [7]. The first condition is called the "gain condition" and specifies that the 
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open-loop gain must be unity. Thus, 

IH(jw) f3(jw)I = 1. (2.8) 

The second condition is referred to as the "phase condition", which is expressed as 

L H(jw) f3(jw) = (2m + 1) · 180°. (2.9) 

This condition states that the total open-loop phase shift must be (2m + 1) times 180 
degrees7 where mis an integer value including zero. 

Start-up conditions for oscillation 

The Barkhausen conditions state the necessary conditions for stable oscillation, but not 
for start-up. In any transceiver system it is vital that the oscillators autonomously start 
oscillating, usually triggered by noise, when the system is switched on. In order to guar
antee oscillator start-up, the open-loop gain must initially be larger than unity. Therefore, 
the "start-up conditions" for oscillation are 

IH(jw)f3(jw)I > 1 

L H(jw) f3(jw) = (2m + 1) · 180°. 

(2.10) 

(2.11) 

In theory the start-up condition is not sufficient: the instability in an oscillator must be 
such that it will drive an oscillator from its starting point to the required oscillation point. 
However, in most oscillators this is fulfilled if the start-up conditions are met. Once 
an oscillator has started there must be a mechanism that reduces the loop gain a0 1 = 
IH (jw ){3 (jw) I effectively to unity, since this is a necessary condition for steady-state 
oscillation. Two mechanisms, automatic gain control and self-limiting, which reduce a0 1 

to one after start-up and stabilize the amplitude, will be discussed in Section 2.5 . 

Application of start-up and steady-state oscillation conditions 

The LC oscillator in Figure 2.7(a) is used to illustrate the start-up conditions for oscil
lation. Transfer function H(jw) is defined as transconductance gm in the LC oscillator 
model. The transfer function of the LC resonator8, f3(jw), formed by Cp, Lp and loss 
resistance Rp can be described as 

f3(jw) = l + ~~Q/ (2.12) 

where 

Qp = Rpffi, (2.13) 

7This becomes 2m · 180°, if the minus sign of the adder in Figure 2.6 is changed into a plus sign. 
8Most LC oscillators in integrated transceivers use parallel resonators. However, many conclusions derived 

in this work based on oscillators with parallel resonators can similarly be derived for oscillators with series 
resonators. This is can be proven by the principle of duality [50]. 
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Figure 2.7 Behavioral model of an LC oscillator (a). To start-up, gm must be 
larger than 1 / R p (b ). 
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(2.14) 

(2.15) 

At angular frequency WLc, the open loop gain a 0 1 is equal to gmRp . As shown in Figure 
2. 7 (b ), the oscillator does not start if gm is smaller than or equal to 1 /RP at WLc. The 
lower graph in Figure 2.7(b) illustrates oscillator start-up when the start-up condition is 
met. 

The loop gain a0 1 can be determined by cutting open the feedback loop in the oscil
lator at a certain point, for example at point Pin Figure 2.7(a), and simulating the gain 
between the transconductance input and output terminal Vout· This is easy in a behavioral 
model. When performing open-loop simulations at transistor level, the same DC and 
loading conditions must be enforced as in the closed loop situation to obtain the correct 
results. 

The parameter Qp in (2.12), which is defined in (2.13), is of great physical importance. 
This parameter is the quality factor of the resonator and is a measure for the energy loss 
per oscillation period. Quality factor Qp is based on the basic quality factor definition for 
a resonator9 given as [51], 

Q 
_ 

2 
Total energy stored in the resonator 

res - 1T: 
Energy lost per cycle from the resonator 

(2.16) 

Oscillators that are constructed with resonators of a high quality factor (high-Q res
onators), may have extremely low noise. In an oscillator, the energy loss has to be 

9The stored energy in the parallel LCR resonator in Figure 2.7(a), is Cpv~"" with v0 w in rms voltage and the 
dissipated power v~11,/ Rp. Applying (2.16) leads to (2.13). 
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Figure 2.8 Bode diagram of the behavioral model in Figure 2.7(a). 

compensated by an active element. This active element also generates noise, which is 
generally proportional to the amount of energy it has to supply to sustain oscillation. In 
Chapter 6, the relation between the quality factor of an oscillator and its phase noise side 
bands will be analyzed extensively, but from the previous it already follows: Qres should 
be as high as possible for noise minimization. The energy-preserving nature of high-Q 
resonators is illustrated in Appendix A. 

The oscillation conditions can conveniently be checked using Bode plots10 [11]. Fig
ure 2.8 shows the Bode plot of the LC oscillator model under discussion. The gain and 
phase plot shows that the steady-state oscillations conditions are met for gm = 1 / Rp. The 
Bode plot predicts that the oscillator will start oscillating for any setting of gm > 1 / Rp. 
The discussed oscillation conditions are necessary conditions but not sufficient for oscil
lation: they can also be met by stable circuits as will be shown in the following sections. 
If in doubt, the root locus 11 method can be used to assess whether the circuit under inves
tigation will oscillate or not [52]. 

Using the steady-state oscillation conditions, the oscillation frequency of transistor
level oscillator circuit can be derived. As an example, the oscillation frequencies of the 
classic Colpitts and Hartley oscillator will be derived. 

Figure 2.9(a) shows a general three-terminal oscillator. The active part of the oscillator 
is a transistor (e.g. a bipolar or a MOS transistor) modeled with its transconductance. One 

IO A Bode diagram of the open-loop gain is a plot of IH(jw)J3(jw)I versus frequency on a log-log scale, and 
arg(H(jw)J3(Jw)) versus frequency on a log scale. 

11 The function I+ H(s) J3(s) is called the characteristic equation and its roots are the closed-loop poles. The 
root locus is a plot of the locations in the s-plane of all closed-loop poles for the loop gain (in this case) varying 
from zero to infinity. 
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transistor model 

(a) closed loop 

~ 
;+ 

transistor model 

(b) open loop 

Figure 2.9 General three-terminal oscillator. One of three terminals should be 
grounded (a) and its open-loop model with one grounded terminal 
(b). 
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of the three terminals should be grounded. All losses are lumped in resistor R. The open
loop model of the three terminal oscillator in Figure 2.9(b) can be used to derive the 
oscillation frequency. The open-loop transfer function H(jw )/3 (jw) is equal to 

Vour(iw) 
V;n(iw) 

gmR Z1 (Z2 + Z3) Z3 
Z1(Z2 +Z3) + R(Z1 +Z2 +Z3). (Z2 +Z3). 

(2.17) 

If Z1 and Z3 are capacitors, and Z2 is an inductor, a Colpitts oscillator is obtained, see 
Figure 2.IO(a), with oscillation frequency 

1 1 
fosc,Colpitts = 2 .,;r;;c;;;; ' 

n 2 tot 
(2.18) 

where Cror is the series combination of C1 and C3. Note that if z3 is replaced by an 
inductor, and Z2 by a capacitor, the gain condition can be met but the phase condition 
cannot. Therefore this configuration will not yield an oscillator. A Hartley oscillator is 
o?tained if Z1 and Z3 are replaced by inductors and Z2 is replaced by a capacitor, see 
Figure 2.1 O(b ). The oscillation frequency of the oscillator is now equal to 

1 1 
fosc,Hartley = 2 J ( 

n C2 L1 +L3) 
(2.19) 

Since any of the three terminals in Figure 2.lO(a) and Figure 2. lO(b) can be grounded, 
three types of Colpitts and Hartley oscillators exist. Obviously, the Colpitts oscillator can 
also be constructed using a MOS transistor and the Hartley type using a bipolar device. 
In practice, the Colpitts oscillator is encountered more often, since it only requires one 
inductor. Without detailed analysis, it is difficult to say which type is best for which 
application. In all cases, the choice of the ground terminal determines which parasitics of 
the active device are shorted and which terminal is best as the output terminal. 
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(a) (b) 

Figure 2.10 The Colpitts (a) and Hartley (b) oscillator. 

cpar 

Figure 2.11 Pierce oscillator with parasitic capacitance Cpar and all losses 
lumped in the drain resistor Rd. 

Multi-oscillation 

When multiple oscillations coexist in steady-state, a multi-oscillation is present [53, 54~. 
This usually distorts the desired periodic signal, which then becomes useless for appli
cation in a transceiver. The oscillation conditions can be used to predict the presence of 
multi-oscillations. This is illustrated using the circuit diagram of a Pierce oscillator in 
Figure 2.] 1. A Pierce oscillator is a Colpitts-type oscillator, with a grounded emitter or 
source (in this case a grounded source). 

Figure 2.12 shows the Bode diagram and root locus diagram of this oscillator. Al
though the oscillator has two complex conjugated poles for any gain setting, thes~ p~les 
enter the left half plane for very high transistor gain, despite the fact that the osc11lat10n 
conditions are met (as indicated by the Bode plot). Hence, the root locus method should 
be used to see whether the oscillator will start. Alternatively, a transient simulation can 
be performed if calculations become too complex. 
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Figure 2.12 Bode diagram (a) and root locus (b) of the Pierce oscillator in Fig
ure 2.11. 

27 

In the Bode plots of Figure 2.12(a), the start-up oscillation conditions are met for two 
frequencies. In a practical oscillator circuit with parasitics this indicates that there is a 
risk of multi-oscillation [54]. After start-up, the oscillation frequency will be dominant, 
where the loop gain is the highest but due to non-linearities and a changing bias condition 
in an oscillator, other potential oscillation frequencies can be excited during an oscillation 
period. Often parasitics are the cause of multi-oscillations and removal or reduction of 
these parasitics may remove the presence of multi-oscillations. In general, the gain at the 
parasitic oscillation frequencies must be sufficiently reduced below unity to eliminate the 
unwanted oscillation modes. Implementation of this measure may include introduction 
of resistors in the oscillator circuit, which "stop" the unwanted frequency modes ("stop
resistors"). Since resistors add noise and degrade oscillator noise performance as we will 
see in Chapter 6, this measure should only be used sparingly. 

2.4.2 Negative resistance modeling 

Negative resistance modeling can be regarded as a special case of feedback modeling. 
Figure 2.13(a) shows how the LC oscillator in Figure 2.7(a) can be modeled as a negative 
resistance oscillator. The transconductor in Figure 2.7(a) with positive feedback (H(jw) 
in the feedback model) is modeled as a resistance -1 /gm, which compensates the losses 
in the tank circuit (/3 (jw) in the feedback model). 

In general, if an oscillator can be divided into two parts with admittances 12 Ya(jw) = 
Ga(w) + jBa(w) and Yp(jw) = Gp(w) + jBp(w), the negative resistance model can be 
applied. This is illustrated in Figure 2.13(b). In many practical cases, like the example in 
Figure 2.13(a), one part will be the active part (hence the subscript "a" of Ya) and the other 

120r impedances Za(Jw) =Ra( w) + }Xa( w) and Zp(jw) = Rp( w) + }Xp( w) for a series circuit. 
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-1/g m ya yp 

• Oscillator Oscillator 

Part Part 

H I II 

(a) (b) 

Figure 2.13 The LC oscillator in Figure 2.7 modeled as a negative resistance 
oscillator (a). The negative resistance model (b). 

the passive part of an oscillator (hence the subscript "p" of Yp) . The real part of the active 
admittance Ya needs to be negative for oscillator start-up. The necessary conditions for 
steady-state oscillation for the negative resistance model in Figure 2. l 3(b) can be written 
as [53], 

Ga( Wosc ) +Gp( Wosc) = 0, 

Ba( Wosc ) + Bp( Wosc) = 0, 

(2.20) 

(2.21) 

The oscillation start-up conditions are almost identical but the equality in (2.20) changes 
in to an inequality, 

Ga( Wosc ) +Gp( Wosc ) < 0, 

Ba( Wosc) + B p( Wosc) = 0. 

(2.22) 

(2.23) 

The negative resistance model is a linear model, which is not a major limitation in practice 
for the application of the oscillation start-up conditions of this model, since the amplitude 
of the carrier will be very small initially. Similar to feedback modeling, these conditions 
are necessary conditions and not sufficient and the root locus method should be used when 
in doubt [52, 53]. 

Negative resistance modeling is often used when it is applicable to the oscillator type, 
because it can simplify the design procedure of an oscillator. Application examples are 

.... 
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Figure 2.14 Start-up conditions are fulfilled resulting in an exponentially grow
ing sine wave (a). The effective g,,, in the LC oscillator model is re
duced by an amplitude stabilizing mechanism, fulfilling the steady
state oscillation conditions (b). 
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LC oscillators with lumped resonator, microwave oscillators [55, 56] or crystal oscillators 
[23]. Basically, a resonator has to be chosen and Ga should be sufficiently negative for 
start-up. If a tunable oscillator is constructed, the resonator must be tunable over the 
frequency band of interest and Ga must be sufficiently negative for start-up across this 
frequency band. Finally, the negative resistance oscillator can be optimized for noise, 
large signal behavior or other properties. 

2.5 Amplitude stabilization 

The previous section discussed linear oscillator models and their analysis. None of these 
models give any information regarding the amplitude of the oscillator output signal. When 
the start-up condition for oscillation is met, the poles of a harmonic oscillator are in the 
half right plane. This is illustrated in Figure 2.14(a) for the LC oscillator model presented 
in Figure 2.7(a). 

The time response of a feedback system with these pole locations corresponds to a 
growing sine wave. Without some sort of amplitude stabilization mechanism in a practical 
oscillator, the oscillator signal would keep on growing and growing. This mechanism 
causes the poles of the oscillator to move to the imaginary axes, which corresponds to a 
steady oscillation level in the time domain. In the case of the LC oscillator from Figure 
2.7(a), an amplitude control mechanism reduces g,,, after start-up from a value larger than 
I/ Rp to exactly 1/ Rp (Figure 2.14(b))13. 

13This is a simplification. Poles are only defined for linear systems. During start-up an oscillator may be 
modeled using poles and zeros. However, as soon as the carrier is so large in an oscillator that nonlinearities 
start having an influence, the pole/zero description is no longer valid. Provided an oscillator is nearly linear in 
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Any practical electronic oscillator contains an amplitude control mechanism that re
duces the loop gain to unity after start-up, at which point steady-state oscillation is reached. 
This control mechanism can be implemented in various ways. 

2.5.1 Self-limiting 

One option for amplitude stabilization, called self-limiting, is to use the nonlinear charac
teristic of an active element in the oscillator. Since this method does not need additional 
circuitry, it is often used in high-frequency oscillators. In the literature the simplest self
limiting oscillator is often referred to as the "Van der Pol" oscillator [6], in which the 
active element has the transfer function lout = aV;,, - bV;;r 

The simple form of the limiting function of the Van der Pol oscillator allows us to 
gain insight into the start-up behavior of a self-limiting oscillator. Let us, once more, 
investigate the oscillator model in 2.7(a). Assume that the transconductance has a transfer 
function lout =gm V;,, - bV;~· and recall from page 23 that the open-loop gain a01 is equal to 
gmRp . Assuming that a0 1 is larger than one, but at the same time very close the one 14

, the 
oscillator model obtained leads to a differential equation that can be solved analytically 15

. 

The solution of the steady-state maximum peak voltage is 

Vpeak = ~(ao1-l)· 
3 bRp 

(2.24) 

The complete solution of the oscillator output voltage then is 

(2.25) 

in which to is an integration constant and depends on the initial conditions. The oscillator 
phase </lo is the phase at the time to and thus also results from the initial conditions. During 
start-up, when Vout still is small, (2.25) can be approximated by 

v = 2. V e (t-to)(a01-l)wu:/ (2Qp) 
outl start - up peak · 

(2.26) 

Figure 2.15 illustrates the derived formulas and shows the start-up of two Van der Pol 
oscillators running at 1 GHz, one with a resonator quality factor Qp of 5 and one with Qp 

of 10. A comparison between the two simulation results shows a longer settling time for 
a higher Qp. Equation (2.25) allows calculation of the settling time. If the settling time 

its steady-state, it can be described by a equivalent linearized differential equation. For such an oscillator it can 
be shown that the poles in Figure 2.14(b) have a noisy nature and that their mean value is located in the left half 
plane, very close to the imaginary axis [22] . Hence, the average g,,, in steady-state will be a tiny amount smaller 

than 1/Rµ. 
14This limits the solution to systems that produce harmonic oscillators. These systems are referred to as 

quasi-linear or high-Q systems, because the stored energy is large compared to the energy loss per cycle [51). 
15Two possible methods are "variation of parameters" and "equivalent linearization [9, 51) . 
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of a Van der Pol oscillator is defined as the time needed for the oscillator output signal to 
grow from 0.1 Vpeak to 0.9Vpeak then fsettling by good approximation 16 is equal to 

tsettling :::::: ( l) . 
aol - WLC 

(2.27) 

The expression for fsettling also shows that a high Qp will result in a longer settling time. 
On the other hand, a large open-loop gain shortens the start-up transient. 

In IC technology, the limiting characteristic of a MOS or bipolar differential pair is 
readily available to implement self-limiting. In Figure 2.16(a) a cross-coupled differ
ential pair is shown, which is used to realize a simple LC oscillator. Since the trans
fer functions of a bipolar or MOS differential pair can be approximated with the first 
two terms of their Taylor expansion Clout = a1 V + a3 V3, with a 3 a negative number), 
the previous discussion on the Van der Pol oscillator is representative of the oscillator 
in Figure 2.16(a). The transfer function of this cross-coupled bipolar differential pair is 
lout = It ail /2 · tanh (V;,,/2Vr), where Vr is the thermal voltage kT / q. Its derivative to Vin 

16The 6 in the formula actually is 6.045 ... 
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Figure 2.16 LC oscillator with differential pair (a) and the derivative of the 
transfer function of the differential pair (b ). 

(gm(V;n) =frail/ ( 4Vr) · sech (V;11 )) is shown in Figure 2.16(b ). When the oscillator starts 
up, Vin is small and 8m is equal to Irail/(4Vr). As can be seen in Figure 2.16(b), 8m de
creases for an increasing Vin· Since the oscillator output signal traverses the 8m (Vin) versus 
V;n characteristic, the average 8m is smaller than the small-signal 8m needed for start-up 
at V;n = 0. The oscillation amplitude will stabilize when the average 8m compensates all 
losses (modeled by Rp) exactly, and the amplitude condition for steady-state oscillation 
is met. If the oscillator signal becomes large enough, the transistors will act like switches 
and the output peak amplitude will become 2/ 7r · ltai!Rp. The amplitude depends linearly 
on frail (current limited region), unless the supply voltage (or another saturation mech
anism) becomes the dominant amplitude limitation (voltage limited region). The latter 
region normally is not a good operating region due to increased noise and harmonics. 
Increased noise may, for example, arise from junctions that go into the forward region, 
whereas the strong nonlinearities involved with the voltage clipping result in harmonics. 

2.5.2 Automatic gain control 

A second method for amplitude stabilization is to use an Automatic Gain Control 17 (AGC). 
The oscillation amplitude is measured and used in a negative feedback control loop that 
stabilizes the oscillator amplitude to a set value after start-up. Main reasons to use AGC 
are as follows [57] 

0 Fast and reliable start-up. During oscillator start-up the loop gain in an oscillator 
can be made very large to reduce the oscillator settling time (see (2.27)). Once 
settled the steady-state loop gain can be made any value that suits the application. 

17 Also referred to as Automatic Amplitude Control (AAC). 
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Figure 2.17 A two-integrator oscillator with AGC-control. 

For example the loop gain can be set for very low harmonic content in the oscillator 
output signal. 

0 Combining optimum biasing for noise with reliable start-up. The requirements 
for optimum noise performance of an oscillator and reliable start-up may well be 
contradictory. An AGC can be used to orthogonalize these two demands. 

0 Obtaining a well-defined output level. The negative feedback control loop of an 
AGC guarantees that the output of the oscillator can be equal to an amplitude set
level within a very small error band. Hence, the oscillator output level can be made 
very stable over a large temperature range and robust against IC process spread. 

0 Power dissipation reduction. Consider the example where a large start-up current is 
needed for the quick start-up of a crystal oscillator. After start-up, this current and 
thus the power dissipation can be reduced significantly during steady-state opera
tion. 

Disadvantages of AGC are an increased oscillator complexity, and additional noise sour
ces. The bandwidth of the AGC control is an important design parameter. If the bandwidth 
is too large, noise and spurious signals may modulate the oscillator via the AGC loop 
resulting in a poor phase noise performance 

Figure 2.17 shows the behavioral model of a two-integrator oscillator with AGC. Note 
that after start-up (when steady-state is reached) this AGC-loop can be modeled by a 
linear model. If the set-level is such that the transconductances gm, and 8ma work in 
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the linear region, this oscillator is practically linear. This is especially interesting for 
applications where harmonics need to be very low. The frequency gm,/C can be varied 
by controlling gm, with current fume· Transconductance gma is needed to compensate the 
losses modeled by Re and can be used for amplitude control. As the oscillator provides l/Q 
signals, AGC can be implemented using two mixers and a comparator, since V} sin( wt )2 + 
V}cos(wt) 2 = Vo2 . Notice that frequency and amplitude control for this oscillator are 
orthogonal. 

In the case of an LC oscillator, AGC can be implemented using a peak detector that 
measures the amplitude and is used as an error signal in a negative feedback loop, which 
in turn controls the tail current of the oscillator [57]. 

2.6 Summary 

An oscillator generates a periodic signal based on an internal timing reference. An ideal 
oscillator only has desired properties. Among other things, important properties include 
frequency, amplitude, tuning range, number of output phases, and harmonic content of the 
output signal. Tunable oscillators in integrated transceivers either are voltage controlled 
or current controlled. Depending on the application of the oscillator, more than one out
put phase can be required. Quadrature oscillators generate two phases, an in-phase signal 
(A cos( Wosct)) and a quadrature signal (A sin( Wosct)). These elementary properties of os
cillators are more extensively analyzed in Chapter 5. 

Practical, non-ideal, oscillators have a number of unwanted properties. Examples are 
phase noise sidebands, limitations on frequency and tuning range and spread on parame
ters due to temperature and IC process spread. In the time domain, phase noise sidebands 
result in uncertainty in zero-crossings of the periodic signal, and is called jitter. The 
practical properties of oscillators are extensively analyzed in Chapter 6. 

A practical classification based on the implementation principle of oscillators has been 
introduced in this chapter. Two important principles used in integrated transceivers are 
continuous-time resonator based and continuous-time non-resonator-based operation. Os
cillators investigated in this thesis are LC oscillators with lumped LC resonator (resonator
based) and ring oscillators (non-resonator-based). Feedback modeling can be used to as
sess the oscillation conditions and the start-up conditions for oscillation. When a Bode 
diagram of an oscillator shows that the start-up conditions for oscillation are met for more 
than one frequency, this can be an indication of the presence of multi-oscillation. In this 
case, the oscillator oscillates on multiple frequencies, hampering use of the oscillator in a 
transceiver. For some oscillator types, negative resistance modeling can be convenient to 
investigate the oscillation conditions. 

Every practical oscillator has a mechanism that stabilizes the amplitude of the os
cillator output signal. One mechanism, often used in high-frequency oscillators, is self
limiting. This method makes use of the nonlinear characteristic of the active oscillator 
part. Alternatively, automatic gain control can be used. 

3 

Structured design with FOMs 

W HAT is structured1 design? An appropriate meaning of the word "structured" in 
the context of this chapter is "having a well-defined structure or organization". In 

this chapter we explore various existing structured design methods for design of analog 
building blocks (Section 3.1 and 3.2). Most approaches are generic in the sense that they 
are of use for the design of analog building blocks in general, including oscillators. The 
exploration of design methods and methodologies allows us to formulate a number of 
requirements (or better, desired features) of a structured design method for oscillators. 
None of the reviewed structured design approaches help the designer in an insightful 
manner during the important design phase of oscillator type and topology2 selection. 

In Section 3.3 a structured design approach is proposed that is based on Figures of 
Merit (FOMs), which aims at meeting the mentioned requirements and meeting part of 
the objective of this thesis: providing design methods that will shorten the oscillator de
sign time. FOMs assist the designer in a useful way during the important design phase 
of oscillator type and topology selection. This phase has a profound influence on the de
sign time and thus on the cost of design. In terms of the analogy between an oscillator 
designer and a traveler introduced in Section 1.1 , FOMs allow the designer to quickly 
assess whether a possible design route is a high-way, motor-way, country road, desert 
path or dead-end street. FOMs are likely to be a very effective element of a FOM-based 
design methodology. However, a design methodology, a design flow defining each design 
step for oscillator design is outside the discussed scope of this work; it would require 

1 From the Latin word "struere"; "to construct''. Source: www.dictionary.com. 
2We use the word circuit topology, or short, topology, in a broad sense in this work: the topology of a circuit 

represents the way all devices are interconnected but also the type of the devices that are interconnected. Note 
that in graph network theory often the way to interconnect only is called "topology" [58]. 
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Functional specifications 

+ 
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Analog circuits 
meeting functional specifications 

design phases 

design tasks 

Figure 3.1 Functional specifications and design resources form the input of the 
analog design process. 

a much more formal approach, and is a huge subject on its own. System level , behav
ioral level and circuit level modeling play an important role in the formulation of useful 
FOMs. These hierarchies in modeling and modeling conventions are discussed in Section 
3.4. Section 3.5 concludes this chapter with a summary. 

3.1 Analog circuit design 

Analog circuit design differs substantially from digital circuit design. In the past decades, 
the design of digital systems has largely been structured and automated. Complex dig
ital systems can be described with a high level language such as the VHSIC Hardware 
Description Language (VHDL)3, which can then be synthesized to gate level [59] . This 
synthesis process is based on well-defined explicit rules. Automatic placement and rout
ing complete the digital design trajectory. The resulting systems can have tens or even 
hundreds of millions of transistors on one die. The digital designer still has to interact 
with the Computer Aided Design (CAD) tools in every phase of the design, but in terms 
of man-hours spent per device, digital design has reached a state of enlightenment com

pared to analog design. 
The design of high-frequency oscillators is an analog design process. This process 

is illustrated in Figure 3.1. First, the two inputs to this process, functional specifications 
and design resources are described in Section 3.1.1. In Section 3.1.2, a division of the 
analog design process in three phases is introduced. An important reason why the analog 
design is far less automated and less efficient in terms of man-hours per device, is that 
it uses a lot of heuristic principles and rules in contrast to the well-defined rules and 
boolean algebra of digital design. In digital design, the redundancy obtained by using 
only O's and 1 's, makes it relatively easy to divide a large design problem into many small 

3IEEE Standard 1076-1987. 
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sub-problems. This complexity reduction is a lot tougher for analog design challenges, 
and one approach is to use heuristics . A number of heuristics used in analog design are 
investigated in Section 3.1.3. 

3.1.1 Functional specifications and design resources 

The functional specifications form the design question for the designer who in turn an
swers with a design meeting these specifications. The majority of functional specifica
tions, denoted Specx , can be written in the form Specx E [S1b,Sub]; the specification is 
constrained in an interval. The lower bound S1b or upper bound Sub can be ±oo or can 
be expressed in finite tolerances. Furthermore, the interval can be open or closed or be 
a single value. In other words it can be an inequality constraint or a equality constraint, 
respectively [60]. Examples are the power dissipation should be lower than 100 mW, 
the power supply voltage is 3 V ± 10%, and the tuning range should start at 1 MHz and 
extend to at least 1 GHz. In integrated circuits these specifications have to be met over 
a specified set of environmental conditions like temperature range and with a specified 
amount of process variation. Most common functional specifications for oscillators are 
extensively described in Chapter 4. 

Design resources are considered to be the items that enable the design process to reach 
its desired end: an analog circuit that meets the functional requirements. These resources 
and their range are as follows: 

0 The designer: 

- very experienced: high salary, difficult to find, exception. 

inexperienced: not unusual. 

0 Design time: 

- large: not available in high-tech companies, short product life-cycle. 

- small: common practice. 

0 Technology: 

- high performance: exotic, not well characterized, costly. 

- low performance: main stream, short turn-around time. 

0 Tools: 

- Design flow: 

- fully automated: nearly bug-free, all verification steps automatic such as 
back-annotation of parasitics, large initial costs, expensive to maintain. 

- a lot of manual labor: several cheap tools, designer has to perform all in
terfacing issues between tools in the flow, slow design cycle, small initial 
cost. 
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- Architecture and circuit libraries: 

- many: long design history, many designs on the shelf in up-to-date tech-
nology, many layout examples, well documented. 

- hardly available: short design history, few design examples in ancient 
technology, not documented architectures and circuits. 

- Front-end (circuit simulators, etc) and back-end (layout, etc.) tools: 

- high performance: short simulation times, many analysis types, costly, 
expensive computing servers needed. 

- low performance: public domain, limited application range, runs on stan
dard personal computers. 

All design resources have a profound influence on the design process, and are implicitly 
or explicitly specified. A technology is often explicitly specified by the customer or the 
manager of the designer. The properties of the design resources enable the oscillator 
design but at the same time limit the set of solutions. A clear example is the technology 
that sets the practical boundaries. At the same time, without the technology, a practical 
implementation would not be possible. All design resources can be expressed by the 
high-level resource Money after capitalization, by their contribution to the initial costs of 
a product. The importance of these initial costs compared to the final costs, depends on 
the product. For example, the final product may be aimed at the consumer market (high
volume, low profit margin) or at the professional market (low-volume, high profit margin). 
If the total budget of an oscillator design is no issue, a large number of experienced 
designers can be used and state-of-the-art technology and tools can be made available. 

3.1.2 Design phases 

A break-up into three phases of the overall analog design process, the process from spec
ification to tested hardware, is shown in Figure 3.2 (derived from a similar partitioning 
in [61]). 

The first phase is designated "specification and conceptualization". An important 
step in this phase is to define the specification unambiguously. Next, an inexperienced 
designer may start with a literature study to explore circuit options, whereas an experi
enced designer might instantaneously know a good circuit topology for the job, because 
he used it successfully in an earlier design job. Behavioral modeling (high-level model
ing) can be used advantageously to acquire a good impression of the first order behavior 
of circuits. Before the second design phase is entered, a circuit topology is selected. 

The second phase of the analog design process is the "optimization and implementa
tion" phase. All devices are sized, and all specifications are simulated and compared to 
their target values. In this phase optimization takes place until all specifications are met. 
The optimization process may include topology changes and modeling refinements, and 
will certainly involve dimensioning refinements. In order to predict the yield, a statistical 
analysis usually is part of phase two. When the electrical design of the analog building 
block is ready, the layout of the circuit has to be made. Interconnect parasitics alter the 
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Figure 3.2 ~esi~n phases and tasks in a design process of an integrated analog 
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~lectrical behav~~r of the.implemented circuit. This can be taken into account by extract
mg lay?ut paras1t1cs, re-sm.mlating and adjusting the circuit characteristics and the layout, 
to regam th~ wanted behav10r. The same can be done to include effects of a chip-package. 
The layout 1s now ready for mask making and processing. 

.Durin~ and after proces~ing of t~e an~log IC, the third and last phase of the analog 
design trajectory starts. Th ts phase 1s designated "verification and documentation" . A 
~easuremen~ se.t-.up or set-ups have to be arranged, and the functionality, performance, 
yield and rehab1hty of the analog building block have to be verified . If all verification 
steps match expectation, the documentation can be finalized and the analog design is 
completed; ready for mass production. 

The t~ree grey levels i~ Figure 3.2 indicate the relative importance of the design 
phases with ~espect to the time spent per phase. Phase two is the most dominant phase. 
~oth t~e no~1ce and .th~ ~xperienced designer spend about 50% to 60% of the total design 
~1me s1mulat1~g, opt1m1zmg and ~ealizing the layout4. The novice generally spends signif
icantly more tl'?e, aro~nd 30%, m phase one, compared to the experienced designer (15% 
to ~O % ). No:1ce. de~1gners do not have a large set of previous design examples, circuit 
options and ctrcmt tncks, which makes it more difficult to reach a first circuit topology. 
The least amount of time is spent in phase three, about 15% to 20%. 

4
In [61], R. Bowman describes in his paper "Analog integrated circuit design conceptualization" the results 

o~ a survey of 75 analog designers. .The question was "how much time is spent in each design phase?" A 
d1st10ct1on was made between the novice (less than 3 years design experience) and the experienced designer. 
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A bad choice in phase one may have a huge negative impact on the total design ~im~. 
It forces the designer to repeat phase two several times with many it~rations an_d Clf~mt 
modifications, until a topology has been found that meets the funct10nal spec1fica~10~. 
Obviously, the number of iterations between the phases an~ between the tasks w1thm 
a phase should be as small as possible, to mini~ize the design c_osts. In other words, 
although most of the total design time is spent m phase two, design _phase. one has ~he 
dominant influence on the total design time. In practice phase one heavily rehes on design 
heuristics. A number of them are explored in the next section. 

3.1.3 Design heuristics 

An analoo designer makes use of a number of heuristics during design. This is espe
cially tru; for the first design phase in Figure 3.2. Several "analog design" heuristics are 
described by the previously referenced paper of Bowman [61]. An extended and com
mented list is given below from the perspective of an oscillator designer. 

O Hierarchical circuit design. The design of an oscillator starts with its specificati~n. 
At that stage the oscillator is like a black box, of which only the desired properties 
are known. Next a circuit topology has to be chosen. Finally all devices have to 
be dimensioned, such that the oscillator meets the specifications. There can be a 
number of levels between system, circuit and device level, but these three levels 
already show the natural hierarchy in the design process. 

O Specification is prioritized starting with the most difficult speci.fi_cation. The mo
ment an oscillator designer gets a set of specifications, he begins to assess and 
prioritize it. For example, if the tuning range should be four dec~des this imm~di
ately attracts his attention. This specification may be the most difficult to ach1~ve 
and will have the biggest influence in design phase one; see also the next design 
principle. 

O The first focus is on the few specifications that strongly influence the design deci
sions made in an early stage of the design process. To follow up on th~ examp_le 
above; if the tuning range of four decades is the dominant one, th~ des1gn~r will 
focus on this oscillator property first. If this is not realized, the oscillator w~ll not 
cover the frequency band of interest, and other performance aspects become mele
vant. 

O Rules-of-thumb estimations are applied to simplify the design process. Comm~n 
sense aided by experience is an important tool in oscillator design. Part of this 
common sense, technology awareness and over the years design experience con
dense in rules-of-thumb. Some examples: 

- A ring oscillator generally has a larger tuning range than an LC oscillator. 

- Bond-wire inductance is about lnH per mm. 

- A dominant source of l / f noise often is the tail current source of an oscillator. 
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- The carrier swing should be maximized. 

- Saturation effects should be avoided. 

0 Reuse of knowledge 

- Accumulation of circuit options and tricks. An experienced oscillator designer 
has made many oscillators for various applications. When he sees the spec
ifications for a new design, he will immediately relate the specifications to a 
realized design, and circuit options pop up in his mind. During circuit level 
optimization (phase two in Figure 3.2), the experienced designer opens his 
backpack of circuit tricks to refine the oscillator design. The backpack of an 
inexperienced designer still has lots of room. 

Optimization and application of circuit tricks are performed at sub-circuit 
level where only a handful of devices play a role. A high-frequency oscillator 
does not usually consist of many transistors. But if a more complex oscilla
tor is designed, the designer usually partitions the oscillator into sub-circuits. 
This decomposition into (in general) more basic circuit topologies makes the 
complexity manageable and insight is more easily gained. Most circuit tricks 
are applied at this level. 

- Similar circuit topologies are used in various technologies. Oscillator imple
mentations often have the same or similar topologies in different technolo
gies. An LC oscillator implemented with a resonator and a cross-coupled 
pair or a Colpitts oscillator are basically the same in bipolar, CMOS or, for 
example, GaAs technology. Of course, this not always the case and can be 
quite sub-optimal. Each technology also has its own merits and these should 
be exploited. In bipolar technology a PN-junction varactor may be a good 
choice, whereas in CMOS technology a MOS-varactor can be preferable, for 
example. 

- Combinations of known sub-circuits. Cross-coupled pairs, Colpitts, Hartley, 
ring oscillators are all quite ancient. On a circuit level, implementations may 
seem new to an oscillator designer. However, they often are a combination of 
existing circuit techniques, or are not novel in the sense that they do not add a 
new circuit to the total pool of known circuit topologies. 

The preceding list of design principles and heuristics is certainly not exhaustive. In 
fact, consciously or unconsciously used heuristics vary from designer to designer. Nev
ertheless, most common ones are given and the list can be used advantageously to derive 
a structured FOM-based design approach for oscillators, which blends in with common 
design practice. 
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3.2 Structured and automated design methods 

Circuit analysis using CAD tools like Spice [62], Pstar5 , Spectre [63] or Aplac6 is in
dispensable in modern analog circuit design. As mentioned, most of the design time is 
spent on computer-aided circuit analysis (part of phase two in Figure 3.2). A number of 
structured design methods, heavily based on computer-aided circuit analysis, is described 
in this section. The list of structured methods illustrates the state-of-the-art in analog 
design automation. Analog design automation, like the FOM-based structured design of 
oscillators that will be described in Section 3.3, aims at enhancing the productivity of the 
designer. Once automated, a design task can be shortened by adding more computing 
power. The structured methods highlighted in the following sections are applicable to 
analog circuits in general, including oscillators. 

3.2.1 Trial-and-error 

Every designer is familiar with structured design. The design strategy called "trial-and
error", "cut-and-try" or "turning the knobs" is apparently very important since it is wide
spread. One (or somewhat more unstructured: more than one) design parameter is varied 
and circuit performance is monitored. If the performance improves, the value of the de
sign parameter is increased until a specific functional specification is met or other design 
aspects start to move away from the functional specification. All design parameters can 
be varied in this way until the total circuit performance meets the functional specifica
tion. The fact that this process can be performed in a mathematically structured way is 
demonstrated by today's circuit optimizers, which use sophisticated algorithms in their 
pursuit of the design requirements. As with any method, practical limits of the chosen 
circuit topology and technology may prevent the circuit performance from ever reaching 
the functional specification. 

Figure 3.3 illustrates the trial-and-error design process. In combination with the 
knowledge of an experienced designer, and a good circuit topology and technology choice, 
the "trial-and-error" method can be a fast way to complete an oscillator design. This case 
is represented by the upper trace in Figure 3.3. On the other hand, an inexperienced 
designer may never reach the target specification, regardless of the number of trials. 

Arguably, whatever design method will be used for the oscillator design trajectory, 
there will be always trail-and-error elements in it. The ideal case of a design process of a 
high-frequency oscillator without any iteration, with an optimally sized circuit in only one 
simulation run, is not realistic7 . However, as pointed out by Figure 3.3, without making 
sensible circuit and technology choices, this design method has distinct disadvantages: 

O Little or no insight is gained. For every new design the same dimensioning process 
starts over again. No reuse is made of previously gained experience. Only the in
creased experience, gained from the final results of a new design, as added value 

5Philips ' in-house circuit simulator. 
6 Aplac is a circuit design and simulation tool. See http://www.aplac.com. 
7Unless it is a copy of an earlier design. 
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compared to the previous design process. Thus, the reuse of earlier design experi
ence, and the extraction of generic reusable knowledge during a design is very low 
for trial-and-error design. 

0 A very large number of time consuming and costly iterations may be necessary. As 
illustrated in Figure 3.3, a bad topology choice results in a long design time. 

0 Possibly, the design process may not converge. 

0 The design knowledge built up by the designer is difficult to transfer and maintain 
within the design team. When the experienced designer leaves the design group 
and is replaced by an inexperienced designer, the design time increases a lot. 

3.2.2 Optimization tools 

Once an oscillator circuit topology is chosen and all devices are given an initial value, 
automatic optimization tools can be used. These tools can perform the tedious task of 
adjusting all design parameters until specification is met under all process and temperature 
conditions. Most electronic design automation (EDA) tools or circuit simulators have an 
optimizer built in or have an interface to an optimization tool. Examples are "Cadence 
Analog Circuit Optimizer8", the optimizer in Aplac [65], and Adapt9. 

A simplified flow chart of automated circuit optimization is shown in Figure 3.4. The 
key to the optimization process is the optimization algorithm, which determines in what 
direction and how much the design values are adjusted, prior to new simulation runs. 

8
http://www.cadence.com. The EDA market (in 2001) is dominated by Cadence Design Systems. Cadence 

has 70% market share, Mentor Graphics 20 %, Avant! 8% and others 2% (64]. 
9Philips' in-house circuit optimizer (66]. 
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Figure 3.4 Simplified device-sizing flow using automatic circuit optimization. 

Examples of used algorithms are simulated annealing [67], genetic optimization [68], 
minimax optimization [69], and Nelder-Mead optimization [70]. There are a few inter
esting optimization approaches specifically for LC oscillator optimization. For example, 
geometric programming can be used to optimize LC oscillators [71]. Another approach 
uses a graphical optimization method for the same purpose [167]. 

Similar to manual trial-and-error design, the optimizer may not find a solution to the 
design problem. Several causes can prohibit a solution. The specification may be unre
alistic or the circuit topology in combination with a chosen technology can not meet the 
specification. In other words, the solution to the optimization problem lies outside the 
practical solution space. Assuming that the specification is realistic and cannot be low
ered, the optimization process then has to be reentered with a refined initial topology or 
with an entirely different circuit topology. Of course, a carefully selected circuit topology 
choice can prevent or reduce the number of iterations, and will also yield a faster opti
mization process. Another reason why an optimizer may fail to find a solution, is simply 
because it can not find it. An optimization method can only search through part of the 
solution space, and can therefore overlook a solution. 

An important remark should be made about the analysis types used for simulating a 
circuit in the optimization process. The circuit simulator should be able to simulate all 
specifications10. This is not always trivial. For example, simulation of the noise behavior 
of oscillators is generally not supported by standard circuit analysis types, such as DC, 
AC, or transient analysis. It is only recently (in the late 90's), that phase noise analysis 
for oscillators has become available in circuit optimizers. An example is the phase noise 
analysis implemented in the commercially available circuit simulator SpectreRF [72] . 

10Either that or we need an accurate model to predict the performance of a specific oscillator property. 
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Figure 3.5 Simplified hierarchical design flow of expert systems and analog 
synthesis environments. 

3.2.3 Expert systems and synthesis environments 
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Expert systems and synthesis environments not only aim to automate and shorten the 
simulation and optimization task, but also to include topology selection and/or layout 
generation. A graphical representation of the most common elements of analog design 
expert and synthesis systems is shown in Figure 3.5. A distinctive difference compared 
to automatic optimization tools is the presence of a topology selection mechanism, which 
chooses a topology from a topology library. However, in general this library is small and 
th~ selection criterion is as simple as selecting the next topology lined-up if a first topology 
fails to meet the functional specification. Once the topology is selected the optimization 
process starts, described in the previous section, resulting in a sized and verified topology. 
To complete the automatic design flow, layout generation, extraction of parasitics, re
simulation and verification can be part of a synthesis environment. The whole design 
process and interaction with the user is controlled by the design manager/controller. 



46 CHAPTER 3. STRUCTURED DESIGN WITH FOMS 

There are many publications on analog design optimization environments aiming to 
implement an automated design flow similar to the one in Figure 3.5. Detailed liter
ature overviews are given in [60, 73-75]. All published environments have intriguing 
names and, interestingly, most often demonstrate their capabilities on operational ampli
fier (OPAMP) design. Normally, these systems are not available in the public domain or 
commercially either. A few representative examples follow. 

0 BLADES [76]. 
This automated design approach for analog circuits is expert system based. The 
use of the system is limited to OPAMPs and it does not include layout generation. 
A so-called circuit design manager is the design engine of the system. One part 
of the manager is the circuit topologizer. This is a configuration processor that 
generates circuit topologies based on sub-circuits present in the knowledge database 
of BLADES. 

0 OPASYN [77]. 
This synthesis framework is also dedicated to OPAMPs. It includes layout gener
ation. In contrast to BLADES, topologies are not generated from sub-circuits, but 
selected from a small topology database. The design parameters of the selected 
circuit topology are first optimized using an analytical model. This is relatively fast 
but the accuracy is limited. After this, the results are verified and optimized with 
full accuracy models. 

0 AMGIE [60]. 
This synthesis environment for CMOS analog integrated circuit covers all func
tionality shown in Figure 3.5. AMGIE can only design circuits that are present in 
the so-called cell library. This library can contain both standard and custom cells. 
Designers can add to this library, to extend the possibilities of the synthesis envi
ronment. Like OPASYN, device sizing is first performed on analytical expressions 
of a selected topology, followed by a verification and optimization with accurate 
device models. After device sizing the layout is automatically generated by the 
performance-driven place-and-route tool LAYLA [78]. 

0 CYCLONE [79] . 
This synthesis tool is an automated layout-aware RF LC-oscillator design tool, ca
pable of delivering an optimized LC-oscillator implementation, starting from spec
ification and including layout. It provides finite element simulations and optimiza
tion of RF coils, as well as VCO circuit sizing. Module generation, placement and 
routing is done within the mentioned tool LAYLA. Two common RF LC oscillator 
topologies are incorporated. The tool does not support ring oscillator design. 

3.3 FOM-based structured design 

The overview of structured and automated analog design methods, given in Section 3.2, 
shows that a number of tools are available, which can shorten the analog design phases 
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pictured in Figure 3.2. However, no structured design method or automated design tool 
was found in literature that can handle the wide range of LC and ring oscillators within the 
scope of this work. Furthermore, a practical, insightful and appealing method for topology 
selection, which has a major influence on the total design time, was not encountered. 

In this section FOM-based structured design is described, which aims at reducing the 
number of iterations between the design phases and design tasks of an oscillator design. 
FOMs, once formulated, yield fast and insightful oscillator type and topology selection. 
Moreover, FOMs diminish the disadvantages of the trial-and-error design method, while 
incorporating design heuristics commonly used by experienced designers. 

3.3.1 Structured design requirements 

A number of requirements -or maybe better "desired features"- for structured oscilla
tor design can be formulated, keeping in mind the common analog design practice and 
available tools described in the preceding sections. To be a real guide for the oscillator 
designer, the structured oscillator design should: 

0 Strive for orthogonality. The structured design method should tell us how the os
cillator design parameters (the degrees of design freedom, like quality factor, tail 
current, number of ring oscillator stages, etcetera) are linked to oscillator properties 
(frequency, phase noise, etcetera), which determine the performance. If possible, 
oscillator properties should be orthogonalized so that they can be optimized inde
pendently. For high-frequency oscillators complete orthogonalization is less desir
able from a performance point of view. In that case, qualitative and quantitative 
insight into the dependency between parameters and relevant oscillator properties 
is the next best thing. 

0 Fit in a hierarchical approach. As pointed out, the design process of oscilla
tors already has a natural hierarchy. Within the hierarchy, the number of iterations 
should be kept to a minimum. 

0 Connect with designers. By focusing on common circuit parameters and defini
tions to formulate a structured design approach for oscillators, the chances of being 
useful and appealing to oscillator designers are maximized. 

0 Provide qualitative insight. This helps the designer to prioritize the oscillator 
specification, to gain insight into circuit options and tricks, and to acquire awareness 
about the most important oscillator design parameters. 

0 Provide quantitative insight. Since design requirements are in the form Specx E 
[S1b,Sub], the design method should help the designer to determine oscillator perfor
mance relative to quantitative borders. Furthermore, quantitative insight is needed 
for the oscillator topology selection. 

0 Lead to a shorter oscillator design time. The benefits of using a particular struc
ture design method for oscillator should result in a shorter oscillator design time. 
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Figure 3.6 Simplified solution space of all oscillator designs with an oscillator 
property assigned to each axis. The dashed-dotted lines connecting 
the various properties represent the fundamental en practical limits 
of property combinations. 

In the following section, structured design with FOMs will be highlighted, which 

addresses the above requirements. 

3.3.2 Figures of merit 

The design space of an oscillator can be pictured by an N-dimensional hyper-cube, in 
which each oscillator property is assigned to a separate axis [61]. In Figure 3.6, a simpli
fied two-dimensional representation of this hypercube is shown [80]. It is very important 
to realize that this is a highly suggestive representation in two dimensions of a higher 
dimensional solution space. The multiple axes connected by lines are drawn to illustrate 
the bounded character of combinations of properties of the solution space by fundamental 
limits and practical limits, and by no means represent actual relations between the prop
erties. Certain combinations of oscillator properties will be impossible to realize in an 

oscillator design. 
One oscillator property is assigned to each axis. The arrow at the end of each axis 

points in the direction of increased performance of an oscillator property. In the direction 
of the arrow it is increasingly difficult for an oscillator designer to achieve the required 
performance of one of the properties. Six axes are shown including the most important 
oscillator properties, but there are more, as there are more properties. 
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Design solutions always are inside the fundamental boundaries and practical bound
aries. The area inside the practical limits can be regarded as designable space [61] . Fun
damental limits refer to limits imposed by nature as we know it, for example the speed of 
light c or the charge of an electron q. All the limits set by nature impose fundamental lim
its on the oscillator performance. Practical limits are imposed by the design resources, like 
technology. The IC technology used for oscillator implementation has non-ideal devices 
and properties, such as finite transition frequencies, interconnect capacitance, etcetera. 
These non-ideal elements limit practical oscillator performance. 

In Figure 3.7 a solution -that is, an oscillator design- is shown within the designable 
space, which meets the functional specification. There are two other possibilities. If the 
functional specification is beyond the fundamental limits, there is no oscillator design 
that can meet this specification. If the functional specification is beyond the practical 
limits, there is no oscillator design that can meet the functional specification, given the 
IC technology used for implementation. As another IC technology may be much more 
advanced, practical limits can shift towards the fundamental limits. Hence, usage of a 
more advanced technology can bring the oscillator specification back into the designable 
space. 

Functional specifications quantitatively specify the performance of every oscillator 
property of interest. If the definition of all specifications (these are discussed in Chapter 4) 
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is unambiguous, this clearly defines what is expected of an oscillator design. For example, 
if the frequency range specification is from 1 GHz to 2 GHz, the oscillator requirement 
concerning the tuning range of the oscillator is completely clear to the oscillator designer. 
This is not the case for the fundamental and practical limits. It is very hard to prove 
where the practical and fundamental limits are exactly located 11 for an oscillator property 
(e.g. one of properties on the axis in Figure 3.7). However, to meet the requirements we 
defined for structured oscillator design, we need to have quantitative information about 
the oscillator solution space. 

Figures of merit provide quantitative information about the performance of one or 
more oscillator properties. By combining more than one property, a FOM can reduce the 
dimension of the designable space for oscillators. In other words, FOMs can be regarded 
as hyper-planes in the N-dimensional hyper-cube, which represents the designable space. 
Therefore FOMs can limit the solution space making it easier for the designer to find a 
oscillator implementation that meets the functional specification. It is useful to distinguish 
between two types of FOMs, design FOMs and benchmark FOMs. 

DesignFOMs 

Design FOMs are defined as the quotient of a function f with the design parameters 
p 1 •.. Pm as arguments, and a functional specification, represented here by a function g 
with oscillator properties qi .. . qk as arguments . Function f, is an analytical function that 
estimates, when evaluated, the oscillator performance in terms of the functional specifi
cation represented by g, making use of behavioral level modeling for example. Alterna
tively, the function f may simply be the simulated or measured oscillator performance, 
in terms of the functional specification represented by g. It follows that a design FOM 
always is dimensionless. In summary, a design FOM is defined as 

FOM . _ fana fsimfmeas (PI ·· · Pm) 
design - ( ) · gspec qi·· .qk 

(3.1) 

Figure 3.8 illustrates the application of design FOMs during the design of an oscillator. 
Design phase one and two from Figure 3.2 on p. 39 are represented in Figure 3.8. In 
design phase one, a choice has to be made between numerous possible circuit topologies. 
In design phase two, the design parameters of the chosen circuit topology have to be 
optimized, which can include circuit topology modifications or choosing an entirely new 
topology, such that the functional specification is met. Design FOMs provide the designer 
with quantitative information on the performance of an oscillator property with respect 
to its specified value, and are thus useful in design phase one and two. In dBs, if the 
realization 12 of a design FOM is negative, the functional specification is not met, if it is 
0 dB the specification is exactly met, and if it is positive the amount of positive design 
margin is given in dBs. All relevant design FOMs for an oscillator will therefore always 

11 For example, we would need to know the global optimum of an oscillator design in a certain technology to 
have the practical limit of the topology/technology-combination quantitatively available. 

12The result of the calculation of a FOM with all arguments given a value. 
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Figure 3.8 Illustration of the use of design FOMs during the design process. 
Design FOMs are used to select the most promising circuit topol
ogy. During subsequent optimization steps, design FOMs indicate 
the distance with respect to the functional specification: the design 
margin. 
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be zero or positive (when expressed in dBs) when the electrical design of the oscillator is 
ready. This situation is illustrated in Figure 3.8 by the final design, which is drawn inside 
the rectangle that represents the functional specification. 

Benchmark FOMs 

Benchmark FOMs normalize performance aspects of an oscillator, calculated by function 
g, to allow a fair comparison with other oscillator designs, or to a theoretical performance 
limit. This type of FOM is defined as the quotient of a function g with the oscillator 
properties qi ... qk as arguments, and a normalizing function h with arguments design 
parameters Pl .. . Pm· Function g is a function of one or more oscillator properties. As an 
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Figure 3.9 Illustration of the use of benchmark FOMs. Performance aspects of 
a number (n) of oscillator designs are compared after normalization 
of this performance. 

equation we can write 

FOM 
_ gperformance (q1 · · .qk) 

benchmark - h ( ) · 
norm Pl ···Pm 

(3.2) 

The application of benchmark FOMs is illustrated in Figure 3.9. As mentioned, 
benchmark FOMs are used to compare performance aspects of a realized oscillator de
sign with other designs (for example designs found in literature). For example, the nor
malization function h normalizes the measured phase noise performance for certain de
sign parameters, such as, power and oscillation frequency. This can be considered rel
ative benchmarking. Alternatively, the normalization function h in a benchmark FOM 
may be a theoretical performance limit. In this case the performance of an oscillator is 
benchmarked in an absolute sense to a theoretical bound. For example, the normalization 
function may relate to the best achievable phase noise performance. Similar to relative 
benchmarking, absolute benchmarking can be used to compare realized oscillator designs. 
However, unlike relative benchmarking, absolute benchmarking can also be useful during 
design phase one: to check whether the specified performance is possible to achieve. 

Benefits of using FOMs 

Figure 3.10 illustrates the use of design FOMs. In this figure, a design FOM, which covers 
a certain functional specification, is set out on one axis. Three possible locations of the 
design FOM are shown in Figure 3. lO(a), (b) and (c), respectively: 

(a) A realization of a design FOM has a positive value. The functional specification 
X covered by this FOM (for example tuning range) is met and the FOM value 
indicates the positive design margin. 

(b) A realization of a design FOM is 0 dB. Specification aspect X is met and there is 
no design margin. 
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Figure 3.10 Three possible realizations of a design FOM. 

(c) A design FOM realization is negative. Specification aspect X is not met: the design 
margin is negative. If best case values of design parameters p 1 ••• Pm are used in 
the function f of the design FOM, the oscillator class or topology from which the 
function f is derived can be can be discarded by the oscillator designer. 

Clearly, the situation pictured in Figure 3. lO(c) is the most powerful one, assuming 
best case values are used to calculate the design FOM realization. If the design FOM 
realization is negative, no feasible oscillator circuit topology exists that is covered by 
the model, which was used to derive the function f in the design FOM. The oscillator 
designer can move on to explore more promising solutions to the design problem. The 
sooner the designer takes a 180 degrees turn in a dead-end street the better, as that saves 
time. Once the designer has verified that a solution exists with positive design FOMs for 
each performance aspect, this design can be further optimized. Apart from the ability of 
design FOMs to guide the designer in the design process, they also provide a great means 
for transferring and maintaining design knowledge. Once a useful design FOM is defined, 
it enables inexperienced designers to make design decisions as quickly as the experienced 
designer who may have formulated the FOM but has left the design group. In this way 
the FOM serves as documentation to transfer qualitative and quantitative design insight. 

In the previous section the implicit assumption has been made, that a negative realiza
tion of a design FOM with best-case design parameters always is beyond practical limits. 
In other words, the design FOM overestimates practically achievable performance. The 
above assumption represents the ideal case: the designable space is limited by the FOMs, 
and not a single solution is discarded that could potentially meet the functional specifica
tion. For many FOMs this ideal case may be valid: if the function f in the FOM neglects 
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effects or parasitics encountered in reality, this FOM will always overestimate practically 
achievable performance. However the above assumption does not necessarily hold, and is 
too restrictive. In general, FOMs can limit the designable space but at the cost of discard
ing potential solutions: part of the actual designable space is not searched. Provided that 
the FOMs guide the oscillator designer to solutions within the designable space bounded 
by the FOMs, this is acceptable. 

The benefits of using benchmark FOMs are clear: without normalization of oscilla
tor properties like oscillation frequency, power consumption, phase noise performance, 
etcetera, it would be impossible to make a fair comparison between various realized os
cillator designs. In addition, a benchmark FOM can be very useful to a designer during 
design if the FOM performs an absolute benchmarking. If a realization of this benchmark 
FOM is positive (the specified, simulated or measured value is greater than the theoretical 
bound), the designer knows that the given specification is impossible to achieve, or that 
the simulation or measured value is inconsistent (i.e. highly unlikely). 

In Chapter 7 a number of examples will be given of design FOMs and benchmark 
FOMs. Clearly, the most difficult step in defining FOMs is the derivation of suitable 
analytical !-functions in design FOMs or analytical h-functions in benchmark FOMs. To 
derive a useful function f an oscillator model is required. Once a function based on this 
model is defined, its accuracy can be assessed by comparing the calculated FOM value 
with simulated or measured values substituted in the FOM, instead of the realization of 
a calculated f. To develop the design insights and required knowledge for useful FOMs, 
the oscillator design space is explored in Chapter 5 and 6. Some conventions and several 
modeling levels used in these chapters are discussed next. 

3.4 Modeling framework 

In Section 3.4.1, system level equations will be introduced, which will be used in Chapter 
6 to investigate phase noise in linear oscillator models. Section 3.4.2 introduces several 
behavioral building blocks used in Chapters 5 and 6 . Analysis of the models constructed 
with these building blocks will lead to the definition of several design FOMs and bench
mark FOMs for LC and ring oscillators. A brief discussion on circuit level modeling in 
Section 3.4.3 concludes the modeling framework of this thesis. 

3.4.1 System level modeling 

In Chapter 6 we will learn that there are several mechanisms that give rise to the oscillator 
phase noise sidebands discussed in Chapter 2. Many phase noise generation mechanisms 
arise from nonlinear oscillator aspects. However, noise shaping of noise sources in an 
oscillator is always present even in the absence of nonlinearities. Noise shaping leads to 
phase noise and can be calculated using a linear feedback system model [26]. This model 
is reviewed and extended in this section. The influence of oscillator nonlinearities on the 
accuracy of the noise shaping equations will be dealt with in Chapter 6. 
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Figure 3.11 An linear oscillatory feedback system with unity feedback. 

Single stage feedback system 

Consider the linear feedback system in Figure 3.11. Output Youi (jw) is the spectral den
sity of the oscillator and inputX;n(iw) is a noise power density, arising from white noise 
sources in an oscillator for example. The system has unity feedback and an open loop 
transfer function H(jw). The closed loop transfer function is given by 

Your ( . ) H(jw) 
- jW =----
Xm 1 +H(jw) 

(3.3) 

When H(jw) = -1 at w = Wosc, the system obeys the oscillation conditions stated in 
Chapter 2. For frequencies close to the oscillation frequency w = Wosc + Liw, a Taylor 
expansion can be performed on H(jw). Neglecting higher order terms, H(jw) can be 
approximated as 

(3.4) 

Substitution of H(jw0 sc ) = -1 and (3.4) in (3 .3), and taking its absolute value leads 
to [26] , 

I 1

2 Yout . 
X;n (J ( Wosc + LlW)) (3.5) 

(Liw)2IdH~:osc )1 2 ' 

in which ILiwdH(jw0 sc)/dwl « 1 has been assumed. The term dH(iWosc)/dw can be 
expanded by defining H(jw) = A(w)exp[jcp(w)]. Now (3.5) can be rewritten as [26], 

/
Your( "(w +Liw))/

2 
= _l (Wosc)

2 

X;,, J osc 4Q2 Liw ' 

with a quality factor Q defined as 

Wosc 
QJW=Wosc = l 

where A= IH(Jw)I and</>= arg(H(jw)). 

( dA)
2 

+ (dcp)
2 

dw dw ' 

(3.6) 

(3.7) 
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Figure 3.12 White noise is selectively amplified by the closed loop gain of the 
oscillator, and shaped into phase noise. 

Equation (3.6) shows that a noise power density Xin will be selectively amplified by 
the closed loop gain of the oscillator. This process is illustrated in Figure 3.12. The white 
noise is shaped into phase noise sideband around the carrier at frequency Wosc· 

It is instructive to note that the quality factor definition in (3 .7) reduces for a parallel 
LC resonator at resonance to 

Q = Wosc I dcp I 
P 2 dw ' 

(3.8) 

since dA/ dw = 0 at resonance. Above formula is equivalent to the Qp definition in (2.13) 
on p. 22. However, dA/dw is for many oscillator types and implementations nonzero, 
and then the more general Q definition in (3.7) should be used. For example, as we will 
see in Chapter 6, d<P / dw is zero for the two-integrator oscillator and dA/ dw dominant is 
therefore. 

Feedback system with N identical stages 

As shown in the oscillator classification in Chapter 2, many oscillators of interest consist 
of more than one stage. Specifically, I/Q oscillators have two identical stages in general. 
If more than two output phases are required, more stages can be added. For N-stage 
oscillators with identical stages, it is practical to express the quality factor definition in 
(3.7), in terms of the transfer function of one stage. This simplifies calculation of the 
quality factor of an N-stage oscillator. 

Consider the N-stage linear feedback system shown in Figure 3.13. The system has 
unity feedback and the open loop transfer function HN-stage (Jw) is a cascade of N iden-

3.4. MODELING FRAMEWORK 57 

H ( jco) 
N-stage 

,--------------- -- ------------ --- -- -- ----------------- -- --- -------------- ---
' ' ' ' 

y out ( jco) 

H( jco) H( jco) H ( j co) 1----<()--I~ 

Stage 1 Stage 2 Stage N 

Figure 3.13 An N-stage oscillatory linear feedback system. 

tical stages with transfer function H(jw) . Obviously, the same calculations and assump
tions for this system can be made as for the single stage oscillatory feedback system. 
Hence (3.6) is also valid for this system, provided that (3.7) is redefined. For the system 
model in Figure 3.13, A in (3.7) should be redefined as 

(3.9) 

and <P in (3.7) should be redefined in as 

<PN-stage = N · arg(H(jw)). (3.10) 

Substitution of (3.9) and (3.10) in (3.7) yields the quality factor of an N-stage oscillator 
in terms of sub-system H(jw ), 

Q 
Wosc 

N-stagelW=Wosc = 2 (
dAN- stage) 

2 
+ (d<PN-stage ) 

2 

dw dw ' 

which can be rewritten in terms of A and <P as, 

Q _ N. Wosc 
N-stage lW=Wosc - 2 

(3.11) 

(3.12) 

Since (3.12) is derived at system level, analyzing H(jw) as a black box, (3.12) can be 
used to assess the noise shaping in N-stage LC and ring oscillators. 

3.4.2 Behavioral level modeling 

A behavioral model captures part of the behavior of an oscillator circuit, in a model using 
network elements 13

. The abstraction of an oscillator provided by behavioral modeling 
is very powerful for several reasons. First of all, calculations on behavioral models are 
relatively simple and give insight into the first order behavior of the oscillator. This, of 
course, requires insight into what oscillator properties are dominant and what properties 

13Network elements are ideal models of resistors, capacitors, etcetera [81]. 
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can initially be neglected, when the behavioral model is constructed. Second, a behav
ioral level is partially circuit topology independent. Therefore, design FOMs derived with 
a behavioral model are relevant for a large pool of circuit topologies. To define oscillator 
behavioral models unambiguously, behavioral building blocks used in this thesis are de
scribed in the following section. Next, conversion from a differential circuit level model 
to a single-ended behavioral model is discussed. 

Behavioral modeling building blocks 

In behavioral models, the same symbols for passive network elements are used as in cir
cuit level modeling. However, in circuit level modeling these symbols model physical 
components. On a behavioral level, passive network elements used in the behavioral 
models like resistors, inductors, capacitors and varactors, are ideal and noiseless. If an 
inductor, capacitor, varactor or LC resonator has losses, these losses are explicitly intro
duced in the behavioral model by adding one or more resistors. In addition, resistors are 
by convention in this work noiseless in behavioral models. All noise sources will be rep
resented by separate noise current sources, or by one noise current source that represents 
all noise contributors. 

In addition to passive network elements, a number of symbols that represent ideal 
transconductors, switches, phase shifters, etcetera are required. The symbols used in this 
work, and their meaning or equivalent circuit are listed in Appendix B. We have already 
encountered several examples of behavioral models in Chapter 2, for example Figure 
2.7(a) on p. 23 and Figure 2.17 on p. 33. 

Differential circuits and single-ended behavioral models 

An oscillator in an integrated transceiver is only one of the many building blocks of a 
system on a chip. For maximum robustness and minimum interference generation, an 
integrated oscillator generally is a differential structure. Since, a differential circuit is truly 
symmetrical, assuming perfect matching and a symmetrical layout, calculations on one 
half of the circuit are sufficient to capture its behavior (half-circuit concept [82]). Hence, 
it is efficient to use single-ended behavioral models, instead of differential behavioral 
models, to represent differential oscillator circuit topologies. 

Obviously, equations and FOMs derived from a single-ended behavioral model should 
be identical to the results obtained using its differential counterpart, and vice versa. Figure 
3.14(a) shows the circuit diagram of a differential LC oscillator. The transconductance of 
each transistor is gm0 and the generated output current noise is i11diff" The single-ended 
behavioral model of this oscillator is shown in Figure 3. l 4(b ). Since the transconductance 
of the cross-coupled pair is equal to - gm0 /2, the transconductance of the single-ended 
model, expressed in terms of gm0 , is equal to 

(3.13) 

As explained, noise in behavioral models is explicitly modeled in this work (i .e. the 
resistor in the behavioral model is noiseless, and represented by i,z). Noise current source 
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v out 

9m 

(a) 
(b) 

Figure 3.14 Differential LC oscillator circuit diagram (a), and its single-ended 
behavioral model (b). 
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in in Fi~ure 3.14(b) therefore represents the noise generated by resistor R and current 
sources tndiff" It can be shown that the differential noise power produced by the identical 

c~rre~t sources indiff is i~diff/2 [248). Therefore in models the noise in the differential 
circu1t correctly if 

-.2-
-:z - 4kT t,,diff 
i,, - R+-2- · 

p 

3.4.3 Circuit level modeling 

(3.14) 

At circuit level, an oscillator is represented by a circuit diagram, in which each element 
represent~ a physical component such as a physical transistor, physical resistor or physi
cal c~pac1tor, ~tcetera. ~Ithough each component is designed to implement one primary 
physical function, physical components also exhibit many unwanted properties and sec
ond order effects. 

. At circuit level the accuracy of FOMs derived with behavioral level modeling can be 
1m?ro.ved. To be able to do this, an equivalent circuit model has to be drawn of the cir
cmt d1ag_ram. Fo~ ~xample, a resistor in a circuit diagram can be replaced by a resistor 
m?del with capac1t1ve losses to ground. The physical resistor is replaced by a model built 
with net":ork e!em~nt~ , which approximates the physical resistor. Similarly, the transistor 
s.ymbols m a Circu1t diagram have to be replaced by a transistors model, before calcula
t10ns can be performed. In !able 3.1 a_ number of transistor models are listed. Only the 
models on the first row qualify for use m hand calculations although even these "simple" 
models are normally reduced to simplify hand calculations. Bipolar and MOS transistor 
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Bipolar modeling MOS modeling 

Gummel-Poon BSIM (level 1) 
Mextram 503 MOS level 9 I BSIM3 
Mextram 504 MOS level 11 I BSIM4 

Table 3.1 Three modeling levels of bipolar and MOS transistors. 

"back-of-the-envelope"-modelscan be found in [82,83]. Mextram 50414, MOS level 11 15 

and BSIM4 16 are very advanced and complex transistor models and these should be used 
for circuit simulations when available. These models are optimized to capture, among 
other effects, the high-frequency and saturation effects of integrated transistors, whereas 
Gummel-Poon and BSIM (level 1) simply are not complex enough to predict measured 
behavior accurately. The values of the parameters in the transistor models are provided 
by the IC technology of choice. 

3.5 Summary 

High-frequency oscillator design is an analog design process. Inputs to this process are 
functional specifications and design resources. The functional specifications specify the 
performance an oscillator should achieve, whereas the design resources provide the means 
to meet these specifications. An analog design process, like the design of an oscillator, can 
be divided into three phases. In the first phase, "specification and conceptualization", the 
design space is explored and a topology is chosen. In the second phase, "optimization and 
implementation", the oscillator is dimensioned and a layout is prepared. The main activity 
in the final phase is "verification and documentation". Especially in the first phase, design 
heuristics are used by the analog designer to reduce the complexity of the design problem. 

Three structured design methods are discussed. Trial and error, optimization tools 
and expert systems/synthesis environments. Although all reviewed structured methods 
aim to speed up design phase one and two, a practical, insightful and appealing method 
for topology selection, which has a major influence on the total design time, was not 
encountered in literature. Well-defined figures of merit provide quantitative information 
of the performance of one or more oscillator properties. They limit the oscillator design 
space, guiding the oscillator designer in his search for a cost-effective oscillator that meets 
the functional specification. 

The concept of design FOMs and benchmark FOMs is proposed as a structured design 
method for high-frequency oscillators. A design FOM provides the designer with quanti-

I4http:l/www.semiconductors.philips.com 
15http:l/www.semiconductors.philips.com 
I6http:l/www-device.eecs.berkeley.edu 
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tative information on the performance of a oscillator property with respect to its specified 
value. If the realization of a design FOM is negative in dBs, the functional specification 
is not met (negative design margin), if it is 0 dB the specification is met exactly, and if 
it is positive the amount of positive design margin is indicated. Therefore all relevant 
design FOMs for an oscillator will always be zero or positive if the electrical design of 
the oscillator is ready. 

Benchmark FOMs are useful to compare performance aspects of an oscillator design 
with the state-of the-art. This can be viewed as relative benchmarking. Alternatively the 
normalization function h in a benchmark FOM may be a theoretical performance limit. 
In this case the performance of an oscillator is benchmarked in an absolute sense to a 
theoretical bound. If the value of such a benchmark FOM is positive (the oscillator per
formance is greater than the theoretical limit), the designer knows the given specification 
is impossible to achieve, or the simulation or measured value is inconsistent. 

System, behavioral and circuit level modeling are discussed in the final part of this 
chapter, as part of the modeling framework that will be used to explore the oscillator 
design space (in Chapter 5 and 6) and to define FOM examples (Chapter 7). 
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4 

Specifications 

A T THE BEGINNING of an oscillator design, the functional specifications and de
sign resources must be completely clear. Deriving a well understood and complete 

set of oscillator specifications from the application in which the oscillator will be used, 
can be a challenging task in itself. In any case, time spent on this task in the begin
ning of the design process is worth the effort, since it is difficult to "hit a moving target" 
(specification). 

There are many different specifications for oscillators. Given a certain application, 
some will be very important and some will be less important. In this chapter, the most 
common oscillator specifications are defined, discussed and illustrated with examples. In 
Section 4.1, a distinction is made between nominal specifications and design specifica
tions. Sections 4.2 and 4.3 discuss frequency and tuning range, and phase noise to carrier 
ratio, respectively. The time domain equivalent of the phase noise to carrier ratio specifi
cation, jitter, is highlighted in Section 4.4. Other oscillator specifications that are also of 
importance in integrated transceivers follow, concluded by a summary in Section 4.12. 

4.1 Nominal specifications versus design specifications 

The functional specifications for an oscillator in a transceiver are derived from system 
level considerations. These "nominal functional specifications" specify the minimum re
quirements for a functional system. Design functional specifications are far harder be
cause of the limitations imposed by the design resource technology. Spread on the inte
grated devices should be taken into account. Furthermore, addition of a safety margin is 
a common design practice, to allow for modeling inaccuracies or simply to increase the 

63 
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yield of a design. Therefore, the design specification of a certain oscillator property can 
be written as 

Design Spec. = Nominal Spec.+ Technology margin+ Safety margin. (4.1) 

The numerical specification examples given in this chapter are nominal functional 
specifications, so we should keep in mind that process spread and possibly a safety mar
gin must be added to derive the functional specifications that should be the target of the 
oscillator design. 

4.2 Frequency and tuning range 

Frequency and tuning range are important specifications that can have a significant impact 
on the level of difficulty when designing an oscillator. In general, the higher the center 
frequency of an application, the more difficult it is to design an oscillator for this appli
cation. For some applications only the center frequency is specified, but most oscillators 
need to cover a band of interest around a center frequency. 

Table 4.1 shows the center frequency, absolute tuning range (minimum and maximum 
frequency) and relative tuning range1 of a number of standards. For the first ten stan
dards, the center frequency can of course be calculated, but is omitted since it usually is 
not specified, as it is already included in the tuning range specification. An additional 
specification is of importance instead: tuning accuracy. In principle not all frequencies 
within the tuning ranges shown in Table 4.1, need to be covered by the oscillator. The 
first ten standards all use channels equidistantly spaced on a certain frequency grid. For 
example, the Global System for Mobile communication (GSM) has a channel spacing of 
200 kHz, whereas DECT uses 1.728 MHz. Therefore, theoretically, we could make an 
oscillator for standards with a frequency grid, which only produces discrete frequencies 
equal to the channel frequencies defined in the standard. However, in practice it is eas
ier to implement a continuous tunable oscillator and realize the tuning accuracy with a 
PLL [3] . 

The relative tuning range requirements of Table 4.1 roughly divide the standards into 
two categories: wide range and narrow range standards (or applications) . FM radio, tele
vision (TV), terrestrial Digital Video Broadcasting (DVB-T) and satellite TV are exam
ples of the first category, whereas telecom standards such as GSM, Universal Mobile 
Telecommunications System (UMTS), DECT and Bluetooth are narrow range examples. 
A satellite TV receiver needs more than an octave of tuning range, whereas the required 
40 MHz for a DECT receiver is almost negligible in comparison with the center frequency 
of roughly 2 GHz. 

The four2 optical standards listed in Table 4.1 have a fixed bit-rate, and only the re
quired center frequency is denoted in the table. In practice, some tuning range may be 

1 Maximum minus minimum frequency divided by the center frequency of the frequency band. 
2 Actually, eight standards. However the Synchronous Optical NETwork (SO NET) and Synchronous Digital 

Hierarchy (SDH) standards become compatible at a bit-rate of 155.52 Mb/s. 

4.2. FREQUENCY AND TUNING RANGE 

Center Absolute Relative 
Standard freq. tuning range tuning 

[MHz] [MHz] range[%] 

FM Radio front-end 87.5 - 108 21 
TV receiver 41- 960 184 
DVB-T 470-860 59 
GSM receiver 890 - 915 2.8 
GSM transmitter 925 -960 3.7 
Satellite TV front-end 950- 2150 77 
DECT transceiver 1880-1920 2.1 
UMTS transmitter (FDD) 1920-1980 3.1 
UMTS receiver (FDD) 2110-2170 2.8 
Bluetooth 2400-2483 3.4 

SONET OC-3 (SDH STM-1) 155.52 
SONET OC-12 (SDH STM-4) 622.08 
SONET OC-48 (SDH STM-16 2488.32 
SONET OC-192 (SDH STM-64) 9953.28 

Table 4.1 Center frequency, absolute tuning range, and relative tuning range 
of several standards. 
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desirable to cover standards, which are very close to the SONET/SDH bit-rate (e.g. Gi
gabit Ethernet or Fiber channel) or, for example, to make a flexible multi-rate system that 
covers multiple SONET/SDH bit-rates. 

As for any specification, the tuning range specification must be met under worst case 
conditions. Therefore frequency deviations due to temperature changes, process spread 
and power supply variations should be added to the tuning range. For a ring oscillator, 
the process spread can easily be 20% to 40%. In an LC oscillator the (planar) inductor 
tolerance usually is very good (e.g. 1 to 5%) because of the accurate lithography of the IC 
process. However, the varactor and fixed capacitances can vary up to 20% in value, and 
the center frequency can therefore change by more than 10%. A more general discussion 
on temperature range and process spread can be found in Section 4.10. 

4.2.1 Tuning constant and linearity 

AVCO (or CCO) has a tuning constant Kvco that is specified in Hz/V (or Kcco in Hz/A). 
This constant is sometimes referred to as VCO gain too. For example, if the tuning range 
is 2.4 GHz to 2.483 GHz (Bluetooth standard) and the available tuning voltage range is 2.7 
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Figure 4.1 Typical tuning curve of a ring oscillator (a), and the tuning curve of 
an LC oscillator with MOS-varactor and PN-junction varactor (b). 

V, the tuning constant is about 30.7 MHzN. This constant will become larger if the tuning 
range is increased, to cover process spread for example. If the supply voltage decreases, 
in the case of a redesign using a newer CMOS technology for example, the tuning-voltage 
range will also decrease and thus Kveo will increase. 

The phrase "tuning constant" is actually somewhat deceptive, since it rarely is a con
stant. In practice, the tuning characteristic of an oscillator is a nonlinear function . Figure 
4.l(a) shows the typical tuning curve of the two-integrator oscillator from Figure 2.17. 
For a large part of the tuning range, Kveo is equal to f:i.11 / f:i. V1. However, at the end of the 
tuning range, where parasitics start to dominate, Kveo decreases (t:i.h/ f:i.V2 < t:i.li/ ti.Vi ). 

Figure 4.l(b) shows the typical tuning characteristics of an oscillator tuned by a MOS 
varactor and a PN-junction varactor, respectively. The derivatives of the tuning curves 
vary significantly, especially for the MOS-varactor. So, instead of specifying the gain 
constant using one figure, the deviation from this nominal value is usually specified as 
well, for example: Kveo ± 30%. 

4.3 Phase noise to carrier ratio 

In Chapter 2, important non-ideal oscillator properties were introduced including phase 
noise sidebands. For convenience, the formula describing an oscillator with phase noise 
sidebands, which was given in Chapter 2, is repeated below, 

Voui(t) = Vpeak cos(2nloset+ epn(t)) . (4.2) 

The variable epn (t) is a stochastic variable and its one-sided and double-sided power 
spectral density3 are Sepn (!) and si;" (!), respectively. 

It is difficult to measure Sepn (!) directly. Normally, Svow (!) is measured, being the 
power spectral density of Vout· The power density Svow (!)versus frequency can be directly 

3Defined as the Fourier transform of the autocorrelation function of epn(t). 
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phase noise in 1 Hz 

f[HzJ-

Figure 4.2 C(fm) definition. 

read from the analyzer display. Based on this measurement, Sepn (!) of an oscillator (or, in 
general , of a tuning system) is characterized by the single-sideband (SSB) phase noise to 
carrier ratio £ 4 at an offset frequency lm from the carrier frequency l ose• which is defined 
as 

C(f, ) = PsssUose + lm) ~ Sv0 11 , Uose + lm) 
m P 2 I , signal vpeak 2 

(4.3) 

where PssB and Sv011, are measured in 1 Hz bandwidth. Figure 4.2 illustrates the definition 
of C(fm). As shown Figure 4.2, Psignal is the result of an integration of Sv

0 11
, (!) around 

lose· Provided that the integration interval is large enough to capture about 99 %, Psignal 
is a good approximation of total signal power. In practice the carrier power Pearrier = 
V'/;ead2 (the power arbitrarily chosen here in 1 n, of (4.2) with epn(t) = 0) is used as an 
approximation of Psignal · Clearly a high Psignaf , and thus a large Vpeak is desired for a small 
C(J,n). Commonly, lOlog(C(fm)) is specified and its units are dBc/Hz, indicating that the 
phase noise is measured relative to the carrier and in an 1 Hz bandwidth5. Alternatively, 
the phase noise of an oscillator can be characterized by the Carrier to phase Noise Ratio 
CNR(f,11 ), which is simply -lOlog(C(fm)). 

A real oscillator spectrum has phase noise sidebands with three major regions, which 
can be approximated by power law curves (plotted on a log-log scale). These regions are 
shown in Figure 4.3. The largest part of an oscillator sideband is the region with a slope 
of -6 dB/octave, and results from noise shaping of white noise sources in the oscillator 
(discussed on p. 56), and other, nonlinear, noise generation mechanisms, which will be 
expl~ined in ~~apt~r 6. Thi~ slop~ starts at the 1/ l noise corner frequency li /f• and 
continues until 1t hits the white noise floor. The white noise floor often is the result of 
white noise generated by circuits, such as buffers, connected to the oscillator output. If 
devices in an oscillator, or at the tuning input of an oscillator, generate 1 / l noise, this will 
result in an oscillator sideband region with a slope of -9 dB/octave that continues to li ; 1, 

at which point the phase noise with the 1/ J2 slope starts dominating. 

4Pronounced "script l". 
5 In this thesis, C(J,11) figures are given in dBc/Hz, without explicitly writing 10log(£(J,n)) , when the phase 

noise in dBc/Hz is calculated (this would formally be more correct but does not improve readability). 
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Figure 4.3 Power law approximation of a phase noise sideband. 

Figure 4.3 points out that oscillator phase noise in principle can not be specified by 
a single figure and it is best to plot .C(fm) versus Im on a log-log scale for a complete 
specification. However, often .C(fm) is specified with only one figure, assuming a 1/ 12 

sideband slope. Under this assumption .C(fm) can be extrapolated to any offset frequency. 
For example, if .C(lOkHz) = -80dBc/Hz then it follows that .C(20kHz) = -86dBc/Hz 
and.C(2MHz) = -126dBc/Hz. 

As mentioned, .C(fm) can be measured directly using a spectrum analyzer. The spec
trum analyzer measures the power spectrum of the oscillator, which not only includes the 
phase variations but amplitude variations too. However, the phase noise component is 
dominant in many practical oscillators, because the amplitude component is reduced by 
limiting mechanisms. In the literature, .C(fm) therefore is commonly used with the as
sumption that it only includes the phase noise component. This assumption is adopted in 
this thesis. There are several methods to unambiguously measure the phase noise power 
spectral density Sepn (J,") versus offset frequency Im of an oscillator [84 ]. These are uti
lized in dedicated commercial phase noise measurement equipment. 

An important relation between Sep,, (J,n) and .C(f m) can be derived, if we model the 
phase noise sidebands as the result of a baseband phase modulation process by sine waves. 
This model and underlying assumptions based on long-term statistical values are exten
sively discussed in [21]. In this model the phase noise sidebands are represented by 
numerous sine waves, each at a different frequency offset Im , represented as 

eP"(t) = VlB,msUm) ·sin( 2nf,"t) , (4.4) 

where the angular phase deviation e'!-msUm) (in rad2 /Hz) has the same average power in 
an 1 Hz bandwidth at offset frequency Im as the phase noise [3]. Therefore, by definition, 
e;msUm) = SepnUm)= 2Si~n(fm). Provided BrmsUm) « 1 (small modulation index or nar
row band FM condition), modulation theory [21 , 85] shows that Sv

0 11
, (!) can be written 
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as 

Standard .C(fm) 
Im [MHz] 

.C(2 MHz) 
[dBc/Hz] [dBc/Hz] 

FM Radio front-end -105 0.01 -151 
TV receiver -95 0.1 -121 
DVB-T -90 0.01 -136 
GSM receiver -127 0.6 -137 
GSM transmitter -162 20 -142 
Satellite TV front-end -78 0.01 -124 
DECT transceiver -110 l -116 
UMTS transmitter (FDD) -147 20 -127 
UMTS receiver (FDD) -130 8 -118 
Bluetooth -110 1 -116 

Table 4.2 .C(fm) requirements for several standards. In the last column, 
.C(fm) extrapolated to Im= 2MHz is listed, assuming a 1 / J2 phase 
noise sideband slope. 
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(4.5) 

Hence, under the previously mentioned assumption that only the phase noise component 
is present in .C(fm) , and that total signal power is accurately enough approximated with 
that of an ideal sine wave, .C(fm) can be expressed in terms of Se '" Um) by applying the 
phase noise to carrier ratio definition in (4.3), 

/ 

vftieak 5ds (f, ) ( 2 
.C(J,n) = 2 :pn m = Sepn Im) = ermsUm) 

vpeak 2 2 (4.6) 

2 

Equation (4.6) shows that Se",, Um) of an oscillator (or in general Se",,(fm) of a signal 
source) can be determined via .C(fm) measurement, if a limiter is placed in front of a 
spectrum analyzer. As noted, (4.6) is valid for Brnzs « 1. A useful rule of thumb is that 
.C(fm) should be less than -23 dBc/Hz: in that case BrmsUm) < 0.1 and (4.6) can be applied 
with negligible error. 

An indication of the .C(fm) specification for several standards is given in Table 4.2. 
Exact values are not easy to specify because factors like production margin, whether a 
good .C(fm) is important as a selling feature, and the specification of the sub-systems 
around the oscillator all influence the phase noise requirements . However, the figures are 
in accordance with what is normally specified for the listed standards. 
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Figure 4.4 Reciprocal mixing: the desired signal A1 and adjacent channel A2 
are both converted to the same frequency due to the phase noise 
sideband of the LO. 

In the third column of Table 4.2, £(f m) extrapolated to fm = 2 MHz is shown for 
comparison as well. It is important to note that £(fm) is proportional to f/;sc• as will be 
derived in Chapter 6. Hence, although £(2MHz) of FM radio looks tougher than the 
GSM transmitter specification, this specification has to be achieved around 100 MHz, 
which is a lot easier than meeting GSM transmitter requirements around 900 MHz. 

Phase noise deteriorates transceiver performance. In other words, transceiver perfor
mance requirements will lead to a certain £(fm) specification . In the following subsec
tions, the effect of phase noise on transceiver performance will be discussed, and how the 
required phase noise to carrier ratio can be calculated. 

4.3.1 Reciprocal mixing 

One mechanism that deteriorates the signal-to-noise ratio (SNR) of a desired channel is 
reciprocal mixing. This is illustrated in Figure 4.4. The desired channel at fRF has an 
amplitude A 1• A strong adjacent channel is present at an offset fm with amplitude A2. 
The oscillator with amplitude A3 has phase noise sidebands with an amplitude of A4 at 
fm· To simplify the discussion on reciprocal mixing, the phase noise sideband is replaced 
by a single tone interferer at fw + fm· After mixing, it is not only the desired signal with 
amplitude !A3A1 that is converted to fRF - fw , but an unwanted signal with amplitude 

!A~2 is also converted to this frequency. This lowers the SNR and hence A4 should be 
sufficiently small to achieve a certain Bit Error Rate (BER) or SNR. 

In a GSM system, the in-band interferer levels are specified, thus allowing the maxi
mum tolerable £(fm) to be calculated. For example, in the frequency band from 600 kHz 
to 800 kHz the interferer level can be -43 dBm, under minimum desired-signal conditions. 
More information is needed to calculate the phase noise specification of the oscillator: the 
reference sensitivity (-105 dBm), minimum signal-to-noise ratio for the demodulator (12 
dB) and effective noise bandwidth (180 kHz). The unwanted signal !A4A2 at the wanted 
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frequency should be no larger than -105 dBm minus 12 dB. This means that compared to 
the -43 dBm interferer, the power difference is 74 dB in a 180 kHz bandwidth. Therefore, 
the value for £ ( 600 kHz) shou Id be less than -7 4 dB minus 10 log(l 80 . 103 ), which is 
-126.6 dBc/Hz (the value, rounded off, in Table 4.2). 

4.3.2 Signal to noise degradation of FM signals 

In frequency and phase modulated signals, information is carried in the phase of the carrier 
signal. When this signal is down-converted in a FM receiver using an oscillator, the 
oscillator phase noise is superimposed on the wanted signal and degrades the SNR. For 
example, consider an FM modulated signal VJm(t) which is written as 

VJm(t) = Vpeakcos(2n(fcarrier +/ifcos(2nfmt))t), (4.7) 

with !carrier equal to 100 MHz, de peak frequency deviation is !if is 50 kHz and modula
tion frequency fm is 10 kHz. Note that (4.7) is identical to the equation of an FM signal 
given earlier on p. 15, but written in a different form. 

The relationship between de frequency deviation of(fm) of an oscillator at an offset 
fm and 8rmsUm) can be derived using modulation theory [21]: 

(4.8) 

We assume that the stochastic phase variable 8,,,15 (fm) has an inverse dependency on fm · 
In order words, we assume that the oscillator used for down-conversion of the signal 
in (4.7), has a 1/ / 2 phase noise sideband slope. In this case, as (4.8) makes clear, the 
resulting frequency noise of(fm) will be white, independent of fm· 

Substitution of (4.8) in (4.6) relates the rms frequency deviation of resulting from 
phase noise and£(/,,,) in a noise bandwidth NBW and can be written as [21] 

(of)2 
£(fm) = 2/!;,NBW . (4.9) 

If the mentioned FM receiver requires a SNR of 80 dB after frequency conversion, a 
maximum of of3.5 Hz rms is allowed (35 kHz rms I 1o(so120l). This results in£( IO kHz) 
being equal to -109 dBc/Hz using (4.9), if the NBW of the FM receiver is 5 kHz. 

4.3.3 Spurious emission 

A transmitter of a telecom transceiver will emit power at unwanted frequencies in addition 
to the desired output signal, due to the phase noise of the oscillator used. This power at 
unwanted frequencies may enter the receive band RX and result in received noise. For this 
reason, maximum permitted emissions are specified in telecom standards. For example, 
in the type-approval template of a GSM system, the spurious emission at 20 MHz offset 
(GSM RX-band) from the 915 MHz carrier (worst case location in TX-band) must be -79 
dBm down in the 100 kHz bandwidth relative to the +33 dBm carrier. This means that 
£(20MHz) must be lower than -162 dBc/Hz6. 

6
Filtering in the power amplifier and in the duplex filter of a transceiver may ease the oscillator specification. 
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fL [kHz] fH [MHz] 
Jitter Jitter 

Standard 
[Ulrms] [Ulp- p] 

SONET OC-3 (STM-1) 12 1.3 < 0.01 < 0.10 
SONET OC-12 (STM-4) 12 5 < 0.01 < 0.10 
SONET OC-48 (STM-16) 12 20 < 0.01 < 0.10 
SONET OC-192 (STM-64) 50 80 < 0.01 < 0.10 

Table 4.3 SONET (SDH) transceiver requirements for jitter generation. 

4.4 Jitter 

The time domain equivalent of phase noise is jitter, sometimes also referred to as timing 
jitter. Ideally, the time difference between zero-crossings of an oscillator output signal is 
constant. In practice this spacing is variable due to the stochastic nature of ep,,(t) in (4.2). 
A graphical illustration of jitter was already presented in Figure 2.2 on p. 16. Assuming 
an oscillator with an oscillation period that has a Gaussian distribution, the mean of the 
distribution will be fosc = 1 / 'ravg· If we defined r11 as the period of cycle n, the cycle-to
cycle jitter of an oscillator can be defined as [86], 

cr'j;_10 _c = Jim (-N1 f ( r,, - 'ravg )2
) . ( 4.10) 

N-+oo n=I 

Cycle-to-cycle jitter measures the variance of each period to the average period. Its square 
root is the standard deviation of the above mentioned distribution. This definition, also 
referred to as cycle jitter or jitter in one clock cycle, is mostly used when jitter is specified 
as a single number in the unit pico-seconds. 

In optical transceivers, jitter is often specified and measured in Unit Intervals (UI), 
where one UI corresponds to a phase deviation equal to one signal period [87]. The unit UI 
is used for jitter specification in the optical standards SONET and SDH. These standards 
have various hierarchical levels with different bit-rates. Since Uis are independent of 
bit-rate, the unit allows comparison at different hierarchical levels in the optical network. 

The jitter in UI can be found by integration of £(!111 ) over a offset frequency Cfm) 
range of interest. From (4.6), it follows that the jitter in units Uinns can be calculated in a 
frequency band starting from fm = fL up to fm = f H with the expression 

1 
Jitter[UI] = 

2
n !

fH } 

e?:msUm)dfm = -
2 fL Tr: !fH 

2£(/m)dfm· 
fL 

( 4.11) 

Table 4.3 gives an overview of the amount of jitter for four bit-rates, in the frequency 
band of interest fL to fH , which is allowed at the output of a SONET/SDH network ele-
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ment in absence of applied jitter. This specification is called the jitter generation require
ment. Assuming that the network element is a complete transceiver, it should be noted 
that the amount of jitter is specified for the total transceiver, hence individual components 
in the transceiver must generate less. Normally, the jitter produced by individual compo
nents, such as the clock conversion block and the laser driver in an optical transceiver, is 
uncorrelated and should be added power-wise. 

Application of (4.11) is illustrated with Figure 4.5 . The output spectrum of a SONET 
OC-3 clock-conversion PLL is shown, which includes a VCO running at 622 MHz [243] . 
Total £(!111 ) is plotted, as well as the individual contributions of the PLL components and 
the VCO. The loop bandwidth is about 1 MHz and outside the loop bandwidth, the VCO 
effectively is free-running. The generated jitter can be calculated by applying (4.11), 
using the integration limits specified in Table 4.3. Integration of the area under the total 
PLL noise over the frequency range fL to fH, and normalization to one period calculates 
to a jitter of 4.7 mUlnns [243]. Therefore, the jitter generation specification for SONET 
OC-3 is met by this PLL design (see Table 4.3). 

The jitter in Table 4.3 is specified in Ulnns but also in peak-to-peak unit interval Ulp- p· 
Since the jitter has a stochastic nature, peak jitter values have no meaning without speci
fying the probability of the peak value occurring. If jitter has a Gaussian distribution it is 
impossible to specify a peak-to-peak jitter range that bounds the jitter 100% of the time, 
since the tails of the Gaussian distribution extend to infinity [88]. Under the assumption 
that the jitter has a Gaussian distribution (which is a valid assumption in many practi
cal cases), and assuming that samples that fall outside the specified peak-to-peak range 
will cause errors, the units Uinns can be converted into Uip-p at a given Bit Error Rate 
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as ER I BER 

6.2 10-3 

9.5 10-6 

14.1 10-12 

Table 4.4 Conversion parameter asER for three BER levels. 

(BER) [88], using the formula 

Jitteru1p- p = asER ·litteru1,ms• (4.12) 

in which asER is determined by 

1 
BER= 2erfc(v'2asER), (4.13) 

where erf c is the complementary error function that is tabulated in many math and com
munication references (e.g. in [89]). The parameter asER and related BER is tabulated 
for three BER levels in Table 4.4. In literature asER = 6 often is used, thus assuming 
that a BER level of approximately 10- 3 is acceptable. The SONET/SDH standard uses 
asER = 10 (see Table 4.3), which corresponds with a BER level close to 10-7 . 

4.5 Waveform 

In practice, every oscillator generates some power at other frequencies than the funda
mental frequency desired. Due to nonlinearities in the oscillator, harmonics of the funda
mental frequency will be generated, or in the case of modulation by spurious signals (see 
Section 4.9) at other frequencies. 

These harmonics are specified in dB relative to the carrier (in dBc) . In many cases, 
nonlinear operation of an oscillator improves the phase noise, but also generates harmon
ics. When an oscillator is used to drive mixers, a square wave oscillator output waveform 
may improve the switching of the mixer and thus the mixer noise figure. However, un
wanted channel power or noise power located at harmonics may fall into the desired chan
nel when the oscillator-mixer combination is used for frequency conversion. Care must 
be taken to ensure that the conversion products of the oscillator signal are sufficiently 
low, relative to the desired channel that was mixed with the fundamental. To some extent 
second-order harmonics can be suppressed (typically 30-40 dB) by a balanced design. 
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4.6 Carrier amplitude and power 

The definition for phase noise to carrier ratio (see (4.3)) makes it clear that for minimizing 
C(fnz), the oscillator output level Vpeak should be as high as possible. This can also be 
beneficial for the circuits that are cascaded to the oscillator. For example, if the LO
stage of a double-balanced mixer is driven by a large oscillator output swing, this stage 
switches, which generally improves the noise figure of this mixer type. The same is true 
when the oscillator circuit is driving a divider. If the input signal is too small, the divider 
will have poor phase noise performance. The oscillator can be designed to provide a · 
certain output voltage or output power to a specified load impedance, but in many cases 
it is better to insert a buffer between the oscillator and cascaded sub-systems in a system 
for the following reasons: 

O A buffer reduces the output level requirements and output load requirements of the 
oscillator. These requirements can contradict with other specifications, such as tun
ing range or phase noise to carrier ratio. Hence an output buffer orthogonalizes the 
oscillator design problem to some extent, while it takes care of delivering sufficient 
power to a specified load. 

O A buffer provides isolation for the oscillator to load variations and attenuation of 
signals at the output of the buffer. 

- Signals at the output of the buffer, which can modulate the oscillator, cause 
problems such as self-mixing in zero-IF receivers [90]. Furthermore, with
out sufficient isolation between an oscillator and the circuit it is driving, an 
oscillator may be pulled away from its original frequency, by power from 
this circuit injected into the oscillator. By having sufficient isolation between 
an oscillator and circuits, which use the LO signal, frequency pulling can be 
avoided. A typical value for the isolation provided by one buffer stage is 20 
dB. 

- Isolation from load variations is important for measurements. Without a buffer 
between measurement equipment and the oscillator being tested, it is very 
difficult to characterize the oscillator because the measurement equipment and 
cables may detune or corrupt the spectral purity of the oscillator. 

Although, generally speaking, a high oscillator output level is desired, a large voltage 
swing can give rise to problems. A very large voltage swing may saturate transistors in 
the next stage and cause duty-cycle variation or corrupt the oscillator waveform in other 
ways. In this case the output level of the oscillator should be reduced or (for example 
capacitively) attenuated to adapt to the input voltage range of the cascaded stage. 

4.7 Phase and amplitude matching 

Many receiver architectures that allow a high degree of integration require quadrature 
signals. An example is the zero-IF architecture, see Figure 4.6. In this architecture, the 
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RF signal is mixed with an l/Q oscillator signal and the resulting baseband signals are 
further processed in the in-phase and quadrature branches. Quadrature errors (both in 
phase and amplitude) in the branches or in the quadrature relation of the I/Q oscillator 
reduce the image rejection ratio (IRR) of a receiver front-end. 

Consider the simplified zero-IF receiver from Figure 4.6, for example. The in-phase 
signal provided by the tuning system can be written as cos( Wascf). When allocating all 
imperfections to the quadrature signal, this signal can be expressed as (1 + Ae) sin( Wascf + 
cf>e). The relative amplitude error is Ae in this expression, and the phase error cf>e is in 
radians. The resulting IRR in dB due to non-zero Ae and cf>e is 

IRR= 1010 . ( 
4 ) 

g ((1 + Ae) coscf>e - 1)2 + ((1 + Ae) sm cf>e) 2 
(4.14) 

Figure 4.7 shows the allowable amplitude error and phase error for 50, 40 and 30 dB IRR. 
Equation (4.14) can be approximated by 

IRR :::::: 10 log ( 2 

4 
2 ) , 

Ae+cf>e 
(4.15) 

for small Ae and small cf>e· This approximation can also be used to describe the IRR of 
image-reject architectures, such as the Hartley architecture [91], as a result of imperfect 
quadrature signals. 

Accurate quadrature signals can be generated by, for example, using multi-stage os
cillators (ring or LC) with an even number of stages. Other methods are discussed in 
Chapter 6. One example is the two-integrator oscillator from Figure 2.17. Such an oscil
lator provides "correct-by-construction" I/Q signals, under perfect matching conditions. 
The symmetry in the topology of the oscillator dictates a 90° phase shift per section. 
Practical l/Q matching is limited by the device matching and the symmetry of the layout. 

4.8. POWER DISSIPATION AND SUPPLY VOLTAGE 
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An oscillator normally is part of a larger system with a restricted power budget. Low 
power design is important, especially for portable applications. For telecom transceivers, 
for example, talk and standby time are very important selling features . Hence the stringent 
phase noise specification for the telecom standards in Table 4.2 must be achieved at very 
low power levels (typically only several tens of m Ws). Minimum power dissipation also 
is important for applications that are connected to the mains, since the whole. system has 
to fit into a cheap package with a certain thermal resistance. In such a case, low power 
means the possibility of a higher degree of integration. The power budget of an oscillator 
is usually specified in milli-watts, or by the available current given by a supply voltage. 
Additional current is needed to realize output buffers, which form the interface between 
the oscillator and cascaded blocks such as mixers and dividers. The attainable £(f m) 
levels in an oscillator are directly related to the power dissipation. Several phase noise 
models that will be discussed in Chapter 6 will explain how £(fm) scales with power. 

The maximum supply voltage can be dictated by the application or by the technology 
(e.g. breakdown voltages in CMOS). Obviously, a low supply voltage helps to bring down 
the dissipation of an oscillator. However, a low supply voltage may also result in a lower 
tuning range, for example because the varactor voltage in an LC oscillator can only be 
varied between 0 V and the supply voltage. To make things worse, a lower supply voltage 
can result in a lower maximum allowable carrier voltage swing, and thus a poorer £(fm). 



78 CHAPTER 4. SPECIFICATIONS 

V supply + v ripple 

.... ··· 

vtune vout 

,0- 0 
f osc '!' f ripple 

V--+freq 

Oscillator 

Figure 4.8 Schematic representation of supply pushing. Due to a finite PSRR, 
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4.9 Supply pushing 

AVCO (or CCO) has at least one tuning input and when the tuning voltage (or current) 
is varied, the frequency of the oscillator varies. Obviously, this is desired behavior and 
the tuning input has a certain designed tuning constant in HzN. Unfortunately, a practical 
oscillator has many unwanted tuning inputs. A notorious, and generally undesired, tuning 
input is the power supply terminal of an oscillator. Noise or spurious signals on the 
power supply line modulate the oscillator and causes phase noise or spurious components, 
respectively. This phenomenon is called supply pushing. 

Like the tuning constant of a VCO, supply pushing of an oscillator is specified in 
HzN. The supply pushing mechanism is illustrated in Figure 4.8. Due to a finite power 
supply rejection ratio (PSRR) to an arbitrary modulation point in the oscillator circuit7 , 

with tuning sensitivity Ksupply, the ripple voltage on the supply generates a spurious signal 

!ripple· 
Once the supply pushing constant Ksupply is known, it is possible to calculate the 

amount of noise or ripple allowed on the power supply line given a £(/m) requirement. 
Substitution of 8f = KsupplyVnoiseUm) and NBW = 1 Hz in (4.9), and rearranging of (4.9) 
to make VnoiseUm) the dependent variable, leads to 

. (f, ) _ v1U(f,J fm 
Vno1se m - K , 

supply 
(4.16) 

in which Ksupply is specified in Hz/V and supply line noise voltage VnoiseUm) in V rms/ JHZ. 
The assumptions made when deriving (4.9) also place restrictions on (4.16) and require 
that (KsupplyVnoiseUm))/ fm « 1 (narrow band FM condition). For example, if Ksupply = 
3 MHz/V, and the target for £(2MHz) = - lOOdBc/Hz, the noise voltage Vnoise(2MHz) 

7For example, the node voltage of a junction capacitor or varactor. 
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on the supply line of the oscillator should not exceed 9.4µV rms· Obviously, VnoiseUm) can 
be replaced by a ripple voltage VrippleUm), which causes (deterministic) spurious signals 
in the oscillator output spectrum . 

4.10 Supply voltage variation, temperature range and pro
cess spread 

An oscillator design meeting the target specification under nominal conditions is far from 
ready. All specifications have to be met over a certain temperature range and be robust 
against a certain degree of process spread. These specification aspects are discussed be
low. 

4.10.1 Supply voltage variation 

An oscillator design should function correctly within a certain supply voltage range, For 
example, the supply voltage can be 3 V nominal, but with a tolerance of ±10%. The 
battery voltage of portable equipment will drop slowly to certain minimum voltage during 
its lifetime. Therefore all circuits in the system, including the oscillator, should be able to 
cope with the lowest specified voltage. If the nominal supply voltage already is low, e.g. 
1 V, then a variation of -10% is a huge amount. Mains connected equipment will have a 
power supply subject to tolerances itself, and can age. Hence an oscillator design must 
also be able to cope with these supply variations. 

4.10.2 Temperature range 

Practical operating temperatures will not be identical to the nice constant junction temper
ature of 25°C or 27 °C used in simulation. For in-house consumer applications, a junction 
temperature from 0°C to 80°C is usually specified. The oscillator should meet all other 
specifications for any temperature in this range. Professional systems such as optical 
transceivers and systems operating under extreme conditions, such as the LNB of satel
lite dish, often require a junction temperature range of -40°C to 125°C. The difference 
between the ambient temperature and the junction temperature of an IC depends on the 
thermal resistance of the used IC package. The relation between these two temperatures 
is given by 

Tjunction = Tambient + Rrhermal · Pdissipated, (4.17) 

in which Pdissipated is the DC power dissipated in the IC in W and Rihermal the thermal 
resistance of a package in K/W. The thermal resistance of a 8-pin Small Outline (SO) 
package with a cavity size of 2 mm2 is 160 K/W, for example. 

4.10.3 Process spread 

Under nominal processing conditions a resistor designed to be 1 kQ will be very close 
to this value. However, the parameters of a resistor and of any other device used in an 
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oscillator is subject to statistical variations caused by variables during IC manufacture, 
which can be considered stochastic for a large ensemble of chips. This is called process 
spread. The process spread of a device X normally has a Gaussian distribution, symmet
rically distributed around a nominal value with a standard deviation <Jx [92]. To have an 
acceptable yield, that is the percentage of oscillators which meet the target specification, 
design for 4 <Jx is common. For example, if the standard deviation O"resisror of the I kQ 
resistor is 5 %, the oscillator in which the resistor is used should meet the specifications 
for resistors values in the range of 800 Q to 1200 kQ. 

Component mismatch, or device mismatch is the parameter spread between devices 
of a similar type, designed to be equal. The process spread of two or more devices that 
are designed to be equal8 will match closely. The spread between these devices is much 
smaller than the process spread and usually better than I%. Whenever symmetry is re
quired for the optimum performance of an oscillator (for example, for l/Q matching), 
good component matching is extremely important. 

4.11 Technology and chip area 

The technology plays an important role in the performance and cost of an oscillator. For 
example, the inductor quality is much better on high-ohmic substrates compared to low
ohmic substrates. It is therefore much easier to realize high-performance LC oscillators 
on high-ohmic substrates. The availability of good varactors also is of importance for 
sufficient tuning range and low phase noise. Technology parameters such as fT, fmax and 
transistor parasitics like the collector (or drain) capacitances give an indication of how big 
the influence of parasitics will be on the LC or ring oscillator design, at a certain target 
oscillation frequency. If chip area minimization is important, the use of a large number 
of coils should be avoided. Ring oscillators usually are much more compact than LC 
oscillators, but also are much noisier at comparable power dissipation levels. 

4.12 Summary 

In this chapter an overview has been given of the most important oscillator specifications. 
Deriving a clear set of specifications for the oscillator in a transceiver is an important 
first task in the design process, and requires a good understanding of the system in which 
the oscillator will be incorporated. The discussed specification items and their units are 
summarized in Table 4.5. 

8That means they should be placed close to each other and have the same size and orientation. 

4.12. SUMMARY 

Specification 

Frequency and tuning range 
Tuning constant 
Tuning linearity 
Phase noise to carrier ratio 
Jitter 
Power dissipation 
Supply voltage 
Carrier amplitude 
Output load 
Harmonics 
Spurious signals 
Supply pushing 
Phase matching 
Amplitude matching 
Supply voltage variation 
Temperature range 
Process spread & device matching 
Technology 
Chip area 

I Units 

Hz (rad/s) 
HzN (Hz/A) 
% 
dBc/Hz 

Uinns (Ulp-p, s) 
w 
v 
v 
Q 

dBc 
dBc 
Hz/V 
0 

% (dB) 
% 
oc 
% 
Bipolar, CMOS, BICMOS, .. . 
µm2 

Table 4.5 Summary of important oscillator specifications. 
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5 

Elementary properties 

T HE elementary properties of LC and ring oscillators are studied in this chapter. These 
properties mostly concern wanted, ideal, oscillator behavior, although we also will 

encounter properties that can be unwanted. Take for example frequency shifts due to 
harmonics. Together with Chapter 6, which studies the practical, wanted and unwanted 
properties, the contents of this chapter explores the designable space of the aforemen
tioned oscillator types. This exploration forms the basis for the definition of FOMs in 
Chapter 7, and provides the oscillator designer with valuable design insights and circuit 
ideas. 

Arguably, the elementary properties of LC and ring oscillators are of little interest 
to an oscillator designer, who needs to realize an oscillator design given all practical 
constraints imposed by design resources, especially by the IC technology. However, a 
separation between elementary and practical properties helps to point out the fundamental 
differences between the oscillator types in integrated transceivers. The basic equations 
that govern oscillator operation are more transparent, as the abundance of practical issues 
is left over to be discussed in Chapter 6. 

In this "noiseless chapter", frequency and phase, tuning, the waveform and carrier 
amplitude and power of LC and ring oscillators are studied in Sections 5.1 to 5.4. A 
summary of this chapter is given in Section 5.5. 

5.1 Frequency and phase 

A fundamental property of an oscillator is its frequency. An oscillator can have more than 
one output that provides this frequency with the same phase or with a certain fixed phase 
difference. 

83 
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Figure 5.1 A behavioral model of the ideal LC oscillator. 

5.1.1 LC oscillators 

First, the frequency of single-phase LC oscillators will be discussed. Second, the fre
quency and output phases of multi-phase LC oscillators are described. 

Single-phase LC oscillators 

Figure 5.1 shows the behavioral model of an ideal single-phase oscillator. No losses are 
present and therefore there is no need for an element to replenish lost energy, such as a 
transconductance. Kirchoff's current Jaw applied on this circuit leads to the differential 
equation 

d2
Vour(t) Vou1(t) _ O 
dt2 + LC - ' p p 

and its solution, which was already encountered in Chapter 2 

Vour(t) = V carrier cos( WLct +</Jo), 

(5 .1) 

(5.2) 

in which amplitude Vcarrier and initial phase </Jo depend on the initial conditions. The 
frequency WLc is identical to the frequency of the LC oscillator with losses in Figure 2.7 
on p. 23, 

1 
WLC = - --.;r;;c; (5.3) 

The magnetic energy WLp = l /2 · Lplf (in which h is the peak value of iL (t)) stored 
in the inductor Lp is each period transfered to the capacitor and stored as electrical energy 
Wcp = 1 /2 · Cp Vf, and vice versa. Since there are no losses in this model, the parallel LC 

circuit is the electrical equivalent of a "perpetuum mobile" 1
. 

In Chapter 2, we discussed the ideal properties of a "black box" oscillator in Section 
2.1 and concluded that harmonics can be a desired property of an oscillator. It therefore 

1 Of the third kind: elimination of fraction. A perpetuum mobile of the first kind creates energy. 

5.1. FREQUENCY AND PHASE 

g~ 

Figure 5.2 A behavioral model an ideal single-phase LC oscillator with a non
linear transconductor and load Rp. 
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is of interest to investigate the effect of harmonics generated by the oscillator on the fre
quency. These harmonics can originate from a linear building block in an oscillator, such 
as a delay element, or (which is more common) can be generated by nonlinear building 
blocks in the oscillator. The model in Figure 5.1 contains no nonlinear element (or a de
lay element for example), no harmonics are present and the oscillation frequency will be 
always exactly WLC . In order to investigate the frequency deviation due to harmonics, the 
single-phase LC behavioral model in Figure 5.2 is introduced. In this oscillator model, a 
noiseless load resistor Rp is present, to which we want to provide energy. This energy is 
replenished by a nonlinear transconductor which has a small-signal gain gm. 

The frequency deviation due to the harmonics generated by the nonlinear transconduc
tor, flwLc can be assessed using the method of reactive power balance of harmonics [9]. 
Parameter fiWLC is defined as the frequency shift with respect to the nominal oscillation 
frequency WLc (see (5.3)). We will see that this shift always is negative. The reactive 
power balance of harmonics applied to the oscillator from Figure 5.2 states that for a 
time-invariant nonlinear transconductor with a transfer characteristic l out = f(V;,,), the 
following integral2 is valid [9, 93]: 

(5.4) 

Evaluation of this integral (see [9] for a detailed derivation), for the oscillator from Figure 
5.2, yields the following for the frequency deviation flwLC: 

in which the harmonic current content h;(11 ) is defined as 

h· _ fout(11) 
1(n) - I , 

out( I) 

(5.5) 

(5.6) 

2The integral describes the area circumscribed in the 1-V characteristic of the transconductor in one oscilla
tion period. 
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where l out( I) is the transconductor's output current amplitude of the fundamental (n = 1). 
Hence h;(I) is equal to unity. Since the maximum (in terms of total power) in harmonic 
content is reached when i0 ,,1 is a square wave, the maximum frequency deviation can be 
calculated [93]. Substitution of the amplitude of the harmonics of a square wave in (5 .5) 
results in 

-1 
/},,(J)LC,max ~ 8Q~ role · (5.7) 

Note that the frequency deviation always is negative, meaning that the value always is 
lower than that predicted by linear analysis. The physical explanation for this frequency 
reduction is provided in [9]. For the oscillator under discussion, the energy stored in the 
capacitor at resonance is larger than the energy stored in the inductor, when harmonics are 
present in current iout · To restore the energy balance between WcP and WLP ' the oscillation 
frequency must decrease somewhat with respect to roLC. 

To illustrate the frequency deviation predicted by (5.7) with the model in Figure 5.2, 
the limiting characteristic of the nonlinear transconductor needs to be specified. In the 
majority of oscillators in integrated transceivers, the amplitude stabilization mechanism 
is the self-limiting mechanism. Keeping that in mind as well as the fact that the most 
basic building block in integrated circuit design, a differential amplifier, has a limiting 
characteristic, a generic choice for the transconductor's transfer characteristic is3 

if V;ll ~ Vi;m, 
if -Vlim < V;ll < Vlimi 
if Vin :S -Viim· 

(5.8) 

In Appendix C, the limiting 10,,1 (V;n)-transfer characteristic of a bipolar and CMOS dif
ferential pair is approximated by the piece-wise linear 10 111 (V;ll)-curve of the ideal limiter 
characteristic described by (5.8). A graphical representation of the limiting transfer char
acteristic is shown in Figure 5.3. 

The simulation results of the nonlinear oscillator in Figure 5.2 implemented with a 
transconductor with the transfer function denoted in (5 .8) are shown in Figure 5.4. The 
oscillation frequency is set to 1 GHz and Qp to 4. According to (5.7), the frequency 
deviation should be about 7.8 MHz as a maximum. For increasing open-loop gain a0 1 = 
gmRp, V;ll (which is identical to tht:: oscillator's output voltage V0 ur) in (5.8) will increase, 
be larger than Vum most of the time, and the transconductor's output lout current will 
eventually be a square wave (with maximum harmonic content). Indeed, Figure 5.4 shows 
that for a very high open loop-gain (a0 1 = 50), the negative frequency shift limit of 7.8 
MHz is almost reached. 

Multi-phase LC oscillators 

Many transceiver architectures require a signal source that provides multiple phases of a 
certain output frequency. There are many ways to generate multi-phase signals4 . As we 

3 All simulations involving nonlinear transconductors in this chapter are performed using this transfer func
tion. 

4 Nine possible implementations for I/Q signal generation are presented in Appendix D. 
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Figure 5.3 An ideal transfer characteristic of a limiting transconductance. 
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will see in the next section, multi-phase signals are an inherent feature of ring oscillators. 
Alternatively, for example, a multi-phase LC oscillator can be used to generate a multi
phase output signal. 

An elementary behavioral model of multi-phase LC oscillator is shown in Figure 5.5. 
The model in Figure 5.5 consists of N identical stages. In each stage a phase shifter 
is present, followed by a transconductor with transconductance gm that is connected to 
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-1 

stage 1 stage N 

Figure 5.5 A behavioral model of an ideal N-stage LC oscillator. 

a parallel LCR resonator (Cp, Lp and Rp). The phase shifter provides a phase shift _e 
between input and output voltage. This phase shifter is essential for multi-phase outputs rn 
this model, but will also prove most useful in Chapter 6 for £(Jm) minimization. Omission 
of the inverter and the phase shifters in Figure 5.5 leads to a behavioral model of a multi
stage single-phase LC oscillator. This oscillator has no particular advantage over a single
stage single-phase oscillator as will become clear in the next chapter, and will not be 

discussed here. 
The oscillation frequency of the multi-phase LC oscillator can be derived by applying 

the phase condition for oscillation. Since the inverter provides a 180° phase shift, each 
stage must provide a phase shift of± 180° / N to obey the phase condition for oscillation. 
Hence, the phase condition for oscillation can be written as 

e + </>res = ± 180° IN' (5.9) 

in which </>res is the resonator phase shift. Equation (5.9) shows what happens if 8 # 
± 180° / N. For example, suppose that N = 4, e = 40° and all four _s~ages in th~ m~lti
phase LC oscillator are perfectly matched. To obey the phase cond1t1on for osc1llat1on, 
the loop will cause </>res to be equal to 5°. The phase shift of a parallel LCR resonator can 
be expressed in terms of Qp and v, which were defined on p. 22 

</>res= -arctan(vQp)· (5.10) 

The oscillation frequency of the N-stage LC oscillator can be calculated by taking m = 
mNLr in v and solving (5.10) for mNLc : 

- tan( </>res )+ v4 Q~ + tan2
( </>res ) 

(J)NLC= ·(J)LC· (5.11) 
2Qp 

Equation (5.11) shows that for </>res = 0° the frequency mNLC of the multi-phase LC oscil
lator becomes equal to that of a single-phase LC oscillator. 

The minimum number of identical stages of the oscillator model to have multi-phase 
output signals is two. For a two-stage LC oscillator, output voltages Vout1 and Vout2 will 
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Figure 5.6 A behavioral model of an ideal two-stage ring oscillator; the two
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be in quadrature, and </>res + e = ±90°. The I/Q relation is based on the phase condition 
for oscillation and symmetry (assuming perfect matching) in this case, and we designate 
this by the term: "correct-by-construction". When the signal-processing functions in a 
transceiver require more than two output phases, more LC stages can be used. 

5.1.2 Ring oscillators 

In this section the frequency and phase of the ideal two-integrator oscillator will be dis
cussed, followed by a derivation of the frequency of an N-stage ring oscillator with N 2 3. 

Two-integrator oscillators 

A perhaps classic example of a two-stage ring oscillator is the two-integrator oscillator. 
A behavioral model of this oscillator is shown in Figure 5.6. Two ideal integrators are 
cascaded, and the output of the second stage is inverted and fed back to the input of the 
first stage. Other two-stage ring oscillators are conceivable. For example, replacement of 
the capacitors by inductors in Figure 5.6 yields a "two-differentiator" oscillator. Because 
the two-integrator oscillator is most often encountered in transceivers, we will limit the 
discussion of ideal two-stage oscillators to this oscillator. The two-integrator is a ring 
oscillator: like the N-stage ring oscillator with N 2 3 that will be discussed on p. 91, it 
consists of identical stages connected in a loop. However, a distinguishing property of the 
two-integrator oscillator is the perfect integration in each stage. Another difference be
tween the two-integrator oscillator and ring oscillators with more stages is the oscillation 
condition that determines the frequency. We will see that this is the gain condition in the 
case of the two-integrator oscillator, and the phase condition for ring oscillators with more 
stages. The above distinctive properties of the two-integrator oscillator justify a separate 
discussion of this oscillator and ring oscillators with more stages. 
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Since each stage of the two-integrator oscillator provides a -90° phase shift for any 
frequency, the phase condition for oscillation is always fulfilled . In combination with 
perfect matching of gm's and C's, that also means that output voltages V0u11 and VoutQ are 
in quadrature (and the I/Q relation is correct-by-construction). The amplitude condition 
for steady-state oscillation determines the frequency of a two-integrator oscillator. Since 
the magnitude of the open-loop transfer function of this oscillator is 

2 

IH(jro)I = w~7:i, (5.12) 

the oscillation frequency can be derived by solving IH(jro)I = 1 for ro = Wtwo-i11i, which 
yields 

(5.13) 

The frequency Wtwo-inr is derived using a linear model and thus is the small-signal 
oscillation frequency of a two-integrator oscillator. If the transconductors in Figure 5.6 
are nonlinear, the nonlinear operation of the oscillator, or in other words generation of 
harmonics, will influence the oscillation frequency. 

The large-signal frequency of a ring oscillator can be expressed in terms of the sum 
of the charging and discharging propagation delays5 of the capacitance in a stage, 're and 
-rc1 , respectively. If 're and 'rd are both equal to 'rdelay , the large-signal frequency of the 
two-integrator oscillator is 

27r 
Wtwo-i11t ,large- sig11al = 

4
---. 

'rdelay 
(5 .14) 

When the linear transconductors in Figure 5.6 are replaced by nonlinear ones having the 
transfer characteristic as described in (5 .8), 'rdelay is easily derived when V01111 (and thus 
VouiQ) is large compared to Viim · In this case, the transconductors in the two-integrator 
oscillator are fully switching and are charging and de-charging the capacitor C with a 
constant current I1;m each half period. If Vout = V0w1 = VoutQ represents the peak voltage on 
an output terminal of the two-integrator oscillator, 'rdelay equals (V0u1C) / Ilim and therefore 
(5.14) becomes for a fully switching two-integrator oscillator 

N-stage ring oscillators 

27r hm 
Wtwo-int ,large- sig11al = 4 CVout · (5.15) 

A behavioral model of an N-stage ring oscillator is shown in Figure 5.7. The resistor in 
the RC-network in each stage is noiseless in this ideal model. Because of its presence, the 
phase shift in each stage will always be less than -90°, and the minimum of oscillator 
stages is three (N ~ 3). So at least three phases are provided by this ring oscillator, and 

5The charging or discharging propagation delay is defined as the delay-time between the 50% points (50% 
of the peak-to-peak waveform height) of the input and output waveform of a stage [94]. 
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Figure 5.7 An behavioral model of an ideal N-stage (N ~ 3) ring oscillator. 

in the case of perfect matching the phase relation of the output signals is correct-by
construction. For an even number of stages quadrature signals will be available. 

The small-signal oscillation frequency of an N-stage ring oscillator is determined by 
the phase condition for oscillation. The argument of the open-loop transfer function cal
culates to 

arg(H(jro)) = -Narctan(roRC). (5.16) 

Solving arg(H(jro)) = -7r for ro = WNri11g , leads to the oscillation frequency for an N
stage ring oscillator 

tan(7r / N) 
WNring == --R-C--. (5.17) 

Analogous to the discussion of the two-integrator, the actual frequency of an N-stage 
ring oscillator will deviate from WNri11g, if the transconductors in Figure 5.7 are replaced 
by one~ with a nonlinear transfer characteristic. Assuming again that 're = '"" = 'rdelay , the 
large-signal frequency of an N-stage ring oscillator can be written as 

27r 
WNring,large-signal = 

2
N 

'rdelay 
(5 .18) 

The value 'rdelay and thus the frequency for an ideal switching N-stage ring oscillator is 
derived in Appendix E. As shown in this appendix, 'rdelay can be approximated for large 
N by RCln(2). Accordingly, for a switching N-stage ring oscillator (5.18) approximately 
becomes 

27r 
row· 1 · 1""----rmg , arge-s1gna "'" 2NRCln(2) · (5.19) 

For N = 3 the error made when using (5.19) is large, namely more than 30 %. However, 
this error for N = 4 already is less than 13% and for N = 6 it is less than 3%. Figure 5.8 
shows the large signal frequency of a perfect switching N-stage ring oscillator divided by 
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Figure 5.8 WNring ,large-signal / WNring versus the number of ring oscillator stages 
N. The asymptotic value for N -7 oo is ~ 1.44. 

the small-signal frequency of a ring oscillator (see (5.17)). The plotted values are listed 
in Table E. l on p. 255 of Appendix E. It turns out that the large signal frequency of an N
stage ring oscillator always is higher than its small-signal frequency. For N = 3 frequency 
WNring,large-signal is a factor 1.26 higher. This factor approximates to 1.44 for N -7 oo. 

5.2 Tuning 

Once the frequency of an oscillator is determined, the tuning possibilities can be deter
mined by investigating the oscillator components that determine the oscillation frequency. 
The tuning possibilities for LC and ring oscillators are studied in this section. 

5.2.1 LC oscillators 

Tuning methods for single-phase and multi-phase LC oscillators are discussed in the fol
lowing two subsections. 

Single-phase LC oscillators 

The frequency of a single-phase LC oscillator is equal to WLC = ( .;r;;c;)-1. Therefore 
tuning of the oscillation frequency can be accomplished by either varying the inductor in 
Figure 5.1 or the capacitor. In practice, the inductor is not easily varied continuously in 
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integrated circuit design, but in theory it makes no difference whether L or C or both . d p p 
are var1e , to set a certain frequency. The most common method of varying WLc is to vary 
capaci~a~ce Cp. For example, Cp can be a varactor that is voltage controlled: Cµ(Viune) . 
The minimum frequency of the tuning range wanted, fmi11 , and the maximum frequency 
of the tuning range, !max, specify the required capacitance variation avaractor 

( )

2 
rv _ CPmax _ fmax 
vvvaractor - -- - --

Cp,,,;11 fmin 
(5.20) 

For example, looking at Table 4.1 on p. 65, a single-phase LC oscillator in a satellite TV 
front-end would require a varactor with avaractor = 5.1 , whereas avaractor only needs to be 
1.06 nominally in a UMTS receiver. 

Multi-phase LC oscillators 

A multi-phase LC oscillator can be tuned in exactly the same manner as a single-phase 
LC oscillator, as (5.11) makes clear. The oscillation frequency WNLC is proportional to 
WLC · If we substitute </>res = ± 180° IN - e (derived from (5.9)) in (5.11), WNLC becomes 

-tan(±l80° /N - 8) + J4 Q~ + tan2 (±180° /N - 8) 
WNLC = (J) 

2Qp . LC · (5.21) 

This means that in addition to changing the inductors and/or capacitors in a multi-phase 
LC oscillator, phase shift e can be utilized to vary the oscillation frequency6. Jumping 
ahead to Chapter 6, it is important to note that we will see that this tuning method leads 
to increased phase noise in multi-phase LC oscillators. 

Figure 5.9 shows the normalized frequency WNLC / WLc of a two-stage (l/Q) LC oscil
lator versus 8 . At a phase shift 8 = -90° the resonator phase shift is 0°, and therefore the 
normalized frequency is unity. Effectively, by varying e, the oscillation frequency moves 
across the resonator phase characteristic, which is normally plotted as phase versus fre
quency. Hence, the frequency variation achieved with this tuning method is the largest 
for low values of Qp, since for low values the slope of the resonator phase characteristic 
is less steep compared to high values of Qp. 

5.2.2 Ring oscillators 

Theoretically, both the two-integrator oscillator and the N-stage ring oscillator as mod
eled in Figure 5.6 and Figure 5.7 can be tuned using two methods. These methods are 
discussed in the following two subsections. 

6 
A single-phase LC oscillator can also be tuned in this way, if a controllable phase-shifter is incorporated in 

the feedback loop. 
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Figure 5.9 The normalized frequency WNLC / WLC of a two-stage LC oscillator 
versus phase-shift e, for Qp is 2, 5 and 10. 

Two-integrator oscillators 

In two-integrator oscillators, tuning of the oscillation frequency can be achieved by vary
ing gm or C (see (5 .13)). The most common method is variation of transc~nductance 
gm , because implementations of the transconductors in Figure 5.6 (e.g. a bipolar or a 
CMOS differential pair) can, in general, be varied over a much larger range than tunable 

implementations of C, as will become apparent in Chapter 6. 

N-stage ring oscillators 

For the ideal N-stage ring oscillator, capacitive and resistive tuning can be used to v~ry the 
oscillation frequency. Theoretically, variation of C or R are both completely eqmvalent 
tuning methods; the stage delay in the ring oscillator is vari~d .. Howev~r, for the same 
reason as was mentioned for the two-integrator oscillator, var1at1on of C ts less common 

compared to resistive tuning. 

5.3 Waveform 
All oscillators under discussion, the single phase LC oscillator (Figure 5.2), the multi
phase LC oscillator (Figure 5.5), the two-integrator oscillator (Figure 5.6) and the N-sta~e 
ring oscillator (Figure 5.7) can theoretically produce ideal sinusoidal waveforms. In this 
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case the oscillators work completely in linear mode. This requires a proper AOC con
trol to be present that takes care of meeting the gain condition for oscillation, since the 
self-limiting amplitude stabilization mechanism generates harmonics. On the other hand, 
when all transconductors in the four oscillator types have the limiting transfer character
istic defined in (5.8), and the output voltage is much larger than Vlim• these oscillators 
work in strongly nonlinear mode. In strongly nonlinear mode the transconductors in the 
oscillators are fully switching and deliver -lum or llim with a 50% duty cycle. 

The waveforms of the oscillators under discussion, when operating in linear and in 
strongly nonlinear (switching) mode, are highlighted in this section. Terminal sub-scripts 
(that distinguish oscillator stages) are omitted for clarity, since the voltages and currents 
have identical amplitudes in every oscillator stage, for multi-stage oscillators. The nota
tions Vout(I) and lout(n) denote the voltage amplitude of the fundamental and the amplitude 

of the n1h harmonic of the output current of transconductor, respectively. 

5.3.1 LC oscillators 

LC oscillators are known for their frequency stability. In Section 5.1, we showed that 
the quality factor Qp of an LC resonator is an important parameter, which determines the 
amount of frequency deviation when an LC oscillator works in strongly nonlinear mode. 
This quality factor also largely determines the waveform generated by LC oscillators, as 
will be derived in this section. 

Single-phase LC oscillators 

The waveform produced by an ideal single-phase LC oscillator working in the linear re
gion is a perfect sine wave. Consider the oscillator model from Figure 5.2. If the transcon
ductor's transfer function is modeled by (5 .8), and its output voltage Vour is less than Vum , 

the oscillator operates in linear mode. As mentioned in the introduction to this section 
on waveforms, a proper AOC control is needed in this case which, for example, controls 
gm, such that the average a.0 1 = gmRp equals unity. The amplitude at the fundamental 
frequency WLC in linear mode is equal to 

Vout(l),LC-linear = foutRp, (5.22) 

in which l out is the amplitude of the transconductor's output current. Analogous to the 
definition in (5.6), we introduce the harmonic voltage content hv(n)• which is defined as 

h _ Vout(n) 
v(n) - V ' 

out( I) 
(5.23) 

with Vout(I) the voltage amplitude of the fundamental (n = 1). Hence hv(I) is equal to 
unity. Obviously, 

hv(n) ,linear = 0, (5.24) 

for n > 1, for the single-phase LC oscillator working in linear mode. 
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When the transconductance 8m in Figure 5.2 is increased (and therefore !um is in
creased, see (5.8)), Vaut will eventually become much larger than Vlim· The transconductor 
is now fully switching and its output current alternates between -llim and llim· Also, a0 1 

will be much larger than one, and self-limiting can be used as an amplitude stabilization 
mechanism. The output current of the transconductor, when the oscillator works in this 
strongly nonlinear mode, is a square wave with Fourier series: 

. _ 4/um ( . ( ) sin(3Wosct) sin(5Wosct) ) 
lout - n Sin Wosct + 3 + 5 + · · · ' (5.25) 

assuming a zero starting phase. This current is injected into the resonator, and there
fore the amplitude of the fundamental and harmonics of the resulting voltage across the 
resonator, can be written as follows 

(5.26) 

and since for harmonics w = nWLc, vis equal to 

W WLC n2- l 
v=---=--. (5.27) 

WLC W n 

From (5.26) it follows that, the amplitude of the fundamental (n = 1) of a switching 
single-phase LC oscillator at frequency WLc is 

(5.28) 

because vis zero for n = 1. For large n, the expression (n2 - 1)/n (see (5.27)) can be 
approximated by n, and the harmonic voltage content can be written as 

1 
hv(n),switching ~ ~Q ' 

n P 
(5.29) 

for n = 3,5, 7, ... (only odd harmonics). Notice that a factor l/n in (5.29) originates from 
the harmonic content of the transconductor's output current (see (5.25)), which decreases 
with this factor. 

Figure 5.10 illustrates the preceding discussion by showing two waveforms of an LC 
oscillator operating in linear mode, (a) and (c), and two waveforms generated by an LC 
oscillator operating in strongly nonlinear mode, (b) and (d). Figure 5.lO(b) is a wave
form of an LC oscillator with Qp = 2. Distortion of the waveform is clearly visible. As 
predicted by (5.29), the waveform is much more sinusoidal for a higher Qp, which is il
lustrated by Figure 5.lO(d), which shows the waveform of a switching LC oscillator for 
Qp = 10. 

• 
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Figure 5.10 Four output waveforms a of single-phase LC oscillator operating in 
linear mode for Qp = 2 (a), operating in strongly nonlinear mode 
(i.e.switching) for Qp = 2 (b), linear mode for Qp = 10 (c), and 
strongly nonlinear mode for Qp = 10 (d). 

Multi-phase LC oscillators 
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The transconductors in the multi-phase LC oscillator model from Figure 5.5 work in linear 
mode if Vaut < Vlim, but can also work in switching mode if Vaut » Vfim, assuming the N 
transconductances are nonlinear and modeled by (5.8). The expression for Vout(n) can be 
written as 

Rp 
Vaut(n) = laut(n) (5.30) 

l+((nWNLC_ WLc )2Q2) 
WLC llWNLC P 

Substitution of n = 1 and WNLC (see (5.11)) in this expression, yields the following for 
linear operation of a multi-phase LC oscillator 

Vaut(l)ltinear = foutRpcos(</>res), (5.31) 

and all harmonics are zero. 
In strongly nonlinear mode, all N transconductors in Figure 5.5 are fully switching 

and the amplitude of the fundamental at frequency WNLC is equal to 

4 
Vout(l),switching = 7/limRpcos(</>res)· (5.32) 

The harmonic voltage content of a multi-stage LC oscillator can derived by dividing (5.30) 
by (5.32). This gives a rather complex expression that offers little insight. Fortunately, 
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Approximated (see (5.33)) and exact harmonic voltage content 
hv(

3
), and hv(S) of a multi-stage LC oscillator versus resonator phase 

shift <Pres· Quality factor Qp is set to 10. 

for large n and small resonator phase shift <Pres• the harmonic voltage content can be 

approximated by 

1 (5.33) 
hv(n) ,switching ~ n2Qp cos( <Pres ) 

for n = 3, 5, 7, .. . (only odd harmonics). The exact value fo: hv(n) and i~s approximation 
denoted in (5.33) are plotted versus <Pres in Figure 5.11, for n is 3 and 5. Figure 5.1.l s~ows 
that (5.33) is quite accurate for small <Pres and, most importantly, that the harmonic sign.al 
content can increase drastically for large <Pres· In other words, zero resonator phase shift 
is optimum for minimum hv(n) of multi-phase LC oscillators. 
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5.3.2 Ring oscillators 

The two-integrator oscillator as well as the N-stage ring oscillator theoretically can pro
duce undistorted sine waves, when a perfect AGC control loop takes care of the conditions 
for steady-state oscillation. In this section, the waveforms of these oscillators will be dis
cussed when operating in this linear mode, as well as the waveforms generated when 
operating in strongly nonlinear mode. 

Two-integrator oscillators 

In linear operation mode the two-integrator oscillator (see Figure 5.6) output voltage sim
ply is 

1 1 
Vout(l) ,linear =lout C =lour-, 

Wrwo-int gm 
(5.34) 

and all harmonics are zero. When the two transconductors have a limiting characteristic 
as denoted (5 .8) and are fully switching, the amplitude of the fundamental at frequency 
Wrwo- int is equal to 

4 1 
Vout(l) ,swtt ching = -:;;.lt1m "'· C 

1" UJCWO-lllt 

(5.35) 

The harmonic voltage content can be calculated by realizing that Vout(n) is equal to Vout(l) 

divided by nWtwo-imC, and therefore is 

1 
hv(n),switching = n2' (5.36) 

for n = 3,5, 7,. .. (only odd harmonics). 
Figure 5.12 shows the waveforms generated by the two-integrator oscillator in linear 

and strongly nonlinear mode. A perfectly triangular waveform is generated when the 
transconductors in the oscillator are fully switching. Note that compared with (5.29), the 
harmonic voltage content of a two-integrator oscillator has one parameter less: the quality 
factor (which is effectively one). 

N-stage ring oscillators 

In linear operation mode the N-stage ring oscillator modeled in Figure 5.6 will generate a 
sine wave that has an amplitude 

R 1 
Vout(1) ,linear=lout Jl+tan2(n/N) =lout gm' 

(5.37) 

and no harmonics are generated in this case. In the case the N transconductors in Figure 
5.6 have a nonlinear characteristic described by (5.8), and are switching, the amplitude of 
the fundamental at oscillation frequency WNring is approximately 

4 R 
Vout(l) ,switching ~ 7/tim J TC 2 ' 

l + (Nln(2)) 

(5.38) 
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Figure 5.12 Two output waveforms of the two-integrator oscillator when the 
two transconductors operate in the linear region (a), and when they 
are switching (b ). 

for N ~ 3. For N » 3, Vout (I) approximates 4/n · f1;111 R. Equation (5 .38) is derived by 
multiplication of the fundamental amplitude of the transconductor output current (a square 
wave) with the transfer function of a parallel RC circuit, with m = WNring · As shown in 
Appendix E, for N = 5 and larger, WNring is approximated with quite good accuracy by 
(5.19). Following the same route as was followed for (5.38) for deriving Vout(n ) of a 
switching ring oscillator, and applying the definition for hv(n) yields 

J1+(~)2 
hv(n) ,switching ~ ( nn ) 2 

n 1 + Nln(2) 

(5.39) 

for n = 3,5, 7, . .. (only odd harmonics). Especially for a large number of stages, the ring 
oscillator has a higher harmonic voltage content compared to the two-integrator oscillator. 

Figure 5 .13 illustrates the preceding discussion by showing the sine wave produced by 
a three-stage ring oscillator in linear mode, and the exponential waveform of a switching 
three-stage ring oscillator. 
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Figure 5.13 Two output waveforms of a three stage ring oscillator; when the 
transconductors operate in the linear region (a), and when they op
erate in the strongly nonlinear region (i .e. are switching) (b). 

5.4 Carrier amplitude and power 
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The carrier amplitudes of four oscillator types discussed in this chapter were already 
derived in Section 5.3, and are repeated in Table 5.1. Conversion of the peak current 
values in Table 5.1 to rms values, and squaring the obtained rms values and multiplication 
by the impedance seen by the transconductor in an oscillator, gives the delivered carrier 
power at the fundamental frequency. 

5.5 Summary 

In this chapter, the elementary properties of single-phase LC oscillators, multi-phase LC 
oscillators, two-integrator oscillators and ring oscillators (with N ~ 3) have been dis
cussed. All these oscillator types provide multi-phase output signals, except for the 
single-phase LC oscillator. An oscillator with an even number of stages provides correct
by-construction UQ signals, if all oscillator stages are perfectly matched. The small-signal 
frequency and large-signal frequency for the four oscillator types have been derived. Inter
estingly, the large-signal frequency of LC oscillators is lower compared to the small-signal 
value, whereas it is higher for an ideal N-stage ring oscillator. This frequency deviation 
from the small-signal frequency is a function of the quality factor Qp for LC oscillators, 
and can therefore be extremely small for high Qp. 
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Oscillator linear operation strongly nonlinear operation 

single-phase LC fourRp jiumRp 
multi-phase LC lourRp cos( </>res) ~fumRp cos( </>res ) 
two-integrator lout g;n -Ir I 

n tm Wr wo- inrC 

N-stage ring I ,....,4/ R 
lout gm ,..._, n Lim Ji+(-"-)2 Nln(2) 

Table 5.1 Carrier amplitudes, in peak voltages, of the oscillator types under 
discussion for linear operation and strongly nonlinear (switching) 
operation. 

Tunino of LC oscillators can be accomplished by varying the inductance or capaci
tance of the resonator. In addition , a third tuning option exists. By varying the phase shift 
in an LC oscillator, the resonator phase shift becomes nonzero (which is necessary to 
meet the phase condition for oscillation), and the frequency will vary. Since the slope of 
the phase-frequency characteristic of an LC resonator is a function of Qp, this frequency 
variation can be large for low Qp values, but it is small for high Qp values. The cost of 
this method is increased phase noise, as will become apparent in the next chapter. In the 
two-integrator oscillator and the N-stage ring oscillator, tuning is performed by varying 
transconductance gm or the capacitance of a stage, and time constant RC, respectively. 

All discussed oscillator types can generate perfect sine waves. LC oscillators working 
in strongly nonlinear mode, but having a high Qp , still generate almost perfect sine waves. 
In LC oscillators, the degree of attenuation of harmonics is proportional to Qp. When the 
two transconductors in a two-integrator oscillator are switching, the ideal two-integrator 
oscillator oenerates a triangular waveform. Under the same conditions, the N-stage ring 
oscillator ;roduces an exponential "saw-tooth-like" waveform that has the highest har
monic content of the four oscillator types. 

When the transconductors in the discussed oscillator types work in their linear region 
(linear mode operation), a proper AGC-control must be present, for stable oscillation 
(i.e. the gain condition for steady-state oscillation must be met). If t~e AG~-se~ level 
results in an output current lour, the peak output voltage of an oscillator simply ts this cur
rent multiplied by the impedance at the oscillation frequency, connected t? the out~ut of 
the transconductor. In strongly non-linear operation, the transconductors m an oscillator 
switch between the maximum output current levels -lu111 and Ium· Obviously, harmonics 
are generated and self-limiting can be used for amplitude stabilization. The peak ampli
tude in this case is 4 / n. Ium times the impedance at the oscillation frequency, seen at the 
transconductor's output. 

6 

Practical properties 

I N PRACTICE, oscillator properties are non-ideal and much more complex compared 
to the elementary properties discussed in the previous chapter. If this had not been 

the case, this thesis would have been a lot shorter, and the life of an oscillator designer 
probably boring. Parasitics reduce the maximum achievable frequency, parasitics reduce 
the tuning range, non-ideal varactors make the tuning characteristic nonlinear, noise cor
rupts the spectral purity, mismatch gives rise to I/Q mismatch, etcetera, etcetera. In this 
chapter practical properties of LC oscillators and ring oscillators are described, both on a 
behavioral and on a circuit level. 

Not all properties are discussed both qualitatively and quantitatively as is shown in 
the overview of this chapter, see Table 6.1. The properties of oscillators in transceivers 
which, in general, present the greatest challenge to the oscillator designer are discussed 
both qualitatively and quantitatively. Other properties, such as I/Q matching, tuning of 
ring oscillators and practical oscillator waveforms are addressed only qualitatively. Sec
tions 6.1 and 6.2 describe frequency and phase, and tuning range, respectively. The dis
cussion on phase noise to carrier ratio is split into two parts. In Section 6.3, the linear 
time invariant (LTI) system level modeling from Section 3.4.1 is used to derive insightful 
£(!111 ) expressions for oscillators, in which all devices work in the linear region (linear 
mode). In general, low phase noise oscillators work in (strongly) nonlinear mode and 
several phase noise generation mechanisms, such as up and down-conversion , add to the 
total phase noise. On the other hand, modulation of noise sources in a practical oscilla
tor can improve ,C(fm)· These linear time-variant (LTV) and nonlinear issues concerning 
£(!111 ) modeling will be discussed in Section 6.4. Section 6.5 up to and including Section 
6.7 cover waveform, carrier amplitude and carrier power, power dissipation and supply 
voltage, respectively. This chapter is concluded by a summary in Section 6.8. 
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Practical property Qua Ii- Quanti- Section Page 
tatively tatively 

discus- discus-

sed sed 

Frequency of 6.1 104 
single-phase LC oscillators J J 6.1.1 105 
multi-phase LC oscillators J J 6.1.2 110 
two-integrator oscillator J J 6.1.3 114 
N-stage ring oscillators J J 6.1.4 119 

Phase, l/Q-matching of 6.1 104 
multi-phase LC and ring oscillators J 6.1 104 

Tuning of 6.2 123 
LC oscillators J J 6.2.1 123 
ring oscillators J 6.2.2 141 

LTI £(/m) modeling of 6.3 143 
LC oscillators J J 6.3.l 144 
ring oscillators J J 6.3.2 153 

LTV and nonlin. £(Jm) modeling of 6.4 156 
LC oscillators J J 6.4 156 
ring oscillators J J 6.4 156 

Waveform of 6.5 163 
LC oscillators J 6.5 163 
ring oscillators J 6.5 163 

Carrier amplitude and power of 6.6 165 
LC oscillators J 6.6 165 
ring oscillators J 6.6 165 

Power dissipation of 6.7 167 
LC oscillators J J 6.7 167 
ring oscillators J J 6.7 167 

Table 6.1 Overview of the practical properties covered only qualitatively or 
both qualitatively and quantitatively in this chapter. 

6.1 Frequency and phase 

The oscillation frequency of single-phase and multi-phase LC and ring oscillators is high
lighted in this section. For both types of oscillators, circuit implementations of oscillator 
topologies often used in transceivers are discussed to illustrate the influence of parasitic 
components on the frequency. Phase matching is briefly discussed too. 
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·----------·-----· Cp - v out 
9m >-~---1,_~~-n~---1>-....--<,_~~~A-~~~~r..-~95 

Figure 6.1 LC oscillator model tunable with varactor Crwze and with parasitic 
tank capacitance Cpar· 

(a) (b) 

Figure 6.2 A simple model of a practical resonator (a) and the resonator model 
with losses lumped in Rp (b). 

6.1.1 Single-phase LC oscillators 
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Figure 6.1 shows the linear LC oscillator model, which will be used to investigate the fre
quency of a single-phase LC oscillator. Compared to the ideal oscillator from Figure 5.2, 
Rp is introduced as a parasitic element (not a load resistor any more), additional parasitic 
capacitance is introduced and noise source in is added. Varactor Crune . fixed capacitance 
Cfixed and parasitic capacitance Cpar form the total tank capacitance Cp. Transconduc
tance gm is needed to compensate the losses of the resonator modeled by Rp. All noise 
sources are lumped together and modeled by noise current source i11 , which will be of 
interest later on in Section 6.3. 

In Figure 6.1, all losses are lumped in resistor Rp, which simplifies calculations and 
leads to the quality factor Qp of the resonator as defined in (2.13) on p. 22. This includes 
the series resistance of practical coils1 and capacitors as shown in Figure 6.2(a). 

1The model of the practical coil in Figure 6.2 is a simplified model. In a somewhat more realistic model 
a capacitor is present in parallel with the series connection of R1s and Ls. that determines the self-resonance 
frequency of the coil. We assume that this capacitor is included in Cpar of Figure 6.1. See [95] for a physically 
based model of planar spiral inductors which includes losses due to self resonance and the substrate. 



106 CHAPTER 6. PRACTICAL PROPERTIES 

Using the component quality factor of an inductor Q1s = mLs/ R1s and of a capacitor 
Qcs = 1 / ( mCsRcs), Rp, Lp and Cp can be expressed with the circuit elements from Figure 
6.2(a). The parallel resistor Rp can be written as 

and 

and finally 

Res (l + Q~s) R1s (l + Qfs) 
Res (l + Q~s) + R1s (l + Qfs)' 

L l+Qfs 
s Q2 ' 

ls 

C C 
Q~s 

p= s-l Q2' + cs 

(6.1) 

(6.2) 

(6.3) 

Note that for high component quality factors Q1s and Qcs. Ls and Cs are accurately 
represented by Lp and Cp, respectively. 

The oscillation frequency of the behavioral model in Figure 6.1 is equal to 

1 
WLc= · 

J Lp (Crune +Cfixed +Cpar) 
(6.4) 

Both L and C (the sum of all three capacitances) can be used to tune the oscillator. 
p p . ( h' h Inductor L is usually fixed. Capacitor Cfixed is an intentionally added capacitor w 1c 

often is ze:o in practice because it reduces the tuning range, see Section 6.2.1) to improve 
the quality factor of Crune• for example. Fixed capacitance normally has a better quality 
factor than a varactor. If this capacitor and Cume are set at zero, the maximum angular 
oscillation frequency 1 / JLp Cpar is reached. Capacitance Cpar consists of several con
tributions: the active oscillator part, parasitic capacitance in the resonator (for example, 
from the inductor), capacitance of cascaded circuits (loading) and inter-connect capaci
tance. Clearly, Lp and Cpar must be made small for a high maximum frequency (assuming 
the starting condition for oscillation is met). 

The frequency of an oscillator with the practical tank circuit -without additional par
asitic capacitance- shown in Figure 6.2(a) is equal to 

WLCprac = 1C"'L JL - c R2 ' 
y Vs Ls s s cs 

which can be rewritten in terms of Q1s and Qcs as 

l 
WLCprac = vr;;c; 

1 - _l_ 
Qfs --,-. 

1- 7i2 
Qcs 

(6.5) 

(6.6) 

Equation (6.6) shows that low quality factors cause a frequency shift of the nominal 
oscillation frequency 1 / vc:rs for Qcs # Q1s· Energy losses in the inductive branch cause 
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(a) (b) 

Figure 6.3 Bipolar LC oscillator implementation (a) and its equivalent small 
signal differential mode circuit (b). 
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the frequency to decrease, whereas losses in the capacitive branch cause an increase of 
the frequency [9]. However, for moderate (say >4) to high quality factors, WLCprac is 
accurately described by l/vc:rs ~ WLC. 

Single-phase LC oscillator circuit examples 

Figure 6.3(a) presents a cross-coupled pair LC oscillator topology, implemented in bipolar 
technology. The cross-coupled pair realizes a negative resistance, which compensates for 
the losses of the tank circuit and other losses such as the cascaded buffer. Therefore, 
negative resistance modeling discussed in Section 2.4.2 on p. 27 can be used for this 
oscillator topology. In Figure 6.3(b ), its equivalent small-signal model is shown, which 
will be used to assess the oscillation frequency. 

In principle, the maximum oscillation frequency of an LC oscillator circuit is equal 
to the fMAX of an IC technology used for implementation2. In Appendix F, fMAX expres
sions for bipolar and MOS technology are given. The literature shows that this frequency 
can indeed be reached (e.g. 50 GHz for 0.25µm CMOS technology [96]). However, prac
tical applications of interest (see for example Table 4.1 on p. 65) operate at much lower 
frequencies, and fMAX seldom is a limiting factor. Nevertheless, a higher fMAX means 
lower parasitics, which can result in a greater tuning range (see Section 6.2). 

The equivalent model in Figure 6.3(b) consists of three parts: the differential pair, 
the resonator, and the loading of the buffer. To start with the first part, the half-circuit of 

2The frequency where the maximum available power gain becomes unity. 
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the differential pair is modeled with three elements: resistance RQ, capacitance CQ and 
transconductance -gm . The value of these elements can be derived by using a simplified 
small-signal transistor Qmodel, such as tlie model introduced in Appendix F. If the base 
resistance of this model (Figure F.1 on p. 258) is neglected, RQ, CQ and - g"'Q in Figure 

6.3(b) can be calculated as3 

(6.7) 

(6.8) 

(6.9) 

As pointed out in Appendix F, adaptation of above equations to a MOS implementation 
is straightforward. Thus, RQ = 00, CQ = Cgs + 4Cgd + cdb and - gmQ = - glllMOS, if the 
gate resistance is neglected. The half-circuit of the resonator is modeled with inductor L, 
varactor Cv, loss resistor Rand parasitic capacitance Cpt· The latter models all parasitic 
resonator capacitance, which includes interconnect. Loading of the oscillator in Figure 
6.3(a) by cascaded circuits (e.g. a buffer, mixer or divider) is modeled with resistor Rbuf 

and capacitor Cbuf 
Equation (6.4) can be used to calculate the oscillation frequency of the model in Figure 

6.3(b) with 

1 (6.10) Ctune 2Cv, 

1 (6.11) Cpar 2(C7' +4Cµ + Cjs +Cpt + Cbuf ), 

Lp 2L. (6.12) 

The frequency predicted by (6.4) shifts somewhat due to transistor nonlinearities, as we 
have seen in Section 5.1.1 on p. 84. This frequency shift is a function of the quality 
factor of the resonator (see (5.7) on p. 86) and the open loop gain (see Figure 5.4 on p. 
87). Figure 6.3(b) reveals that the resonator, with unloaded quality factor Qp = R/(wL) 
is loaded by resistances RQ and Rbuf· The loaded resonator Q can be written as 

(6.13) 

Loaded quality factors should be used for practical oscillators when assessing the fre
quency shift with (5.7). Note however that for practical open loop gain values (e.g. 3) and 
loaded quality factors (e.g. 4 or higher) the frequency shift due to transistor nonlinearities 
is less than 0.5% (see p. 87), and of no concern in general. In Appendix A, the impor
tance of a high resonator quality factor for low-noise low-power oscillators was stressed. 
Equation (6.13) shows that for a high loaded quality factor not only Qp must be as high 
as possible, but the loading of the resonator must be minimized as well. 

3Bipolar and MOS transistor parameters are defined in the Glossary and in Appendix F. Therefore, intro
duction of these parameters is omitted here. 
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Figure 6.4 Complementary MOS LC oscillator implementation (a) and its 
equivalent small-signal differential mode circuit (b ). 
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Figure 6.4(a) shows a complementary MOS LC oscillator [71]. The equivalent model 
of this oscillator in Figure 6.4(b) directly reveals that compared to a simple cross-coupled 
pair more parasitics are present. The oscillation frequency of this oscillator is given by 
(6.4) with 

Ctune 

Cpar 

1 
2Cv, 

1 
l(Cgsn +4Cghn +Cihn +Cgsp +4Cgbp +Cdbp +Cpt +Cbuj), 

2L, 

(6.14) 

(6.15) 

(6.16) 

if the gate resistance of the NMOS and PMOS transistors are neglected (and some other 
parasitics, see Appendix F for the model used) . The higher parasitics of the complemen
tary MOS implementation are a disadvantage that can reduce the tuning range as we will 
see, but the architecture also has advantages. In Section 6.4.2 we will see that the sym
metry of the topology (if g"'Qn is made equal to g"'Qp) results in a low ft// corner of the 
phase noise [97]. Furthermore, the total differential transconductance 1/2 · (g"'Qn + g"'Qp) 
is doubled and so is the carrier amplitude compared to the oscillator in Figure 6.3(a), if 
g"'Qn = glllQp [98]. 

In Appendix G, a number of single-phase LC oscillator designs found in literature are 
given as a reference and, among other parameters, their oscillation frequencies are listed. 
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stage 1 stage N 

Figure 6.5 Multi-phase LC oscillator model. 

6.1.2 Multi-phase LC oscillators 

As pointed out earlier, in Chapter 5, many modern transceiver architectures require qua
drature signals. Some architectures may even require more than two phases. There are 
many ways of generating quadrature signals. Nine implementation examples are listed in 
table form in Appendix D, including even-stage multi-phase LC oscillators. Moreover, the 
properties of each implementation are described qualitatively in this appendix. Even-stage 
ring oscillators are often used, because they are easy to integrate, have a compact chip area 
and a wide tuning range. However, as will be shown in Section 6.3, LC oscillators have 
superior phase noise performance compared to ring oscillators. Another common method 
for l/Q signal generation is the use of a single-phase LC oscillator running at twice the 
desired oscillation frequency with 50% duty cycle, followed by a divider. Here, duty-cycle 
errors are a limiting factor for the l/Q matching. For this reason, if accurate multi-phase 
signals are needed in combination with a very small ,C(fm), the use of multi-phase LC 
oscillators can be the best option for a particular transceiver design. 

Figure 6.5 shows the model that will be used to assess the frequency of practical multi
phase LC oscillators, and later on to calculate ,C(fm) of this linear model. Compared to the 
ideal multi-phase LC oscillator model in Figure 5.5, transconductance gm1 is added which 
compensates the losses modeled by Rp. It also provides an additional control, which in 
practice is commonly used to set the oscillation level. Note, however, that the presence 
of transconductances gm

1 
is not mandatory to meet the oscillation conditions, provided 

phase shift B is nonzero. Furthermore, noise source in is added and represents the noise 
generated by one stage. Basically, the model is formed by N single-phase LC oscillators 
in a loop (see Figure 6.1), connected by a cascade of a phase shifter with phase shift B 
and transconductance gmc. Therefore, the discussion in the previous section on practical 
resonator properties also is of interest and applicable to each stage in multi-phase LC 
oscillators. Qualitatively Figure 6.6 shows how the ratio between gm1 and gmc influences 
the degree of coupling between the LC oscillators stages. If the coupling is too weak, 
multi-oscillations can occur [241). 
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100% 
weak coupling + strong coupling 
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Figure 6.6 Depending on the value of transconductances gm
1 

and gmc, the cou
pling between the LC oscillator stages can be weak or strong. 
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Figure 6.7 Combined phasor diagram of the output voltages Vouti and VoutQ' 

and the currents in the quadrature stage, it and Ye, for B = 
0, ±45°' ±90°. 
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The principle of operation of the oscillator model in Figure 6.5 is explained by Figure 
6.7(a), for the case N = 2 and B = 0. Adaptation for N > 2 is straightforward and therefore 
omitted. For N = 2, the model reduces to a quadrature LC oscillator with two outputs 
Vout1 = Vout1 and VoutN = VoutQ· The output currents of transconductances gmc and gm are 
referred to as ic and i1, respectively. 

/ 

. Assuming a qua?rature oscillation mode exists, output voltages v0 u
11 

and VoutQ will be 
m quadrature; see Figure 6.7(a). Output voltage VoutQ may lead or lag Vouti by 90°, hence 
the phasors VoutQ,lead and VowQ,lag are both drawn. The phasors (both lead and lag) of the 
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Figure 6.8 Magnitude and phase of the practical resonator from Figure 6.2 
with Ls = lOnH, Cs = 2.5pF, Q1s = 10 and Qcs = 40 at 1 GHz. 

currents in the quadrature stage, Ti = gm1 • VoutQ and Ye = gmc · Vo11t1 are shown in Figure 

6.7(a) as well4 . Based on symmetry, the currents in the in-phase stage will be ident~cal in 
amplitude and phase relation to the currents in the quadrature stage, and we can restr~t o_:ir 
analysis to one stage. The sum ofic and Ti can be written as Ti= i101eJ</!cur with ~01_ ~ 1~1 + icl 
and tan(<f>cur) = liil/licl (in case Yr and v0111Q are leading v01111 ). The_ current 11 1~ IOJ~cted 
into the resonator, which provides a phase shift <Pres · For the behavioral model m Figure 

6.5, it can be shown that lliawQI = iroiRµcos(<f>res )· 
As illustrated in Figure 6.7(a), <f>cur +</>res must be either +90° or -90° for q_uad~atu~e 

operation. In practice this ambiguity of several solutions for quadrature osc1_llat1?n is 
solved, because a practical resonator, unlike the theoretical parallel r~sonator m Figure 
6.5, is asymmetrical. For a practical resonator there can be two solutions_ (~r _more, see 
[99)), where the oscillation conditions for quadrature operation ~e ~et. This is 1llustrate0d 
in Ficrure 6.8: the loop gain is for -45° resonator phase shift higher than for +45 . 
This ;symmetry provides a unique solution to the oscillati?n _conditi_ons, where the phase 
condition for quadrature oscillation is met and the loop gam is the highest [99]. 

From the preceding d~cussi_~m it is clear that for ~ = 0 the resonato~ phase shift_ </>res is 
nonzero. For example, if ic and i1 have the same amphtude, </>cur = ±45 and </>res will ~!so 
be equal to ±45°. When e is nonzero, due to parasitic phase shi~ts or deliberately design, 
<f> reduces when e is increased. Compare Figure 6.7(a) and Figure 6.7(b) for example. 
1t;hase shift e is made ±90° , Ye and Ti both will have the sam~ ph~se and </>cur W:ill be 
±900 too. This is illustrated in Figure 6.7(c); notice that <Pres= 0 m this case. We will see 
in Section 6.3 that e = ±90° is the optimum operating point for maximum quality factor 
and minimum C(f 111) of two-stage quadrature LC oscillators. 

4 In a high frequency IJQ oscillator, parasitic shifts will cause Tc and 71 to lag Vo1111. and Vo111q- respectively. 
Moreover, the quadrature relation between the currents may not be present m a practical c1rcmt, d~e to non
identical parasitic phase shift and other second order effects: However, this does not alter the pnnc1ple of 
operation, and for brevity an in-depth discussion of these non-1deal1t1es is omitted. 
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Figure 6.9 MOS circuit implementation of an I/Q LC oscillator. 
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The frequency OJNLC of a multi-phase LC oscillator was already derived in the previous 
chapter and denoted in (5.11) on p. 88. The resonator phase shift l</>res/ in (5.11) can be 
expressed as 180/ N - l</>curl for the model in Figure 6.5, with </>cur equal to 

( 
liilsinqi ) <!>cur = e + arctan ~ ~ , 

licl + li1lcosqi 
(6.17) 

which follows from the "cosine-rule" and where qi is the angle between 7i and Ye (ideally, 
without parasitic phase shift in the transconductances, qi = 180 IN - e ) [ 100]. 

The matching between the phases of a multi-phase oscillator is limited by device 
matching and layout symmetry. A quantitative analysis of the I/Q errors is beyond the 
scope of this work, and statistical analysis can provide the designer with this information. 
Note that calibration techniques can be applied to improve I/Q matching of oscillators 
(see Appendix D). 

Multi-phase oscillator circuit example 

Figure 6.9 shows an 1/Q LC oscillator implementation [168]. Each stage is implemented 
with a cross-coupled LC stage (in which transistors Qn1 implement the transconductance 
g1111 in Figure 6.5), and the stages are coupled with transistors Qnc· These coupling tran
sistors implement transconductance gmc in the behavioral model shown in Figure 6.5 and 
also add phase shift (modeled by e in Figure 6.5). 

A stage of a differential multi-phase LC oscillator can be implemented by any differ
ential single-phase LC oscillator. For example, the two single-phase LC oscillator circuit 
topologies discussed a few pages ago, both can be used in combination with any resonator 
implementation. In addition, discussions on parasitics (the previous section) and tuning 
of single-phase LC oscillators (Section 6.2), are similar for multi-phase LC oscillators. 
Obviously, in addition to the parasitics of each LC stage, the coupling transistors Q11c in 
Figure 6.9 add some loading, parasitic capacitance and parasitic phase shift. 
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-1 

Figure 6.10 Behavioral model of a two-integrator oscillator. 

v out 
Q 

More than two LC stages can be coupled in the same manner as given in Figure 6.9, 
to realize an N-stage LC oscillator [169]. More stages result in more power dissipation 
and more chip area. On the other hand, a number of advantages are obtained. Phase 
noise performance generally improves with more stages (see Section 6.3) at the expense 
of more power dissipation5 . In addition, N low-phase-noise output signals are available 
from an N-stage LC oscillator. 

An example of an alternative coupling method is to place transistors Q11c in series with 
the transistors Q111 in Figure 6.9, instead of in parallel with transistors Q11,, and have the 
gates of transistors Q111 cross-coupled connected to the drains of transistors Q11c [170]. 
The tail current of the cross-coupled pairs is reused in this way to couple of the stages. At 
the same time the parasitics and load on the resonator is reduced. 

In Appendix G, a number of I/Q oscillator references are listed together with a perfor
mance summary, including oscillation frequency. 

6.1.3 The two-integrator oscillator 

A behavioral model of a practical two-integrator oscillator is shown in Figure 6.10. Com
pared to the ideal two-integrator model from Figure 5.6 on p. 89, four non-ideal aspects 
are added. In each stage a resistor R is present, which models all losses (e.g. collector or 
drain resistors of an implementation and the loading of the next stage). To compensate 
for these losses, transconductance 8ma is present, which realizes a negative resistance in 
parallel with R. If transconductances 8m, were to have zero phase shift, 8ma would be 
equal to 1 / R to have perfect integration in each stage. However, as indicated by the low
pass curve in the symbols of transconductances6 8m,, these are modeled with a single-pole 
model: 8m,/(l + jw-r1). In many practical cases, ring oscillator stage implementation sat
isfy dominant pole behavior [101, 102], and the reduced order of a single-pole model can 

5However with respect to phase noise performance normalized for power, the multi-phase LC oscillator has, 
no advantage compared to a single-phase LC oscillator: seep. 151. 

6See Appendix B, for behavioral modeling building blocks. 
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be used advantageously for meaningful estimates and insightful formulas. Transconduc
tances 8ma are intentionally modeled without a pole. Normally these transconductances 
are much smaller than 8m,, as the parasitics and noise 8ma produces are inevitable (R needs 
to be partly compensated) but unwanted (it introduces extra noise). All noise sources in a 
~tage are combi~ed in. noi.se current source i11 • Note that if a differential implementation 
is assumed, the inversion in the behavioral model simply is a cross-coupling of wires. 

The modulus and argument of the open loop transfer of one two-inteo-rator stage from 
Figure 6.10 are, "' 

(6.18) 

and 

arg(Ho1) = -arctan ((CR+ 'ft - 8maR-r1)W) (6.19) 
- 1+8maR + CR-rew2 · 

~or 'fr = o. and 8m0 = I/ R, (6.18) and (6.19) reduce to the modules and argument of the 
ideal t~o- mtegrator oscil.lator on p. 89. In other words, the phase shift per stage will 
be -90 for all frequencies, and the frequency of the two-integrator oscillator becomes 
Wrwo-im = 8m,/C (see (5.13) on p. 90). 

For nonzero "r1, the two-integrator oscillator oscillates at a frequency w provided 
that the phase shi~t at this frequency is -90° and the stage gain is exactly o~cnity. This 
means the denominator of (6.19) must be zero. Solving -1 + g R + CR-r, w2 = o "or 

. ma t osc 11 
8ma yields 

(6.20) 

The value for transconductance g111, at which the stage gain is unity, can be expressed in 
terms of 8ma and Wosc by solving /H0 tJ = 1: 

gm = V(( - 1+8maR)2 + C2R2wJsJ(l + -r?wJ5c) 
' R (6.21) 

Equations (6.20) and (6.21) can be used to derive Wosc of the two-integrator oscillator in 
Figur~ 6 .. 10

7
, but thi.s expression is rather complicated, whereas (6.20) and (6.21) provide 

some 1~s1ght. Equat10n (6.21) shows that the stage gain for high frequencies is dominated 
by the lime-constants ~C and -r1 and becomes almost independent of the setting for gma. In 
other words, the amphtude condition for oscillation is set by g

111
,, practically independent 

of 8ma· Equation (6.20) shows that the 8ma needs to be reduced when the oscillation 
fre~uency is increased. The phase shift of transconductance 8m, due to time constant 
'fr increases when the oscillation frequency increases, and therefore time constant (R I/ 
-1/ 8ma)C must be reduced to meet the phase condition for oscillation. 

Figure 6.11 illustrates the discussion of (6.20) and (6.21). The open-loop gain and 
phase of the two stages in Figure 6.10 is shown for three 8ma settings. The frequency 
was set to 1 GHz, -r1 to 30 ps, R to 500 Q and C to 500 fF. For 8ma = 1.4mS, the phase 

7Working in linear mode. 
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Figure 6.11 Squared modules and argument of two stages of the open-loop 
transfer function of the two-integrator oscillator model in Figure 

6.10, for three values of gma· 

condition for oscillation is exactly met at 1 GHz. Figure 6.11 shows that higher gma 
values produce a significant phase shift and the loop gain for lower frequencies increases. 
However the O dB crossing of the loop gain is virtually unchanged. In a practical two
integrator oscillator, g

1111 
is commonly used for frequency control and gma for amplitude 

control. For linear operation of the two-integrator oscillator, an AGC control is needed 
that adjusts gma such that the phase condition for oscillation is met at the 0 dB crossing 
of the loop gain. An efficient implementation of an AGC loop for the two-integrator 

oscillator was shown in Figure 2.17 on p. 33. 

Two-integrator oscillator circuit example 

A bipolar circuit implementation of a two-integrator oscillator is presented in Figure 6.12 
[229]. Transconductance g,,,, from Figure 6.10 is implemented with a differential pair, 
whereas gma is realized with a cross-coupled differential pair. In an 11 GHz fT BiCMOS 
process, this implementation easily achieves an oscillation frequency ranging from 0.9 to 
2.2 GHz (with C omitted: the integration capacitance only consists of device parasitics 
and interconnect) [229]. For this particular design the transistors that implemented gm, 
were four times larger sized than the transistors which implemented g,,,a. A detailed two

integrator design example is given in Chapter 9. 
For N-stage ring oscillators, a reasonable estimate of the oscillation frequency can be 

written as [101] 
fMAX 

Jose ~ 
2
N , (6.22) 

which becomes fMAX /4 for the two-integrator oscillator. For fMAX calculation, the (bipo
lar) fMAX formula in Appendix F on p. 259 can be used. Note that an IC technology 
usually has one fMAX figure specified, which usually is valid for the best transistor under 
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Figure 6.12 Bipolar circuit implementation of a two-integrator oscillator. 
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Figure 6.13 Simulated oscillation frequency of the oscillator from Figure 6.12 
with Gummel-Poon and MEXTRAM transistor models. The fre
quency !MAX/ 4 of the implementation technology, a 30 GHz fT 
double-poly BiCMOS process, is also shown. 
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optimal bias conditions. The transistor and bias conditions (e.g. base-collector voltage) 
may be quite different for the transistor used in an oscillator design. Therefore, the fMAX 

should be calculated using the transistor and bias conditions representative of the oscilla
tor design. The oscillation frequency estimator !MAX/ 4, together with transient simulation 
results of the oscillation frequency using a Gummel-Poon model and a MEXTRAM tran
sistor model, are shown in Figure 6.13 for a bipolar two-integrator oscillator design. The 
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1 tune 

Figure 6.14 Example of a V /I-converter design with high-ohmic input and in
corporated temperature compensation for a two-integrator oscilla-

tor. 

design was simulated in a 30 GHz fr double-poly BiCMOS process, with a circuit imple
mentation identical to the one shown in Figure 6.12 but with capacitors C omitted. The 
size of the transistors Q 1 were four times the size of Qa. Tuning current lwne was varied 
from 200 µA to 2.4 mA. Resistor Re was set at ( 1V)/11une, resulting in a voltage swing of 
200 mV peak at the maximum frequency. Transistor Q1 has its peak fr (approximately 
26 GHz at a collector-base voltage of 0 V) at a collector current of 1.8 mA. Assuming the 
transistors are fully switching, fume should not exceed the peak fr current, since transistor 
operation beyond peak fr current normally is not well characterized. Some improvement 
of the maximum fose beyond fume = 1.8 mA is visible in Figure 6.13, because transistors 
Q

1 
are not fully switching with an external base voltage of 200 m V around 10 GHz. At 

peak fr current, the error of oscillation frequency estimator (6.22) with respect to the 
simulation results using the MEXTRAM model is less than 12%. 

Figure 6.14 shows the circuit diagram of a VII-converter, which was designed for a 
622 MHz version of the oscillator in Figure 6.12 [243]. The oscillator with V /I-converter 
is part of a clock-conversion PLL for SONET OC-12 (SDH STM-4) optical transmitters, 
and implemented in an 18 GHz fr BiCMOS technology. Since the loop filter of a PLL 
usually provides an output voltage, a VII-converter is needed to make the two-integrator 
oscillator voltage controlled, instead of current controlled. As leakage current of a PLL 
loop filter causes reference breakthrough, this V /I converter needs a high-ohmic input [3]. 
This input is realized with a rail-to-rail CMOS buffer [103]. The output of the input buffer 
is mapped to a voltage ranging from stabilizer voltage Vsrabi (2.4 V) to approximately 1.7 
V. This provides room for the base-emitter voltage of Q1, the voltage drop across R3 and 
one saturation voltage of the current source. In this way, the rail-to-rail property of the 
CMOS input buffer is maintained. It is desirable to use as much of the available voltage 
range for tuning as possible, because this results in a lower tuning constant Kvco· A low 
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Stage 1 Stage2 Stage N 

Figure 6.15 Multi-phase ring oscillator behavioral model. 

Kveo means low sensitivity to PLL loop-filter noise8 and a lower reference breakthrough 
[248]. Transistor Q1 implements VII-conversion as well as temperature compensation. 
The VII-converter has a positive temperature coefficient, due to Q1, which compensates 
the oscillation frequency dependence on thermal voltage Vr. 

In Appendix H, two-integrator oscillator designs and other 2-stage ring oscillator de
signs are referred to together with a performance summary, including the achieved oscil
lation frequencies. 

6.1.4 N-stage ring oscillators 

Figure 6.15 shows the behavioral model of an N-stage ring oscillator, which will be used 
to analyze practical properties of ring oscillators with three stages or more. Compared 
to the ideal ring oscillator behavioral model, which was discussed on p. 91 of Chapter 
5, several non-ideal properties are added. The transconductances are modeled with a 
single pole model, as indicated by the low-pass curve in the transconductances, i.e. the 
transconductance in a stage is modeled by g111 /(l + jan1). All noise sources in a stage 
are combined in one noise current source in. Note that the resistors in an N-stage ring 
oscillator stage were already present in the ideal behavioral model on p. 91, whereas they 
were introduced as losses in this chapter for the two-integrator oscillator (which is ideally 
resistor-less, as discussed on p. 89). 

The modulus and arguments of the transfer function of one stage are described by 
(6.18) and (6.19), respectively, with 8ma set to zero, gm, replaced by gm, and 'T1 by -r1. The 
oscillation frequency of the N-stage ring oscillator model in Figure 6.15 can be found by 
solving the phase condition for oscillation for w = W0 m 

( 
(RC+-r1)Wose )- n arctan 

2 
- -, 

-1 + RC-r1 (l)ose N 
(6.23) 

8See (4.16) on p. 78, with Ksupply replaced by Kvco· 
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which leads to the oscillation frequency of the ring oscillator working in linear mode 

cot(N )(RC+ 't'1 + yf (RC+ 't'i) 2 + 4RC't'1 tan2 (N )) 
Wosc = 2RC't't . (6.24) 

Solving (6.23) with 't'J = 0, leads to the ideal oscillation frequency expression WNring 

already encountered on p. 91. 
Usually, a ring oscillator works in strongly nonlinear mode, and its oscillation fre

quency can be expressed as 1 / (2N't'defay), if the input rise time is equal to the output rise 
time of a stage. A simple estimation of 't'delay can be made if we model a ring oscillator 
stage as a high-gain, single-pole model [102), 

A 
H(;"w) = - -

1 + }W't' 
(6.25) 

In a practical ring oscillator many higher-order poles are present, but these are neglected 
under the assumption that time-constant 't' is dominant. In the case of Figure 6.15, A = 
gmR and 't' = RC+ 't'J. For A » 1 the 0 dB frequency of the ring oscillator loop gain is 
approximately A/'t'. The phase margin at this frequency is n - N arctan(A), which must 
be negative for oscillation, hence 

N > ( ) . arctan A 
(6.26) 

With a typical loop gain ranging from 4 ... 10, minimum N ranges from 2.4 to 2.1 for this 
model. In practice, higher order poles allow oscillation for N < 3. The propagation delay 
of a one-pole system with a linear ramp input can be approximated by 't'delay = 0.8't' [102]. 
The factor 0.8 tends towards the factor ln(2) derived in Appendix E, if square wave signals 
are assumed, which is less realistic for small N and high frequencies. The frequency of 
an N-stage ring oscillator with dominant pole behavior can now be written as 

1 
Jose ~ 2N0.8't' . (6.27) 

Expression (6.27) will be used in the following section to estimate the frequency of two 
ring-oscillator circuit implementations. 

N-stage ring oscillator circuit examples 

Two implementations of a ring oscillator stage are shown in Figure 6.16. In Figure 6.16(a) 
a bipolar current mode logic (CML) cell is presented. The simulated oscillation frequency 
of this stage, implemented in a 30 GHz fT double-poly BiCMOS process, versus bias 
current Ir ail is plotted in Figure 6.17. The oscillation frequency is plotted for N rang
ing from 3 to 8, and transistors Q in Figure 6.16(a) were identical to the ones used for 
the two-integrator oscillator simulation example. In addition to the results of the tran
sient simulations, (6.22) is plotted in Figure 6.17. Whereas (6.22) provided reasonable 
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Figure 6.16 Bipolar CML ring oscillator stage (a) and a source coupled differ
ential pair with PMOS loads (b). 
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Figure 6.17 Simulated oscillation frequency of a CML ring oscillator (Figure 
6.16(a)) for N = 3 .. . 8. The frequency !MAX /(2N) of the imple
mentation technology, a 30 GHz fT double-poly BiCMOS process, 
is also shown (dashed lines). 
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oscillation frequency predictions for a two-integrator oscillator, it is quite pessimistic for 
maximum bias currents in its estimations, at least for the presented case. Its error for 
N = 3 at maximum frequency is 29 %, for example. 

A quite ac~urate fr~~uency estimation of the CML stage in terms of technology pa
rameters and bias cond1t10ns can be found using (6.27). The transistor model used for 't' 
calculation is discussed in Appendix F. One modification of this model is needed: for 
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Figure6.18 
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Simulated oscillation frequency of a CML ring oscillator (Figure 
6.16(a)) for N = 3 ... 8, and a frequency estimation (dashed lines) 
calculated with (6.27), in which 't" is described by (6.28). 

accurate i- calculations, capacitance Cµ is split up into an intrinsic part XµCµ and an ex
trinsic part (1 -Xµ)Cµ [104) . This is modeled in a similar manne~ in the Gummel-P?on 
transistor model9. This is done to take the distributed nature of Cµ mto account. The time 
constant of the dominant pole of the CML circuit in Figure 6.16(a) can be calculated with 

't°CML-stage :::::: RbaseCn: + RbaseXµCµ(l + gmbipo(Rc II Rin)), 

+ (Re II R;,,)(XµCµ + Cjs) +(Re II R;n)CL, 

in which Ri,, and CL can be approximated by [104), 

C;ncML- Stage :::::: ( 1 - Xµ)Cµ (1 + gmbipoRc) · 

(6.28) 

(6.29) 

(6.30) 

Equation (6.28) is substituted in (6.27), evaluated, and plotted for N ranging from 3 to 
8 in Figure 6.18. The technology and bias conditions were as discussed for Figure 6.17. 
The simulated oscillation frequency of the CML oscillator, which was already plotted in 
Figure 6.17, is re-plotted for comparison in Figure 6.18 . As illustrated by this figure, 
the dominant pole model is a much better estimator for the oscillation frequency than 
(6.22). At the maximum frequency, 9.2 GHz (N = 3), the error is less than 5 %, and at the 
minimum frequency, 0.72 GHz (N = 8), the error is approximately 18%. 

9From the Gummel-Poon model parameter Xµ can be derived, as well as the other technology parameter 

values. 
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In Figure 6.16(b) a MOS ring oscillator stage is shown. The PMOS loads of this 
c~rcuit normally operate in the triode region. In Section 6.2.2 resistive tuning will be 
discussed, and one possible implementation of this tuning method involves PMOS loads 
in the linear region, with tuned gate voltage. The time constant of the dominant pole of 
the MOS oscillator stage is given by 

't°CMOS-stage :::::: RQp(Cgdn + cdbn + Cgdp + cdbp +CL), (6.31) 

in wh~ch RQp is the load resistance 10 of the PMOS in Figure 6.16(b), and CL is the input 
capacitance of the next stage. Equation (6.31) was validated in a 0.8 µm process with a 
3.3 V supply, 500 m V voltage swing, for N = 4, 6, 8 [ 102). The maximum error compared 
to simulations was found to be below 24 %. 

6.2 Tuning 

I~ this secti~n t~ning of LC and ring oscillators will be discussed. Tuning of ring os
cillators, which 1s usually less problematic in integrated transceivers than LC oscillator 
tuning, will be discussed only briefly. But first an in depth discussion of LC oscillator 
tuning follows. 

6.2.1 LC oscillators 

In general, tuning of LC oscillators can be performed by varying Lp or Crune as is evident 
from (6.4). Inductance Lp and Crune can be varied in a continuous manner or in discrete 
steps. Furthermore, they can be implemented by passive elements or active circuits, which 
exhibit inductive or capacitive behavior in a frequency range of interest. In addition, 
the frequency of an LC oscillator can be varied by changing the (additional) resonator 
phase shift (see (5.11) on p. 88), or several oscillators that are switched on and off can be 
used. These tuning methods can be used in single-phase and multi-phase LC oscillators. 
Each method is highlighted below. Since the resonator Q should be maximized for low
power low-phase-noise LC oscillators (see Appendix A and Section 6.3), the influence of 
a specific tuning method on the quality factor is included in the discussion. 

Continuous passive capacitive tuning 

Capacitance Cp in Figure 6.1 consists of the varactor Crune, intentionally added fixed ca
pacitor Cfixed and parasitic capacitance Cpar· To simplify the discussion, we assume that 
Cfixed = 0. The required maximum capacitance Cmax to minimum capacitance Cmin ratio 
of varactor Crune can then be expressed as a function of maximum and minimum frequency 
Cfmax and fmin, respectively), Cpar and Cmin as 

rv _ Cmax _ (fmax) 
2 
+ Cpar ((!max) 

2 l) vvvaractor - - - - -- - - - (6.32) 
Cmin f min Cmin fmin . 

-------------
' 0 Which is equal to l/(µpCox(W / L)(Vsg - Vrn )) in the triode region provided that Vsd « (Vsg - Vrn ). 
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Figure 6.19 avaractor versus fmax/ fmin for four values of Cpar over Cmin· 

C fixed 
C series 

~ vtune 

Clune 

Figure 6.20 Resonator with varactor C1une in series with Cseries, and a parallel 

capacitor C fixed. 

If Cpar is zero, a varactor is simply the squared ratio of fmax _over fmin· ~owev~r, if Cpar 

is substantial compared to Cm;n, the required avaractor to realize the required tuning range 
increases. Equation (6.32) shows that at high frequencies, where parasitics start to dom
inate, a higher avaractor is needed to realize a certain tuning range compared to low fre

quencies. This trend is shown in Figure 6.19. 
Figure 6.20 shows a resonator consisting of a series circuit with a varactor and a ca

pacitor, a parallel capacitor and an inductor. As is evident from the preceding section, 
additional capacitance decreases the effective avaractor and thus the tuning range. Never
theless, in some cases it might be beneficial to add a capacitor in series with the varactor, 
and/or in parallel. First, as we shall see below, the overall quality factor of the compound 
capacitor, including the varactor, can have an increased quality factor with respect to the 
varactor quality factor Qvaractor· Second, it can be needed to isolate one terminal of the 
varactor from the rest of the circuit with respect to direct current, to supply the tuning volt-
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Figure 6.21 Cmaxro1/Cn11"11tot versus C11·xec1/Cm,·n "or four values of C /C 1 ' series min 

and avaractor = 3. 

age [105]. Note that this isolation might be required in a single-ended oscillator, whereas 
in a differential o~cillator, the varactors can be connected back-to-back (see Figure 6.3(a), 
for example). Third, due to the capacitive voltage division, the oscillator voltage swing 
across the var actor is reduced and the effective varactor ratio is somewhat increased 11 • 

Fourth, capacitive voltage division can be used to feedback only a certain ratio of the 
(large) voltage swing across the resonator to the active part, and avoid saturation. The 
reduction of varactor ratio avaractor as a result of the capacitors Ci· d and C · can be . 1xe sen es 
wntten as 

C ( C fixed + Cierie< ) 
maxtot _ rv Cmax Cmax+Cseries 

. - ""l!aractor C . . 
Cnuntot f ixed + Cseries 

Cmin Cmin+Cseries 

(6.34) 

Figure 6.21 illustrates (6.34) for avaractor = 3. Note that if Cseries I Cmin is made sufficiently 
large (e.g. 20), the reduction of effective varactor ratio is small. For Cmin --+ oo and 
Cfixed = 0, the total capacitance ratio Cmaxtot /Cmintot becomes equal to avaractor (3). 

By good approximation the quality factor of the compound varactor from Figure 6.20 
is equal to 

Q 
~ Q Cseries(Cseries + C1w1e) + Cfixec1(2Cseries + Ctune) 

tot ~ varactor 2 , (6.35) 
cseries 

• 11 For exa~ple, if the varactor Crune is a PN-junction type with zero bias capacitance C ·o then its equivalent 
hnear value 1s [I 06] 

1 

C 
_ Cjovr1 ((Vj-Vm;n) 1

-M
1 (Vj-Vmax) 1

-M
1

) 
tune - - -'--"---"---'---

Vmax - Vmin 1-MJ 1-MJ ' 
(6.33) 

with. Vj the built-in junction potential, MJ the junction grading coefficient and V,nin and V,,,ax the minimum and 
maximum voltage across the junction (negative voltages since the junction is reverse biased). 
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(a) (b) (c) (d) 

Figure 6.22 Four varactor implementations. The emitter-base junction of 
an NPN-transistor (a), the collector-base junction of an NPN
transistor (b), an NMOS-transistor with drain and source shorted 
(c) , and its PMOS-transistor equivalent (d). 

if we we neglect the series resistances of Cfixed and Cseries· For example, with Qvaractor = 
10 at l GHz, C fixed/ Cmin = 0 and Cseries / Cmin = 1, Qiot becomes approximately 20, and 
with C fixed/ C,nin = 1, Q

101 
increases to 50. In Figure 6.21 we see that the effective varactor 

ratio is halved (reduced from 3 to 1.5) for C fixed/ Cmin = 0 and Cseries / C,nin = 1. In other 
words, the quality factor enhancement can be significant, but the varactor ratio reduces 
very quickly. Given the limited varactor ratios available in IC technologies

12 
and the 

challenging tuning range requirements (certainly, if we take process spread into account), 
there normally is little design freedom to exchange a reduced avaractor for an improved 

quality factor. 

Varactor implementation examples 

Figure 6.22 shows four possible varactor implementations; two constructed with bipolar 
transistors13 , and two with MOS transistors. Either the emitter-base junction (Figure 
6.22(a)) or the collector-base junction (Figure 6.22(b)) of an NPN-transistor can be used. 
The latter junction generally has the highest breakdown voltage 

14
, and can thus withstand 

a higher reverse voltage, which makes the collector-base junction a more robust choice 
15

. 

The capacitance of the varactor implementation from Figure 6.22(b) is approximated 

by the junction capacitor 
C _ Cjc 

ch - ( )MJC ' 
l+~ 

Vjc 

(6.36) 

in parallel with the collector-substrate junction capacitor Cjs of the NPN-transistor (sim
ilar equation). In (6.36), Cjc (zero bias collector-base (cb) capacitance), Vjc (built-in 

12See varactor implementation examples below. Note that discrete varactor ratios can be as high as 20, but at 

the cost of very high tuning voltages (e.g. as high as 30 V) [105]. 
13pNP-type varactors are rarely used. Most bipolar and BiCMOS processes only have lateral structure PNP 

transistors (in some technologies high-speed vertical PNPs can be a process option) that are 50 to 100 times 

slower (and have more fixed parasitics capacitance) than NPNs. 
14Typical values for Bvbco and B vbeo in a 5 V, 11 GHz fT bipolar process are 6.5 V and 4.5 V, respectively. 

15Close to break-down the reverse leakage current will also increase. When the oscillator with junction-type 
varactors is incorporated in a PLL, this results in an increase of spurious signals in the PLL output spectrum 
(reference breakthrough) [3] . Leakage currents should normally be less than several tens of nano-amperes. 

6.2. TUNING 

t 3 

C [pF] 12 ~ 

\ 
\ 

""' 

11 

10 

~ 
I--__ 

---r----, 

9 

8 

7 

6 
0 3 4 5 

V reverse [v] --+ 

Figure 6.23 Simulated capacitance curve of a varactor constructed with th 
coll~ctor-base junction of 20 large NPN-transistors in an 11 GH~ 
fr bipolar process. 
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c?-junction potential), and MJC (cb-j~nction grading coefficient) are Gummel-Poon tran
sistor_ model parameters. Voltage Vcb 1s the voltage across the cb-junction. 

Figure 6.23 shows a sim 1 f f b · · . . . u a 10n o a c -Junction varactor constructed with 20 NPN 
t:ansistors in parallel, I~ an 11 GHz technology. This varactor was investi ated as an 0 _ 

tlo~ for a refer_ence oscillator for~ satellite TV receiver (see Section 9.3 :n p. 216). T~e 
rat1? avaracror is about two for this varactor, if the reverse voltaoe across the t · 
vaned from o to 5 v Two 1 . . 1 o varac or 1s 
NPN t . · or ess IS ~ typica avaractor value for varactors constructed with 

. ransisto:s. Normally, the grading coefficients of the junctions of an integrated NPN 
transistor are in the range of 0.2516 to 0.33 which · 1 11 over t dd ' · I · ' gives ow avaractor values . More-
h , ff,wo _ a 1t10n~ constra1_nt~ can reduce the available tuning voltage range, limiting 

t e e ect1:e capacitance vanat10n. First, the supply voltage limits the available tunin 
ran;ei This ~oltage can be lower than the allowable voltage before reliability reductio~ 
or ebore a~ increased le_akage current occurs. Second, only a part of the supply voltage 
may e available for tumng. For example a charoe pump in a PLL h' h h va t t · 

1 
· ' 0 , w 1c generates t e 

;ac _or umng_ vo tage via a loop filter, needs some headroom to operate properly If the 
e e~t1ve capacitance ratio of an NPN-type varactor is insufficient to meet the tunin . ran e 
~~~~e.men~s, a MOS-ty~~ varactor can be a solution (see next section). Quality ~act!s 

-Junction vara~tors can be higher than 60 at 1 GHz: see Table 6.2 and Fi ure 9 5 
on P· 203 . _The des1g~ of~ monolithic SOA LC oscillator with optimized PN-functi~n 
varactors will be descnbed m Section 9.1. 

16MJC is 0.25 for the simulated varactor and v JC is 0 7 y 
17Discrete varactors often ha h · · · . · . ingly higher capacitance ratios.Ve yper-abruptJunctlons with high grading coefficients (e.g. 0.5-2) and accord-

18In oscillator literature, the Q versus reverse bias volta e is oft 
However, the series resistance of PN-junction varactors g d f en assume.ct to be constant or is not ~entioned. 
reverse voltage. In general, the series resistance i , _an o course their capacitance, are a funct10n of the 
reverse bias voltage is increased (because the deplstthe h1g~est aft hzern reve_rse voltage and decreases when the 

e ion region o t e d10de increases) [105]. 
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Figure 6.24 NMOS cross-section (a) and the capacitance characteristic versus 
tuning voltage of an NMOS varactor (b). 

Both NMOS and PMOS transistors can be used as a varactor, if the source of the 
transistor is connected with the drain, as illustrated in Figure 6.22(c) and Figure 6.22(d), 
respectively. A simplified cross-section of an NMOS varactor i~ shown in Fig.ure 6.24(~). 
The capacitance variation of this device with source and dram .grounded, is sh~wn m 
6.24(b) [83]. For large negative Vgs voltages, the varactor works m the accumulat10n re
gion, and its capacitance CMOS is Cox W L 19 . In this operating region holes are accumulated 
under the oxide interface. Another extreme situation occurs for Vgs » VrH . The MOS var
actor is now in strong inversion and a channel is formed. Again, CMOS is maximum and 
equal to CoxWL. Between accumulation and strong inversion C~os can ~e modeled as a 
series circuit of C W Land a depletion capacitance, which value 1s a funct10n of Vgs [ l 07] . 

fil F" The series connection of these two capacitance reaches its minimum around Vgs = 0. 1g-
ure 6.24(b) demonstrates that a MOS-varactor can be used in accumulation mode and 
inversion mode. Models describing CMOS and the quality factor for both modes can be 
found in [108-110]. In Section 9.3, the design of an LC oscillator with PMOS varactor 

will be described. 
Table 6.2 shows a number of measured performance parameters of MOS-varactors, 

reported in the literature. All MOS varactors in this table have an N-well
20

, in contrast 
with the drawing in Figure 6.24(a), which is realized in the p-substrate. The N-well 
eliminates the parasitic PN-junction at the source and the drain, and this yields a higher 
rv It also enables the use of the well-potential as a tuning voltage terminal, for 
'-'"'\laractor· 
different varactors on the same die. 

In first order modeling, the quality factor of MOS-varactors is inverse proportional to 
channel length L [107]. Therefore, it improves with technology scaling. It is import~nt 
to note that the layout of MOS-varactors has a big influence on CXvaracior and the qu~hty 
factor. Multiple gate-fingers should be used and the gate must be connected on both sides. 
In fact, all connections to the MOS-varactor (including the s/d connection) are critical and 

l9Neglecting overlap and fringing capacitances. . . . . 
2oone could call this structure a PMOS varactor or an NMOS varactor with N-well: we _will refer to 1t s1m~ly 

as MOS varactor. Note that a PMOS varactor with P-well is an alternative structure but 1t has a lower quahty 

factor due to the lower mobility of the PMOS device [ 108]. 
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Ref. type, mode Control CXvaractor Min. Q var 

voltage 
swing 

[110] PN-junction 2.4 v 1.83 69 at 1 GHz 
[110] PN-junction 2.4 v 1.61 130 at 1 GHz 
[231] PN-junction 5V 1.7 26 at 1 GHz 
[231] PN-junction 5V 1.6 60 at 1 GHz 

[110] MOS, Inv. (L = lµm) 0.6V 1.83 7 at 1 GHz 
[110] MOS, Inv. (L = 0.5µm) 0.8V 1.56 36 at 1 GHz 
[110] MOS, Acc. (L = lµm) 0.8V 2.45 20 at 1 GHz 
[110] MOS, Acc. (L = 0.5µm) IV 1.76 95 at I GHz 
[I I I] MOS, Acc. (L = 0.35µm) 2V 1.85 I7 at 1.8 GHz 
[108] MOS, Acc. (L = 0.5µm) 0.75V 3 23 at I GHz 
[109] MOS, Acc. (L = 0.25µm) 0.75V 2.4 15 at 3.6 GHz 

Table 6.2 Selection of in the literature reported measured PN-junction varac
tor and MOS-varactor performance. 
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must be far smaller than IQ for common designs [I 10]. Parasitic capacitance, which lim
its maximum capacitance variation, can be reduced by deep or shallow trench isolation 
technology [109]. In comparison with junction-type varactors, MOS varactors have the 
advantage that the capacitance variation can be achieved within a small voltage swing; 
see Table 6.2. This is an important feature for low-voltage designs. Furthermore, unlike 
PN-junctions, there is no risk of signal clamping. The large MOS-varactor capacitance 
swing for a low tuning voltage swing can also be a big disadvantage. It means that tuning 
constant Kvco will be high. This causes a high sensitivity to noise on the VCO tuning in
put, which in turn increases .C(fm) by means of FM modulation. A high tuning slope also 
makes an LC oscillator more susceptible to AM to PM conversion, as will be discussed 
in Section 6.4. PN-junction varactors (e.g. see Table 6.2) can therefore be preferable in a 
VCO design, provided that the power supply voltage is sufficiently high to accommodate 
the required control voltage swing. 

In Appendix G, the relative tuning range of a number of single-phase and multi-phase 
LC oscillators is listed. Even with MOS varactors, a tuning range above 30% is very 
difficult to achieve for LC oscillators and the majority of achieved relative tuning figures 
is in the range of 5% to 20%. 
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Figure 6.25 Band-switched capacitor array in parallel with a continuous varac
tor (a) . Overlapping Nb+ 1 frequency bands (b) . 

Discrete passive capacitive or inductive tuning: band-switching 

Inteorated varactors may not provide sufficient tuning range for an LC oscillator in an ap
plic:tion. Band-switching can then be used to meet the tuning range .requirement.s [245~. 
Figure 6.25 shows the principle of band-switching. A total of Nb switched cap~c1tor~ d.1-
vide the tuning range into Nb+ 1 bands. Varactor Crune realizes continuous. tu.nmg w1thm 
a band. Provided that the Nb+ 1 frequency bands overlap, all frequency w1thm the. range 

f, . t f, can be reached. Band-switchino reduces the requirements of the contmuous 
mmOmax 0 

. • · 1 
varactor. Furthermore, it reduces the oscillator's tuning constant K vco ' makmg It ess sen-
sitive to noise concerning its tuning input, which is beneficial to ~(fm) [171]. T~erefore, 
even if a varactor capacitance ratio is sufficient to meet the tunmg ra~ge req~!fements, 
band-switching can be needed to improve L(f m). As shown m the previous section, espe-

cially MOS-varactors have a high tuning slope. . . 
The total capacitance variation of a band-switched capacitor array plus the varactor 

can be expressed as 

(f, ) 
2 

Cm in <Xvaractor + NbCbandmin <Xband Cmaxtot max = .:...::_:~.-:..::.:.=.::.:....--=::_c:..:.------
-C-· - = -f, · Cmin + NbCbandmin mmtot mm 

(6.37) 

with <Xband capacitance ratio of the switched capacito~, C,,,i11 the min~mum (conti?uou~) 
varactor capacitance, and Cbandmin the minimum capacitance of the s~1tched capacitor (m 
off-state) . To guarantee that the whole desired frequency band ran.gmg from f"!;" to fmax 

is covered, the frequency bands need to overlap. Note that the s.w1tched .capacitors .s1 t.o 
sNb are all assumed to be identical in Figure 6.25. If they are bmary weighted, which is 
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1 ± Csw;tc" ~ ~sw;tc" V ~ C,w;tc" 
switch 

.0'-----1 Q switch ICQ 
Oon 

(a) (b) (c) 

Figure 6.26 Typical switched capacitor circuit implementation (a), a simplified 
off-state model (b), and a simplified on-state model. 

131 

more efficient in terms of the number of needed control signals, the number of bands is 
equal to 2Nh - 1. 

In Figure 6.26, simplified models for the off-state and on-state of a typical band
switch circuit implementation are shown. In the off-state, the minimum parasitic capac
itance of the switch is an important design parameter. Capacitance Cbandmin is equal to 
(CQ 1 + C_;;-v~tch)- 1 • Therefore CQ should be minimized for the minimum fixed capacitance 
introduced by the band-switches, since this reduces the effective tuning range of the var
actor. In the on-state, the quality factor of a band-switch is of primary importance, and in 
the first order it is equal to 

1 
Qb = ~ -------------

WCswitchRQon WCswitchµnCox W / L(Vswitch - VTH) . 
(6.38) 

Resistance RQon needs to be minimized for a high Qb, and this can be achieved by ap
plying maximum Vswitch and maximizing W. However, since the parasitic capacitances of 
transistor Q swirch are proportional to W, Cbandmin places an upper bound on W. A design 
procedure for a switched capacitor array, optimizing for quality factor and tuning range, 
while taking into account the discussed constraints, is described in [112]. 

Instead of switching capacitors, inductors can in principle be switched too. However, 
since the chip area of inductors usually is large and on-chip inductors are more difficult 
to design than capacitors, switching between frequency bands with capacitors is preferred 
in practice to band-switching with inductors. 

Example of resonator with switched capacitors 

An example of an application where band-switching can be used to cover a large tuning 
range is FM radio. As shown in Table 4.1 on p. 65, the consumer FM radio band ranges 
from 87.5 MHz to 108 MHz, which is more than 20% relative tuning range. In Figure 
6.27, the resonator design of a LO for a low-IF FM radio receiver is shown [245]. The 
FM-LO is designed for a frequency twice the FM radio band, and a divider is cascaded 
that generates quadrature signals at f oscf 2. Since in the implementation technology, an 
11 GHz, 0.6 µm BiCMOS process, no varactor was available with sufficient <Xvaractor, 
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Figure 6.27 Resonator with switched capacitors. This design is used for the LO 

of a Low-IF FM radio receiver. 

band-switching was used. Varactor Ciune in Figure 6.27 was constructed with an NPN
transistor as explained the previous section, and its C nin = 4.9pF at Vrwze = 0.2V (with 
VCC = 2.7V) and Cmax = 8.5pF at Vrune = 2.5V. Ten band-switches were used to divide 
the tuning range into 11 bands. The band-switch is constructed using a capacitor Cswitch 

of 1.5 pF and an NMOS with a W / L of 300/0.6 and I 2 gate fingers. Simulated CQ was 
around 370 fF and the band-switch quality factor Qb > 23. Inductance Lp was chosen 
40 nH and constructed with an external PCB-coil (~32 nH), some package inductance 
(~5 nH) and bond-wire inductance (~3 nH). Note that the external PCB coil makes the 
application of the FM-LO flexible. For example, the center frequency of the oscillator 
can easily be adapted to the Japanese FM radio band, which starts at 76 MHz and ends 
at 90 MHz. The measured tuning range of the FM-LO is shown in Figure 6.28, revealing 
sufficient overlap between the frequency bands. 

A SEM photo of the FM-LO is shown in Fig. 6.29 and its size is approximately 0.7 
mm2. The active oscillator part is a cross-coupled pair with a tail current of 2.25 mA. 
Therefore, the dissipation of the FM-LO was 6.1 mW, with a supply voltage of 2.7 V. 
The worst case measured £(10kHz) was -95 dBc/Hz (at the maximum frequency). This 
figure improves 6 dB, since the LO-signal is divided by 2 in the low-IF architecture. This 
shows that band-switching can be used to achieve a large tuning range combined with 
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Figure 6.28 Measured frequency bands of the FM-LO 

Figure 6·29 SEM photo of the FM oscillator. 

excellent phase noise performance, at the co t f h. oh . . . 
mention that in the case of this f 1 d s . o a J"' er complexity. It is mteresting to 
DIA converter) were controlled bar icu_ ar es1gn, the band-switches and varactor (via a 
receiver was embedded (e o Yb~! m1hcroprocessor of the application, in which the FM 

·o· a mo 1 e p one or MP3 player) [245]. 
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Figure 6.30 An active variable capacitance topology. The behavioral model (a) 
and its implementation with a Gilbert cell (b). 

Continuous active capacitive tuning 

Circuit topologies can be used to emulate a varactor function. Large tuning ranges can be 
achieved at high frequencies using variable impedance co_n_verters_ [172, 17_3]. How~ver, 
since active devices are per definition part of _active ~apac1t1ve tumng solutions, we mtu
·t· 1 feel that the additional noise of the active devices may degrade the spectral punty 
i 1Ve y · 1 · 
of an oscillator severely, compared to passive tuning so ut1ons. . . 

To investigate the properties of a variable capacitance solut1?n, a~ arch1tectur~ based 
on current multiplication is explored. The concept and trans1st~r 1mplemen~at10~ are 

· F. 6 30(a) and (b) respectively. From the behavioral model m Figure shown m 1gure . , . 
6.30(a), we can derive the value of the active varactor 

1 Vx 

jWCactive = ix = jw(~(l + lXcur)) ' 

1 (6.39) 

where C is the fixed capacitance and acur the variable current multiplication ~ac~or. T_he 

b 1. d with a Gilbert cell which implements the current multlpher (F1g-concept can e rea 1ze , 
ure 6.30(b)). 
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Figure 6.31 Simulated capacitance characteristic of the active varactor and its 
equivalent input noise current density versus Vrune · 
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The simulated capacitance curve of the variable capacitance topology is shown in 
Figure 6.31 (solid curve). The simulated CXvaractor is equal to 7.6 (5.3 pF/0.7 pF). Note that 
the tuning curve can be linearized by driving the current multiplier tuning voltage via two 
diode-connected transistors [82] . Figure 6.31 (dashed curve) shows the equivalent input 

noise current density (iL, )- i of the active varactor versus tuning voltage Vrune · When 

the Gilbert cell is in balance (acur=O), (i~,J - i reaches its maximum of 24 pA/,,/Hz. The 
varactor capacitance is 3 pF at this point. In order to be able to compare this varactor with 
passive varactor quality factors , it is useful to define an "effective quality factor" Qcacrive . 

This quality factor definition also takes active device noise into account. If we model the 
active varactor as a parallel circuit of Cactive , a resistance R and a current noise source 
with current density i~ror, the quality factor of an active varactor can be defined as 

Qcactive = Qvaractor (6.40) 

with Qvaractor = wCactive R, and i~R the noise current density of R: 4kT / R. The formula for 
Q varactor is identical to the quality factor definition of a passive varactor with equivalent 
parallel resistance R. Since for a passive varactor i~R = iL,, (6.40) reduces to Qvaractor · An 

active varactor will have iL, > i~R, and this can result in a significant decrease of Qcacri ve . 

For example, when (iL,)-i reaches its maximum of 24 pA/,,/Hz (see Figure 6.31), the 
simulated R is lkQ and Cvar is 3 pF (simulated). Qvaractor is equal to 5.8, whereas Qcacrive 

drops to 1. Therefore, especially in the middle of the tuning range, poor oscillator phase 
noise performance can be expected. 
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Figure 6.32 Measured frequency and .C(lOkHz) of a 300 MHz LC oscillator 
with air coils and the integrated active varactor from Figure 6.30. 

In Section 9.3 the design of a reference oscillator for a double-loop tuning system is 
described. This tuning system can be used in digital satellite TV receivers. The tuning 
range specification of this oscillator is from 237 MHz to approximately 310 MHz. Sev
eral varactor options to realize this tuning range are investigated in Section 9.3. One of 
them was the active variable capacitance topology from 6.30(b). An LC oscillator with 
this varactor was realized in an 11 GHz fT bipolar technology, to verify expectations 
concerning the poor phase noise of active varactors. The active part of this oscillator is 
described in Section 9.3 and shown in Figure 9.22 on p. 220. With a supply voltage of 3.5 
V, it consumes about 4 mA. On top of that, the active varactor draws also 4 mA. Hence, 
compared to passive solutions, additional power also is a drawback of active varactor 
solutions. The frequency and .C(lOkHz) of the LC oscillator with integrated active var
actor and two 32 nH external air coils are shown in Figure 6.32. As expected, .C(lOkHz) 
varies significantly across the whole tuning range and drops to below -55 dBc/Hz, around 
Vrune = 2.6V. At minimum and maximum frequency .C(lOkHz) is more than 20 dB lower. 
At these extreme frequencies, phase noise in oscillators with active tuning solutions is 
often measured [ 172], but as Figure 6.32 illustrates, worst case .C(fm) is measured some
where in between. Therefore, especially for active varactor solutions, .C(f m) should be 
evaluated across the whole tuning range. The die-photo of the discussed oscillator is 
shown in Figure 6.33, and has an active die-area of 0.26 mm2 . 

As (6.40) suggests, it is important to note that the quality factor of active varactors can 
be improved by placing high-quality capacitors in series or in parallel (see (6.35). There
fore, when only a very small tuning range is required, active capacitive tuning may be a 
viable solution. A good example of a design achieving excellent phase noise performance 
with active varactors, uses an active varactor topology to tune a crystal oscillator for an 
FM Stereo Decoder [113). 
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Figure 6.33 Micrograph of the LC oscillator with active capacitive tuning. 
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tank tank 

Figure 6.34 Continuous passive inductive tuning. 

Continuous passive inductive tuning 

Figu.re ~.34 sh.ows a~ implementation of a differential resonator, which uses continuous 
passive inductive tumng [114] . Inductors L2 have a different value than L and · · 
w'th L NMOS . 1, in senes 

I 2, . control transistors are connected. For a high control voltage v th 
~ontrol trans~stors are on most of the time, and the total single-ended inductancc;~rol~ox~ 
:~~:Ii consists of Li a?d L2 in ~arallel. As a result the resonance frequency is hi::. For 

control value, Li IS not active and the resonance frequency is low In oth d 
V d t · h f . . . er wor s, 

control e ermines t. e ract10n. of inductance L2 that is switched in parallel with L and 
can be used for continuous tuning. 1 
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Using continuous passive inductive tuning, a tuning range of 1.34 GHz to 2.14 GHz 
can been realized [114]. This constitutes 46 % of the relative tuning range, significantly 
more than normally is achieved in LC oscillators. A major drawback of this tuning method 
is its inferior phase noise performance compared to passive continuous tuning methods 
or band-switching techniques. The resistance of the NMOS control transistors (Approx
imately equal to l/(µ 11C0x(W /L)(Vcomrol - Vs - Vrn) in the triode region) degrades the 
quality factor of L2, and therefore the overall resonator quality factor. Reported£( lMHz) 
varies from -117 dBc/Hz at 1.34 GHz to -102 dBc/Hz at 2.14 GHz [ 114]. 

Continuous active inductive tuning 

Inductance Lp in Figure 6.1, or part of it, can be implemented with a tunable active in
ductor. For high frequencies, a bipolar transistor with shorted base and collector becomes 
an active inductor [239, 242, 246] . Likewise, a MOS-transistor with an intrinsic or ex
ternally added gate resistance and shorted gate/drain can emulate an inductance at high 
frequencies . Also, more complex active inductances can be constructed, for example 
gyrator-based21 active inductances [116, 117]. 

First order calculation of the admittance lind considering the combined base-collector 
terminal of a bipolar transistor shows that its value is approximately 

1 8mbipo . 
Y;11d ~ R + . C R + jWCjs· 

base J W n base 
(6.41) 

Equation (6.41) is derived assuming w r,. C,. Rbase » Rbase + r,.. The inductive part of 
l!11c1, ( C,. Rbase) / 8mbipo' can be tuned by varying the total base resistance (i.e. by adding an 
external variable resistance) or transconductance 8mhipo· Thus, by making deliberate use 
of the parasitic phase shift of a transistor at high frequencies, a tunable active inductor is 
obtained. 

The simulated impedance of an active inductor (QL) in parallel with a parasitic capac
itance Cpar is shown in Figure 6.35, to illustrate active inductive tuning. The transistor 
size used for simulation was a bipolar transistor with emitter area 4 x 0.9 µm x 6.2 µm 
(four emitter contacts), with a base resistance of 35 Q, and a peak fr of 30 GHz around 
a current level of 9 mA. Figure 6.35 shows that transistor QLl forms a resonator with 
Cpar (chosen 100 fF) with a resonance frequency that can be varied over a large range by 
varying the external base resistance (Riunel ). As mentioned, alternatively current f&ias can 
be varied to tune the resonance frequency [213]. 

Similar to the quality factor definition of an active capacitance, an effective quality 
factor can be defined for active inductances. If we model the active inductance as a parallel 
circuit of Lactive• a resistance R and a current noise source with current density 7211 , the 

tot 

quality factor of an active inductance can be defined as 

QLactive = Qinductance 

T 1nR 
·2 , 
lnror 

(6.42) 

21 The impedance seen at the input of a gyrator with gyrator-constant G, terminated at the output with a 
capacitor C, is an inductance equal to C/G2 [I IS]. 
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with Q;,,~uc'.ance. ~ R/(wLactive), and i~R the noise current density of R: 4kT /R. As the 
re~der w1~! mtuitive.ly realize, using active tunable inductance is a bad idea for Jow-phase
~01s.e oscillator design. For example, an LC oscillator with gyrator-based active differen
tial inductance achieves a simulated £(100kHz) of -65 dBc/Hz with 8.6 mW dissipation 
at 3 ".' ~upply voltage [1.16]. This is more than 40 dB below the GSM specification. On 
a pos1t1ve no~e, the oscillator does have a large tuning range: from 400 MHz to 1.16 
?Hz. In Secti~n 9.4, ~he simulated tunable active inductance in Figure 6.35, will be used 
m a I 0 GHz nng oscillator. As will be shown, ring oscillators have poorer phase noise 
performa.nce .than LC oscillators (given the same amount of power), which means that 
the cont~ibution of the active in?uctor to the total £Um) is smaller (it is not necessarily 
the .dominant.cause of phase noise, whereas this most likely would be the case in an LC 
oscillator design). 

Phase shift tuning 

As is evident fr~m (5.11) on p. 88, and Figure 5.9 on p. 94, an N-stage LC oscillator can be 
tuned by c~an.gmg resonator phase shift </>res · In principle, this tuning method can also be 
em~loyed ~n s1~gle~phase LC. oscillators. In Section 6.3 it will be shown that £Um) is at its 
optimum, If e In Figure 6.5 IS equal to ± 180 IN. Therefore, an intentional phase-shifter 
can be ~resent between th~ oscillator stages. In any case, coupling circuits are already 
present m N-~tage LC osc11lators, and phase shift tuning is more easily implemented, 
compared to single-phase LC oscillators. 

. . In Section .6 .. 3, analysis of the phase noise in two-stage I/Q LC oscillator leads to the 
ms1ght that mm1mum £Um) is obtained with a phase shift e of ±90° (See Figure 6.5 
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to oscillator 

(a) (b) 

Figure 6.36 A single-ended phase shifter with fixed phase shift (a), and a dif
ferential tunable phase shifter (b ). 

on p. 110) . As a ±90°phase shift for sinusoidal signals is similar to an integrating or 
differentiating action, it is possible to implement the phase shifters based on an integrator 
or a differentiator. Figure 6.36(a) shows the circuit implementation of a differentiator. 
The circuit not only provides the required phase shift, but also provides isolation between 
the oscillator stages. The current iour flowing into the collector shows a -90° phase shift 
compared to the input voltage Vin up to a certain frequency. Above this frequency, the 
phase will deviate from -90° due to additional poles in the transistor. This effect can 
be compensated for by adding a direct path between Vin and ioui. as is shown in Figure 
6.36(b ). In principle, any phase shift can be made by proper dimensioning of the currents 
/direct and ldiff of the direct path and the differentiating path, respectively. At high fre
quencies, however, parasitic effects limit the range of the phase variation, and hence the 

tuning range. 
At this point it is instructive to write down the quality factor of N-stage LC oscillators 

(modeled by the linear model on p. 110). This quality factor will be discussed on p. 149 

and can be written as 
QNLC ~ N · Qp · cos( <Pres )· (6.43) 

Quality factor QNLC is maximal, if <Pres = 0. In other words, phase shift tuning can be 
performed, but at the price of a reduced minimum quality factor, resulting in an increase 

in phase noise. 

Oscillator switching 

Band-switching using capacitors or inductors has already been discussed. Instead of 
switching resonator elements on and off, oscillators can be switched on and off [ 118, 119] . 
Each oscillator covers one of the overlapping frequency bands, and the varactor or varac
tors in each oscillator cover the frequencies within one band. The disadvantages of os
cillator switching as tuning method are that much more chip area is needed and circuitry 
is needed to select and switch unused oscillators off, as well as circuitry that connects 
the selected oscillator to the blocks where its signal is used (a "multiplexer"). An advan
tage of oscillator switching is that the overall phase noise performance can be superior 
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:-"hen using multiple oscillators. Each oscillator can be optimized for maximum £Cfm) 
mdependent of the other oscillators. Activating and deactivating an oscillator can be as 
simple as switching a tail current on and off, and this can be easier to realize than makino 
high-quality switched capacitors at high frequencies. 

0 

6.2.2 Ring oscillators 

Tuning of a practical two-integrator oscillator (modeled by Figure 6.10) can be realized 
by varying the transconductance gm,, gma• capacitor C or resistor R, as indicated by (6.18). 
Tra?sconductance _gm, is normally used for tuning, similar to the ideal two-integrator 
o~c1llator_ model_ d1sc~ssed in Chapter 5. If the transconductances are implemented by 
bipolar d1fferent1al palfs, the frequency will vary linearly with the tail current. If MOS 
differential pairs are used in saturation, the frequency will be proportional to the square 
root o~ the tail current. Figure 6.37 shows the tuning behavior of a bipolar implementation 
~see F1gu~e 6.12) and ~he ~ffect of transistor parasitics. A large part of the nonlinearity 
is determmed by the d1ffus10n capacitance part of Cn, which is current dependent. Since 
gm, can be varied over a large range, the tuning range can easily be made more than an 
octave [229, 244], and can even span four decades [ 120]. 

If two-integrator oscillators operate in strongly nonlinear mode, linear equations such 
as (6.18) and (6.19) become invalid, and the frequency of the oscillator should be ex
pressed ~n terms of stage delay (see 5.14 on p. 90). In that case, similar to N-stage oscil
lators with N ?: 3, two-stage oscillators can be tuned by any means, which changes the 
stage delay 'rdelay• and several methods are discussed below. 

Ring oscillators (see Figure 6.15 on p. 119 for a behavioral model for N > 3) can be 
tuned ~n at le~st four different ways. The first two were already discussed in Ch-;;_pter 5. By 
changmg resistance R or capacitance C in Figure 6.15, the oscillation frequency changes. 
The third method is to change the delay in a practical stage by changing parasitic time
constants of the circuit implementation of transconductance gm in Figure 6.15. The fourth 
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Figure 6.38 Examples of resistive tuning in a stage using a negative controllable 
resistance (a) or MOS transistors in the triode region (b). 

possibility is to use two signal paths per stage with different delays, and summi~g t~e 
outputs of the separate paths with a controllable weighting factor. This latter techmque 1s 

called delay interpolation. 
Capacitive tuning can be realized using the techniques described in Sectio~ 6.2.1. The 

tuning range then is rather limited and nonlinear compared to the oth~r ava1labl~ te~h
niques for tuning ring oscillators. Capacitive tuning also limits the maximum osc1llat1on 
frequency, since a varactor with a certain minimum capacitance must be added. For these 
reasons, capacitive tuning is rarely used in combination with ring oscillators. 

If the transconductances in Figure 6.15 are implemented by bipolar differential pairs, 
for example, the parasitic delay (controlled by the tail current) can be used for tunin.g 
(see (6.28) on p. 122). However, the tuning range is very small, especially when 'rdetay is 
dominated by the stage output-time-constant determined by Rand C. 

Large linear tuning ranges are possible when employing resistive tuning. Tw~ exam
ples are given in Figure 6.38. The capacitors should be omitted in these circuit ~1~grams 
for a maximum oscillation frequency. In Figure 6.38(a), the cross-coupled pair imple
ments a negative resistance, which is in parallel with the collector resistors and input 
resistance of the next stage. Therefore, by varying /11111e the total resistance and thus the 
frequency is varied. A second possibility is shown in Figure 6.38(b). T~e PM?S t~a~
sistors operate as variable resistances controlled by Vrune in the triode region. Smee it IS 

not only the frequency that varies with both methods but also the gain in each stage, t~e 
amplitude level varies significantly over the tuning range. This means tha~ C(fm~ ~Ill 
also vary. By increasing ltevel in Figure 6.38(b) when Vru11e decreases, the swmg vanat1on 

across the tuning range can be decreased [ 121]. 
Figure 6.39 shows an example of ring oscillator tuning applying delay interpolation 

[37]. The differential pair controlled by V11111e determines the ratio of the output current of 

6.3. C(J,11) : LINEAR TIME-INVARIANT MODELING 

vtune 

fast 
path 

Figure 6.39 Bipolar implementation of a delay interpolation stage. 
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the fast and the slow path. The slow path has one additional delay compared to the fast 
path, implemented by a differential pair. 

Ring oscillators, just like LC oscillators can have large tuning constants (i .e a large 
Kvco or Kcco ). A large gain constant means severe requirements for the output noise of 
a VII-converter in front of a CCO, or for the maximum noise voltage on the input of a 
voltage controlled ring oscillator. Band-switching can reduce the tuning constant of ring 
oscillators, in the same way it can reduce the tuning constant of LC oscillators. Instead 
of switching capacitors with a MOS-transistor, switchable current sources are often used 
[229] . For example, the output current of a VII converter can be summed with the output 
of current DAC (iDAC) and this current controls the frequency of a ring oscillator [122]. 
Obviously, the price for a lower tuning constant is an increase in complexity; the current 
switches or iDAC must be controlled by some sort of tuning mechanism. 

In Appendix H, a number of ring oscillators reported in literature, and their relative 
tuning range are listed. Several ring oscillators achieve a relative tuning range of 80% or 
more, and most designs have a relative tuning range above 30%. 

6.3 £(/ m): linear time-invariant modeling 

One of the first phase noise models for oscillators was proposed by Leeson in 1966 [ 14]. 
Leeson's formula includes many characteristics of real oscillators, such as the -6 dB per 
octave decay of the phase noise sidebands close to the carrier. Since no formal proof was 
given by Leeson, and his formula includes a noise figure as a "fit" factor, this formula is 
generally considered to be heuristic. Since Leeson, many publications and phase noise 
theories have raised the understanding of phase noise generation mechanisms to a mature 
level. It is important to stress that in general, a time-varying theory is needed to predict 
oscillator phase noise accurately. Bias conditions vary significantly in an oscillator work-
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ing in strongly nonlinear mode and many nonlinear phase noise generation mechanisms 
will then add to the total oscillator phase noise. Nevertheless, many design insights pro
vided by recent phase noise theories [29, 31, 32, 97, 123), which include nonlinearity and 
time-varying aspects, can be estimated and explained using linear time-invariant (LTI) 
oscillator modeling. This notion is underlined by several publications reporting a reason
able match (less than 1-4 dB difference) between .C(fm) expressions obtained with linear 
modeling and .C(fm) measurements [26, 124, 125). Therefore, the phase noise to carrier 
ratio of LC and ring oscillators first will be analyzed using LTI modeling, followed by a 
discussion of neglected nonlinear and time-variant phase noise aspects in Section 6.4. 

6.3.1 LC oscillators 

The following .C(fm) calculations are based on the noise shaping theory for single-stage 
and multi-stage oscillators described in Section 3.4.1 on p. 54. Since this theory is de
rived at a system level, it allows a unified approach to £(f,") calculations of LC and ring 
oscillators (Section 6.3.2). The phase noise generated by noise shaping gives rise to a 
-6 dB/octave slope of the oscillator spectrum, which usually is the biggest part of the 

oscillator sideband (see Figure 4.3 on p. 68). 

Single-phase LC oscillators 

Consider the oscillator model in Figure 6.1 on p. 105. As shown in Appendix I, .C(f m) is 

equal to 
1 1 

(
F )2 ~ J OSC !II 

LLC(fm) = 2 · 4Q2 -f, --2-. ' 
P m 1carner 

(6.44) 

for this model in which i~arrier the squared rms carrier current. It is instructive to see 
whether we can rewrite (6.44) into Leeson's equation for the phase noise of an oscilla

tor [ 14) . Indeed if the noise factor F is defined as iJi / ( 4kT / R p) and PnF as i~arrier · RP' 

Leeson's equation appears: 

(6.45) 

The terms~ and i~arrier in (6.44) can be expanded if we assume an implementation of 
the transconductance gm (the active oscillator part) in Figure 6.1. Consider for example 
the bipolar and MOS LC oscillator shown in Figure 6.40. Both cross-coupled differential 
pairs have a tail current lcail and a transconductance of -g"'bi/J0 /2 and -gmMos/2 (see 

Section 3.4.2 on p. 58), respectively. The total noise~ current of the bipolar LC oscillator 

in Figure 6.40(a) is 
~ 

~ ~ t"bipo 4kT _ 4kT(~ l) 
!" ~ 2 + R - R 2 CXa/ + ' 

p p 

(6.46) 
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Figure 6.40 Bipolar (a) and NMOS cross-coupled LC oscillator (b). 

with P - 2kT/g . f 1 h b · · " bipo - mbipo ' 1 we neg ect t e ase resistance n01se and assume that current 

gain /30 » 1. In order to assure start-up of the oscillator, the transconductance -g . /2 
~)ways is lar~er than the value required to compensate all losses (1 / Rp). This i;~~ken 
mto ~cco~nt m (6.46) by the open loop gain a01. The factor a01 is one or larger and, in 
practice, m_ the range of two to five for self-limiting oscillators. Alternatively, a01 can be 
close to umty when an AG~loop is used to stabilize the oscillator amplitude. 

The total noise current i1z of the MOS LC oscillator in Figure 6.40(b) is 

-.2-
~ ~!"MOS 4kT _ 4kT(2 
ln ~ + -- - -- -a l + 1) 

2 Rp Rp 3 ° ' 
(6.47) 

i~ whic~ the factor 2/3 is only accurate for long-channel devices and can be significantly 
h1g~er m_ s~ort-channel devices [126]. Furthermore, (6.47) only holds when the differ
ential ~alf ~s op~rating _in the strong inversion region [127) . This equation also is an 
approx1mat10n since noise sources such as gate and bulk resistive noise are neglected. 
As can be seen from (6.46) and (6.47), the noise sources of a bipolar and MOS cross
coupled LC oscillator only differ by a small factor when using first order modeling. For 

completeness, ~t is int~res_ting to note that the total noise current iJi of the complementary 
CMOS LC oscillator m Figure 6.4(a) on p. 109 is also given by (6.47), if we assume that 
gmQn = gmQp in this circuit. 

. In the following forn_rnlas, :Vhere (6.44) will be further expanded, only .C(fm) of the 
?1polar cross-coupled pair of Figure 6.40(a) will be considered, but adaptation to a MOS 
Implementation is straightforward. 
. . The maximum peak carrier current of the bipolar differential pair is reached when 
It_ IS fully switching, and is equal to 2/ n · lcail. Note that this is 2lw;J for a Colpitts os
cillator [32), and 4 / n · frail for the complementary MOS LC oscillator in Figure 6.4(a). 
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Depending on the value for a
0
i, the oscillator may no longer switch at high fre~uencies , 

where transistor parasitics reduce the internal base voltages. To some extent this can be 
compensated by increasing a01. We will use 0e maximum carrier current as .a first or
der estimate. With icarrier = ( ./2/ n)ltail and i~ given by (6.46), LUm) of a bipolar LC 

oscillator becomes 

1 1 (fosc)
2 

kT(1aol + 1) 
LUm)bipo ~ 2 · Q 2 E R 2 J2. · p Jm P7i'f tail 

(6.48) 

Alternatively, TILC• the efficiency of converting DC power to RF power for an LC oscillator 

can be introduced 
PRF Rp i~arrier 

TILc=-= ' Poe 11auVCC 
(6.49) 

which means that LUm)bipo also can be denoted as 

1 l (fosc)
2

kT(1aol+1) 
LUm)bipo ~ 2. Q~ f m Tl Le Poe . 

(6.50) 

To determine how well (6.48) estimates the phase noise of a bipolar cross-coupled os
cillator, SpectreRF simulations were performed on an implementation of the oscillator in 
a 30 GHz fT bipolar technology, and with an ideal (nois~less) tai~ cu:rent source. Sp.ectr
eRF is a circuit simulator capable of phase noise simulations, which include all nonlinear 
effects in oscillators that will be discussed in Section 6.4. In practice, phase noise simu
lation results produced by SpectreRF show a good matching with measurements [246) : 

First transient simulations needed to be performed to determine the exact rms earner 
current i~arrier· In Figure 6.41 the simulation results are shown together with the approx
imation icarrier = ./2/ n · liail. The first simulation result is for a 0 1 = (gmbipo/2)Rp = 1.3 
and is equal to 24.9 µA. The differential pair is not yet switching, and the calculat~d 
i . of 45 µA therefore overestimates the actual carrier current. For larger aol • the dif-
carner · · 1 · 

ferential pair is practically switching, and the calculated icarrier matches with s1mu at1ons 

wel122 . 
Calculation and simulation results of L(lOOkHz), for the oscillator under discussion, 

are shown in Table 6.3 on p. 148. Column Lcalcl lists the results calculated with (6.48). 
Column L 

1 2 
lists the results calculated with (6.48), with icarrier = ./2/ n · lrail replaced 

ca c d" l h 
by the simulated icarrier from Figure 6.41. The last column of .Table 6.3 tsp ays t .e 
simulation results of SpectreRF. For a0 1 = 1.3, Lea/cl (lOOkHz) IS -89dBC/Hz, and is 
too optimistic simply because of the error in icarrier. shown in Figure 6.41. The :al.ue 
for Lca!c

2
(100kHz), using the simulated icarrim is within 1 dB accurate. When liail is in

creased the Lea/cl Um) becomes approximately identical to Lcalc2 Um), ?~cause ./2~ 'Tr· ~tail 
approximates actual icarrier accurately. For high a0 1 the differential pair is fully switching 

22 As Jong as saturation mechanisms or voltage limiting by v.cc do not limit the oscillation amplitude, the 
oscillator is in the current limited region, as is the case for the s1mulat1on results discussed. A further mcrease 
of a.

01 
eventually leads to operation in the voltage limited region (see Section 6.6) ~nd the calculation !carrier = 

.J2 / n . frail then overestimates the actual carrier current , because icarrier no longer IS a fun cu on of frail· 
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Figure 6.41 Calculated and simulated icarrier of the oscillator in Figure 6.40(a), 
versus a0 1. The oscillator's frequency is 1 GHz and its Qp is 10 
(Lp = 20nH and Rp = l.26kQ). It is implemented in a 30 GHz fT 
bipolar technology. 
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and the shot noise of the transistors reduces as the transistors switch on and off. In ad
dition, noise around harmonics folds back, but the shot noise reduction due to transistor 
switching is dominant. Both effects are covered by Section 6.4. Equation (6.48) estimates 
the phase noise over the full range of a0 1 from 1.3 up to 8.8 with an error less than 5.5 
dB_. For oscillators working in weakly nonlinear mode (small a01 ) it estimates the phase 
n.01se a~cur~tely wi~hin one dB, provided that the actual carrier current (e.g. obtained by 
simulation) is used m (6.48), instead of the approximation ./2/ n · frail· 

. A number of observations and remarks can be made regarding the preceding phase 
n01se equations obtained with linear modeling: 

0 Equations (6.44), (6.45), (6.48), and (6.50) all model the/-6 dB per octave slope 
(proportional to I/ f 2) of an oscillator. This slope continues for large offset fre
quencies until it hits the white noise floor of the physical resistors Ris and Res in 
Figure 6.2. In practice, the white noise floor is determined by buffers cascaded 
after the oscillator. Hence, the point where the oscillator sideband hits the white 
noise floor depends on the buffer design. The measurement equipment used to 
characterize an oscillator can also introduce a dominant white noise floor. 

0 ~rom (6.48) it is clear t~at a doubling of the Qp in principle gives 9 dB improvement 
m LUnz). The term QP contributes 6 dB, but Rp is also doubled, which accounts 
for 3 dB imp~vement. In practice, the improvement can also be 6 dB as indicated 
by (6.44). If i~ is dominated by device noise, the reduction by a factor two of the 
~ank noise source 4kT / Rp caused by the doubling of Rp is negligible, and LUm) 
improves by 6 dB if the quality factor is doubled . 
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Ir ail Lea/cl (lOOkHz) L calc2 ( 1 OOkHz) LSpectreRF( lOOkHz) 
µA dBc/Hz dBc/Hz dBc/Hz 

100 -89 -83.9 -83.7 
150 -91.8 -90.6 -91.2 
200 -93.7 -93. l -94.3 
300 -96.2 -96 -98 
400 -97.8 -97.6 -100.5 
500 -98.9 -98.8 -102.4 
600 -100 -100 -104 
700 -100.8 -100.8 -105.2 

Calculated and simulated (with SpectreRF) £(100kH_z) oft~ os
cillator in Figure 6.40(a) oscillating at 1 GHz and with Qp - 10, 
implemented in a 30 GHz fr bipolar technology. 

0 As one would intuitively expect, the phase noise is 3 dB lower i_f thew~oi~:~t~~ 
bl d ( (6 50)) Conceptually, this can be understood by puttmg t 

dou e see · · f like tuning range and center 
cal oscillators in parallel. In such ha case, pr?pdero~~ed Since the signal will add 

· nchanged but t e power 1s · . 
frequency remam u . , . 3 dB improvement in signal-to-noise is 
volt~ge-wise and the n~1~~:~~%~~~sse~l:ar, doubling of the power without chang
obtamed. ~owever'. as . a : two in arallel) can improve £Um) more than 3 
ing the oscillator rncuit (put~mg_ p 

1 
£ (lOOkHz) becomes as 

dB in a practical oscillator ClfCutt. For exam~ ~, Speer ref 300 A to 600 µA 
much as 6 dB better (see Table 6.3) when I1ail is mcreased rom µ 
(see also the final bullet of this list) . 

h I tt two conclusions and (6.44) it is clear that the quality factor and the 
0 From t e a er . . ed for a minimum £Um). This means that every 

~~~~1

0~~:t~~ st~~u;:s:~a:~~~~~~ctors, varactors, etcetera) should be optimized for 
minimal losses. 

. 1 1 d b (6 50) more accurate, the loaded 0 To make the phase noise estimate ca cu ate y . . h I d. b the 
. d . th. equation In practice t e oa mg y quality factor can be substitute m is. . h k d - ~h (6 13) on p. 108. 

. . b gligible and this can be c ec e w1 . 
active crrc~1t t~:ioa~e~equality factor of the oscillator in the discussed phase noise 
For examp e, . d f 10 t 1 GHz 
simulation example is approximately 9.9 mstea o , a . 

0 T; bl 6 3 makes clear that linear modeling with (6.48) provi?es a reason~e _esti~ 
a e . ) ut is too essimistic for large open loop gams. Spectre s1mu 

mate of £Um , b ~ "b f f the collector shot noise decreases for lations reveal that the relative contn u IOn o 

6.3. £Um): LINEAR TIME-INVARIANT MODELING 
149 

increasing nonlinear operation of LC oscillators. This effect (modulation of noise 
sources) will be discussed qualitatively and confirmed quantitatively in Section 6.4. 
In Section 6.4 noise folding will be discussed as well, which increases with in
creased nonlinearity [30] and adds to £Um). Table 6.3 shows that this effect is not 
dominant and that the total improvement of increasing a

01 
can clearly outweigh the 

negative effect of noise folding. If one only takes into account the effect of noise 
folding, one can come to the erroneous conclusion that a

0
1 should be kept small 

(e.g. close to 2) [93]. In practice, when generation of some harmonics is allowed, 
a significantly higher a0 1 should be chosen for optimum £Um) (as long as no other 
phase noise mechanism starts becoming dominant: eventually when frail and thus 
a0

1 is increased, the LC oscillator will enter the voltage limited region; see Section 
6.6). 

Multi-phase LC oscillators 

Consider the multi-phase oscillator model in Figure 6.5 on p. 110. As shown in Appendix 
I, £Um) for this model is equal to 

I 1 (lose) 
2 

N · ?[-, LNLC(/m) = 2 · 4 Q2 -/, -.2-. ' 
NLC m 1carner 

(6.51) 

where i;arrier is the squared rms carrier current and QNLC is approximately equal to 

QNLC ;:::;; N · Qp ·cos( tf>res), (6.52) 

with tf>res the LC resonator phase shift [241]. Equation (6.52) is a good approximation of a 
more complex expression given in Appendix I. It has an error less than I% for If> ranging 
from 0 to 70° [241]. At 80° and 89° the error is 3.8% and 70%, respectively. Equation 
(6.52) reaches its maximum when the phase shift tf>res of the resonator in each stage is 
zero. In that case, the maximum quality factor of an N-stage LC oscillator is 

(6.53) 

Intuitively this result could be expected, since an LC resonator has its maximum phase 
slope dlf>/dw at zero phase shift. Now the importance of the phase shifter with phase 
shift 8 in Figure 6.5 becomes clear. The quality factor of an N-stage multi-phase LC 
oscillator can be maximized by incorporating a phase shift 8 in each stage, with 8 equal 
to ± 180° / N. The value ± 180° / N follows from the phase condition for oscillation, and 
for this value tf>res = 0. The phase shift 8 can be deliberately implemented by a phase 
shifter, but can also be partly or completely implemented by parasitic phase shift of active 
devices, especially at high frequencies. 

Substitution of (6.52) in (6.51) yields 

LNLCUm);:::;; - · 2 2 - -.z-I 1 (losc)
2 

?[-, 
2 4 N · Qp COS ( tf>res) Im learner (6.54) 
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Figure 6.42 Quality factor QNLC versus the resonator phase shift, for Qp is 5,10 
and 20 and N = 2 (a). On the right, the degeneration of the ,C(f,,,) 
versus the resonator phase shift, for N = 2, Qp = 5, and for£(!,,,) 
proportional to Q-3 and Q-2 (b). 

In a similar way as was done for the single-phase LC oscillator, ~ and i~arrier can be 
expanded for a given N-stage LC oscillator topology. Since an N-stage LC oscillator 
consists of LC oscillator stages, the conclusions regarding phase noise in single-phase LC 
oscillators are also of importance for N-stage LC oscillators. Obviously, carrier power and 
quality factor should be maximized in a N-stage LC oscillator too for minimum £(!,,,). 
In addition to the remarks regarding phase noise in a single-phase LC oscillator, the fol
lowing remarks and conclusions can be made for a multi-phase LC oscillator: 

Q From (6.54) it follows that the resonator phase shift must be minimized for a mini
mum£(!,,,). This can be achieved by making the phase shift 8 equal to ±180° /N 
in an N-stage LC oscillator. Note that (6.54) is also valid for N = 1. Equation 
(6.54) with N = 1 is identical to (6.44), if the resonator phase shift </>res is zero. It 
follows that for a single phase oscillator, the phase shift of the active part should be 
minimized for a minimal£(!,,,). 

Q Figure 6.42(a) shows the QNLC as a function of the resonator phase shift </>res and the 
related degradation in £(!,,,) for a quadrature LC oscillator (N = 2). As mentioned 
during the discussion of the phase noise of a single phase oscillator, £(!,,,) can be 
proportional to 1 / Q2 or 1 / Q3 . Both cases are plotted in Figure 6.42(b ). At around 

p p d d . 45° and less, the degradation is smaller than 5 dB. For large </>res. the egra at10n 
can amount to more than 25 dB. Hence, the phase shift 8 in Figure 6.5 on p. 110, 
which takes care of the required phase shift per section (±180° /N) to obey the 
phase condition for oscillation at </>res = 0, is needed for optimal performance. At 
high frequencies, where the parasitic phase shift of the active devices is relatively 
large, part of the required phase shift per section can be provided by these devices. 
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0 Equation (6.54) indicates that ,CNLC(fm) improves by 3 dB, each time the number 
of stages is doubled. However, this improvement comes at the expense of an N
times increase in power. Therefore, given the same power budget, the achievable 
£Le(!,,,) is in principle identical to ,CNLC(f,,,). 

0 The phase shifters in Figure 6.5 on p. 110 when given a phase shift e = ± 180° / N, 
lower the risk of spurious oscillation in a multi-phase LC oscillator. If the LC res
onators in each oscillator stage are not at zero phase shift, more than one oscillation 
mode will exist as explained on p. 112, which can cause multi-oscillation and can 
hamper proper operation of the circuit. If and when this phenomenon occurs, de
pends on the value of the coupling current and the degree of nonlinearity in the 
multi-phase LC oscillator [169). 

. In Appendix G the measured £(!,,,) of a large number of LC oscillators is listed, giv
mg the reader a good impression about what has been realized for various power budgets, 
resonator quality factors and IC technologies. 

Quadrature LC oscillator implementation example 

Two-stage l/Q LC oscillators are optimally coupled if each stage is connected with a 
phase shift of ±90°. An example of a l/Q oscillator with phase shifters is shown in Figure 
6.43 [_247). The fixed phase shifters previously discussed on p. 140 are used to couple the 
two smgle-phase LC stages, and thus to realize zero resonator phase shift operation for 
each resonator. 

The l/Q LC oscillator is implemented in a BiCMOS process with a 30 GHz cut-off 
frequency UT) [ 128). Supply voltage V CC was set to 2. 7 V and lievel was set to 1.44 
mA. The two inductors in each stage in Figure 6.43 are implemented as one balanced 
coil with a center tap, which is connected to VCC. Constraints in design time led to the 
reuse of a well-characterized resonator. At 5 GHz the quality factor (Q ) of this resonator 
is only 4 because the resonator was optimized for lower frequencies~ Furthermore, its 
larg~ parasitic capacitance reduces the effective tuning range of the PN-type varactors. 
Obv10usl~, a resonator with higher Qp and lower parasitics will improve ,C(j,,,) as well 
as the tunmg range. For example, an optimally coupled 1.57 GHz l/Q oscillator has been 
reported with a Qp of 20 achieving£( 600 kHz) = -130.5 dBc/Hz and a tunino range of 
24 % [174). 0 

To obtain a value for the£(!,,,) of the l/Q LC oscillator, the circuit simulator Spectre
RF was used. At 5 GHz the simulated £(2MHz) is about-114 dBc/Hz. This figure was 
compared with £(!,,,) of the same bipolar design, but coupled without phase shifters (i.e, 
coupling as is realized in the MOS implementation of Figure 6.9). Phase noise simulations 
showed a degradation of 4.3 dB at 5 GHz compared to the implementation of Figure 6.43. 
Even at 5 GHz and with a moderate resonator quality factor Q , the proposed architecture 
with phase shifters has improved performance in compariso: to conventionally coupled 
l/Q LC oscillators. 
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Figure 6.43 Simplified circuit diagram of realized I/Q LC oscillator with phase 
shifters. 

Figure 6.44 Die photo of the 5 GHz l/Q LC oscillator with phase shifters. 

Figure 6.44 shows a micrograph of the l/Q LC oscillator with phase shifters. The 
active chip area is 1450 µmx 2280 µm and the VCO core dissipation is 21.2 mW with a 
supply voltage of 2.7 V. 

Measurement results of the oscillation frequency and £(2 MHz) versus varactor tun
ing voltage Viune are shown in Figure 6.45. The £(2 MHz) is better than -113 dBc/Hz 
over the complete tuning range, and the phase noise simulation result of -114 dBc/Hz 
matches well with the measurements. Measurements of £(2MHz) and the tuning range 
were performed using a spectrum analyzer. 
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Figure 6.45 Frequency and £(2 MHz) versus the tuning voltage Vrune· 

The £(/m) measurements performed with a spectrum analyzer were verified with a 
phase noise sideband measurement set-up based on the HP 3048. The measurement ac
curacy of this set-up is ±2dB. Figure 6.46 shows the measured phase noise sideband of 
the l/Q LC oscillator at an oscillation frequency of 4.9 GHz. 

Quadr at u r e LC o s cillator wi t h pha s eshif t e r s 
-"'IOHP 3048A Carrier : 4.SE+S Hz 
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Figure 6.46 £(/m) versus the offset frequency fm· The carrier frequency is 4.9 
GHz. 

6.3.2 Ring oscillators 

For the analysis of phase noise in ring oscillators the same route will be followed as was 
followed for LC oscillators. Based on the noise shaping theory for single-stage and multi
stage oscillators described in Section 3.4. l on p. 54, £(/m) of the two-integrator oscillator 
and N-stage ring oscillators, with N 2: 3, are derived in Appendix J. 
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For the two-integrator oscillator model in Figure 6.10 on p. 114, C(fm) is equal to 

1 1 (Jose ) 
2 

2 · i?; 
Lrwo-i111Cfm) = l · 4 -J, -.2-.-, 

m 1carner 
(6.55) 

with quality factor Qrwo- im = 1. Note that factor two in front of i?; takes care of modeling 
the noise of both stages of the oscillator. 

As shown in Appendix J, £(!111 ) of the N-stage ring oscillator model in Figure 6.15 

on p. 119 can be written as 

LNringCfm) = ~ · 
4
Q; . (J.J,ose )

2 

-.~-· -;-_·~ , 
Nrmg m 1carrier 

(6.56) 

in which QNring becomes [242], 

1 . ( 1T:) 
QNring = l N Sill N · (6.57) 

When N goes to infinity, QNring reaches its maximum23 n:/2. Since QNring = 1forN=2 
and (6.57) is for N = 2 identical to (6.56), (6.56) describes the phase noise to carrier 
ratio due to noise shaping in ring oscillators for N ::'.': 2, and after substitution of (6.57) is 

becomes, 

[, ( ) l 1 (J.J.omsc) 
2 

i?; ring fm = 2. Nsin2 (NII) -.2--1earrier 
(6.58) 

When a specific ring oscillator topology is chosen, i?; in (6.58) can be expanded. For 
example, for the CML stage from Figure 6.16(a), the differentia124 output noise current i?; 
is 

~ 1 4kT 
ln :::::J 2(2qlrau + Re ), (6.59) 

if we take only transistor shot noise into account. For a source coupled differential NMOS 
stage with PMOS loads working in the triode region (see Figure 6.16(b)), i?; is equal to 

- l 2 
i~ :::::J 2(34kTgmQn +4kTg,,,Qp). (6.60) 

Note that the factor 2/3 in (6.60) is only valid for long-channel MOS devices and can 
be significantly larger for short-channel devices (for example, this factor is about 2.5 for 

some 0.25 µm MOS devices [83]). 

23Note that this value is obtained by linear modeling. An effective Q can be defined, which includes the phase 
noise reducing effect of fast switching and voltage clipping in ring oscillators: Q,ff = 9 / 8) ( nVpp} / (2V DD} , 
with Vpp the peak to peak voltage swing [129, 130]. For a modern 0.18 µm CMOS process an effective Q of 

about 3.6 is predicted for a fully switching ring oscillator at 900 MHz [129]. 
24 We define the rms current icarrier differentially. For example, if the rms output voltage of the CML stage is 

Vcarrier. then icarrier = Vcarrier/(2 · (Re \\ (jwCL)- 1)) if we neglect transistor parasitics. This is consistent with 

the definition of the rms carrier current in LC oscillators. 
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. Equation (6.59) -and (6.60) in a similar way- can be expressed in terms of open loop 
gam a0 1,;ng, Re and N as 

(6.61) 

with ao1,;ng in an N-stage CML ring oscillator equal to 

(6.62) 

Anal??ous to the open loop .gai~ a0! in LC oscillators, a01,;,,8 
is unity when the gain 

cond1t1on for steady-state osc11Iat10n 1s met. If we introduce the efficiency for the CML 
ring oscillator as 

R ·2 R ·2 
1J . - c1carrier _ e1carrier 

rmg - lrauVCC Poc/N ' 
(6.63) 

and substitute this definition and (6.61) in (6.58), we arrive at the following approximation 
for CCfm) of a CML ring oscillator: 

r (f,) 1 1 (!osc ) 2 2kT(~a01,;ng \/I+tan2 (n:/N)+l) 
'-CML m :::::J l · 2 -

sin ( N) f m 1Jri11gPDC · 
(6.64) 

Equation \6.64) has been evaluated for a 3-stage CML ring oscillator implemented in 30 
~Hz f~ bipolar process for a0 1,;ng ranging from 1.2 to 8 and compared with SpectreRF 
s1mulattons. For all loop gain values, the difference between predictions made by (6.64) 
and the simulation results were found to be smaller than 5 dB. 

A number of conclusions and remarks can be made about the derived equations for 
ring oscillators: 

0 Eq~ation (6.5~) models the -6 dB per octave slope (proportional to 1/ j 2) of a ring 
oscillator. This slope continues for large offset frequencies until it hits the white 
noise floor. In practice, this white noise floor is determined by buffers cascaded 
after the oscillator. 

0 Similar t? L~ oscillators, the phase noise becomes 3 dB lower if the power is dou
bled, which ts expressed by (6.64). If two identical ring oscillators are combined 
the phase noise lowers 3 dB, since the carrier adds correlatedly and the noise add~ 
uncorrelatedly. 

0 The quality factor can be slightly improved by increasing the number of stages 
N. However, when N is increased, the number of noise sources and the power 
dissipation are increased as well. 

0 s .ince the quality factor of ring oscillators varies between unity (two-integrator os
cillator) and rr/2 (N-stage ring oscillator with an infinite number of stages), it is 
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clear that LC oscillators have superior phase noise for a given power budget. Com
pare for example (6.64) with (6.50) on p. 146. In practice, Qp at 1 or 2 GHz of 
integrated resonators is in the range of 4 to 20 (see for example Table G. l on p. 
263), and depends on the resonator technology, whereas Qring is technology inde
pendent. In other words, given a certain C(fm) specification, the power dissipation 
in a ring oscillator is much higher than in an LC oscillator. 

O Equation (6.64) suggests that a minimum number of stages is optimal for minimum 
C(fnz). It is better to spend power to improve C(fm) in a short ring oscillator, than 
to add more stages. For instance, for a large open loop gain, (6.64) predicts that 
a 3-stage CML ring oscillator can have a 2.3 dB better phase noise performance 
than a 6-stage CML ring oscillator, for the same amount of power. Note that since 
we use linear modeling a number of effects, such as down-conversion of noise, are 
not included and that this figure only is a first order approximation. However, as 
we will note in the following section, nonlinear phase noise modeling shows that 
a minimum number of stages is indeed optimal for optimum C(fm) in differential 
ring oscillators. The two-integrator and other two-stage ring oscillators represent 
this optimum case (and give the highest oscillation frequency as well), although the 
difference in C(fm) in dBs compared to a 3-stage ring oscillator is small. 

O One linear phase noise mechanism (which can also be nonlinear and is therefore 
also discussed in Section 6.4), other than the modeled noise shaping, has not been 
mentioned yet: AM-to-PM conversion. Consider, for example, the two-integrator 
oscillator in Figure 6.12 on p. 117. If current source fum e has amplitude noise this 
will result in a modulation of the frequency. The frequency of the two-integrator 
oscillator is determined by the 0 dB point of the gain characteristic, the gain varies 
due to a noisy ltLme and thus phase noise is generated. By proper design (e.g. using 
low-noise current sources with sufficient degeneration), AM-to-PM can be reduced 
such that noise shaping is the dominant phase noise generation mechanism. 

In Appendix H the measured C(f m) of a number of ring oscillators is listed, which 
gives a good impression of what has been realized for various numbers of ring oscillator 
stages, power budgets and IC technologies. 

6.4 £(fm): linear time-variant and nonlinear modeling 

The majority of oscillators in integrated transceivers use self-limiting as an amplitude sta
bilizing mechanism and the active devices of these oscillators work in strongly nonlinear 
mode. With an AGC the output voltage swing oscillators can be limited to the linear 
operating region of the active circuits in the oscillator. However, practical oscillators in 
transceivers often operate in the strongly nonlinear region. Nonlinear operation can lead 
to phase noise improvement. For example, on p. 148 in Table 6.3, we saw a reduction 
of active device noise in a bipolar LC oscillator due the dependence of the transistor shot 
noise on the switching collector current. 
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Intuitively one can understand that design insights concerning the minimization of 
~Um) obtained with linear modeling, such as maximization of the signal power and qual
ity factor (and thus operation at zero resonator phase shift), and minimization of noise 
sources, are still valid for practical nonlinear oscillators. However, due to the presence 
of additional phase noise reduction and generation mechanisms, and the time-varying 
character of all bias points in the oscillator, linear modeling is not suitable to explain 
all phenomena occurring in oscillators that influence C(fm). Most important nonlinear 
and time-variant C(fm) considerations will first be discussed qualitatively. Next, sev
era~ phase nois~ th~ories, which provide accurate quantitative predictions of C(fm) in 
oscillators working m strongly nonlinear mode, will be briefly discussed. These theories 
will extend the design insights concerning phase noise minimization obtained with linear 
modeling. 

6.4.1 Qualitative analysis 

The most important time-variant and nonlinear mechanisms influencing achievable C(fm) 
are the following: 

0 Up-conversion of noise 

The I/ /-noise of the devices in the oscillator core contribute to C(fm) via up
conversion. This is illustrated in Figure 6.47. For example, in the case of an LC 
oscillator with a cross-coupled pair, the transistors may be fully switching on and 
off and will mix the low frequency noise to Wosc and higher harmonics. As dis
cussed later, the 1/ /-noise corner of the devices in the oscillator does not have to 
coincide with the 1 //-noise corner / 1; / (see Figure 4.3 on p. 68) of the oscillator 
spectrum. 

0 AM-PM conversion 

This phase noise generation mechanism can be explained by considering an LC 
oscillator (e.g. Figure 6.3) with tail current l1ail· The transistor that implements 
the tail current source has 1/ /-noise. In the first instance, this 1/ /-noise only 
causes AM-modulation. However, nonlinear junction capacitances and especially 
varactors with high tuning slopes convert the AM noise into PM noise. The C(fm) 
resulting from AM-PM conversion due to the varactor slope can be expressed using 
modulation theory. Substitution of o/2 = KJ. if, . in (4.9) on p. 71, and taking 
N BW = I Hz yields rat1 rail 

K 2 r 
I' (J, ) lraU llraif 

J.., m = 
2/~ 

(6.65) 

in which K1,0 ;1 is the sensitivity of the oscillation frequency for tail current varia

tions in Hz/ A, and if, . is the noise of the tail current source in A 2 /Hz If AM 
tail nns . 

to PM conversion is dominant, the contribution of this effect can be lowered by 
adding fixed linear capacitance (and lowering the tank inductance or the varactor 
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Figure 6.47 Up and down-converted noise add to the total C(f m) . 

capacitance to keep the same oscillation frequency). ~owering the .varactor capaci
tance also lowers the available tuning range. Alternatively, the tunmg range can be 
divided into multiple bands, which lowers the varactor slope within one band, as 
discussed on p. 130. Flicker noise originating from NMOS tail current ~ources can 
be reduced for a given W / L ratio by implementing the current source with a PMOS 
device: since they have an inherently lower flicker noise compared to NMOS de-

vices [175). 

O Down-conversion of noise 
Similar to up-conversion , the noise at higher harmonics of Wosc contributes to the 
total phase noise at Wosc due to down-conversion or inter-modulation betwee~ the 
carrier and the wide-band noise at multiples of the oscillation frequency (Figure 
6.4 7). This mechanism is also referred to as noise folding [30). T~e numb~r of har
monics that should be taken into account for an accurate estimation of this mech
anism to the total C(fm) depends on the bandwidth of the active devices and the 
frequency of operation and the degree of non-li~ear ?ehavior_<e·~· sinusoidal wave
form or square-wave waveform). In practice, 1f n01se contnbutions up to the fifth 

harmonic are included, results are sufficiently accurate. 

Tail current noise in LC oscillators at 2Wosc is an example of noise that contributes 
to the phase noise at Wosc [ 171]. A useful technique to reduce this contr~bution is 
to filter the tail current noise at 2Wosc by connecting the output of the tail current 
source via a series inductor to the VCO core, and at the same time with a capac
itor to ground [171] . This way, the noise has a low-ohmic path to ~r?und and a 
high-ohmic path to the oscillator core without disturbing the DC cond1t10ns. Alter-
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natively, inductive degeneration can be an excellent method to lower phase noise 
generated by the tail current source [ 131]. 

0 Modulation of noise sources 

In contrast to noise generated by resistors, which is stationary, the channel noise 
of a MOS transistor and the shot noise (base and collector) of a bipolar transistor 
are cyclo-stationary. The amplitude of the noise of the latter two sources varies 
sin~e the current th~ough these devices varies significantly every oscillation period'. 
Thi~ must be taken mto account for accurate £Cfm) predictions. Interestingly, mod
ulation of the drain current in MOS transistors by switching them on and off, can 
reduce the 1 / f noise generated by MOS transistors considerably [85). 

0 Saturation effects 

The oscillator designer usually tries to maximize the carrier level to maximize 
CCfm). This results in a large voltage swing across the varactors and active de
vic~s in the oscillator. Phase noise performance can degrade by many dBs if the 
oscillator enters the voltage limited region (see Section 6.6) during the oscillation 
period, or, in other words, if the oscillation amplitude is no longer tail current lim
ited. In addition, if tuning diodes are used, these should be used in the reverse 
region only, to minimize their leakage currents and noise contribution. On the other 
ha~d , t?o high a reverse voltage can put the tuning diode in the avalanche region, 
which 1s a very noisy and bad region for operation as well. 

6.4.2 Quantitative analysis 

~here are several phase noise theories that take into account the time-varying and non
hnear character of practical oscillators. First, two theories will be briefly discussed that 
were developed for a cross-coupled LC oscillator and for LC oscillators in general (but 
demon~trat~d on a Colpitts LC oscillator), respectively. Next, a generalized phase noise 
theory 1s discussed together with some important design implications that follow from 
this theory. 

Phase noise in cross-coupled LC oscillators 

In [31], the CCfm) of a cross-coupled MOS LC oscillator is investigated taking into ac
count r~sonat?r noise, t~il ~urrent noise, and the noise of the differential pair, assuming 
the oscillator IS fully sw1tchmg. The switching action of the differential pair causes down
conversion of noise from harmonics, contributing to the phase noise at the fundamental. 
It als~ causes periodic m.odulation of the noise sources of the transistors; these will only 
contnbute to the total noise when they are on. The time window when the transistors are 
on .is set b~ the ~ail current frail and the slope of the output waveform at the zero crossings. 
This cons1derat1on and the calculations of the noise influence of the tail current transistor 
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lead to the following noise figure for a switching LC oscillator [ 171] 

4yRplrail 8 
F = 1 + rrVo + Y9gm,auRP, (6.66) 

with V0 the peak voltage across the resonator, gmrail the transconductance of the tail current 
source, and y the noise factor of a MOS transistor in saturation, as mentioned, typically 
2/3 for a long-channel MOS. This noise figure can be used for £Um) predictions in 
Leeson's equation, (6.45) on p. 144. 

Equation (6.66) allows us to explain the difference between £(J,11 ) predictions based 
on (6.48), and the simulations results in Table 6.3 on p. 148, for high open loop gains (thus 
when the oscillator is switching). Although (6.66) was derived for a MOS oscillator, its 
underlying theory is technology independent, and we can also apply it to bipolar cross
coupled LC oscillators. Multiplication of (6.66) with 4kT / Rp and taking y = 1 /2 (which 
follows from comparing (6.46) with (6.47)), yields the noise current of a switching bipolar 
cross-coupled LC oscillator 

~,...., 4kT ( 2Rplrail l) 
111 

,...., Rp rrVo + ' (6.67) 

assuming an ideal tail current source (gm,a;t = 0). As we saw in Table 6.3, for a0 1 = 8.8 
the £Um) prediction by (6.48) of -100.8 dBc/Hz was about 5 dB too pessimistic. If we 
use (6.67) to model~ in (6.48), i.e. replacing (1/2 · a0 1+1) by (2Rpltai1/(nV0 ) + 1) 
in (6.48), £(100 kHz)bipo approximately becomes -106.3 dBc/Hz for a 0 1 = 8.8. This 
matches closely with the simulated value of -105.2 dBc/Hz, in the last row of Table 6.3. 

Phase noise in a single-ended Colpitts oscillator 

By thorough analysis involving Fourier theory and Taylor expansion, the £(f,11 ) of LC 
oscillators can be exactly calculated as shown in [33]. The analysis takes the time-varying 
character of all bias currents into account and does not assume the presence of some 
form of instantaneous AGC. As a result, this phase noise modeling approach also takes 
into account the fact that transistor noise sources are affected by the the duty cycle in 
which the transistor conducts current (noise modulation). A MOS Colpitts oscillator (see 
Figure 2.lO(a) on p. 26 for the circuit diagram of a bipolar Colpitts oscillator) is used 
as an example to illustrate how additive noise converts into phase noise. The derivation 
of £(J,,,) of the Colpitts oscillator is quite extensive, and extension to other types of 
LC oscillator may not be trivial. Nevertheless, in principle this calculation method of 
£Um) for LC oscillators, with active devices working in the strongly nonlinear region, 
is also applicable to other types of LC oscillators. For more details and the closed form 
expression of .L(f,11 ) for a Colpitts oscillator the reader is referred to [32], as the phase 
noise theory is extensively explained in this paper. 

A generalized phase noise theory 

Until now, we have not discussed a phase noise theory yet that also is capable of accurate 
£Um) predictions in ring oscillators working in strongly nonlinear mode. The general-
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Figure 6.48 Ex~mples of the shape of the ISF of an LC oscillator (a) and a ring 
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dunng trans1t10ns. 

161 

ized phas~ noise ~heory proposed in [29, 123], can in principle model the phase noise in 
a~y electncal oscillator and provides a number of important design insights Th · 
d ffi b h 1. . e major 
. 1. er~nce et~een t e rnear £Um) modeling performed in Section 6.3 and this model, 
IS Its t1me-v~ryrng nature. It also assumes linearity, not for the total oscillator, but only as 
far as the no1~e-to-phase tr.ans~er function is concerned [132]. The linear relation between 
thes~ two ~anables, the noise (rnput variable) and the phase (output), can be easily verified 
by simula~1on [29]. In other words, the oscillator is modeled as a linear, but periodically 
time-varyrng (LTV) system. 

ISFT~ heart of t~e generalized phase n?ise theory is the impulse sensitivity function 
( ) ( Wosct), w~1ch mode!s the ph~se shift A<f> occurring as a result of a voltage variation 
AV across a node rn the oscillator with a node capacitance c [214] 

node , 

(6.68) 

with Vswing the peak voltage swing across the capacitor and q = c v: . Th ISF 
f . r( ) . . . max 11ode swmg· e 
unction Wosct therefore 1s t1me-varymg and is periodic in 2rr. The shape of a t · I 
IS~ of LC and ring oscillators is shown in Figure 6.48(a) and (b), respectively. I/:r~=r 
to ~nclude the .e~ect of m?dulation for noise sources, the cyclo-stationary effect of these 
noise sources is rncluded rn the LTV model by multiplication of q Wosct) with a( Wosct), 

reff( Wosct) = r( Wosct)a( Wosct), (6.69) 

where a(w t) · · d' · . os.c is a peno 1c unitless function with a peak value of unity [132]. For 
~~tIOnary noise sources a( Wosct) simply is unity throughout the whole oscillation period. 

e rms value ofreff, r rms can be found by evaluation of 

2 1 f 2
7r 

r rms = 2rr lo r;ff(x)dx. (6.70) 

It can be shown that .C Um) can be written in terms of r~s as [214], 

.C(J,n) = _21 2 . _1_ . V (f2 .r2 ) 
8rr J, q2 LJ 11 rms,n · 

m max n 
(6.71) 
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Obviously, accurate determination of r~s is vital for the accuracy of .C(fm) predictions 
with this equation. Determination of the ISF is most straightforwardly performed by 
replacing the noise sources in an oscillator with impulsive sources of small width (charge) 
and measuring the resultant phase shift25 . Repeating this process by injecting the impulse 
at various times during a period and measuring the resultant phase shift allows the ISF 
to be calculated [97]. This method is the most accurate one and can be performed using 
circuit simulators. Two other methods that yield an approximation of the ISF are described 
in [29]. 

Linear modeling is incapable of predicting the 1/ !-noise corner f 1; 1 of phase noise 
sidebands (see Figure 4.3 on p. 68), and therefore we ignored this part of the oscillator 
spectrum so far. One major contribution of the phase noise model proposed in [29] is its 
ability to predict f 1; 1 . If we define fl /I - device as the 1/ f noise corner of a device in the 
oscillator, then f 1; 1 as a result of the noise generated by this device can be written as 

roe 
( )

2 

!1 11 = !111-device . r rms ' (6.72) 

in which roe is equal to 
l {211: 

roe= 2n: lo r eff(x)dx. (6.73) 

As explained in [29], the value of roe is closely related to the symmetry properties of 
the waveform of the oscillator. Especially the rise and fall times are important. If they 
differ substantially this results in a large roe value and a large ! 111· In other words, 
symmetry in rise and fall times can reduce Ji ; 1 significantly. The push-pull configuration 
of the complementary MOS LC oscillator in Figure 6.4(a) on p. 109 has received renewed 
interest because of this design insight. As symmetry is important for each noise source, 
every half-circuit of the oscillator should be as symmetrical as possible. Through proper 
sizing of the PMOS and NMOS transistor, the complementary oscillator can have a very 
low value of r oc value and thus a very low f 1; I corner. 

For a detailed discussion on the general phase noise theory and analytical expressions 
of the phase noise in specific LC and ring oscillator topologies, the reader is referred 
to [97]. Here we close the discussion on this specific phase noise theory with two impor
tant remarks. First, the insights regarding .C(fm) optimization, obtained with the linear 
behavioral models (LTI models) used in Section 6.3, are confirmed by the LTV model 
proposed in [29] . The carrier in an oscillator should be maximized as well as the res
onator quality factor, resonator phase shift should be close to zero or, better, zero, and the 
number of stages in differential ring oscillators should be kept to a minimum26. Second, 
the LTV model provides the design insight that energy sustaining the oscillation in an os
cillator should be restored impulsively during a cycle when the ISF is at its minimum. It 
is at this point that the oscillator is the least sensitive to the impulse of noisy energy. In a 
Colpitts oscillator the ISF can be minimized at the point where the core transistor delivers 

25 Injecting a very large charge would violate the linearity assumption between the injected charge and the 
phase. If the injected charge is doubled, the observed phase deviation should also double. 

26For single-ended ring oscillator topologies the LTV model predicts no dependence of £(fm) on N [214). 

6.5. WAVEFORM 
163 

t 
vout I tail - 0.32 mA 

[VJ 

t 
v out 

[VJ 

t 
vout 

[VJ 

-0.2 ' ' ' ' ' 
' ' ' ' 

' 
' ' ' 

' 
' ' 

-0.8 ' / '\. ,,' \ \ , \ \ ... _ ' ... _ , 

-o~~[JT~ 
52n 53n 54n 55n 

t[s] -

I tail - 0.95 mA 

I tail - 1.9 mA 

Figure 6.49 Simulated output volta~e of bipolar cross-coupled pair LC oscilla-
tor for three different tail currents and with V CC= 3 v Th ·1 
1 . e OSCI -
ator runs at 1 GHz. QP = 10 and Rp = I .25 kQ. 

~n~rgy to the re~onator, whereas a normal cross-coupled pair has the disadvantage that it 
e Ivers energy m a range where the ISF varies between zero and maxi'mum E 1 ·t· 

the " · h 'f · " b h · · xp OJ mg 
. n01se-s I tmg e av1or of the Colpitts oscillator27, a 2.1 GHz differential Col itts 

~sclllator has bee~ demonstrated with a core dissipation of 10 mW, an inductor qu~lity 
actor of 6, and with a £(3 MHz) of -138.2dBc/Hz [176]. 

6.5 Waveform 

~v~.~~e;n technol~gies where fT's of 30 GHz up to 100 GHz in standard Bipo-
' I . or sub-micron CMOS can be achieved, and the frequency ran e of man 

::nsce1vers (see for .example.~able 4.1 on p. 65), the waveform generated byg oscillator~ 
?er normal operatmg cond1t10ns approximate the waveforms discussed in Section 5 3 

quite we~!. Ho"."ever, for.frequencies say beyond 115 of the fT, it is much harder to make 
~he transistors m an oscillator core switch. The oscillation voltage swing on a gate or 
. ase may be muc.h .l~rger than the voltage required at low frequencies for switchin but 
l~ternal voltage d1v1s10n may prevent a device from fully reaching the on or off state gF 
~h er_more, the bandwidth limiting effect of parasitics of the active and passive devic~ p~~ 

e mter~onn~ct reduce the harmonic content of the current and voltages in an oscillator 
th :ract1cal is~ues such as the limiting effect of the supply voltage, PN-junctions enterin~ 
re e. orward region or M?S transistors, which should stay in saturation, entering the linear 
vof on, can hav~ a huge imp~ct on t.he oscillator waveform. Figure 6.49 shows the out ut 

tage of the bipolar LC osc11lator implementation of Figure 6 3 on p 107 c · ~ . . , 1or mcreasmg 
27 

And the fact that its maximum tank amplitude is 2/ . R 
bias P· 
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Figure 6.50 Simulated drain current of one transistor in a NMOS cross-coupled 

pair LC oscillator for three different tail currents and with V DD = 
1.8 V. The oscillator runs at 1 GHz. Qp = 10 and R p = 1.25 kQ. 

tail current. The output voltage of the oscillator is approximately 2/ n · IrauRp for liail = 
0.32mA. For a tail current of 1.9 mA, the collector-base junction starts limiting the output 
voltage, as is evident from the flat tops of Vout in Figure 6.49. Since this junction starts 
conducting current, one can imagine that this not a good operating point for optimum 

.C(f m) performance. 

In Figure 6.50 the simulated drain current of one of the two transistors in the NMOS 
LC oscillator from Figure 6.4 on p. 109 is plotted for three tail current values. For a tail 
current of 0.66 mA the drain current approximates a square wave quite well. When the 
tail current is increased and v0 111 starts approaching 2 V DD, the NMOS pair enters the 
linear region for a certain period when Vout peaks, which results in the dip in the drain 
current. As will be explained in Section 6.6, the oscillator now operates in the voltage 
limited region. The simulated oscillator has a Qp of 10. Because the transconductance 
is reduced for high tail currents (and not the voltage is limited as was the case in Figure 
6.49), the output voltage waveforms, corresponding to the drain currents of Figure 6.50, 
approximate ideal sine waves. Hence, looking only at the voltage waveform in a high Q 
oscillator may not directly reveal whether the oscillator has entered the voltage limited 

region. 

Circuit topologies, which allow the designer to improve the symmetry of the wave
form generated by the oscillator, should be used if a low f 1; f is important for the applica
tion. Symmetric waveforms yield a low roe and therefore a low !1 /f (see (6.72)). 
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6.6 Carrier amplitude and power 

The carrier amplitude and carrier power in LC and ring oscillators depend on many fac
tors an~ can ?nly be obtained accurately with simulation. Among other things, these 
factors m a g1ve_n topolog~ in~lude the region of operation (linear28 , weakly nonlinear, 
or strongl_y_ nonlmear), osclllat1on frequency, implementation technology, transistor size 
and parasitics. Provided that the oscillator is switching and is in normal operation mode 
(e.g. no voltage limiting), the carrier current can be approximated with a square wave and 
first order approximations, similar to the ones given for single-ended behavioral models 
in Table 5.1 on p. 102 can be used. In Section 6.3 we approximated the output voltage 
Vout ?fa ("non-complementary") cross-coupled LC oscillator as 2/ n · Irai/Rp, whereas the 
maximum output voltage of the complementary LC oscillator on p. 109 is 4/n . I . R 
A 

h' hf . . . tail p· 
t 1g requenc1es, the earner current 1s better approximated by a sinusoidal waveform 

due to the limited bandwidth of the transistors in an oscillator. For the above-mentioned 
o~ci~lators _ thi~ mean_s that v0 ,,1 is approximately 1/2 · IrailRp and frail Rp , respectively. 
Similarly: m nng oscillator~ v0,,1 can be approximated by Iiail · (R II (jwC)- 1 ), with Rand 
C the resistance and capacitance seen at one single-ended node of a ring oscillator stage 
(e.g. Re and CL in Figure 6.16(a) on p. 121). 

In the above-mentioned oscillators, the carrier current and therefore the carrier am
plit~de is a function ~f one ~ail current. In multi-phase LC oscillators, two-integrator 
oscillators and many nng oscillator topologies this is not the case. Here the total carrier 
current consists of a sum of various currents that must be summed to find the total current 
taki_ng int~ ac~ount the relative phase of each current. Consider, for example, the l/Q LC 
oscillator m Figure 6.9 on p. 113. If we assume that transistors Qnc and Q,,1 are identical 
and have n~ parasitic phase s~ift, the differential carrier current contributed by the cross
coupled palf_ (2/ n · h , assummg the stage is switching) is 90° out of phase with carrier 
current provided by the coupling transistors. The total peak carrier current therefore is 

2/ n · J if_+ I'?:, assuming all transistors are switching. For an arbitrary angle </> between 

the two currents, the maximum peak carrier current I peak can be written as [100] 

lpeak = 2/n · J1f +It+ 2hlecos</>. (6.74) 

For an optimall~ coupled29 l/Q LC oscillators, </> will be zero and I peak becomes 2/n . 
2h = 2/ n · 21~, if h =le. We can conclude that not only the quality factor of an optimally 
coupled multi-phase LC oscillator is at its maximum, but also its carrier current. Under 
opti~al couplin~ conditions the current contributed by the cross-coupled pair in a stage 
adds m phase with the current contributed by the coupling transistors. 
. An oscillator works in the current limited region if the amplitude grows more or less 

linearly with the tail current. If the output voltage of the oscillator starts to saturate the 
oscillator is said to work in the voltage limited region. Especially for LC oscillator~ but 
also for ring oscillators, operation in the current limited region is important. In the voltage 

28 Employing an AGC. 
29Each LC stage is coupled with phase shifters having a phase shift e = ±180/ N. 
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Figure 6.52 AC-coupled bipolar cross-coupled pair to avoid forward biasing of 

the collector-base junctions. 

limited region, tail current is wasted since it does not contribute to a higher voltage swing. 
As a matter of fact, C(fm) usually degrades in the voltage limited region, due to -among 
other causes- increased device noise. In general, the optimum bias tail current results m 
a voltage swing, which is as large as possible without entering the voltage limited region. 

In Section 6.5, the voltage limiting effect of the collector-base junction in a 1 GHz 
bipolar LC oscillator (Figure 6.3 on p. 107) was discussed. The output voltage versus l1ail 
characteristic of this oscillator is shown in Figure 6.51. Indeed, the normal cross-coupled 
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bipolar LC.osc~llator ~nters the voltage limited region around a 0.85 V voltage swing. If 
a l~rger swmg 1~ reqmred, MOS transistors can be used as they do not clamp the voltage 
swmg. Alternatively, the oscillator topology in Figure 6.52 can be used. Here the tank 
circuit is :A-C-coupled to the active oscillator part, and the collector-base junctio,ns can be 
reverse-biased to allow a higher amplitude. 

. The o~tput v~ltage versus tail current characteristic of the MOS oscillator example 
d1scuss.ed m ~ect10n 6.5 is shown in Figure 6.53. When the output voltage starts ap
proach1.ng 2 t1m~s V DD, the transistors in the oscillator start entering the triode region. 
Increasing the tail current from 4.8 mA to 6.0 mA only marginally increases Vout and it is 
clear that the oscillator, when biased in this region, is voltage limited. So the maximum 
voltage swing in a MOS cross-coupled LC oscillator should stay somewhat below 2V DD. 
For the complementary MOS LC oscillator this value is VDD. 

6. 7 Power dissipation and supply voltage 

T?e power dissipation in most differential oscillators can easily be derived by counting 
tail currents. In an N-stage LC or ring oscillator the power dissipation PDc is equal to 

Poc = N L/i Vsupply, 
i 

(6.75) 

wit? i the index of the various current sources in one stage. For a simple single-phase LC 
osc1l!a~or PDc simply is IrailVsupply· Lowering Vsupply lowers the total power dissipation. 
A mm1mum number of stages is optimal if we consider the power dissipation only. We 
already encountered various drawbacks of a low Vsupply· Examples are a lower maximum 
output voltage, a smaller varactor tuning range, and higher tuning constant. Furthermore, 
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there is less voltage room for circuit techniques (e.g. stacking of transistors), which might 
improve PSRR and other performance aspects. Generally speaking, a large Vsupply makes 
the life of an oscillator designer easier. 

6.8 Summary 

The practical properties of LC and ring oscillators have been described in this chapter. 
The main focus of this chapter was on oscillation frequency, tuning range and the phase 
noise to carrier ratio, in the context of parasitics, noise and other non-ideal aspects, which 
are present in integrated circuits. In addition, waveforms, carrier amplitude and power 
dissipation of oscillators have been addressed. 

The oscillation frequency of LC and ring oscillators are influenced by parasitic ele
ments present in IC technology. Parasitic capacitances contribute to the total tank capac
itance in an LC oscillator. Losses in resonator components can cause a frequency shift 
compared to the nominal frequency expected when taking only the reactive tank elements 
into account. Furthermore, loading effects, by for example buffers, must be considered. 
Two circuit examples of single-phase LC oscillator have been presented and analyzed. A 
number of methods for quadrature signal generation were discussed and one of them is 
utilization of a multi-phase LC oscillator. The same non-idealities that influence the fre
quency of single-phase oscillators also play a role in multi-phase oscillators. In addition, 
the phase and relative amplitude of the currents provided by the negative transconduc
tance in each stage, and the coupling transconductances are of importance. A MOS I/Q 
LC oscillator implementation was presented. 

A first order estimation of the frequency of two-integrator oscillators and N-stage ring 
oscillators can be made on the basis off MAX and a single pole model of a ring oscillator 
stage, respectively. These frequency estimators were verified and several ring oscillator 
circuit examples were discussed. 

Parasitic capacitance reduces the effective tuning range that can be obtained with a 
varactor in an LC oscillator. The quality factor of the tuning element should be maxi
mized, just like the quality factor of every component in the LC resonator, for low .C(fm) . 
Practical aspects of the following tuning methods have been highlighted: continuous pas
sive capacitive tuning, discrete passive capacitive (or inductive) tuning (band-switching), 
continuous active capacitive tuning, continuous passive inductive tuning, continuous ac
tive inductive tuning, phase shift tuning and oscillator switching. An effective quality 
factor has been introduced for the active tuning solutions, and generally in the worst case 
this factor is very low, resulting in a poor .C(fm) . Band-switching and oscillator switch
ing can be used to realize a large tuning range and also lower the tuning constant of an 
oscillator. Band-switching and active capacitive tuning have been demonstrated with an 
integrated circuit design. 

In practice, the two-integrator oscillator has losses and a negative transconductance 
can be introduced to compensate these losses. This transconductance or the transconduc
tance of the integrator can be used for tuning, but normally the integrator transconduc
tance is used for this purpose. The negative transconductance should be kept as small as 
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possible, because it introduces extra noise. In N-stage ring oscillators resistive tuning is 
most used. This tuning method results in large, often quite linear, tuning ranges. It does 
require circuitry to keep the amplitude constant, which can be of importance for optimum 
.C(fnz). 

Expressions for .C(fm) for LTI LC and ring oscillators models have been derived. LTI 
modeling provides a first order estimate of .C(fm) and provides a number of important de
sign insights, which are confirmed by LTV models that also capture nonlinearity and the 
effect of varying bias currents in practical oscillators. Despite noise folding in oscillators, 
strong nonlinear operation (by setting the open loop gain much larger than 2) significantly 
improves the .C(fm) of cross-coupled LC oscillators. This improvement stems from mod
ulation of the noise sources of the active devices in the oscillator. 

The quality factor, and therefore .C(fnz), in N-stage LC oscillators is at a maximum 
when each stage is coupled with a phase shift of± 180° / N . A 5 GHz I/Q oscillator test-IC 
has been realized and presented to demonstrate optimal coupling of LC oscillators. Ring 
oscillators have a quality factor between l and n /2, which makes clear why LC oscillators 
that normally have much higher quality factors, have superior .C(fnz). Fast switching in 
ring oscillator stages increases the quality factor of ring oscillators beyond the maximum 
of n/2 that is obtained with linear modeling. In LC oscillators the quality factor and the 
carrier amplitude should be maximized for a low .C(fnz) . Furthermore, the resonator phase 
shift should stay close to or be made equal to zero degrees. A minimum number of ring 
oscillator stages is optimal for minimum .C(fm) given a certain power budget. 

Many nonlinear phase noise mechanisms, among other things the up and down-con
version of noise, add to the phase noise predicted by LTI modeling. The cyclo-stationary 
nature of some noise sources in oscillators can cause a decrease of the contribution of 
these sources to .C(fnz) . Several LTV phase noise models have been discussed and espe
cially the generalized phase noise theory built around the definition of an impulsive noise 
function ISF is of high interest. This model is capable of accurately modeling all oscil
lators within the scope of this thesis in all regions of operation (weakly nonlinear as well 
as strongly nonlinear). In addition to insights obtained with LTI modeling, two important 
design guidelines are obtained by this theory. First, energy that is lost each cycle should 
be restored impulsively when the ISF corresponding to that noise source is at a minimum. 
Second, the waveform of an oscillator should be made as symmetrical as possible for a 
low !1; f corner of the oscillator spectrum. 

In the current limited region of operation, the voltage swing of an oscillator grows 
linearly with the tail current. In the voltage limited region a saturation mechanism pre
vents a further increase of the amplitude. In the latter region current is wasted and noise 
increases. For the lowest phase-noise, an oscillator should operate in the current limited 
region. The total power dissipation of an oscillator increases with the number of tail cur
rent sources, the number of stages and the supply voltage. A high supply voltage has a 
number of advantages. It allows a high voltage swing, lower Kvco compared to low supply 
voltages, and a larger tuning range for varactor-tuned LC oscillators. 
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7 

Figures of merit 

D ESIGN FOMS and benchmark FOMs were introduced in Chapter 3. As mentioned 
in Section 3.3.2, design FOMs compare an estimation of a performance aspect of an 

oscillator with its functional specification. The design margin is indicated by the value of 
the FOM. At the cost of reduced accuracy, relatively simple first-order calculations can 
be used to formulate design FOMs. In other words, the complexity of the design FOM 
is reduced at the cost of some accuracy. Once all important design FOMs are defined 
and evaluated for several oscillator topologies, for example the design FOMs concerning 
frequency, tuning range and C(fm), these topologies can be ranked on the basis of the 
design FOM values. With 100% accurate modeling design FOMs would lead to hard 
design decisions: a negative design margin would mean that the oscillator topology under 
consideration does not meet the functional specifications and that it can be discarded. 
In practice, there is modeling uncertainty and design FOMs thus have a value with a 
small enough error-band to be useful. The topology with highest design FOM values 
is the best option for further optimization given the set of functional specifications, as 
illustrated in Figure 7.1. Once design FOMs of an oscillator topology are defined they 
provide qualitative insight concerning the relations between the design parameters, and 
quantitative insight when evaluated. In addition, design FOMs can be used to find the 
minimum value of one design parameter given all other design parameters, by solving 
FOM=O (in dBs) for the design parameter of interest. For example, with a design FOM 
for the C(fm) of an LC oscillator, the minimum quality factor for the LC resonator can be 
calculated. Using parts of the theory described in Chapter 5 and Chapter 6, several design 
FOM examples are given in Section 7 .1. 

In Section 7 .2 four benchmark FOMs are discussed. Benchmark FOMs normalize 
performance aspects of an oscillator to allow fair comparison with other oscillator de-
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gins are positive and higher than topology 3, which makes 1t the 
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signs, or to compare them against a theoretical performa~ce limit. Two benchmark FO~s, 
Oscillator Number (Osc-No) and Normalized Phase-Nmse (Nor-PN) a~e known ~rom l_it
erature and are often used to compare the measured C(fm) of an oscillato~ design with 
previously published designs . This comparison can also be perfo~med w~th the no_vel 
benchmark FOMs: LC oscillator design efficiency (LC-ODE) and rmg _oscillator_ des~gn 
efficiency (ring-ODE). However, ODE compares the ach_ieved C(_Jm) with an es~imat1on 
of a theoretical C(f m) limit, thus providing much more information for the designer, as 

will become clear. 

7.1 Design FOMs 
In this section several frequency, tuning and C(fm) design FOMs_ are presented, ~aking 
use of the analysis of the various LC and ring oscillator propertte~ and to~ologies pre
sented in the Chapters 5 and 6. A number of these design FOMs is used m Chapter 9, 

highlighting four oscillator designs . 

7.1.1 Frequency design FOMs 
The maximum frequency of an LC oscillator is achieved_, assuming a fix~d res~nator 
inductance Lp, when the varactor has its minim~m ~apacitance value. !his maximum 
should be higher than the specified maximum oscillation frequency. Makmg use of (6.4) 
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on p. 106, with Cfixed = OfF, we can express this in a frequency design FOM as 

FOM - (2n:JLp (Crwzelminimum + Cpar))-1 
freq-LC - j, 

max,spec 
(7.1) 

Capacitance Cpar can be further expanded for a specific LC oscillator topology. For exam
ple, (6.11) on p. 108 and (6.15) on p. 109 can be used for a first order estimation of Cpar for 
a bipolar LC oscillator and a complementary MOS LC oscillator, respectively. The choice 
of Lp has a big influence on the maximum oscillation frequency. Often, a smaller Lp has 
a higher quality factor and a higher resonance frequency (thus a smaller contribution to 
Cpar) 1. Furthermore, a smaller Lp allows a higher minimum varactor capacitance for a 
certain maximum oscillation frequency, and therefore a higher tuning range (see Section 
7.1.2). However, the choice of the inductor value also influences C(fm). A guideline for 
choosing Lp is given in Section 7 .1.3. 

On p. 117 we saw that the oscillation frequency of the two-integrator oscillator from 
Figure 6.12 can be estimated using the technology FOM fMAX / 4. Therefore, we can 
define a frequency design FOM to estimate whether we can meet the maximum frequency 
specification given a certain technology as 

fMAXloptimum 

FOMjreq-two-int = j, 4 

max,spec 
(7.2) 

For bipolar implementations of the two-integrator fMAX is optimal (i.e. at its maximum) 
at a bias current equal to the peak fT current of the transistors. In the case of a MOS 
implementation f MAX is maximized by maximizing over-drive voltage Vgs - VTH and by 
using minimum length transistors2. 

For N-stage ring oscillators that obey dominant pole behavior, we found that (6.27) 
on p. 120 accurately estimates the oscillation frequency. Similar to the definition of the 
frequency design FOM for the two-integrator oscillator we define 

(2N0.8-r1 _ _ )- 1 

FOM 
. _ mtmmwn 

freq-Nrmg - j, 
max,spec 

(7.3) 

The time constant of the dominant pole -r can be expanded for a specific ring oscillator 
stage topology. For example, we found that the time constant for a CML stage is approxi
mated by (6.28) on p. 122, and for a MOS stage with PMOS loads in the triode region by 
(6.31) on p. 123. For bipolar implementations -r is a function of bias conditions, as is evi
dent from (6.28), and minimum -r is obtained around the peak fT current of the transistors 
in the oscillator (see for example Figure 6.18 on p. 122). 

1 Smaller inductors have a smaller number of turns . A single-tum coil needs no bridge to connect the most 
inner turn. Normally this bridge represents a relatively large DC resistance. See Figure 9.3 on P- 202 for quality 
factor measurements of three coils (in SOA technology) with I, 2 and 7 turns. 

2This is true for MOS transistors obeying long-channel approximations. The !MAX of short-channel devices 
in saturation does not depend on Wand bias conditions [133]. 
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7.1.2 Tuning design FOMs 
In Chapter 6, a number of tuning possibilities for LC oscillators we~e discus~ed. If c~n
tinuous passive capacitive tuning is investigated as a first w~y to re_ahze a specified tuning 
range, its capacitance ratio can be assessed with the following tumng FOM 

Cmax+Cpar 
Cm;n+Cpar 

FOMtuning-LC = (,. )2' 
;max,spec 

fmin,spec 

(7.4) 

· h" h c and c . are the maximum and minimum capacitance of a simple varactor, 
in w ic max mm · ( F 6 20 on 
or a compound varactor with fixed series and/or parallel capacitance see igure . · 
p. 124). Similar to Cpar in FOMJreq-LC· this parameter can be expanded for a given LC 

oscillator topology. 

7.1.3 £(f m) design FOMs 
In Section 6.3, linear modeling of phase noise was di_scussed, whereas in ~ectio~ 6.4 
several hase noise theories were discussed that take into account the nonhne~r ti~e
var in ~ature of oscillators. we saw that linear modeling yield~ a reas_onable estima~10n 
of~ :,). Utilizing the linear phase noise models for ~C and nng oscillators (equati~ns 
(6.4l~ (6.51), (6.55) and (6.56)) obtained in the previous chapter, we define a design 

FOM to assess £(fm) of an oscillator as 

( ( )
2 N 'l.) I 1 l fosc · ln 

FOM.c(J,,,) = £(f m)spec l. 4 Q2 fm i~arrier ' 
(7.5) 

with quality factor Q depending on the oscillator type and topology under consideration, 

for example, 

Qcactive 

Qlacrive 

~N sin(~) 

for LC oscillators with passive LC resonator, 

for an active capacitance (see (6.40)), 

for an active inductance (see (6.42)), 

for ring oscillators. 

(7.6) 

(7.7) 

(7.8) 

(7.9) 

. · 'l. d ·2 · FOM can easily be calculated 
A first order estimation of parameters t,, an 1carrier in .C(J,,,) . 3 
for a given oscillator topology. For example, based on (~.48~ on p. 146, we can ~nte the 
following for a bipolar LC oscillator (e.g. the oscillator in Figure 6.3 on p. 107). 

I (1 1 (fosc)
2 

kT(!aol + l)) (7.10) 
FOM.c(Jm) ,LC-bipo = £(fm) spec l. Q~ fm Rp-:Zlfail . 

3 Assuming zero resonator phase-shift. 
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Qp increases for Qp stays constant 
decreasing Lp for decreasing Lp 

£(fm) is dominated 
Lp t=? FOM.c(Jm),LC-bipo t Lp t =? FOM.c(Jm),LC-bipo t by resonator noise 

£(fm) is dominated 
Lp t=? FOM.c(J,,,) ,LC-bipo .J.. Lp t =? FOM.c(J,n) ,LC-bipo -by device noise 

Table 7.1 In the current-limited region, FOM.c(J,n) ,LC-bipo (for a MOS imple
mentation the table is identical), can decrease (.J..), stay constant (-) 
or increase (t), depending on the dominant phase noise source and 
the relation between the inductance value and its quality factor. 

As with any design FOM, (7 .10) can be used to assess whether the £(fm) is met 
with enough of a design margin, but also to derive requirements of design parameters. 
For example, if we set FOM.c(Jm),LC-bipo = 1 (zero design-margin) and solve Qp we 
obtain an estimation of the minimum quality factor of the resonator, given all other design 
parameters in (7.10), such as frequency, power dissipation, etcetera. To solve Qp all 
design parameters, except Qp, have to be substituted in (7 .10), including Rp. Effective 
parallel resistor Rp can be replaced by QpOJLclp , which indicates an important degree 
of freedom in £(fm) optimization. The inductor value is a design freedom. At first it 
may seem there are rather conflicting reports on whether Lp should be maximized or 
minimized for optimum £(fm)· References [32] and [177] advise maximization Lp for 
minimum phase noise given a certain power budget4 . References [30] and [167] suggest 
minimization of Lp for optimum £(fm) for a certain power budget5. 

Evaluation of the variation in F OM .C(Jm),LC-bipo as a result of an increased Lp in Table 
7.1 reveals that both suggestions, maximization as well as minimization of Lp, can be 
correct. Whether FOM .c(J,,,) ,LC-bipo improves or not depends on the nature of the inductor 
design and on the dominant noise source. It is important to note that Table 7.1 only 
covers the current-limited region. In the voltage-limited region either the tail current of 
the LC oscillator should be reduced or, for minimum £(f m), the value of Lp in the design 
should be lowered to the point that the oscillator operates in the current-limited region. 
Table 7 .1 shows that there indeed is a situation that Lp should be minimized for optimum 
£(fm), as suggested in [167]. If the quality factor of inductor-design is higher for lower 

4In this case, the maximum Le is limited by the tuning range as FOM,,,,,;,,8-u:: decreases for increasing Lp. 
5Jn this case, the minimum Lp is determined by the oscillator start-up condition a01 or a minimum output 

voltage ( <X frail R p) condition. 
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inductance values6 and the active device noise is dominant in a bipolar LC oscillator7, 

FOM.c(fm) ,LC- bipo improves for decreasing Lp. However, in all other situations mentioned 
in Table 7.1 maximization of Lp is best or at least not harmful as long as the oscillator 
operates in the current limited region. In all cases the inductance value should be chosen 
large enough to ensure that the cross-coupled pair is switching, since we saw in Table 
6.3 on p. 148 that this reduces the active device noise significantly (and this reduction is 
predicted by (6.67) on p. 160). 

7.2 Benchmark FOMs 

The benchmark FOMs "Oscillator Number" (Osc-No), "Normalized Phase Noise" (Nor
PN), "LC oscillator design efficiency" (LC-ODE) and "ring oscillator design efficiency" 
(ring-ODE) are discussed in this section. The first two benchmark FOMs provide a first 
order normalization of C(fm) for some parameters that influence C(fm), and can be used 
to compare oscillator designs: relative benchmarking. Oscillator design efficiency pro
vides absolute benchmarking, because its compares the achieved C(fm) with an estima
tion of a theoretical limit of C(fm) . To illustrate the four benchmark FOMs, the perfor
mance data on LC and ring oscillator designs from Appendix G and Appendix H is used. 
The numbers in the benchmark plots that follow below refer to the references on these 
designs in the back of this work. 

7 .2.1 Oscillator number 

Based on linear modeling, for example see (3.6) on p. 55, we know that C(fm) is pro
portional to Uose/ lm) 2 . The benchmark FOM "Oscillator Number" (Osc-No) normalizes 
for l ose and l m to allow comparison between oscillators running at different frequencies 
and evaluated at different offset frequencies [48, 134]. The assumption here is that C(fm) 
is measured where C(fm) of the oscillator has a -6 dB per octave slope. The benchmark 
FOM Osc-No is defined as 

FOMosc-No = 101og(£(f,,,)) +20log ( lm). 
lose 

(7.11) 

One could say that FOMose-No is the extrapolated value of C(J,11 ) at an offset frequency 
equal to the carrier frequency. In other words, the oscillator sideband with a -6 dB slope 
per octave is extrapolated, to end up with a figure that is usually below the white-noise 
floor of the oscillator. A lower FOMose-No (i.e. a more negative value in dBs) indicates 
a better oscillator design concerning C(fm) performance given a certain power budget. 

As the dependence C(f,11 ) on lose and lm is the same for LC and ring, FOMose- No can 
be used for both types of oscillators. Figure 7.2(a) and Figure 7.2(b) show the FOMose-No 

6 In [ 167], EM simulations of planar on-chip inductors indeed show some improvement in the quality factor 
for decreasing Lp values. 

7 And also in a MOS LC oscillator. Replacement of 1 /2a.0 1 by 2/3a.0 1 in (7. IO) yields a simular .C(j,,,) design 
FOM definition for a MOS implementation. 
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valu_es for the LC and ring oscillators listed in Appendix G and Appendix H, respectively. 
Designs [171.' ~88] and [175] achieve the best value, around -200 dB. As ring oscillators 
are much n01s1er, the best encountered FOMose-No for ring oscillators is worse. De-
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sign [221] achieves a value of about -180 dB. Notice the large number of LC oscillator 
designs in Figure 7.2(a) around 1.8 GHz. Many mobile phone standards operate near this 
frequency or near half of this frequency. 

7.2.2 Normalized phase noise 

The benchmark that we will refer to as "Normalized Phase Noise" (Nor-PN) is much more 
often used in the literature for oscillator comparison than FOMose-No· This is because it 
takes into account the power dissipation Poe of the oscillator core too, in addition to l ose 
and lm· From (6.50) on p. 146 and (6.64) on p. 155 it is clear that £(fm) ex: 1/ Poe. To take 
this dependence into account, FOMNor- PN normalizes the oscillator power dissipation to 
a reference power dissipation of 1 mW. Hence FOMNor- PN is defined as [179, 192], 

FOMNor-PN = 10log(£(J,n)) + lOlog ( ~ Poe ) . 
Jose l mW 

(7.12) 

A lower FOMNor-PN (i.e. a more negative value in dBs) indicates a better £(f m) perfor
mance. 

Figure 7 .3(a) shows F OMNor-PN values of referenced LC oscillators. In Figure 7 .3(b) 
the values of this benchmark FOM for referenced ring oscillators are presented. Com
pared to Figure 7.2 the values shift up or down somewhat depending on the power dis
sipation of the oscillator core. For example design [218] in Figure 7.3(b) moved up in 
ranking quite a bit compared to Figure 7.2(b), because of its relatively modest power 
dissipation of 11.8 mW (see Table H.1 on p. 266). Another major difference is that the 
encountered FOMNor- PN values are about 10 to 15 dB lower than FOMose-No· This is 
simply due to the fact that most oscillator designs use more than 1 mW power. Since with 
more power £(fm) can always be improved, FOMNor-PN should always be preferred to 
FOMose-No for fair oscillator comparison. 

7 .2.3 Oscillator design efficiency 

The benchmark FOM FOMosc-No normalizes for lose and lm, and FOMNor-PN also nor
malizes for Poe. Both FOMs can be used to rank LC and ring oscillators. Although 
ranking with these FOMs allows the oscillator designer to assess whether his design be
longs to the top of the class or hangs at the bottom, this relative ranking leaves the designer 
with a number of interesting and valuable unanswered questions. Questions such as: "Is 
it feasible to achieve the £(f m) specification with this technology (quality factor) and 
power budget?", and "How difficult is it to meet this £(fm) specification, i.e. is it close to 
the maximum achievable performance?". In this section we propose two figures of merit, 
LC-ODE and ring-ODE, which provide an answer to these questions. 

7.2. BENCHMARK FOMS 

-110 

t 
z -120 

Cl. 
~ 
0 z -130 

-140 

-150 

-160 

-170 

0 

& 

T 

[226J 

• [223) 
.....(224) 
T 

• [225) 
.... 
..... 

f2J8J 
• [220] 

• [22(] 

2 

[215) .... 

(222) .... 
• [214J • [2~) 

[217] 

4 6 8 10 12 

(b) frequency [GHz] --. 

Figure 7.3 Benchmark FOM N PN 
. or - versus lose of a number of LC oscil-

lator designs (a) and benchmark FOM Nor PN . . - versus f, for 
several nng oscillator designs (b). ose 

179 



180 CHAPTER 7. FIGURES OF MERIT 

LC oscillator design efficiency 

To answer the questions posed in the introduction of this section, we need absolute bench
marking of C(fm) of an oscillator design: the achieved C(fm) needs to be compared with 
an estimation of the minimum £(ft11 ) that can be achieved. Linear phase noise modeling 
provides a first order estimate of this limit. Consider (6.50) on p. 146 that models ,C(fm) 
due to noise shaping for LC oscillators. To be on the conservative side we can neglect 
active device noise by setting a0 1 = 0 in this equation, taking the efficiency T'/LC = 100% 
and taking the unloaded resonator quality for Qp factor (at zero resonator phase shift). 
With these settings and considerations in mind, we define the benchmark FOM LC-ODE 
as [236] 

FOMLC-ODE = -lOlog(,C(fnz)) + lOlog (_!!___ ~ lJ~e ). 
2PDc QP lm 

(7.13) 

Since linear phase noise modeling neglects all additional phase noise generation mecha
nisms discussed in Section 6.4, and we set all cyclo-stationary active noise sources to zero, 
FOMLC- ODE should always be negative. If the FOMLc-ODE value of a certain oscillator 
design is larger than 0 dB, the theoretical limit that was defined using best case design 
parameters is crossed and this is extremely unlikely, if not impossible. A FOMLC- ODE 
value of 0 dB implies 100% design efficiency. As we will see, an ODE of 10% (or -10 
dB) already is an excellent oscillator compared to the majority of LC oscillator designs. 
On p. 151 we discussed that, given the same power budget, achievable £(!111 ) is identical 
for single-phase and multi-phase LC oscillators. Hence FOMLC- ODE can also be used for 
multi-phase LC oscillators. 

In Figure 7.4(a) FOMLc-ODE versus lose is plotted for most8 of the single-phase and 
multi-phase LC oscillator designs in Appendix G. The majority of oscillators in Fig
ure 7.4(a) has a FOMLC- ODE value between -lOdB (10% design efficiency) and -20 
dB (1 % design efficiency). If a set of specifications and a given technology9 deliver a 
FOMLc-ODE better (closer to 0 dB) than -10 dB, the specification is really challenging 
and may result in a significantly longer design trajectory compared to more moderate 
FOMLC-ODE values. A few LC oscillator designs achieve an ODE value better than -10 
dB . For example, designs [171], [176] and [175] achieve values of -7.4, -7.2 dB and -5.8 
dB, respectively. Design [ 176] is the noise-shifting differential Colpitts oscillator that was 
briefly discussed on p. 163. Design [197] is a 10 GHz CMOS oscillator; using the de
sign parameters reported in [197] its FOMLC-ODE value comes to -2.2. This is of course 
highly unlikely, since an oscillator at 10 GHz in a 0.35 µm process will have sinusoidal 
waveforms and therefore significantly more active noise contributions to ,C(ft,,) compared 
to the noise-shifting Colpitts oscillator for example. Several reasons can lead to this in
consistent FOM value. For example, the actual quality factor of the used resonator can 
be significantly higher than the one reported. Whenever FOMLc-ODE reaches a positive 
or unrealistic value, the oscillator designer is alerted to reassess oscillator key parameters 

8For calculation of FOMLc-ODE the quality factor of the resonator is needed in addition to parameters 
.C(Jm), fm , and Pvc . Therefore, only for the designs in Appendix G with these parameters available (i.e. reported 
in the referenced paper) FOMLC-ODE is plotted. 

9Which determines available quality factor values. 
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~nd simulation ?r me.asurement results. The preceding example demonstrates how abso
ute benchmarkmg with FOMLC-ODE provides the oscillator designer with a consistency 

check. 
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The lowest FOMLC- ODE value (-36 dB) is linked to design [187] (also described 
in [53]). This oscillator employs an interesting implementation of phase-shift tuning using 
two resonator circuits. In the middle of its tuning range, the resonator phase shift for both 
resonator circuits in the oscillator is large. As we saw in Figure 6.42 on p. 150 this 
results in a grave quality factor reduction. In other words, the low FOMLc- ODE value for 
this design is the result of not taking full advantage of the available maximum resonator 
quality factor. 

The preceeding examples demonstrate the added value of FOMLc-ODE compared to 
the benchmark FOMs FOMose-No and FOMNor- PN· Only FOMLC-ODE provides the 
designer with a consistency check tool, a good indication of how difficult it will be to 
achieve the £(fm) functional specification and alerts him when other phase noise mecha
nisms than the unavoidable ones are dominant or when available resonator quality factor 
is not fully employed. 

Ring oscillator design efficiency 

Analogous to the definition of FOMLC-ODE, we can base an oscillator design efficiency 
FOM for ring oscillators on (6.64) on p. 155. By setting a0 1 to zero in this equation we 
only include thermal noise of the collector or drain resistors in a ring oscillator stage in our 
absolute limit of £(fm) for ring oscillators 10• If we take a maximum ring oscillator quality 
factor n:/2 and 100 % efficiency in Poe to RF carrier power conversion, FOMring-ODE 

can be defined as 

( ( ) ) (
N

2
kT 1 f/;se ) 

FOMring-ODE = - lOlog [, fm + lOlog 4Poc ( ~)2 f,~ (7.14) 

A FOMring-ODE value ofO dB implies 100% design efficiency. FOMring-ODE is plot
ted versus the oscillation frequency for various ring oscillator designs in Figure 7 .5. It 
should be noted that compared to FOMLC-ODE, FOMring-ODE is less powerful since the 
first order estimation we use for the theoretical £(fm) limit does not include technology 
parameters 11 , whereas FOMLc- ODE includes resonator technology. Therefore the addi
tional information provided by FOM,-;,,g-ODE compared to FOMose-No and FOMNor- PN 

is less, which is demonstrated by the fact that the ranking of oscillators in Figure 7 .5 

lONote that single-ended and differential inverter-based oscillators have quite different topologies from ring 
oscillators based on differential pairs (like a CML ring oscillator). We should keep this in mind when we use a 
FOM based on (6.64) for inverter-type ring oscillators (for example design [221]). 

11 However, by using the quality factor defined in [129) for switching ring oscillators instead of n / 2, the 
technology (characterized by fT, VTH and V DD for MOS designs) can be included. For an inverter-type based 
ring oscillator (that is not loaded by a buffer) this quality factor is given by 

9 
Qeff = g 1tfT (l _ Vrn ) 

2fosc (1 +aµ) VDD ' 
(7.15) 

with fT and Vrn the transition frequency and threshold voltage of the NMOS devices in the ring oscillator and 
with ap the ratio between the W / L of the PMOS transistors in the ring oscillator and the W / L of the NMOS 
transistors (typically 2.5 to 3). 
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14 

is almost identica.l to Figure 7.3(b). Nevertheless, FOMring- ODE does provide a consis
ten~y check. _A simulated or measured FOMring-ODE value greater than O dB is highly 
~nhkely. Design [~21] is extremely good and has a FOMring - ODE value of -6 dB. It uti
hzes a ne.w type of inverter-based differential ring oscillator stage. According to [221] the 
fast-slewing dela~ cell that performs full switching shows this good £(fm) performance 
bec~us~ the tr~ns1stors are off (and thus generate no noise) during a large part of one 
oscI!lat10~ penod. It sh?uld be noted that if we take the reported £Um) reading of the 
free-runm.ng spectrum (instead of the £(fm) reported measurement value that was per
formed with a spectrum analyzer with additional HP 8567 lA phase noise measurement 
software), the FOMring-ODE value for this oscillator comes to -12.4 dB. This is closer to 
wha.t o~e would expect for a ring oscillator and to the other values in Figure 7.5. Figure 
7.5 indicates that a FOMring-ODE value much beyond -15 dB will be hard to achieve in 
practice. 

_Design ~226] h~s a FOMring-ODE value of -51 dB. This design is a four-stage ring 
oscI!lator with multiple feedback paths. It features a high tuning range of 88%, but at the 
cost of a complex structure and ~any transistors per stage, which obviously results in a 
poor FOMring-ODE value. 
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7.3 Summary 
Design FOMs provide a powerful means for first order topology ranking and selec_ti?n. 
Once all relevant design FOMs are defined for a set of topologies, the _most ~rom1s~ng 
oscillator topology given a set of functional specifications can be determined with des~gn 
FOMs. In addition, design FOMs can be used to find the minimum value of one des~gn 
parameter given all other design parameters, by solving design FON,I=O dB ~or ~he ?e~1gn 
parameter of interest. Design FOMs of an oscillator top?lo?y ~ro:1de qualitative ms1g~t 
into the relations between the design parameters, quant1tat1ve ms1ght when the FOM ts 
evaluated and FOMs document design knowledge. In this chapter, a number of frequency, 
tuning and .C(f m) design FOM examples have been de~cribed, taking advantage of the 
behavioral models and theory introduced and developed m Chapter 5 and Chapter 6. 

Four benchmark FOMs have been described in this chapter. The benchmark FOM 
"Oscillator Number" normalizes the .C(f m) of an oscillator for oscillation frequency [osc 
and offset frequency f m· The FOM "Normalized Phase Noise" also inclu~es a n~rmahza
tion for power dissipation and this benchmar~ FOM _is used most often m the h~er~~ure. 
Absolute benchmarking of .C(fm) of LC and nng oscillators can be performed with _LC
ODE" and "ring-ODE", respectively. These benchmark FOMS compa~e .C(fm) with a 
first order estimation of the best case achievable .C(f m). If an ODE v~lue is a~ove 0 _dB or 
unrealistically close to O dB, most likely something went wrong dunng the s1~ulat1on or 
measurement of .C(f m). ODE can also be used to check whe~her a set of funct1o~al s~ec
ifications are consistent in the sense that it is possible to achieve the .C(fm) spec1ficat1?n. 
All four benchmark FOMs were demonstrated using the performance data on LC and nng 

oscillator in Appendices G and H, respectively. 

8 

AC phase noise simulation tool 

D IMENSIONING and optimization of an oscillator constitutes an important part of 
the total design time. CAD-tools play a crucial role in this process. Built-in ad

vanced transistors models (see for example Table 3.1 on p. 60) of a circuit simulator 
nowadays allow for an excellent prediction of all important oscillator specifications, when 
combined with accurate passive device modeling and accurate technology parameters. 
Many oscillator aspects can be simulated with traditional circuit-analysis types such as 
DC, AC and transient analysis. For example, start-up conditions can be conveniently ver
ified in AC analysis, and the actual start-up and steady-state waveforms can be verified in 
transient analysis 1• 

Fast analysis of oscillator phase noise was developed in the second half of the 90's 
and now is part of commercial tools such as SpectreRF2 [72] and ADS3. The costs of 
these tools are relatively high, but their performance in terms of speed and accuracy is 
very good. In this chapter, a phase noise simulation tool is proposed, based on standard 
AC noise analysis [230]. The foundation of AC phase noise (ACPN) simulation was laid 
in a period before phase noise analysis was incorporated in commercial circuit simula
tors [135]. At that time it was one of the few4 methods to obtain an estimate of .C(fm). 

1 Since circuit noise is not modeled in transient analysis, a small transient has to be given in transient analysis 
for start-up, e.g. in the form of a short pulse to the supply voltage or a current pulse in one of the nodes of the 
oscillator. 

2 Phase noise is simulated using the Periodic Steady State (PSS) analysis type followed by a periodic noise 
(pnoise) analysis. These specialized analysis types capture nonlinear and time-varying phase noise aspects. 
Note that the £(f,,.) given by SpectreRF also includes AM components if these are not completely removed by 
an internal limiting mechanism in the oscillator: it plots the total noise divided by the rms carrier. 

3 Advanced Design System, www.agilent.com 
4 Another method can be implemented in transient analysis (see the slide supplement of reference [229] 
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Although its accuracy and scope are lower compared to the mentioned commercial tools 
that are nowadays available, coexistence of the ACPN tool is justified as will be explained 
in Section 8.1. In this section, ACPN simulation is introduced and its scope is clearly 
defined. All required steps in the ACPN simulation flow are described in Section 8.2. 
Application of the ACPN tool in oscillator modeling and design is illustrated in Section 
8.3 and Section 8.4. This chapter concludes with a short summary in Section 8.5. 

8.1 AC phase noise simulation 

The ACPN tool was primarily developed to obtain a fast estimation of £(fm) of an oscilla
tor. Since it can be implemented in any standard circuit simulator with AC noise analysis 
capability, it has a number of advantages, but at the same time also a limited scope and 
accuracy, as explained in Section 8.1.1. The principle of ACPN simulation is highlighted 
in Section 8.1.2. 

8.1.1 Introduction 

ACPN simulation makes use of AC noise analysis, which is available in standard circuit 
simulators such as Spice [62] . The following features can be listed for the ACPN tool: 

O The cost of the ACPN tool is extremely low, as free-ware circuit simulators can be 
used like Spice. 

O Noise sources are incorporated in the small-signal device models used in standard 
AC noise analysis (in contrast to transient analysis in a simulator: large-signal 
models do not have noise sources incorporated). Therefore, apart from some cur
rent sources needed for an ACPN-simulation run (see Section 8.2), the oscillator 
schematic does not need to be altered for a £(fm) simulation using the ACPN tool. 

0 The contribution of individual noise sources in the small-signal device models used 
can be queried after an AC noise analysis. Therefore, the oscillator designer is 
provided with insight into the dominant phase noise contributors. 

O Convergence and simulation speed are excellent, since AC analysis is utilized. This 
is especially of importance when the ACPN tool is used by a circuit optimizer. 
In an optimization loop, non-convergence often leads to a premature end of the 
optimization process. 

O Because AC noise analysis is a linear analysis type, the designer knows exactly 
which phase noise generation mechanisms are included in the simulation results. In 
other words, only phase noise produced by noise shaping, described in Section 3.4. l 

or [30, 136]). This method uses sinusoidal sources to represent (in amplitude scaled) noise sources and, after a 
long transient simulation run , Fourier analysis is applied to calculate £(Jm). Compared to the ACPN tool, this 
method is more accurate (it can talce into account noise folding and modulation of noise sources) but it is much 
slower. 

8.1. AC PHASE NOISE SIMULATION 

Figure 8.1 

9m 

9m(1- £) 

IH01 ( iwosc )I 

(Oscillator start-up) 

(Steady-state oscillation) 

Linear behavioral mo~el of an _LC-oscillator. The nonlinearity of 
the ~ansconductance m a practical oscillator modeled is by an ef
fective transconductance that is equal to 8m. (1 - €)//Ho1CJ<.oosc)/ 
for steady-state oscillation. 
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?n P· 54 is ta~e_n into account. Since ACPN-simulation only takes noise shaping 
mt? account, It is extremely suitable for numerical verification of any linear phase 
n~ise theory. For example, all phase noise formulas in Section 6.3 were verified 
this way. 

!he_ fa.ct that the ACPN tool uses standard AC noise analysis, is the main reason 
for i~s hm1ted sco~e. The to~I neglects the time-varying nature of an oscillator and all 
nonhnea~ phase .noise generat10n mechanisms that were discussed in Section 6 4 He 
for pr~ct1cal oscillator circuits working in the strongly nonlinear region, it onl~ ~rov~;=~ 
an est~mate of the -6 dB per octav~ slope (1/ f 2) of L(jm). Nevertheless, this estimate can 
be quite reasonable even for a switching LC oscillator· Jess than 5 dB h · s · · error as we ave 
se_en m ect10n 6.3. It should be clear that the set-up time of an phase noise simulation 
wit? the ~CPN tool is longer in comparison to built-in phase noise analysis (which is 
available m SpectreRF, for example). 

8.1.2 ACPN simulation principle 

A~PN ~imul~tion can be used for all LC and ring oscillators within the scope of this work 
an which pnmary phase noise generation mechanism (noise shaping) can be modeled b ' 
~~e th~or~ presented in ~ectio~ 3.4.1 on p. 54. Without loss of generality, we will explai~ 

e pnnc~ple of A~PN s1mulat1on only for a single-phase LC oscillator. 
Consider the hnear model of an LC oscillator in Figure 8 1 All · elect b · 1 . _ · · noise sources are mod-

y an equ1va ent noise voltage v11 • At start-up g is simply g and /H ( ·,,, )/ -a - R · h' . met/ m ol l'-"osc -
0 

°1
.-
11 

8m P m t IS model. Open-loop gam /Ho1 CJwosc ) / needs to be larger than unity for 
sci ator start-up. 
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After the oscillator start-up, a practical oscillator reaches steady-state due to an ampli
tude stabilization mechanism. For example, nonlinear circuit elements (see Section 2.5.1 
on p. 30) or AGC (See Section 2.5.2 on p. 32) can stabilize the oscillation amplitude. For a 
noiseless oscillator (e.g. Figure 8.1 without noise source vn) steady-state oscillation would 
be reached if the open-loop gain had been reduced by an amplitude stabilization mecha
nism to exactly unity: for Figure 8.1 this would mean gm.11 = l/ IH0 1Umosc) I= l/(gmRp). 
For a practical oscillator output voltage Vout and all noise sources (lumped in v 11 in Fig
ure 8.1) are finite, which means that the closed-loop gain IHc1(jm0 sc)I has to be finite . 
Therefore, g111•

11 
is made equal to gm· (1- i::)/IH0 1Umosc )I in Figure 8.1 to model steady

state oscillation(£ is a constant that is much smaller than unity). For this value of g 111eff' 

the open-loop gain for steady-state oscillation is 1 - £, that is slightly smaller than unity, 
resulting in a finite carrier signal. 

Given the discussed value for gmeff for steady-state oscillation, the closed-loop gain 

of the model in Figure 8.1 can be calculated. The squared output noise voltage v~ut of 
the oscillator in Figure 8.1 is equal to the closed-loop gain IHc1(jm0,c)l 2 times v~. Since 
IH0 1Umosc)I = gmRp, Qp = Rp/(moscLp) and only frequencies close to the carrier are of 
interest <l~ml « Wosc), the closed-loop transfer function IHc1(jm)I at m = Wosc of the 
model in Figure 8.1 becomes5 

(8.1) 

Parameter E can be regarded as a fit parameter that matches the total noise power of 
the linear model with the actual carrier power, resulting from transient simulations for 
example (which takes into account all nonlinearities). The output power of an oscillator 
circuit is the result of frequency selective amplification of v;, . For E equal to zero, the 
output power of the linear oscillator model becomes infinite. However, for finite E values 
the integrated noise power of the linear oscillator model can be made to match the power 
predicted by a transient simulation, for a certain value E = £0 , as illustrated in Figure 8.2. 

Equation 8.1 presents the amplification factor of the noise source Vn under closed-loop 

conditions, resulting in an output v~ut · This noise shaping has been discussed already in 
more general terms in Section 3.4.1, but a new element is parameter£. Without parameter 
£, closed-loop gain IHc1 (jm) I would be infinite for the angular offset frequency ~m = 0 
and the output spectrum of the oscillator model in Figure 8.1 "blows up". Due to the 
approximations we made in the linear phase noise modeling approach used in Section 
3.4.1 and Section 6.3, C(fm) equations in these sections are rather useless when ~m ap
proaches zero. Fortunately, this does not really limit the usefulness of the £(!111 )-estimates 
presented in Section 6.3 in practice, but it could potentially give problems in a circuit 
simulator (i.e. division by zero when ~m = 0 during simulation). A small but non-zero 
parameter E prevents divergence of the oscillator output spectrum at the oscillation fre-

5 See Section I.I on p. 267 for the complete derivation of JHc1(jW0 sc )I for practically the same LC oscillator 
model as the one presented in Figure 8.1. 
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Figure 8.2 Total output power of the behavioral model in Figure 8.1 versus £. 
The .value ~o matches the output power of the AC-model to a value 
obtained with a transient simulation run . 
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q~ency. Interest~ngly, IHc1Umosc )l2 · v;, represents a Lorentz-function due to the presence 
o parameter. E m the. de~omina.tor, which corresponds to an exponential deca of the 
auto-correlat10n function m the time domain [137] In several ·t b h y 
th · ways 1 can e s own that 
~ e po~e~ spectr~1!1 of a practical oscillator with only white noise sources is a Lorentzian 

h
or e1·ac armomc [13, 97, 138]. So, the discussed modeling approach is consistent with 

t e Jterature. 

0 oti~u~~58.3~) ~hows the function /Hc1(jm)l2 versus frequency, for E equal to 0.025 
~ '. · an .001. For E « }~m/Qp/mosc. the closed-loop amplification at ~mi; 

P act1cally the same regardless which value for Eis substituted in (8 1) Th·s · ·ll t d 
in Figure 8.3(b): for sufficiently large ~m the curves IHI (1·m ) 12 I.A ,:,12 I is I us rate . . _ c osc · LlUJ converge to the 
same value. Similar behavior for v~ut · /~m/ 2 versus E was already encountered in Fi ure 
8.2. In sum, the characteristic -6 dB per octave of the oscillator-sideband slopes resul7s in 
the sa~e constant value for v~ut · /~ml2 for small arbitrary E values. 

kUsmg the abov~ theory, we can now describe the ACPN simulation principle. If we 
m~ e (see n~xt sectJ.on) .the open-loop gain equal to I - E somehow for small but arbitrar 
E m a~ oscillator C.lfCUJt, perform an AC noise analysis and let the simulator calculat~ 
t~e noise. at t~e oscillator output terminals, we obtain the oscillator output spectrum with 
P ase noise sidebands due to noise shaping. If we read the noise power of this spectrum 
at an offset fre.q~en~y fnz, while verifying that we obtained this value on the -6 dB er 
octave.slope, d1v1de it by the carrier power (that was for example obtained with a transi~nt 
analysis) and subtract 3 dB we obtain the -6 dB/octave part of £(f, ) Th b · f 
3 dB stems f th f h m · e su tract10n o r?m e act t at a standard AC noise analysis calculates the total noise In 
accordance with the convention of this work (seep 68) £(j, ) 1 h · 
no· f ·11 · ' m on Y represents t e phase 

1se o an osc1 ator and does not include amplitude noise. 

6AL . . h 
orentz1an is t e shape of the squared magnitude of a one-pole low-pass filter transfer function [138]. 
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Figure 8.3 IHc1(jw)l2 (a) and IHc1(jw)l2 
· lilwl2 (b) versus w for four values 

of parameter f. 

8.2 ACPN simulation flow 
The following steps can now be identified to simulate the 1 / / 2 slope o'. .C(fm) a.ccurately 
for an oscillator under design, operating in the linear or weakly nonhnear region, or to 
provide an estimate of .C(fm) for strongly nonlinear oscillators: 

1 Determine the carrier power (one transient run). 

2 Locate nonlinear element(s) in the oscillator circuit. Insert an attenuator into the 
output of each element (see Figure 8.1). Usually only one (differential) attenuator 

is needed per oscillator stage. 

3 Determine the open-loop gain7 IH01 ( Wosc) I under closed-loop biasing (with DC con
ditions as they are for zero oscillation amplitude) and loading ~~nditions. ~he ?s
cillation frequency Wosc is the frequency where the phase cond1t10n for osc1llat1~n 
is met (one AC run). Assign a value to the attenuator such that the open-loo~ g.am 
in the oscillator is (1-f). See, for example, the attenuator in Figure 8.4 that 1s im
plemented as a current source. Its value ia is equal to the output current lc1 of the 
transconductance gm, multiplied with (1- l/IHatl) · (1- f). 

4 Perform a closed-loop AC noise analysis for a small (e.g. f < 0.01) and arbitrary 
f. The output nodes of the noise analysis are the oscillator output nodes (one AC 

run). 
7Jn (139, 140] the open-loop gain under closed-loop conditions is derived in terms of t~o-po~ parameters. 

Expressed in Z-parameters H01 (jro) can be written as (Z21 - Z12)/(Z11 +Z22 - 2 · Z12). which is 1den11cal to 

S21-S12 (82) 
Ha1(Jro) = 2S . 

l-S11S22+S12S21- 12 

Note that (8.2) reduces to S21 /( l - S11S22) for unilateral devices (i.e. S12 = 0). 

8.3. SIMULATION EXAMPLE I: VERIFICATION OF ,Cbipo(/m) 

i cl iout 

v out 

1a=1ci*(1-_1_)*( 1- E) 

IH01 I 
i ais active only during step 4 

Figure 8.4 Behavioral model of a LC-oscillator with current attenuator ia that 
reduces the loop gain to ( 1 - f). 
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5 Read the noise power values (total noise and/or contributing noise sources) at an 
offset frequency f m on the 1 / / 2 slope and divide this by the carrier power. Subtract 
3 dB from the result to eliminate AM noise contribution to obtain a value for .C(fm)· 

Figure 8.4 illustrates a practical simulation aspect concerning step 4 in the ACPN 
simulation flow. By giving current attenuator ia the appropriate value, as shown in Figure 
8.4, and step 4 can be performed. Note that ACPN simulation for behavioral models is 
much faster to set up, compared to an oscillator modeled at circuit level. Only step 4 and 
5 of the ACPN simulation flow need to be performed. We can simply assume a certain 
carrier current (step 1) and since we are in full control of all parameters of a behavioral 
model we can set the loop gain of a behavioral model to 1 - f without affecting the amount 
of device noise generated. In an actual oscillator circuit, step 2 and step 3 are required 
to fulfill the conditions IH0 1 I = 1 - f, without affecting the biasing conditions that in turn 
determine the amount of device noise generated. Two simulation examples are given in 
the following two sections to illustrate the ACPN tool in practical situations. 

8.3 Simulation example I: verification of Lbipo (! m) 

In Section 6.3, we made extensive use of linear phase noise modeling to arrive at compact 
and insightful .C(fm) expressions for LC and ring oscillators. For example, on p. 146 we 
derived an estimate of .C(/111 ) for a bipolar cross-coupled LC oscillator: 

,C (f, ) . ~ ~ . _1 ( f osc ) 
2 

k T ( i aol + 1) 
m b1po 2 Q2 J, R 2 /2 . 

P m Pitl tail 

(8.3) 

Because the ACPN tool uses linear AC noise analysis, it is ideally suited to transparently 
verify any phase noise formula obtained with linear modeling. In this section, £(/m)bipo 
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Figure 8.5 Noise voltage density of a differential LC oscillator behavioral 
model simulated in standard AC noise analysis using the ACPN 
simulation flow. Both resonator noise and bipolar shot-noise are 
modeled. 

is compared with the results of the ACPN tool as an example. Other .C(fm) equations in 
Section 6.3 can be verified in a similar way. 

In order to verify .C(f111 )bipo with the ACPN tool, a differential version of the behav
ioral model from Figure 8.1 was entered in a circuit simulator8, and in addition to the 
noise generated by Rp, bipolar shot-noise of a cross-coupled pair was also modeled. This 
shot-noise was modeled by two current sources (one for every transistor, see Figure 6.40 
on p. 145) with a value 

a014kT 
(8.4) 

which is equivalent to 2qlc with le the collector current of a bipolar transistor. The oscilla
tion frequency was set at 1 GHz, Lp was set to 20 nH, and Qp was set to 10 (Rp = l.26kQ). 
As mentioned in Section 8.2, an ACPN-simulation for a behavioral model is much faster 
to set up, than for an oscillator modeled at circuit level. For a behavioral model, only step 
4 and 5 of the ACPN simulation flow need to be performed. 

Figure 8.5 shows the ACPN simulation results for £ = 10-4 of the differential LC 
oscillator model for a01 in (8.4) 1 and 5. The widening of the spectrum due to increased 
contribution of the shot noise when a01 is increased from 1 to 5 is evident. The total 
simulation time needed for analysis was 0.17 son a HP 9000/785 Unix compute server. 

The noise spectrum from Figure 8.5, divided by the estimated carrier power 2/n2 · 

12 . R and with 3 dB subtracted (to remove AM noise) is plotted in Figure 8.6 for offset tall P 

8phiJips ' in-house circuit simulator "Pstar". 

8.4. SIMULATION EXAMPLE II: .C(fm) OF A SOA LC OSCILLATOR 
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Figure 8.6 .C(fm) versus fm of the differential LC oscillator behavioral model 
simulated with the ACPN tool. The calculated curves are derived 
using (8.3). 
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fre~uency fm ranging from 500 Hz to 1.0 MHz. Current frail can be easily calculated for 
a bipolar ~ross-cou~led LC oscillator once a01 is chosen: Iiait = 4a

01
kT /(qRp). 

Equat10n (8.3) 1s also plotted in Figure 8.6 for a01 equal to 1 and 5. The simulated 
Loren~zian-shaped .C(f m) curves starts9 having a -6 dB slope per octave for offset fre
quencies above 10 kHz. The values on this slope represent an exact fit with the values 
calculated with (8.3). 

Other .C(fm) formulas derived in Section 6.3 can be (and have been) verified with the 
~CPN tool. T~o exam~les o.f theories on phase noise optimization obtained by using 
linear phase noise modeling will be mentioned here, because they can be verified and fur
ther ~xp~ored with the ACPN tool. The first theory is described in [141 , 142]. Capacitive 
tap~mg is u~ed to ma~ch the resonator impedance to the impedance of the active part of an 
?sc1Ilator wilh an senes LC resonator to optimize .C(f,,,). The second theory is presented 
m [143, 1~4}: an optimum ratio between the loaded and unloaded quality factor, namely 
2/3, for minimum .C(fm) is calculated. 

8.4 Simulation example II: £(fm) of a SOA LC oscillator 

In this exa'.11pl~ an ultra-l?w-power oscillator in Silicon On Anything (SOA) technol
ogy [145] is simulated with the ACPN tool. SOA is an IC-technology in which the 
substrate of a complete wafer is removed after processing and replaced by an isolating 
substrate such as glass [192] . In Section 9.1, an 800 MHz SOA LC oscillator design is 

9 
In this particular case: l ose = I GHz, Qp = IO and e = J o-4 . 
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Vtune 

~---~>------~ 
vcc 

¢. 

Figure 8.7 Circuit diagram of the balanced 3.6 GHz LC oscillator. 

described including more details on SOA technology. The SOA LC oscillator investigated 
here works at 3.6 GHz, dissipates 1 mW and is designed with \H0 1(jWosc)\ equal to 2.9. 
Measured £(fm) equals -80 dBc/Hz at lOOkHz offset of the 3.6 GHz carrier. Figure 8.7 
presents the circuit diagram. A balanced topology is used with a cross-coupled differential 
pair and two emitter followers as a feedback amplifier. 

Figure 8.8 shows the simulated £( 100 kHz) versus \H0 1 (jw0 sc) \ of the LC oscillator. 
The results of the ACPN method are compared in this graph with Spectre RF. Philips' in
house circuit simulator Pstar was used, utilizing only standard AC and transient analysis. 
An HP 9000 system/model 804, on which the operating system B.10.20A runs, was used 
to perform the simulations. On this hardware the ACPN method typically needed ~30 
seconds CPU time (step 1: 25.76 sec., step 3: 1.33 sec. and step 4: 2.52 sec.). Comparison 
between both simulation methods shows an excellent match for open-loop gains up to 
1.5. At \H

0
1UWosc) \ equal to 1.8, the AC method is 1 dB more pessimistic compared 

to the SpectreRF phase noise simulations (see Figure 8.8). This demonstrates that for the 
presented type of oscillator the ACPN method is an accurate approximation for open-loop 
gains up to 1.8. If the designer wants to simulate oscillators with larger open-loop gains 
the ACPN method can be used for coarse optimization, taking advantage of its speed and 
excellent convergence . Compared to measurements, both the ACPN and the SpectreRF 
method are too optimistic (respectively 2 dB and 4 dB) because external noise generators, 
like for example power supply noise, were not included in the simulations

10
. Note that 

the SpectreRF simulations for \H0 1UWosc) \ = 2.9 in Figure 8.8 reveal the effect of noise 
modulation that we already encountered in Table 6.3 on p. 148. For higher open-loop 
gains the oscillator starts switching and the contribution of collector shot noise to the total 
phase noise reduces, and hence £(fm)(100kHz) improves. 

IO If this was the case, SpectreRF would give the most accurate results. 

8.4. SIMULATION EXAMPLE II: £(fm) OF A SOA LC OSCILLATOR 

t 0.1 

V out 

[Vrms 

0.0 t -85 

L (100 kHz) 

[dBc/Hz] 

-65 
1.5 2.0 2.5 

Figure8.8 Vout and£(fm)(100kHz) versus \H0 1(jWosc)\. 

£(100kHz) ACPN method SpectreRF 

Total £(100kHz) -67.9 -68.1 
Q, (total) -74.2 -74.1 
Q1 (/c shot noise) -77.8 -77.4 
Q1 (Rbase noise) -76.9 -77.2 
Q2 (total) -76.5 -76.2 
Q2 Uc shot noise) -79.5 -79.4 
Q2 (Rbase noise) -79.7 -79.3 
R1 -80.0 -79.9 
R2 -83.1 -83.0 

3.0 

Table 8.1 ACPN tool and SpectreRF phase noise simulation results of the 
SOA oscillator for an open-loop gain of 1.03. The four dominant 
noise contributors are listed. 
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For \H~1(jWosc)\ equal.to l.~3 the contribution of four noise sources (Qi, Q2 , Ri and 
R2), ~ee F1gur~ 8.7) are listed m Table 8.1. This table illustrates that both qualitative 
(rankmg of noise sources) and quantita~ive £(f m) results are simulated correctly using 
the AC method for small open-loop gam values. Insight into the ranking of the noise 
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sources speeds up the optimization of the oscillator under design, since it points out the 
most dominant contributors to the phase noise. 

The ACPN simulation examples in this section and in Section 8.3 concerned both LC 
oscillators. However, the ACPN analysis method is not limited to LC oscillators and can 
also be applied to ring oscillators. The two-integrator oscillator presented in Figure 6.12 
on p. 117, can be designed for linear, weakly nonlinear and strongly nonlinear operation. 
In an RF modulator IC in production, this ring oscillator is used in linear mode (with 
an AOC) as a sound modulator operating from 4.5MHz to 6.5 MHz [146]. The presented 
ACPN method was used throughout the design of the sound modulator to optimize £(J,11). 
Measurements on the final design resulted in a £(100kHz) of -115 dBc/Hz with a carrier 
frequency of 5.5 MHz carrier. ACPN simulations predicted these measurements with 1 
dB accuracy. 

8.5 Summary 

CAD-tools play a very important role in the design process of a high-frequency integrated 
oscillator. Advanced transistor models, models of passive components, combined with ac
curate model parameters can accurately predict oscillator performance, including £(J,11) . 
This is crucial for oscillator dimensioning and optimization. Accurate phase noise predic
tions of most practical oscillators require a circuit simulator that has specialized analysis 
types, such as PSS and pnoise analysis in the commercial simulator SpectreRF, to capture 
all nonlinear and time-varying issues, for example noise folding and the modulation of 
noise sources. 

In this chapter, an AC phase noise simulation tool is proposed that can be used to 
obtain a reasonable (for strongly nonlinear oscillators) or good (for weakly nonlinear os
cillators) estimate of £(fm) . The ACPN tool uses standard AC noise analysis that is 
available in most circuit simulators, including the freeware simulator Spice. As ACPN 
simulation is incapable of capturing time-varying and nonlinear phase noise aspects of 
practical oscillators, it can not compete with the accuracy of sophisticated commercial 
simulators such as SpectreRF. ACPN simulations only provide the £(f m) resulting from 
noise shaping of noise sources in an LC or ring oscillator. Although the scope of the 
ACPN tool is limited, several features justify its coexistence with more accurate phase 
noise simulation tools. Among others, these features are an excellent speed and conver
gence, a high performance price (the price is practically zero) ratio, and it is ideally suited 
to verify linear phase noise theories. 

In an ACPN simulation, the open-loop gain in an oscillator is reduced to a value 
(1 - c). When the oscillator is simulated using AC noise analysis for£« ILirolQp/roasc. 
the simulated output noise spectrum has a Lorentzian shape. By taking a noise value 
reading at an offset frequency f m on the -6 dB per octave part of this curve, dividing it by 
the carrier and subtracting 3 dB to remove the AM noise contribution, a value for £(fm) 
is obtained. The carrier amplitude can be obtained with one short transient simulation 
run. In a practical oscillator the open-loop gain is much higher (e.g. 3-5) and needs to be 
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~educed for an ACPN simulation to (1 - c) without affecting the bias conditions, which 
m tum affect the amount of generated noise. This can be realized by inserting current 
sources and giving them the appropriate attenuation factor. These attenuators can be seen 
as blocks that model the amplitude stabilization mechanism of a practical oscillator in the 
AC model of this oscillator. 

Two examples have illustrated the use of the ACPN tool in this chapter. First, the 
phase noise generated by a differential behavioral model of a bipolar cross-coupled LC 
oscillator has been simulated. As expected, the simulated £(fm) perfectly matches the 
£(.f,11)-equation, LbipoUm), that was derived for this oscillator in Section 6.3. Second, 
the phase noise of a realized monolithic 3.6 GHz SOA LC oscillator was simulated with 
the ACPN tool. The £(fm) value obtained with the ACPN tool predicts the measured 
£( 100 kHz) value of -80 dBc/Hz with an error smaller than 3 dB. The application of 
the ACPN method on the design of a two-integrator oscillator was mentioned, as well. 
Because this oscillator works in linear mode (it was used in an RF modulator), ACPN 
predictions closely matched the measurements. 
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9 

Design examples 

I NTEGRATED transceivers are used in many applications. As we have seen in several 
tables in Chapter 4, the specifications of the oscillators in these transceivers vary con

siderably when comparing different applications. For example, the phase noise require
ments of wireless systems often are much more stringent compared to wired transceivers. 
This chapter covers four oscillator design examples, and illustrates the design of LC os
cillators as well as ring oscillators. The high-frequency oscillators are designed for three 
different applications, as explained below. 

First, the design of a local oscillator for FM radio receivers is highlighted in Section 
9.1 [231]. This LC oscillator features a very low power consumption (0.4 mW) while 
having an excellent spectral purity (.C( 100 kHz) ~ - 100 dBc/Hz). The LC oscillator is 
designed in the IC technology Silicon on Anything (SOA). 

Second, a 0.9-2.2 GHz ring oscillator [229] and a VHF LC oscillator [232, 235] for a 
digital satellite receiver is described in Section 9.2 and Section 9.3. Both oscillators are 
part of a double-loop tuning-system for this satellite receiver. The double-loop tuning
system combines the quadrature property of a two-integrator oscillator with the low
phase-noise property of an LC oscillator [38]. Pulling of the LO and self-reception in 
the zero-IF architecture of the satellite receiver are minimized, as the two-integrator os
cillator is fully integrated and inductorless. 

Third, the design of a 10 GHz ring oscillator for the Data Clock Recovery (DCR) 
block in an optical front-end is highlighted in Section 9.4 [242,246]. One of the challenges 
for this design was to find a suitable topology that would meet the specifications in a 
Bi CMOS process with a 30 GHz fT and a power budget of 100 mW. Starting off with 
a two-integrator, the evolution in ring oscillator topologies resulted in a new circuit with 
active inductive loads. 

199 
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Specification Norn. value Units 

vcc 5 v 
Supply current <100 µ,A 
Minimum frequency 785 MHz 
Maximum frequency 950 MHz 
.C(lOOkHz) -101 dBc/Hz 
Process SOA 

Table 9.1 Short list of nominal FM LO specifications. 

9.1 A 670-830 MHz LC oscillator for FM radio in SOA 

The FM radio standard is quite an ancient standard compared to modern digital transceiver 
standards. However, its use is still extremely wide spread. Increasing the level of integra
tion of FM radio receivers is of interest, since many modern electronic consumer products 
have a built-in FM receiver as an additional selling feature. Examples are mobile phones, 
MP3 players and PC extension cards. Especially for portable equipment, this FM receiver 
should be extremely cheap, low power and be fully integrated. The first oscillator design 
example of this chapter concerns a feasibility study into a monolithic ultra-low-power LC 
oscillator running at eight times the FM radio band [231]. 

9.1.1 Specifications 

The nominal target specifications for the FM local oscillator (LO) is listed in Table 9 .1. 
As we know from Table 4.1 on p. 65, the FM radio band starts at 87.5 MHz and extends 
to 108 MHz. The radio receiver architecture is conventional in the sense that it has a 
10.7 MHz IF frequency. In the next section we will see that the quality factor of on-chip 
inductors is rather low around 100 MHz (the real part is high compared to the imaginary 
part of the inductor). Therefore, the LO frequency was chosen 8 times higher than the FM 
radio band plus IF-frequency, and thus ranges from 785 to 950 MHz. This LO frequency 
is divided down (by 8) via a frequency divider to obtain the LO-signal at ! channel+ fip . 

For FM portable radios a SNR of 60-65 dB is acceptable. The .C(lOOkHz) for FM 
radio can be calculated using (4.9) on p. 71 with of= 11.6 Hz rms (assuming a peak 
frequency deviation of 22.5 kHz) and NBW = 5 kHz. It turns out that £(100 kHz) must 
be smaller than -119 dBc/Hz approximately. As is eloquently shown in [3], the phase 
noise of an oscillator improves 6 dB per division by two of its frequency 1. Intuitively 

1 That is provided the divider is well designed and does not add phase noise. A typical noise floor of a divider 
for this application is -140 dBc/Hz at 10 kHz offset. 
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Figure 9.1 Die micro-graph of a SOA NPN transistor. 

t~i~ i.s understanda?le .as. the period of the waveform is increased by a factor two after 
d1v1s10n and the n01s.e is i?eally unaffected. Since we have chosen a division factor of 8, 
the .C ( 100 kHz) spec1ficat10n of the oscillator around 900 MHz becomes -119 dB /H + 
201og(8) = -101 dBc/Hz. c z 

:o demonstrate the suitability of SOA technology2 for low-power oscillators a chal 
lenging power bud~et of 0.5 mW was chosen. SOA is quite a different technolo' com~ 
pared to standard bipolar technologies and is briefly introduced in the next sectio~~ 

9.1.2 SOA technology 

SOA ~e~hnology combines low-power active devices with high Q passives [192). The 
on-ch.Ip inductors show Q-factors up to 60 @ 2.7 GHz for 1.2 nH inductance Th ~ 
SOA is we!l suited for integrated front-ends including RF filters. Varactors for. tuni:: ao:~ 
compe~sat1on of the process spread with sufficiently high Q-factors (33 @ 1.9 GHz) also 
are ~va1lable. The 13 masks and the 1 µ,m lithography keep the process costs low enough 
so t at even complex filters can be integrated economically. ' 

The low power consumption of circuits realized in SOA technology is mainly the 
result of th~ rem~val of the silicon substrate. After processing the wafer is flipped and 
glued to an isola~ing substrate (normally glass). The silicon substrate then is completely 
removed by etching. Therefore substrate losses and parasitics are minimized resulting 
among other benefits, in the high-Q factor for inductors. ' ' 

th The. NPN transistor in S?A has ~ lateral current flow (see Figure 9.1 for a photo of 
~ device [248)). In the vertically onented emitter area one dimension is defined b th 

~p~-lay~r thick~ess .<0.2 µ,m). ~is al!ows emitter base (and collector base) junctio~s 0~ 
· µ,m , resulting in very small JUnct10n capacitances (0 8 fF and o 22 fF · 1 ) 

Th PNP · SOA · · · , respectlve y . 
2 e . 1~ is a standard lateral transistor with a minimum emitter area of o 2 

µ~ too (junction capacitances of 0.22 fF). To obtain these minimal parasitics the silic~n 
su strate has to be removed and replaced by a glass substrate. As a result, th~ transistor 

2
SOA technology was still in development during design of the FM LO. 
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Figure 9.2 Micro-graph of an optimized SOA inductor. 
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Figure 9.3 Q-factor measurement results of three inductors. 

output bandwidth four is much closer to transition frequency fr compared to silicon bulk 

processes. b d · d by 
The maximum supply voltage of the process goes up to 12 V and c~n he es1g~et 

. . h . t y parameter m t e trans1s ors. 
the width of the collector drift region, w~1c is ~ geome r 0 7 V h . a normalized 

The pdroc~sts alfs~0~~egr:t:s~~~;ra~
2

~ al~~~~ ~~:;n;f ~~: t~ 2 ns.' A a~:;i~al design flow 
gate ens1 y o . 
environment is available to support mixed-signal design. 

9.1. A 670-830 MHZ LC OSCILLATOR FOR FM RADIO IN SOA 

Figure9.4 Layout of the utilized varactor (one cell). 
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Figure 9.5 Q-factor measurement results of two varactors with drift regions 
(dr) 0.8 µm and 1.2 µm. 
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Figure 9.2 shows a micro-graph of the inductor used in the FM LO design. The 
distance between the curls is increased for each subsequent curl, to tune each curl to 
approximately the same frequency. Note that this scaling depends on the initial distance 
do between the inner curls and the inner radius Ro. The bridge also deviates from a 
constant width; the outer crossings are smaller to shift the poles together, formed of the 
inductance of all inner curls and the crossing capacitance. For larger inductors (higher 
number of turns) this compensation becomes less effective. Hence, the impact of these 
measures on the Q-factor is between 5% and 12% depending on the inductor's geometry 
parameters. Measured Q-factors of three inductors are shown in Figure 9.3. 

A single varactor structure is shown in Figure 9.4. It is similar to the emitter-base 
complex of the NPN transistor and allows the exchange of Q versus Cmax / Cmin by design 
parameters. These basic cells are put together by a varactor layout generator to build 
up larger arrays. The maximum Q-factors mentioned can be obtained in narrow band 
systems. In the varactor cell used in the FM LO the length of the low-doped drift region 
(dr) is 1.2 µm. After realization of the VCO design, new layout design rules allowed a 
minimum drift region of 0.8 µm. This results in higher Q-factors as can be seen in Figure 
9.5. 
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VCC (5 V) 

lem lvco 

Figure 9.6 Simplified schematic of the LC oscillator. 

9.1.3 Oscillator design 
Given the combination of the specified ,C(lOOkHz) value in Table 9 .. 1 and the powe~ bud-

et of 0.5 mW, it is clear that we can only achieve th!s wit.h an LC oscillator. ~alculat~on of 
g M . (see (7 .14) on p. 182) with this specification for a two-stage nng osc1lla.tor 
Fi~ld;'~g;:i~: of +7.3 dB. As discussed on p. 183, values beyond-~5 dB a.re challenging 
~nd positive values for FOM,;ng- ODE are extremely unlikely if not 1~poss1ble. . . 

A balanced oscillator topology was chosen for the oscillato~ des~gn , to max1m1ze re
· ection of common mode disturbances. The design is ~h~wn in F1g~re 9.6. Con:imo~ 
~ode re. ection is particularly important since the VCO is ~ntegr~te~ in an FM ra~10. re 

· ~he disadvantage of a balanced LC oscillator design with integr~ted c~ls is a 
~~~s~:ntial increase in the chip area. As we will see the inductor area dominates t e total 

chip area in this design. . Q f 17 3 
The value of the on-chip inductors was chosen t.o ?e 29.8 n.H with a max. o ,....., · 

around 1 GHz. The total parasitic capacitance of this inducto~ is 1.50 fF. The inductan.ce 
value of 29.8 nH is the largest of the three inductors plotted in .Figure 9.3. The. quality 
factor of the inductors in this figure is quite similar around this ~requency. G1~en the 

· ·fi d tail current of 100 µA we need a large effective parallel resistance 
maximum spec1 e ' · d l f ( Table 6 3 
(R ) and a to benefit from shot-noise reduction due to noise mo u a ion see ". 

Pp l48) 
01

The inductor of 29.8 nH yields3 an Rp equal to 6.3kQ around 1 GHz._ This 
o~ . . l . a of 6 and a peak voltage swing almost 1 V. According to 
gives an open- oop gain at 1 · · ·ll go 
F 6 51 on p 166 this voltage swing is too high: the base-col ector Junctions w1 
. I~:~~r~ard and the oscillator will operate in the voltage-limited region. However, th~ 
~nffective parallel resistance Rp is reduced by the finite quality factor of the vartctot an 
we can check the operation region again when we know the total resonator qua 1ty actor. 

3When calculating 2Qmax WoscL = 2 · 17.3 · 2n 109 · 29·8 10-
9 

· 
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Figure 9.7 Circuit diagram of the output buffer. 

Seven varactor sections in parallel, each of 240 fF (zero bias) are used. At the de
sign time the SOA technology was still in its development stage and the accuracy of the 
modeling of parasitics including interconnect was an issue. To accommodate this risk, the 
center frequency of the oscillator was designed somewhat lower than the target center fre
quency. Each of the seven sections was placed with sufficient surrounding space to make 
laser trimming possible. Obviously, in production this is not an option for cost reasons, 
but for a feasibility study laser trimming is viable option. 

The capacitance ratio Cmax / Cmin of the varactor for a bias voltage Vreverse ranging from 
0 to 5 volt, is approximately 1.7. The quality factor of the PN-junction varactor is around 
26 at 1 GHz (see Figure 9.5 for dr is 1.2 µm). The finite varactor quality factor at 1 GHz 
reduces Rp to 3.6 kQ and the maximum peak voltage4 across the cross-coupled bipolar 
differential pair is below 0.6 V. This means that the oscillator is working well within the 
current-limited region. The tail current lvco in Figure 9.6 was set slightly lower than the 
maximum value to 80 µA . The emitter followers that implement the first buffering stage 
each have a current fem of 40 µA . 

Dissipation of the VCO can be lowered even further by lowering VCC at the expense 
of a slightly reduced tuning range. The tuning design FOM, FOMuming-LC (see (7.4) on 
p. 174) comes to 110% for the nominal frequency specification in Table 9.1, taking for 
Cpar only the parasitic inductor capacitance of 150 fF, for Cmax = 7 · 240fF and finally for 
Cmin = Cmax /1.7. Since 100% (or 0 dB) indicates that the specification is exactly met, 
we have some tuning range margin. However, if we assume 10% spread on the center 
frequency, FOMiuning-LC drops below 100% and calculates to 75%. In this particular 
design we can employ laser trimming to compensate for process spread. For a production 
VCO, the tuning design FOM clearly shows us that we would have to use a varactor 
with a larger capacitance ratio or alternatively implement band-switching or oscillator
switching. 

An open-collector output buffer is implemented, in cascade with the VCO and emitter 
followers, delivering -30 dBm in 50 Q. Figure 9.7 shows the schematic of the differential 

4Calculated as n / 2 · 100 µA · 3.6kQ. 
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Figure 9.8 Micrograph of the LC oscillator. 

buffer. Without special measures in the output buffer, a multi-oscillation would occur 
(this phenomenon is discussed in Section 2.4.1). In this VCO design , one of the two 
simultaneous oscillations was introduced by loading of the VCO core due to the buffer. 
This resulted in a severely distorted VCO output signal. The feedback in the second stage 
of the buffer in 9.7 substantially reduces the loading on the VCO circuitry, and eliminates 
the multi-oscillation phenomenon. The total dissipation of the output buffer is 7 .2 mW. 

9.1.4 Experimental results 

A micrograph of the monolithic SOA LC oscillator is shown in Figure 9.8. The two 
inductors occupy a dominant part of the 1940 µm x 1280 µm active chip area. On the 
left two output buffers can be seen. One extra (stand-alone) buffer was used to Vi!rify the 
buffer characteristics. 

Frequency and C(Jm) measurements were performed using an HP8562E spectrum 
analyzer with pre-amplifier, as presented in Figure 9.9. The measured tuning range is 668 
MHz to 830 MHz when Viune is varied from 5 to 0 volt, which is more than 21%. Phase 
noise measurements are also plotted in Figure 9.9. Laser trimming is needed to change 
the measured center frequency of 750 MHz to the specified 870 MHz center frequency. 
For the tuning voltage range from 5 to 0 volt, .C(lOOkHz) varies between -98.1 and -100.4 
dBc/Hz. The power spectrum of the oscillator with Viune equal to 0 V is shown in Figure 
9.10. 

9.1.5 Benchmarking 

In Chapter 7 we have introduced several benchmark FOMS. Among other things, the 
FOM normalized phase noise (Nor-PN) was introduced (see (7.12) on p. 178). Instead of 
plotting FOMNor- PN versus frequency, as was done in Figure 7 .3, FOMNor-PN is plotted 
versus power dissipation in Figure 9 .11 for the single-phase LC oscillators in Appendix 
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G. Benchmark-FOMNor-PN for the SOA LC oscillator amounts to -182.8 dBc/Hz, with 
~( l 00 kHz) = -100.4 dBc/Hz, a carrier frequency of 830 MHz and a VCO core dissipa
tion of 0.4 mW. As shown in Figure 9.11 the SOA LC described in this section uses the 
least amount of power a~d ranks seventh according to benchmark FOM Nor_ PN in the 
top t~n ~f the pl~tted oscillators. In this top ten, most oscillators were published after the 
publication of this work [184] . 

. _T~e benchmark FOM LC- ODE of this SOA LC oscillator is around -14 dB which 
is s1mI!ar to the average encountered ODEs, as we have seen in Figure 7.4 on p. lSI. 
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The benchmark FOM Nor - PN versus power dissipation. All 
single-phase LC oscillators from Appendix G with a power dis
sipation below 40 mW are listed. 

9.1.6 Conclusion 
A 0.4 mW monolithic LC oscillator has been realized in SOA technology. The tuning 
range is 21.6 % and ranges from 668 MHz to 830 MHz. Measured £(100kHz) is -98.1 
dBc/Hz at worst and 100.4 dBc/Hz at best. The power dissipation of the oscillator is the 
lowest of all LC oscillators listed in Appendix G, while having an excellent benchmark 
FOM Nor- PN of -182.8 dBc/Hz. The target application for this oscillator is FM radio. 
To achieve the specification from Table 9.1, the £(100kHz) needs at least 3 dB improve
ment, which can be obtained with more power dissipation. The nominal tuning range 
specification is achieved. However, to handle process spread a redesign wi~h a hig~er 
varactor ratio is needed or, alternatively, a redesign that implements an oscillator with 

multiple frequency bands (band-switching). 

9.2 A 0.9-2.2 GHz two-integrator oscillator for satellite 

receivers 
Consumer market trends, especially cost and size reduction, have resulted in digital satel
lite receivers using zero-IF architectures [147-149]. Digital satellite systems use a QPSK 
modulation scheme. A simplified block diagram of a zero-IF satellite receiver is shown 
in Figure 9.12. The architecture allows a high degree of integration, especially because 
expensive IF filters are replaced by low-pass filters, which are r~latively easy to inte~rate. 
The Local Oscillator (LO) in the tuning system of Figure 9.12 is tuned to a wanted mput 
satellite channel and this channel is directly down-converted to baseband. Although the 
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Figure 9.12 Simplified zero-IF satellite receiver . 
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Figure 9.13 Double-loop tuning system for digital satellite receiver front-ends . 

209 

zero-IF architecture allows for almost full integration, it also demands additional com
plexity of the tuning system compared to a super-heterodyne receiver. Zero-IF receivers 
require quadrature (l/Q) LO signals covering the total input frequency range [90]. In 
addition, the LO and the tuning system should be constructed in such a way that LO 
self-reception [150] is minimized, which is caused by LO leakage [90] to the antenna. 

A fundamental solution to the abovementioned problems is the double-loop architec
ture shown in Figure 9.13 [3,38]. In this tuning system a fully integrated ring oscillator 
provides the required l/Q signals in the satellite frequency band [229]. This ring oscil
lator can meet the tuning range requirements and minimizes self-reception, as it is fully 
integrated and has no coils (no radiation to the antenna) . The phase noise level of ring 
oscillators typically is 20 dB higher than the noise level required for reception of the 
QPSK modulated signals with sufficient BER. Therefore, the ring oscillator is wide-band 
locked (1-2 MHz) to a low-noise tunable reference oscillator (RO) as shown in Figure 
9.13. Without a double-loop tuning system, use of an LC type oscillator would be manda-
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Specification Norn. value Units 

vcc 5 v 
Supply current 20 mA 

Minimum frequency 0.95 GHz 

Maximum frequency 2.15 GHz 

.C(2MHz) -106 dBc/Hz 

Output signals I/Q 

Tuning input high ohmic 

Tuning bandwidth > 10 MHz 

Process BiCMOS 10 GHz fr 

Table 9.2 Short list of the I/Q LO specifications. 

tory to meet the QPSK jitter requirements of the satellite system. The RO oscillates at a 
much lower frequency than the desired satellite channel and cannot cause or contribute 
to pulling or self-reception problems. To select a satellite channel, the RO is part of a 
second PLL and locked to a crystal oscillator reference (XO). The typical bandwidth of 

this second loop is 10 kHz. 
In the presented architecture, the main divider Ndiv (Figure 9.13) is programmable 

in four steps from 4 to 7. The integrated ring oscillator has four frequency bands, each 
successive band corresponding to a successive division ratio. The advantage of having x 
bands is a reduction of the needed tuning range of the RO by roughly a factor x. In pr~tice 
this reduction factor is somewhat smaller than x, because the bands need some overlap. 
Furthermore, the gain constant (in MHzN) of the ring oscillator is reduced by the same 
factor, making it more robust against on-chip disturbances. The consumer satellite band 
starts at 950 MHz and extends to 2150 MHz. With four LO frequency bands the minimum 
tuning range of the RO is 237.5 MHz (950 MHz/4) to 307.2 MHz (2150 MHz/7). 

In this section, the design of the 0.9-2.2 GHz ring oscillator that implements the LO 
in the wide-band loop in Figure 9.13 is highlighted. The design of the low phase-noise 
RO in the narrow-band loop will be described in Section 9.3. 

9.2.1 Specifications 

Table 9.2 summerizes the most important specification of the quadrature ring oscillator. 
The .C(fm) specification is derived after optimization of the double-loop tuning-system 
on behavioral level [3]. Provided the RO has a .C(lOkHz) better than -85 dBc/Hz and 
the loop bandwidth of the wide-band loop in Figure 9.13 is sufficiently large (1-2 MHz), 
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the ~itter s~ecification5 for digital satellite QPSK reception of< 2.8° rms [151] can be 
achieved with an LO having a .C(2MHz) equal to -106dBc/Hz. 

A relatively large power budget of 1 OOm Wis allocated to the LO in the tuning system 
to allow the use of a ring oscillator. The tuning specification is more than an octave 
which is '.elati.vely easy to achieve with a ring oscillator. Furthermore, a ring oscillator i~ 
compact in chip area and an even-stage implementation provides the required I/Q outputs. 
LO-leaka~e and self-reception are expected to be low, as the ring oscillator is inductorless · 
and fully integrated. The LO is part of the wide-band loop and controlled by the output 
voltage of a loop-~lter. It needs to have a high-ohmic voltage tuning-input, otherwise 
leakag~ .of charge in th.e loop filter would result in reference-breakthrough signals [243]. 
I~ add1t1on, the bandw.1dth of the tuning input circuitry must be sufficiently high (e.g. ten 
t1~es the loop bandwidth), so that the stability of the wide-band loop is unaffected by 
this pole. A low-cost standard BiCMOS technology is specified with a fr of 10 GHz and 
!MAX of 11 GHz [152] . 

9.2.2 Oscillator design 

Fro.m Section 6.3 .we know t~at a ring oscillator with a minimum number of stages yields 
opt~mum .CCfm) given a certain power budget. For the design of the LO the two-integrator 
o~c1llator ':as ch?,sen. The two-integrator has a minimum number of stages and pro
:1d~s ~Q signals correct-by-construction". FOMtreq- two-int (seep. 173) equals 130% 
indicating that the specified BiCMOS technology is sufficient to achieve the maximum 
oscillation frequency of 2.15 GHz with enough margin. 

. The circuit d~agram of the ~ealized two-integrator is shown in Figure 9.14. The oper
ation of the two-integrator oscillator has already been discussed in Chapters 5 and 6. On 
~op of the two-integrator oscillator, a double-balanced quadrature mixer is stacked that 
is used to down-convert the desired RF signal to I and Q baseband signals (see Figure 
9.12). A cascade stage provides isolation between the oscillator core and the mixer stage. 
The p~esence of the mixers on-chip also allows for the accurate measurement of the I/Q 
matching at bas~band frequen~ies . At 2 GHz the phase relation between the output sig
nals of ~he two-integrator oscillator would be impossible to measure as a tiny error in 
b~nd-wlfe. lengths represent a large phase error at such a high frequency. Note that the 
m1xer-osc1llator combination in Figure 9.14 is very power efficient: the oscillator current 
is r~used in the mixer. The cascode bias voltage Vra;t is 3.8 V nominal. Mixer/ F -outputs 
are implemented as open-collector outputs. 

The current lagc is set to 2 mA. At 2 GHz this resulted in a voltage swing of approxi
mately 250 .m V. T.he no~linear operation of the two-integrator oscillator, i.e. the switching 
of t~e transistors in oscillator core, reduced .CCf m) compared to linear operation. For this 
particular design, transient simulations were performed to estimate the phase noise [229] . 
A .C(2MHz) of-108 dBc/Hz was simulated. 

.. 5As disc~sse~ on p. 72 (see (4.11)) a high and low frequency limit for f m are needed to convert C(f,,, ) into 
a Jltt~r spec1~ca~1on. fH 1s taken to be l 00 MHz assuming a symbol rate of I 00 Mbits/s. fL depends on the 
satelhte receiver s earner-recovery loop-bandwidth being l 0, 20, or 30 kHz for example. 
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Figure 9.14 Circuit implementation of the quadrature mixer-oscillator. 
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• 
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Figure 9.15 Circuit diagram of the V /I-converter and the band-switch circuit. 

One of the LO specifications was the need for a high-ohmic tuning input in the voltage 
domain. The implementation of a VII-converter with MOS-input, together with band
switching circuitry is shown in Figure 9.15. The VII converters t~rns the two-in~egrat?r 
oscillator, which fundamentally is a CCO, into a VCO. As mentioned several times m 
Chapter 6, a high VCO gain results in a high sensitivity to noise o~ the t~ni~g. inpu.t of 
an oscillator. To reduce the VCO gain, the tuning range of the oscillator 1s d1v1ded mto 
four bands. The three band-switches are implemented as switched current sources. When 
the three current switches are off the minimum liune is 3.5 mA. The highest oscillation 
frequency is obtained when all Vswitch terminals are 5 V and when Vrune is 3.5 V. Nominal 
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Figure 9.16 Micrograph of the quadrature mixer-oscillator. 

lttme is in this case 7.5 mA. Note that when bipolar switches are used, as we have done 
her~, a base re.sistor is important to limit the base current (the "forced" current gain of 
a bipolar transistor can be very low) and that substrate contacts around each switch are 
needed to prevent latch-up. The MOS-input of the VII-converter assures a low leakage 
current of the loop-filter in the wide-band loop . 

9.2.3 Experimental results 

A micrograph of the mixer-oscillator circuit is shown in Figure 9.16. The active chip 
~ea is less t~an 0.5 mm

2
. As we know from Section 4.7 on p. 75, good I/Q matching 

is extremely 1mpo~tant for a h~gh IRR. Therefore, a lot of effort was put into making the 
layout as symmetncal as possible. Dummy metal tracks were applied where needed, to 
make the parasitic capacitance of every track the same. Parasitic extraction of the inter
connect capacitance is a useful tool, not only for verification of the electrical behavior 
but also to check whether all matching tracks are truly identical. ' 

In Figure 9.1_7, the four measured frequency bands versus tuning voltage Vrune are 
plotted. The tuning voltage goes up to 3.5 V. It is instructive to realize that a conven
tional varactor tuned satellite oscillator needs a second power supply, because its discrete 
varactor .require~ 30 V tuning voltage [153]. So compared to 30 V, this design reduces 
the requ1red tumng voltage by a factor 8 and eliminates the need for a second voltaoe 
supply. The tuning range of 80% covers the consumer satellite band with a VCO gain 
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Figure 9.18 Power spectrum of the two-integrator oscillator at 2 GHz. 

of 150 MHzN ± 35%. This relative constant VCO gain facilitates optimization of the 

wide-band PLL parameters. 
Phase noise optimization resulted in a .C(2MHz) equal to or better than -1~6 dBc/Hz 

across the whole frequency band of interest. Measurements w~re performe.d with a spec
trum analyzer and with HP 3048 phase noise measureme.nt e~u1pment. In Figure 9 .18, the 
power spectrum of the oscillator is shown, at 2 GHz osc1llat10n frequency. 

IJQ matching was measured with a spectrum anal~zer and wit~ a HP 5372A frequency 
and time analyzer. To calibrate for phase and amphtude errors mtroduced by measure-
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ments cables and amplifiers, two measurements per frequency point were taken, results 
were added and divided by two6. The result of the I/Q matching measurements are shown 
in Figure 9.19. Phase measurements were performed at an IF frequency of 1 MHz. A care
ful layout resulted in a phase matching better than 0.5° and an amplitude matching better 
than 0.1 dB. As shown in Figure 7.5 on p. 183 (see the diamond with reference [225] next 
to it) the ring oscillator design efficiency (benchmark FOM ring - ODE) of the oscillator 
is around -34 dB at 1.55 GHz, which leaves room for further optimization. 

9.2.4 Conclusion 

The design of an integrated two-integrator oscillator has been discussed, realized in a 
standard 10 GHz fT BiCMOS process. Its tuning range covers the complete satellite 
band and is equal to 80%. Three band-switched current sources divide the frequency 
range of 0.9-2.2 GHz into four bands. In this way, the VCO gain constant has been kept 
low: 150 MHzN ± 35%. .C(2 MHz) measurements across the whole band are equal 
to or better than -106 dBc/Hz. Combined with a double-loop tuning system, the two
integrator oscillator can be used in digital satellite receivers. The measured l/Q matching 
corresponds to an IRR better than 40 dB . Nominal supply voltage is 5 V and the power 
dissipation is lOOmW. 

6Suppose the phase error in the l measurement path is </Ji and in the Q measurement path l/>2. A first mea
surement of the phase difference I - Q of the oscillator will yield I+ </J1 - Q -1/>i. Now all wires and ampli
fiers are exchanged between the I and Q path and the phase measurement is performed again. This will yield 
I+ l/>i - Q- <Pi. After addition we have removed the error of the measurement set-up and gain 2/ - 2Q. 
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Specification Norn. value Units 

vcc 5 v 
Supply current 4 mA 

Minimum frequency 237 MHz 

Maximum frequency 307 MHz 

£(IO kHz) <-85 dBc/Hz 

Process Bipolar 11 GHz fT 

Table 9.3 Short list of RO specifications. 

9.3 A 225-310 MHz LC oscillator with PMOS varactors 

The ring oscillator from the preceding section is part of the wide-band loop sho~n in 
Figure 9.13 on p. 209. Its phase noise is "cleaned-up" by locking it to a reference o~ctllat~r 
(RO) with a much better phase noise performance. In this section the design of this RO ts \ 
described, which is part of the narrow-band loop in the double-loop tuning system. 

9.3.1 Specifications 

The most important RO specifications are listed in Table 9.3. The challenge of the RO 
design is to meet both£( IO kHz) and the tuning range requirements. Next to £ ,f,,,) and 
tuning range, power dissipation is a third important functional specification that-follows 
from system considerations. The DC current of the RO must be limited to a few mA to fit 
into the total power budget (500m W) of the satellite front-end. 

For digital satellite QPSK reception, the jitter specification is 2.8° rms [ 151]. T~is 
translates to a £(10kHz) for the RO ranging from -85 dBc/Hz to -95 dBc/Hz, dependmg 
on the integrated ring oscillator phase noise level, the symbol rate of the satellite system 
and the loop bandwidth of the clock recovery of the QPSK demodulation back-end [38]. 

The tuning range in Table 9.3 follows from the chosen double-loop architecture. The 
main divider ratio Nc1;v in Figure 9.13, divides the LO signal by either 4, 5, 6 or 7. Given 
the satellite frequency band that we need to cover, this results in a nominal RO tuning 

range of 950 MHz/4 to 2150 MHz/7. 

9.3.2 Resonator design 

One possible implementation of the RO is an off-the-shelf VHF oscillator with a com
pletely external resonator circuit. However, to comply with the low-cost demands of the 
satellite consumer market, a higher degree of integration is desirable. 

9.3. A 225-310 MHZ LC OSCILLATOR WITH PMOS VARACTORS 
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Circuit 
solutions 
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Figure 9.20 Integrated varactor options in the specified IC technology. 
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In order to derive the specification of the RO's resonator, the oscillator's £Cf m) and 
tuning requirements have to be translated into resonator specifications. We can derive 
a first order estimate for the minimum quality factor we need by solving the equation 
FOM.c(fm) ,LC-bipo = 1 for Qp (see (7.10) on p. 174 for the expression of this design 
FOM). Choosing Lp=30 nH, a0 1 = 3 and substituting the specification of Table 9.3 in the 
£Cfm) design FOM, yields a minimum (loaded) quality factor of 4. This rules out the use 
of integrated coils in the bipolar technology in which the RO needs to be realized, because 
around 300 MHz the inductor quality factor is much lower. A cost-effective solution is 
an off-chip inductor, for example, an air coil or printed PCB inductor. Both air coils and 
printed PCB-inductors can be realized with quality factors of 60 or better at 300 MHz. 
Hence the quality factor of the varactor is expected to dominate the Qp value of the RO 
resonator. The conclusion is that the varactor quality factor must be significantly7 larger 
than 4 to meet the RO £Cfm) specification. 

Tuning design FOM, FOMruning- LC (see (7.4) on p. 174) can be used to derive a first 
order estimation of the required varactor ratio avaractor · Substituting Cpar, Cmin and Cmax = 
avaractorC,nin in (7.4), and solving FOMuming-LC = l for avaractor yields the minimum 
required avaractor· In Section 9.3.3, the active oscillator circuit will be described and this 
circuit will contribute 3.8 pF at 307 MHz to Cpar· Capacitance Cm;,, is 5.2 pF if we choose 
a resonator inductance of 30 nH. Solving FOMuming-LC = l for these values results in a 
minimum avaractor of 2.16. The derived minimum varactor quality factor Qvaractor (of 4) 
and the minimum capacitance ratio avaracror (of 2.16) can now be used to benchmark the 
available varactor options in the specified IC technology. 

Three varactor options are available in the IC technology used for the RO design. 
In this bipolar technology a PMOS device is available too, which is generally used for 
switches and high-ohmic inputs. The three alternatives are presented in Fig.9.20. Passive 
options are the PN-junction varactor and a PMOS varactor. Using active devices, circuit 
solutions can be realized that implement a variable capacitance. 

7This is because the design FOM neglects all nonlinear phase noise generation mechanisms. 
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PN-junction varactor 

In a bipolar process8 a PN-junction type varactor is readily available by, for example, 
connecting the emitter to the base of a transistor and using the collector-base junction 
reversed biased (see p. 126). 

On p. 127 in Figure 6.23 we already demonstrated the simulated capacitance curve of 
20 NPNs in parallel with base and emitter short circuited. This varactor was considered 
for use in the RO's resonator. The simulated capacitance mainly consists of the sum of Cµ 
and CJs· Each transistor has an emitter area of 1.6 µm · 200 µm. The zero reverse-voltage 
capacitance of this PN-junction type varactor is 12.4 pF. The simulated capacitance ratio 
is 1.9 with reverse bias voltage Viune varying from 0 V to 5 V. However, since the RO will 
be incorporated in the double-loop tuning system, zero reverse voltage is unrealistic, since 
voltage head room is needed for the charge-pump in the tuning system. Furthermore, the 
oscillator voltage swing limits the usable tuning range. The capacitance ratio with 0.5 V 
to 5 V reverse bias is reduced to 1.6 for example, which is less than the minimum G-varactor· 

Unloaded quality factors of PN-junctions are measured in the range of 75 and higher 
at 1 GHz [231]. Therefore varactor quality factors in excess of 75 can be expected at 300 
MHz, and phase noise performance is expected to meet the requirements of -85 dBc/Hz 
at 10 kHz offset of the carrier. 

Variable capacitance topologies 

The active variable capacitance topology in Figure 6.30 on p. 134 was considered. As 
discussed on p. 134, active varactor topologies can have excellent tuning ranges com
pared to passive varactors. The simulated capacitance curve of the variable capacitance 
topology of Figure 6.30 is shown in Figure 6.31 on p. 135 (solid curve). The simulated 
Cmax/Cmin ratio (5.3 pF/0.7 pF) is 7.6. However, calculation of the equivalent varactor 
quality Qcacrive (defined on p. 135) results in a value below l in the middle of the tuning 
range, as discussed on p. 135. 

PMOS varactor 

In the case of a CMOS implementation of the RO both NMOS and PMOS devices can 
be used to implement a MOS-type varactor. NMOS-type varactors yield higher quality 
factors due to higher carrier mobility. For MOS-type varactors Cmax / Cmin ratios ·of more 
than 3 have been demonstrated and quality factors larger than 20 at 1 GHz have been 
measured (see Table 6.2 on p. 129). However, the required RO phase noise levels have not 
been demonstrated with MOS varactors. In the technology available for the RO design, 
only PMOS devices are present. 

Figure 9.21 shows the simulated capacitance curve of the PMOS-varactor. The simu
lated device has a W / L of 200 µm I l .2 µm and is constructed with 20 devices in parallel. 

8In a standard CMOS process available parasitic PN-junctions could be used, although they are not well 
characterized generally [207]. 
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Figure 9.21 Simulated capacitance curve of the PMOS varactor. 

Varactor-option Qvaractor °'varactor usable? 

Specification >4 > 2.16 
PN-junction > 75 < 1.9 no 
Active varactor 1 7.6 no 
PMOS ? 3.1 possibly 

Table 9.4 Benchmarking of the varactor options. 
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Hence the total width of the varactor is 4000 µm The bulk ( 
1 11) · · or more accurate y the N-

we is c?nnected to the drain and source contact and forms the varactor cathode The 
gate-te~mmal acts a~ t.he anode. MOS-model level 9 was applied for the modeli~ of 
the device charactenst1cs [154]. In the simulation, the anode was given a fixed refer:nce 
vol~a~e of 2:5 V to be able to evaluate the accumulation region and inversion region with 
~~1t1ve tunmg voltages. ~igure 9.21 reveals a minimum and maximum capacitance of 

· pF and l 1.3 pF: respectively. Therefore, °'varactor is equal to 3.1. In the applied MOS 
mod~!, source, dra~n ~nd channel resistance are not modeled, which results in unrealistic 
quality factor pred1ct10ns. 

Table 9.4 sum~arizes th~ evaluation of the varactor options. The quality of the var
;cto~ and the capacitance rat10s are compared with the varactor specifications derived in 

ectwn 9.3.1. The PMOS-type varactor is the only option for the RO design with inte-
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Figure 9.22 Reference oscillator circuit diagram. 

grated varactors, but its quality factor is an uncertainty. The simulation resul~s and e_xpec
tation of the PMOS varactor must be experimentally verified. A robust active oscillator 
circuit is needed for the RO with PMOS varactors. In the following section the design of 
this active circuit will be discussed, followed by a presentation of the experimental results 

in Section 9.3.4. • 

9.3.3 Active oscillator design 

In Figure 9.22, a simplified diagram of the RO is presented. A fully balanced design 
is chosen in order to minimize interference via supply lines in the mixed-signal satellite 
receiver IC. The design consists of a cross-coupled pair that implements the negative 
transconductance needed. The tank is connected to the differential pair via two emitter 
followers . The open-collector differential pair facilitates measurements and the collectors 
can be directly connected to 50 Q measurement equipment. The power dissipation of the 
cross-coupled pair and the emitter followers (the VCO core) is 14 mW when the internal 

supply voltage Vsrabi is 3.5 V. 
Durino the design, simulations revealed potential parasitic oscillations in the fre-

quency ra~ge of 1.5 GHz - 2.5 GHz caused by package and PCB parasitics. To elimina~e 
these oscillations, which would obstruct proper characterization, base-collector (Cbc m 
Figure 9.22) capacitances are added. This reduces oscillator activity at high frequencies. 
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Figure 9.23 Die photo of the RO with PMOS varactors. 

The tank circuit is capacitively coupled to the active RO part by high Q (> 100 at 
300 MHz) on-chip capacitors. In this RO design, air coils are used, having quality factors 
better than 100 at 300 MHz. The capacitance curve of the PMOS-varactor versus Viune 

can be mapped to the desired DC range with Vref· Vref effectively changes the threshold 
voltage VrH of the PMOS varactor. For Vref equal to zero, part of the tuning range in the 
accumulation area has a negative Viune· By making Vref equal to 2.5 V for example, the 
complete tuning range can be covered with positive tuning voltages (as shown in Figure 
9.21). 

9.3.4 Experimental results 

The RO test-IC with PMOS varactor has been realized, together with a 5 V voltage sta
bilizer that generates the 3.5 V voltage Vstabi and the 2.7 V bias voltage Vbias· The chip 
micrograph of the RO with PMOS-varactors is shown in Figure 9.23. The active IC area 
is about 0.26 mm2. An eight-pin plastic Shrink Small Outline (SSO) package is used for 
packaging. 

Simulated and measured oscillation frequency versus Vfune are shown in Figure 9.24. 
As can be expected from the MOS capacitance characteristic (Figure 9.21), the frequency 
curve is not monotonic. The frequency curve in the inversion region is well predicted by 
the applied MOS model, but the modeling needs improvement to predict the accumulation 
region accurately. Minimum and maximum frequency of the RO are 225 MHz and 310 
MHz, respectively. The complete tuning range needed for the RO is covered and a tuning 
range of more than 31 % is measured. 
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The measured phase noise at 10 kHz offset of the carrier over the complet~ tuning 
range is presented in Figure 9.25. Over the entire RO tuning range the .C(lOk~z) is bett~r 
than -87 dBc/Hz and the specification is met. .C(f m) versus offset frequency is shown m 

Figure 9.26 for V1w1e is 2.5 V. 
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Characterization of the RO design with integrated PMOS varactors shows that the PMOS 
solution meets both phase noise requirements and tuning range requirements. However, 
for a robust product, additional effort is needed. Measurements were performed with air 
coils and these have to be replaced by printed PCB coils for two reasons. Firstly, this 
removes an alignment point since the PCB coils are much more reproducible than air 
coils. Secondly, air coils are susceptible to microphonics, which can lead to cycle slips 
in the satellite receivers. To cope with process spread more tuning range is needed. This 
can be achieved by a redesign of the active RO circuitry and optimizing for minimum 
Cpar· Furthermore, if the minimum varactor capacitance C111;11 is increased, the (relative) 
influence of parasitic capacitance Cpar reduces and the tuning range increases . 

The tuning behavior of the RO with PMOS varactors is not monotonic. In the test
IC, the well of the PMOS is connected to the drain and source contact. This allowed 
evaluation of both accumulation region and inversion region of the varactor. Since the 
RO will be part of the double-loop tuning system, the tuning curve needs to be made 
monotonic otherwise the double-loop tuning system could latch up. This can be realized 
by connecting the well-contact to Vsrabi · Depending on whether the gate is connected as 
an anode or as a cathode, the accumulation region or inversion region can be selected for 
operation. Figure 9.24 shows that the accumulation region (left region) has a lower VCO 
gain (MHz/V) which leads to lower spurious components resulting from noise sources 
present at the tuning input. 

The quality factor of the PMOS varactor can be improved through careful optimization 
of the layout. In the presented design standard layout rules are applied. Using the design 
guidelines suggested in [ 108) the layout of PMOS varactor can be optimized to maximize 
the quality factor and thus the phase noise performance of the RO. 
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Figure 9.27 Block diagram of an optical transceiver. 

9.3.6 Conclusion 

PMOS integrated varactors are successfully used to realize a reference oscillator for a 
double-loop tuning system, which can be used in digital satellite receiver architectures. 
State-of-the-art phase noise performance of -87 dBc/Hz at 10 kHz offset is experimentally 
demonstrated for a highly tunable oscillator with integrated PMOS varactors. The mea
sured tuning range is 225 MHz to 310 MHz, which is larger than 31 %. Power dissipation 
is 14 mW with a supply voltage of3.5 V. 

9.4 A 10 GHz I/Q ring oscillator for optical receivers 

In data transmission over optical fibers, one of the key functions of the receiver front-end 
is Data Clock Recovery (DCR). In networks following the Synchronous Optical Network 
(SONET) standard or the Synchronous Digital Hierarchy (SDH) standard, non-return-to
zero (NRZ) data signals are used. A block diagram of an optical transceiver is shOWJl in 
Figure 9.27. At the receiver side, the optical signal from the glass fiber is transfered to 
the electrical domain by a PIN-diode. Next, the output current of this diode is amplified 
and converted into a voltage by a low-noise Trans-Impedance Amplifier (TIA). A limiting 
amplifier further amplifies the signal. The task of the DCR circuit is to extract the clock 
information from the NRZ data. This means that the DCR circuit must be able to acquire 
phase lock with the clock signal from the random data. 

Many advanced integrated DCR circuits are PLL based [101]. Since the free-running 
frequency of the oscillator in the PLL is never exactly the same as the incoming data 
rate, the DCR circuit must obtain frequency lock prior to phase lock. In practice this 
means that every PLL-based DCR circuit needs some type of frequency acquisition aid 
[101]. One option is to use a crystal oscillator to keep the oscillator frequency within the 
acquisition range of the PLL, but this solution requires an expensive external crystal and 
an IC pin. Fully integrated solutions have been realized in which the DCR architecture has 
a frequency discriminator as an integral part of the architecture [215] . Often, this requires 
an oscillator that provides quadrature (I/Q) signals. The availability of quadrature signals 
also allows for the construction of half-rate DCR architectures [155]. Half-rate DCR 
circuits operate at half the frequency of the incoming data rate. 
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Specification I Value Unit 

Technology BiCMOS 30 GHz fT 
Frequency 9.953280 GHz 
.C(2MHz) -95 dBc/Hz 

Power budget 100 mW 
Power supply voltage 2.7 v 

Tuning input Differential 
Output(s) In-phase I Quadrature 

Table 9.5 A short list of the specifications of the DCR ring oscillator. 

This section presents an investigation of three I/Q ring oscillator topologies for 10 
Gb/s DCR circuits that require quadrature signals. The SO NET standard OC-192 (equiv
alent to SDH STM-64) requires clock extraction at a bit-rate of 9953.28 Mb/s ("-' 10 
Gb/s). 

The specifications for the I/Q ring oscillator will be reviewed in Section 9.4. I . Three 
two-stage ring oscillators are discussed at the circuit level in Section 9.4.2. The most 
promising ring oscillator implementation employs stacked active inductances. Section 
9.4 .~ exp_lains how the active inductances in this ring oscillator can be used to improve 
the 1solat1on between the oscillator core and cascaded circuits. The experimental results 
of the quadrature oscillator with stacked active inductances are discussed in Section 9.4.5, 
and compared with other reported ring oscillators in section 9.4.6. 

9.4.1 Specifications 

The target specifications for the quadrature oscillator are shown in Table 9 .5 and have been 
?erived from DCR system considerations and simulation. The power budget of 100 m w 
is based on the knowledge that a ring oscillator will be used rather than an LC oscillator. 
Compared to a LC oscillator, a ring oscillator needs a higher level of power dissipation to 
mee~ the ~arrier to_ noise ratio .C(fm) of -95 dBc/Hz at 2 MHz offset9. However, the .C(fm) 
spec1ficat10n requ1red for DCR circuits is several orders of magnitude lower compared to, 
for example, local oscillator requirements in wireless front-ends, which makes the use of 
ring oscillators feasible in DCR systems. Especially the compact chip area and the, in 
general, large tuning range of a ring oscillator, make it a good candidate for use in DCR 
circuits. 

9
This frequency domain specification is derived from the time domain OC-192 specification assuming the 

osc1Itator is part of a PLL with a loop bandwidth of IO to 12 MHz (see Table 4.3 on p. 72). 
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I-stage Q-stage 

Figure 9.28 Block diagram of a two-stage quadrature oscillator. 

A key aspect of the presented ring oscillator topology study is the technology used to 
investigate the performance of the oscillators. As shown in Table 9.5, a BiCMOS technol
ogy is specified with a 30 GHz fr [128]. Constructing a quadrature ring oscillator with a 
.C(2MHz) of-95 dBc/Hz oscillating at 1/3 of the fr with less than 100 mW dissipation, is 
a design challenge. The combination of the oscillation frequency, .C(2MHz), dissipation 
target and technology has led to an evolution of ring oscillator circuits, presented below. 
The influence of the parasitics is dominant at 10 GHz, so that circuit complexity must be 
low. Every additional device adds device and interconnect parasitics, which reduce the 
oscillation frequency and the carrier level. 

9.4.2 Two-stage ring oscillator topologies 

The oscillation frequency and .C(2 MHz) specification are the primary objectives for the 
DCR ring oscillator design. The large signal oscillation frequency in a ring oscillator 
is equal to (2N'rdelay )- 1, in which N is the number of stages and 'rdelay the large signal 
delay of a stage. A two-stage ring oscillator therefore is most interesting as a starting • 
point for the DCR oscillator design, since it has the highest frequency and provides I/Q 
signals. Two stages also is the optimum number of stages for differential ring oscillators 
with respect to phase noise minimization, as we have seen in Chapter 6. 

A block diagram of a two-stage ring oscillator is shown in Figure 9.28. The model 
consists of two identical sections and one inversion. The phase condition for oscillation 
dictates a 90° phase shift per section. Therefore, a two-stage oscillator with identical 
stages provides "correct-by-construction" 1/Q signals on a behavioral level. Practical I/Q 
matching is limited by device matching and layout symmetry. 

Below, three implementations of the stages in Figure 9.28 are discussed. Oscillation 
frequency maximization is used as a criterion to select the most promising topology. The 
circuit implementation with the maximum oscillation frequency (above 10 GHz) will have 
the highest gain and signal swing at the (lower) target frequency of 10 GHz, which will 
result in better .C(fm) figures . The qualitative discussion in this section is followed by 
a quantitative analysis of the three oscillator implementations in Section 9.4.3, in which 
the maximum oscillation frequency of the topologies in a 30 GHz fr Bi CMOS process is 
determined by an automatic circuit optimizer. 
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A candidate for the realization of the DCR oscillator is the two-integrator oscilla
tor [225]. For convenience (we already encountered the circuit a number of times) the 
circuit diagram of one stage of this oscillator is redrawn in Figure 9.29(a). Maximum 
oscillation frequency is obtained when lumped capacitor C1 is omitted. In such a case the 
integration capacitance in each section consists completely of parasitic capacitance. In 
Section 9.2 we saw that this oscillator, implemented in a 10 GHz fT BiCMOS process, 
performed well in the satellite band. However, simulations of this circuit in the specified 
30 GHz fT BiCMOS process, revealed poor .C(2 MHz) figures at 10 GHz. Furthermore, 
FOMfreq- two- int amounts 10 to a value slightly below 100%, indicating that it is very dif
ficult to achieve the target frequency with sufficient margin (the FOM does not include 
inter-connect capacitance, etcetera). A topological change is needed to achieve a higher 
maximum oscillation frequency and better .C(2MHz) . 

A promising option to extend the oscillation frequency and improve .C(fm) is to alter 
the circuit in Figure 9.29(a), such that the parasitic phase shift of transistors Qn ,QT2 is 
partly compensated. Interestingly, only a small topological change in Figure 9.29(a) is 
needed to realize this. If the transistors QA1.QA2 in Figure 9.29(a) are connected with 
shorted base and collector to the collectors of Qn ,QT2, the oscillator circuit in Figure 
9.29(b) is obtained [222]. For high frequencies, a transistor with shorted base and collec
tor implements an active inductance, and effectively implements inductive peaking and 
thus extending the oscillation frequency of the oscillator (seep. 139) [222]. This circuit 
will be referred to as the ring oscillator with folded active inductances. Tuning is realized 
by varying the bias current !rune of transistors QLI ,QL2, which changes the inductance 
value. 

The oscillation frequency of the ring oscillator with folded active inductances is max
imized, if the parasitic capacitance seen at the collectors of transistors QA 1.QA2 in Fig
ure 9.29(b) is minimized. In the oscillator stage Figure 9.29(b), the collector substrate 
capacitance of transistors QLI ,QL2 adds to the total parasitic capacitance seen at the col
lectors of QA 1 ,QA2. This contribution is eliminated when stacking the active inductances . 
as shown in Figure 9 .29( c ). However, the current through transistors QA 1.QA2 in Figure 
9.29(c) Uievei/2 in balanced condition) is now reused in transistors QLI ,QL2 · Therefore, a 
means of frequency control is needed to set the carrier level and frequency independently. 
This is realized with variable resistors R 11mel ,R1une2• which control the inductance value 
ofQL1,QL2 [219]. 

9.4.3 Simulation of the maximum oscillation frequency 

In order to quantify the maximum oscillation frequency of the three ring oscillator topolo
gies, an automatic circuit optimizer was used. All transistors where modeled with the 
MEXTRAM transistor model [156] to include all high-frequency parasitics effects. The 
optimization goal was simply to maximize the oscillation frequency. All currents and 
resistor values where given as design parameters. The oscillation frequency was simu-

IOsee Figure 6.13 on p. 117: in this figure the oscillation frequency of a two-integrator oscillator is plotted, 
implemented in the technology specified in Table 9.5 . FOMJreq-rwo-inr is defined on p. 173. 
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Oscillator Figure fosclmax [GHz] 
fosc lmax 

fr 

Two-integrator Fig. 9.29(a) 10.3 0.34 
Folded inductances Fig. 9.29(b) 13.5 0.45 
Stacked inductances Fig. 9.29(c) 20.2 0.67 

Table 9.6 Maximum oscillation frequency f'ose of the three I/Q ring oscil-
J ( Jmax 

lator topologies . 

lated using transient analysis and the value of the oscillation frequency was fed back to 
the optimizer, which adjusted the design parameters until a maximum value of oscillation 
frequency l ose/max was reached. 

The results of the optimization are shown in Table 9.6. As expected, the ring oscillator 
with st~cked acti_ve in.ductances achieves the highest oscillation frequency. In practice, 
l ose1111ax is lower smce mterconnect capacitance is not taken into account. 

T~e simulation results listed in Table 9.6 are obtained without loading the ring oscilla
tors with buffers, for example. Prior to realization of the ring oscillator with stacked active 
inductances, loading of the circuit by cascaded circuits has to be addressed. Minimization 
of these loading effects will be considered next. 

9.4.4 Adding buffered outputs 

The quad~atu~e ring oscill~tor is ~sed in a DCR architecture. Therefore, buffers, flip-flops 
or other c1rcmts load the nng osc11Iator. If these circuits are connected to the collectors of 
transi_sto~s QA 1.QA2 in Figure 9 .29( c ), their contribution to the total parasitic capacitance 
can ~1~mficantly l.ower the oscillation frequency. This loading effect can be reduced by 
prov1?mg alternative output terminals, which are isolated from the collectors of QAi ,QA

2
. 

. Figure 9.30(b) shows the half circuit of Figure 9.29(c). The collector of transistor QLI 
is connected to VCC with resistor RL. This creates a buffered output node. For small 
values of RL the inductance of Qu remains practically unchanged when this resistor is 
~dded . Transistor QL1 is now used for two functions. First of all it implements the active 
inductance and secondly, it provides cascode buffering. 

The simulated buffered and unbuffered output signals (V:b ff 1 and V: b ff 
1 

1·n . u erec. un u erec. 
Figure 9.30(b)) of the oscillator in Figure 9.29(c), with collector resistors RL inserted 
between the collectors of QL1, QL2 and VCC, are shown in Figure 9.31. The tail current 
lievel (see Figure 9.29(c)) was set to 12 mA, which resulted in a large-signal oscillation 
frequency around 10 GHz. Resistor RL was set to 20 n. The simulation results in Figure 
9.31 are obtained without loading the oscillator and performed at a maximum oscillation 
frequency of 11.6 GHz. The influence of loading effects was investigated by connecting 
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Figure 9.31 Simulated differential quadrature signals at the buffered and un
buffered output terminals. 

two differential pairs with 12 mA tail current (the same current level as the oscillator) to 
the collectors of QA 1, QAz in Figure 9 .29( c ). The simulated frequency dropped from 11.6 
GHz to 9.2 GHz and the output voltage, which was 216 mVpeak in Figure 9.31, dropped 
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to 101 mVpeak· On the other hand, the internal signal swing of the oscillator was 9 mV 
lower, and the oscillation frequency changed only 100 MHz, if the differential pairs were 
connected to the collectors of the stacked active inductances (QL1, QLz in Figure 9.29(c)) 
with added collector resistors RL. These simulation results illustrate the effectiveness of 
the output configuration shown in Figure 9.30(b). 

Figure 9.30(a) shows the implementation of Rrune· To realize the variable resistance, 
diode connected transistor QT is used, which is AC-coupled to the base of the active 
inductance. Resistor Rb provides the base current for QLI. The current of transistor QT is 
controlled by a linearized differential pair. This implements differential tuning inputs. 

The £(2 MHz) of the quadrature oscillator constructed with the stage shown in Figure 
9.29(c), complete with the VII-converter shown in Figure 9.30(a) and with RL added to 
have buffered outputs, was simulated with SpectreRF. At 10 GHz the simulated £(2MHz) 
is -95.3 dBc/Hz. The noise contribution of transistor QA (four in total, since there are two 
stages) is a dominant source (4 x 7.25 %), followed by the active inductance QL (4 x 
5.6 % ). Other contributors are the implementation of tail current source ftevel (2 x 3 % ), 
the base resistance of QA (4 x 2.2 %) and a multitude of other small noise sources. The 
tunable resistors R 1une• implemented by the boxed circuit Figure 9.30(a), each contribute 
less than 0.3 %. The same is true for the contribution of RL, hence the value of these 
resistors is not critical concerning the L'.(fm) of the ring oscillator with stacked active 
inductances. 

9.4.5 Experimental results 

The ring oscillator with stacked active inductances and buffered outputs was realized in 
the specified Bi CMOS process [219]. The micrograph of the IC is shown in Figure 9 .32. 
The active chip area of the oscillator with VII-converter is less than 0.13 mm2. Total chip 
area including bond pads is l.5xl.5 mm2. The power dissipation of the total IC is 230 
mW of which 75 mW is dissipated by the VCO core. The power supply voltage is 2.7 
V. All measurements were performed on packaged samples (16 pins HTSSOP package). 
On-chip 50 Q I/Q buffers provided the quadrature output signals with -20 dBm output 
power. 

Measured frequency and £(2 MHz) curves versus differential tuning voltage Vrune 

are shown in Figure 9.33. The tuning range is 16 % and ranges from 9.8 GHz to 11.5 
GHz. The £(2 MHz) was measured with a spectrum analyzer and results were verified 
with HP3048 phase noise measurement equipment, which has an accuracy of ±2 dB. 
Measured £(2MHz) offset is better than -94 dBc/Hz over the complete tuning range. Best 
case L'.(2MHz) is -98 dBc/Hz at 9.8 GHz. At higher frequencies, the carrier is somewhat 
smaller resulting in a worst case £(2 MHz) of -94 dBc/Hz. The power spectrum of the 
ring oscillator at an oscillation frequency of 11.5 GHz is shown in Figure 9.34, measured 
with a resolution bandwidth of 100 kHz. 
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Figure 9.32 Micrograph of the realized ring oscillator. 
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Figure 9.33 Frequency and £(2MHz) versus differential tuning voltage Vrune · 

9.4.6 Benchmarking 

Ring oscillators reported in literature are realized in a variety of IC technologies, rang
ing from CMOS, BiCMOS and SiGe to InP and GaAs implementations. A number of 
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Figure 9.34 Power spectrum of the oscillator at 11.5 GHz. 
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reported ring oscillators are compared with the presented quadrature oscillator design. 
This comparison is shown in Table 9.7. The benchmark FOM Nor-PN in Table 9.7 is 
defined on p. 178. Note that parameter Pvc is the total power dissipation of the oscillator, 
excluding buffers. 

The realized quadrature oscillator achieves a state-of-the-art lose/ fT ratio in compar
ison with the other listed ring oscillators. The ring oscillator in [215] with lose! fT equal 
to 0.36 comes close to the achieved record of 0.38 but has a normalized C(fm) that is 20 
dB lower compared to the ring oscillator circuit with stacked active inductances. 

9.4.7 Conclusion 

In this section, a two-stage ring oscillator with stacked active inductances was presented. 
The oscillator can be tuned between 9.8 GHz and 11.5 GHz and is suitable for use in DCR 
circuits of optical receivers that require quadrature signals. The active inductances isolate 
the oscillator core from cascaded circuits, which makes the circuit relatively insensitive to 
loading effects. The quadrature oscillator is realized in a 30 GHz fT BiCMOS technology 
and achieves an oscillation frequency over fT ratio of 0.38. The £(2MHz) is -94 dBc/Hz 
or better, which is realized with 75 mW dissipation and a 2.7 V supply voltage. 
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Ref. .C(fm) fm fosc Poe 
[dBc/Hz] MHz GHz mW 

This -94.3 2 11.5 75 
Work 
[217] -97 1 10 250 

[227] - - 6.5 -

[215] -100 10 9 850 
[224] -75 1 2.2 1.3 

[216] -114 10 10 -
[218] -94 I 2.2 11.8 

[214] -98.5 1 5.43 80 

Table 9.7 Ring oscillator benchmarking. 
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Techn./h fosc/h FOMNor-PN 
-/GHz [dBc/Hz] 

Bi CMOS/ 0.38 -150.4 
30 

InP HBT/ 0.19 -153 
53 
AIGaAs, 0.3 -

GaAS/22 
Si Bipo./ 25 0.36 -130 
BiCMOS/ 0.13 -140.7 
18 
SiGe/ 45 0.23 -
0.5 µm ~ 0.15 -150.2 
CMOS/ ~ 

I 
15 • 
0.25 µm ~0. 14 -154.2 
CMOS/ ~ 
40 

10 

Conclusions 

D ESIGN of high-frequency oscillators for integrated transceivers requires a detailed 
knowledge and understanding of the properties of a wide range of oscillators. The 

requirements for these oscillators cover a wide spectrum, and depend on the application of 
the transceiver and the function of the oscillator in the transceiver. LC and ring oscillators 
both are important oscillator types in integrated transceivers. This thesis aimed to inves
tigate all important properties of these oscillators, to develop new design insights, and to 
explore new design methods to shorten the design time of high-frequency oscillators and 
improve their performance cost ratio. 

First, major conclusions of this thesis will be given below, organized by chapter. Sec
ond and finally, an overview of the original contributions of this work will be given. 

Chapter 2: Oscillators 

Basic oscillator theory is described in Chapter 2. For robust oscillator design, a proper 
understanding of the oscillation conditions is vital. Barkhausen 's conditions for oscilla
tion are very useful in practice, both for LC and ring oscillators, but the designer should 
be aware that they are a necessary condition for oscillation and stem from linear theory. 
Stable systems can meet the Barkhausen oscillation criteria. Feedback modeling can be 
used for any practical oscillator in a transceiver to assess the oscillations conditions, and 
for many oscillator topologies this applies to negative resistance modeling as well. Un
der all processing and temperature conditions the open-loop gain of an oscillator must 
be larger than unity. For stable steady-state oscillation, an amplitude limiting mechanism 
must be present: AOC or self-limiting. When the starting conditions for oscillation are 
met for more than one frequency, the oscillator may oscillate on more than one frequency 
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simultaneously. This multi-oscillation phenomenon generally is highly unwanted in a 
transceiver and all parasitic oscillation modes should be eliminated. The settling time of 
an LC oscillator increases with the quality factor Q of its resonator and decreases with 
increasing loop gain. A practical oscillator classification was introduced, based on the 
implementation principle. Oscillators that are resonator-based (with high Q) normally 
exhibit the lowest C(f m). The quality factor of the resonator in these oscillators should be 
maximized, because a high Q results in a high energy preservation per oscillation period, 
and less energy has to be replenished per period by noisy active devices. 

Chapter 3: Structured design with FOMs 

Chapter 3 has covered structured design methods for analog circuits in general, and specif
ically for oscillators. A comprehensive overview was given of the analog design process, 
its phases, and structured and automated design methods. Trial-and-error, optimization 
tools, expert systems and synthesis environments were discussed. Several optimization 
tools and synthesis environment were briefly discussed that were specifically targeted to 
speed up LC oscillator design. All these structured methods have their use in oscillator de
sign. However, a structured design method, which is of use for the wide range of LC and 
ring oscillators within the scope of this work, and that provides qualitative and quantitative 
insight into important oscillator properties was not found in literature. This observation 
led to the proposal for the FOM-based structured design concept. Design FOMs provide 
the oscillator designer with qualitative and quantitative insight into oscillator properties in 
the form of performance estimators that predict the design margin for an oscillator speci
fication . They allow the designer to make fast high-level design decisions, and are a great 
means for transferring and maintaining design knowledge. Important design questions 
like: "how does my realized oscillator design compare against the state-of-the-art, or to a 
theoretical performance boundary?", are answered by benchmark FOMs that are defined 
in this work. System level and behavioral level modeling play an important role in the 
analysis of oscillators and in the definition of design FOMs and benchmark FOMs: they 
allowed for the development of generic oscillator theory that is valid for a class of oscilla
tors, and not just for one specific oscillator circuit topology. A, system level, linear phase 
noise modeling approach using feedback theory was adopted and extended. It was used 
in this work for linear modeling of phase noise in LC and ring oscillators in an unified 
way. 

Chapter 4: Specifications 

Since it is difficult to meet ("hit") a moving target specification, a clear definition of 
all oscillator specifications is of prime importance at the beginning of the oscillator de
sign process. Therefore, all important oscillator specifications were carefully defined 
and illustrated with practical examples in Chapter 4. The oscillator specification that are 
derived from the specifications of the system, in which the oscillator is embedded, are 
never sufficient in practice to make a robust oscillator with a high yield. Both technol
ogy margins and safety margins should be added to arrive at practical design specifica-
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tions. For wireless transceivers, such as GSM and UMTS, phase noise is usually specified 
in the frequency domain by the phase noise to carrier ratio C(fm). Wired systems, like 
SONET/SDH optical transceivers specify the phase noise in the time domain . The amount 
of jitter of an oscillator can be found by integration of C(fm) over a specific range of off
set frequency fm· Especially for consumer applications, chip area minimization is one of 
the important optimization goals. In general, ring oscillators are more compact (but much 
noisier given the same power budget) than LC oscillators, as on-chip (planar) inductors 
require a substantial chip area. 

Chapter 5: Elementary properties 

In Chapter 5, the elementary properties of single-phase LC oscillators, multi-phase LC os
cillator, two-integrator oscillators and N-stage ring oscillator (with N 2 3) were analyzed 
and described. Because we focused on the elementary, and mainly the ideal, properties, 
we made extensive use of behavioral modeling. An amplitude stabilization mechanism 
must be modeled in the large-signal models of these oscillators, and this was implemented 
with a piece-wise-linear limiting characteristic that approximates the transfer character
istic of a bipolar or MOS differential pair. For large open-loop gains, which result in 
strongly nonlinear operation, the frequency of LC oscillator decreases somewhat. For 
practical open-loop gains and resonator Q, this phase shift is less than 0.5% and gener
ally is not a design issue. Basic tuning methods for an LC oscillator are a variation of 
the inductance value or the capacitance value of its resonator. In addition, by varying 
the resonator phase shift, for example by a controlled phase shifter in the oscillator feed
back loop, the oscillation frequency of an LC oscillator can be varied. Especially for low 
Q resonators this variation can be significant. The amplitude condition for oscillation 
determines the frequency in two-integrator oscillators, whereas this is the phase condi
tion for oscillation in N-stage ring oscillators (with N 2 3). All LC and ring oscillator 
discussed in this work are capable of generating perfect sine waves, provided a proper 
AGC is present. In transceivers self-limiting is extensively used and some harmonics will 
always be present. When all transconductances are fully switching their output wave
form will be a square wave, and the amplitude of the fundamental will be 4/n times the 
impedance seen at the transconductor's output. In LC oscillators with high Q resonators, 
the harmonics of this square wave are greatly attenuated. 

Chapter 6: Practical properties 

Chapter 6 was devoted to the practical issues of LC and ring oscillator that an oscilla
tor designer faces. Most importantly, noise and parasitics make the life of an oscillator 
designer more challenging. First, conclusions regarding practical properties of LC oscil
lator will be described. Second, conclusions with respect to practical properties of ring 
oscillators will be described. 

Parasitic resistances reduce the Q of LC resonators and also give cause to a frequency 
shift compared to the ideal LC frequency. However, for practical resonator Q values this 
frequency shift, like the frequency shift due to nonlinearity, is negligible (especially in 
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comparison with the frequency shift due to process spread). Parasitic capacitance limits 
the maximum oscillation frequency but also the tuning range. When the capacitance ratio 
of a varactor is more than sufficient, the overall Q of the resonator can be improved by 
adding capacitance (with a high Q) in series or in parallel with the varactor, at the cost of 
reducing the tuning range. Typical varactor capacitance ratios are in the range of 2, al
though 3 can be achieved with MOS-varactors. MOS-varactors exhibit a large capacitance 
variation over a small-control voltage range, which make them suitable for low-voltage 
oscillators. However, as a result, they also have a high tuning constant and thus a high 
sensitivity to noise on the tuning input, and for AM-to-PM effects. The tuning range 
of LC oscillators can be extended, while still having a high Q, by switching capacitors 
or oscillators (band-switching or oscillator-switching) and tuning with a varactor within 
each frequency band. In addition, active capacitive, active inductive or phase shift tuning 
is possible, but at the cost of a greatly reduced £(j,11 ). Using equivalent Q definitions 
for active capacitive and active inductive tuning implementations, the influence on £(/m) 
degradation of the active noise (compared to passive tuning solutions) is easily spotted. 
Multi-phase LC oscillators are a convenient way to generate low-phase-noise l/Q signals. 
One should take into account the chip area that might be large compared to other solutions, 
such as using a single-phase LC oscillator and a divider. Simple closed-form analytical 
expressions are derived with LTI modeling for the £(/m) of single-phase and multi-phase 
LC oscillators. For a 1 GHz strongly nonlinear bipolar single-phase LC oscillator, £(/m) 
predictions with an error less than 5 dB could be obtained with these £(/m) expressions. 
Nonlinear modeling is needed to capture all phase noise generation and reduction mech
anism. Several LTV and nonlinear phase noise theories were described, showing that the 
oscillator's fi ;J corner can be lowered by symmetric design and symmetric waveforms. 
It was shown that in a practical LC oscillator, phase noise reduction by noise modula
tion dominates over noise folding for large open-loop gains (significantly larger than 2, 
e.g. 5-8). In other words, strongly nonlinear operation is desired for optimum £(/m) . In 
any case, however, the LC oscillator should remain in the current-limited region. In the 
voltage-limited region power is wasted and £(/m) increases. Multi-phase LC oscillat~rs 
are optimally coupled with respect to £(/m), when each of the N-stages are coupled with 
a phase shift of± 180° / N. The overall Q then is N times the resonator Q of a single stage, 
and the resonator phase shift is zero. For a large nonzero resonator phase shift the overall 
Q degrades considerably, resulting in poor a £(/m). 

Ring oscillators exhibit large tuning ranges and normally occupy a smaller chip area 
than LC oscillators. Ease of integration and multi-phase output signals also are important 
properties of ring oscillators. The maximum oscillation frequency of the highlighted two
integrator oscillator implementation can be estimated if the /MAX of the tuning transistors 
is known. Provided these transistors are larger than the level control transistors (e.g a 
factor 4, which is realistic), its maximum oscillation frequency is approximately /MAX/ 4. 
It was shown that a dominant pole approximation with time constant r of N-stage ring 
oscillators can be used to predict the maximum oscillation frequency, which is given as 
(2N0.8r)- 1. Resistive tuning (often combined with circuitry to keep the amplitude, and 
thus £(/m) constant) yields large and linear tuning ranges for N-stage ring oscillators. 
The linear phase noise modeling approach adopted in this work was used to model the 
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noise in ring oscillators. The quality factor of the two-integrator oscillator is unity and 
that of N-stage (N 2: 3) ring oscillators equals l /2 · N sin ( n / N). Due to the low quality 
factor of ring oscillators (maximum n /2 when using linear modeling), they have a much 
poorer £(/m) (normalized for power) compared to high-Q LC oscillators. The effective 
quality factor of a switching ring oscillator can be higher than n/2: a fast rise and fall 
time of the waveform improves the phase noise performance of ring oscillators. Linear 
and nonlinear phase noise modeling indicates that a minimum number of ring oscillator 
stages result in an optimum £(/m) given a certain power budget. 

Chapter 7: Figures of merit 

In Chapter 7, the concepts of design FOMs and benchmark FOMs were used to formulate 
a number of design FOMs, as well as benchmark FOMs, based on the analysis of LC and 
ring oscillator properties in the Chapters 5 and 6. The formulated frequency, tuning and 
£(/m) design FOMs provide the oscillator designer with an estimate of the design margin 
of an oscillator-under-design. Not only do these FOMs give and document qualitative 
insight into thte properties of an oscillator, they also provide quantitative information that 
speeds up t pology selection. The design time of oscillators can therefore be shortened 
with the use of design FOMs. Alternatively, given a certain fixed design time better os
cillators can be realized, because non-viable oscillator options can be discarded in an 
early stage of the design process. Four benchmark FOMs were defined: Oscillator num
ber, normalized phase noise and oscillator design efficiency for LC and ring oscillators. 
Oscillator design efficiency provides the designer with a consistency check tool (is this 
£(J,n) specification possible to achieve?; is this £(/m) measurement result realistic?), and 
it gives a good indication of how difficult it is to meet the £(/m) specification. 

Chapter 8: AC phase noise simulation tool 

In today 's commercially available circuit simulators advanced phase noise analysis is 
present. In Chapter 8, a fast phase noise simulation method (ACPN) was described that 
uses standard AC noise analysis. As ACPN simulation is incapable of capturing time
varying and nonlinear phase noise aspects of practical oscillators, it can not compete with 
the accuracy of sophisticated commercial simulators such as SpectreRF. ACPN simula
tions only provides the £(fm) resulting from noise shaping of noise sources in an LC 
or ring oscillator. Although the scope of ACPN simulations is limited, several features 
justify its coexistence with more accurate phase noise simulation tools. Among other 
things, these features are a good (for weakly nonlinear oscillators) £(/m) estimate, an 
excellent speed and convergence, an extremely high performance-price (price practically 
zero) ratio, and being ideally suited to verify linear phase noise theories. 

Chapter 9: Design examples 

The last chapter but one of this thesis put the analyzed and developed oscillator knowl
edge, design FOMs and benchmark FOMs into practice. Two LC and two ring oscillator 



240 CHAPTER 10. CONCLUSIONS 

design examples were discussed. A monolithic LC oscillator for FM radio receivers was 
designed in SOA technology. Achieved performance includes a power dissipation of 0.4 
mW combined with .C(lOOkHz) >::J -lOOdBc/Hz. For the tuning system of a digital satel
lite TV receiver, the design of a 0.9-2.2 GHz two-integrator VCO was highlighted. For 
the same system, a 225-310 MHz LC oscillator with integrated PMOS varactors was dis
cussed, achieving a £(10 kHz) better than -87 dBc/Hz with 14 mW power dissipation. 
The final design is a 9 .8-11.5 GHz two-stage l/Q ring oscillator for SONET/SDH optical 
receivers. Using active inductive collector loads, this design has achieved a £(2 MHz) 
better than -94 dBc/Hz with 75 mW, and a foscl fr ratio of 0.38. 

Original contributions 

Next to an unprecedentedly structured overview of the state of the art in oscillator theory 
and design, addressing both LC and ring oscillators with many small novel refinements, a 
number of major original contributions are described in this thesis: 

O Oscillator classification based on implementation principle (Chapter 2). 

O Concept of design FOMs and benchmark FOMs (Chapter 3). 

O Unified approach to single-phase and multi-phase linear phase-noise modeling of 
LC and ring oscillators (Chapter 3). 

O Multi-phase LC oscillator behavioral model including phase-shifters and phase
shift tuning in multi-phase LC oscillators (Chapter 5). 

O Concept of optimal coupling of multi-phase LC oscillators (Chapter 6). 

0 A 5 GHz monolithic quadrature LC oscillator implementation optimally coupled 
with phase shifters (Chapter 6). 

0 A 200 MHz LC oscillator implementation with an active varactor and a 200 MHz 
LC oscillator implementation with 11 frequency bands (Chapter 6). 

O Equivalent quality factor definitions for active capacitances and active inductances 

(Chapter 6). 

O Closed-form expressions for the quality factor of multi-phase LC oscillators and 
ring oscillators (Chapter 6). 

O Several design FOMs and benchmark FOMs, including absolute benchmarking of 
LC and ring oscillators (Chapter 7). 

O Fast phase noise estimation using standard AC analysis of circuit simulators (Chap

ter 8). 

O Two integrated LC and two integrated ring oscillator realizations including a mono
lithic 10 GHz quadrature ring oscillator with active inductive loads (Chapter 9). 

A 

Resonator quality factor 

RESONATORS with a high quality factor ("high-Q") are an essential ingredient of 
low-noise oscillators. In this appendix, the example of a parallel LCR resonator is 

used to get "a feel" for the energy preserving character of a high-Q resonator. 
The most general formula for the quality factor of a resonator is given by [51], 

Q 
_ 

2 
Total energy stored in the resonator 

res - n:;:::--~:--___::c.:___-,-----,----------

Energy lost per cycle from the resonator· 
(A.1) 

Note that Qres is a constant, characteristic of a resonator. For low-Q resonators the rate 
of energy loss is not uniform. Furthermore, for low-Q resonators the loss per cycle is 
comparable to the total stored energy. In this case, the numerator of (2.16) should be 
taken as the average of the energy during one oscillation period [51]. 

Fig~re A.1 illustrates the importance of a high quality factor for energy preservation. 
A certarn amount of energy is provided to three parallel LCR resonators, with the same 
resonance frequency but with different quality factors. A t = O the energy source is re
moved and a transient is initiated. It can be shown that the voltage transient across the 
parallel resonator decreases exponentially. Specifically, the amplitude ratio Vo at a certain 
time to V,icycie at a time n cycle cycles later, can be expressed as [ 51] 

Vo (n " ) -- = e cycle Q,;S 
V'. ' ncycle 

(A.2) 

which can be solved for ncycle, resulting in 

Qres ( Vo ) 
ncycle = n In -\!'.-- . 

ncycle 

(A.3) 
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0 t[s]-+ 

Figure A.1 Damping transients of a parallel LCR resonator with Qres is 100, 

20, and 10. 

The term Jn(Vo/V
11

cyc1J in (A.3) is called logarit~mic decremen~. The approximated pe_r
centage of which remains of Vo after 5 cycles 1s calculated with (A.2) _and denoted m 
Figure A. l. With Qres = 100, V11,yc1e=5 still is 85% of Vo. Only 21 % rem ams of Vo after 5 
cycles if the resonator quality factor is 10. 

• 

B 

Behavioral modeling building blocks 

B EHAVIORAL modeling is a powerful tool for modeling first-order oscillator behav
ior and reducing the complexity of a real integrated oscillator. In a behavioral model 

the passive elements are considered ideal. This in contrast to for example a resistor sym
bol in a circuit diagram. Here it represents a physical resistor. In addition to passive 
elements, a number of other building blocks are used in this work to construct behavioral 
models. In this appendix the symbols of these blocks are presented and described. 

The ideal representation of a bipolar and a MOS transistor is an ideal transconduc
tor. Hence it comes as no surprise that important active behavioral building blocks are 
transconductors. Four transconductor models are show in Figure B.l . Figure B. l(a) rep
resents an ideal single-ended transconductor. Apart from the ideal transconductor in Fig
ure B. l(a), two other single-ended models are used. The transconductor model in Figure 
B. l(b) is a single-pole model with time constant -r. This model is useful for studying 
the effects of parasitic delays that occur in transistors at high frequencies. A nonlinear 
transconductor is modeled by Figure B. l(c). When used, the function f(V;11 ) will be spec
ified. For example, f(V;11 ) can be the transfer function of a differential bipolar or MOS 
pair (see also Appendix C). 
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v. 1n 

APPENDIX B. BEHAVIORAL MODELING BUILDING BLOCKS 

Symbol Equivalent circuit 

(a) 

(b) 

i out +flfy v in t f ( v in ) 
- flf 

(c) 

Figure B.1 Behavioral transconductor building blocks. 

In Figure B.2 additional behavioral building blocks are shown. Each element is briefly 
described below: 

(a) Phase shifter. This block provides a phase shift between input and output voltage 
of 8°. 

(b) Inverter. Inverts the input voltage. By convention there is no isolation between 
input and output of this block (since in a differential circuit it is implemented by 
simply cross-coupling differential wires) . 

(c) Switch. This symbol represents an ideal, lossless switch. 

(d) Noise current source. Noise in behavioral models of oscillators will be represented 
by one or more noise current sources. The component name of noise current sources 
is in, possibly with additional subscript letters. 

v . 1n 

Symbol 

8 

I 

1 

~ -7 'n 

V out 
-flf 

Equivalent circuit I description 

+flf r------ -flf+ 

(a) 

inverter 

(b) 

switch 

(c) 

noise current source 

(d) 

Figure B.2 Miscellaneous behavioral building blocks. 
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c 

The ideal limiter and two implementations 

B IPOLAR and MOS differential pairs have a limiting transfer characteristic. The dif
ferential pair is an important building block often utilized in high-frequency oscil

lators. The limiting transfer curve is used in many oscillators designs, where generation 
of some harmonics is allowable for amplitude stabilization (self-limiting). In behavioral 
modeling an approximation of the /0111 (V;n)-curve of a differential pair is useful, as it can 
simplify discussions and calculations considerably. In this appendix, the DC transfer char
acteristics of a MOS and a bipolar differential pair are briefly reviewed. In addition, these 
characteristics are approximated by a piece-wise linear limiting characteristic (see Figure 
5.3 on p. 87) described by (C.l). In other words, the relation between parameters lum, 8m 
and Vum of (C.1 ), and the parameters of a bipolar and MOS differential pair are derived. 

if V;n 2'. Vum, 
if -Vum < V;n < Vum, 
if Vin ::S -Vum· 

(C.1) 

C.1 DC transfer characteristics of a MOS differential pair 

Consider an NMOS differential pair with tail current 110;1. Assuming that the transistors 
operate in the saturation region CVds > Vgs - VrH, where Vc1s, Vgs and VrH are the drain
source voltage, gate-source voltage and the threshold voltage, respectively), a first order 
approximation for the differential output current /0111Mos versus the differential input volt-

247 

.. 



248 APPENDIX C. THE IDEAL LIMITER AND IMPLEMENTATIONS 

age Vin is given by [83, 92] 

with 

ft ail 

.-!.wiL_ V· 
VrMOS Ill 

-!tail 

if Vin 2 ,./2vTMos , 

if -V2VTMOS <Vin< ,./2vTMOS, 

if Vin :S -,./2VTMOS, 

(C.2) 

VT MOS = /!iii= Vgs - VTH, (C.3) 

in which K
11 

is 1 /2 · µ11C0 x · W / L with µ11 , C0 x, W and L, the channel mobility, the oxide per 
unit area, the MOS width and the effective length of the MOS, respectively 1

. It follows 
that the small-signal transconductance of an NMOS differential pair is 

Ir ail 
8mMos = -V-- , 

TMOS 

which is identical to the transconductance of one transistor biased at current ltail/2· 

(C.4) 

Equations (C.2), (C.3), and (C.4) show how the parameters of an ideal limiter should 
be set to approximate a MOS differential pair. The transconductance 8m in (C.1) is set to 
8mMos and Vlim should be made equal to VTMOS· Since the tail current is the maximum 
current the differential pair can supply, ltim should be set to ltail· 

C.2 DC transfer characteristics of a bipolar differential 
pair 

Consider an NPN bipolar differential pair with a tail current ltail· Given the well-known 
exponential relation of a bipolar transistor the differential output current loutbipo versus 
differential input voltage Vin can be expressed as [82] 

Vin 
loutbipo (Vin) =frail tanh( 2VT ), (C.5) 

with VT equal to kT / q in which k is Boltzmann's constant, T the absolute temperature and 
q the charge of an electron. The transconductance of a bipolar differential pair is equal to 
that of one transistor biased at ltail /2, which is 

It ail 
8mbipo = 2VT • 

(C.6) 

Given the previous equations on the bipolar differential pair, it is straightforward to set 
the parameters of an ideal limiter to approximate the transfer curve of a bipolar differential 
pair. Similar as what was done for the MOS differential pair, 8m should be set to 8mbipo· 

The voltage Vlim should be set to 2VT, and lum to !tail. 

1 Kn needs to be adjusted to a smaller value than the value predicted by 1 /2 · µ,nCox · W / L even for a long 
channel NMOS, to take into account the finite output impedance of a MOS. In [92] this is realized by introducing 

the parameter K~ < Kn. 

C.3. GRAPHICAL EXAMPLE 
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Figure C.1 The DC transfer characteristics of a bipolar and MOS differential 
pair approximated by the curve of an ideal limiter. ltim is set 2 mA, 
Viim = 2VT (bipolar), and Vum = 0.2V (MOS). 

C.3 Graphical example 
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Figure C. l shows the DC transfer plots of a MOS and a bipolar differential pair plus 
the transfer curves of two ideal limiters set to represent an approximation of the transfer 
curves. Current lum is made 2 mA. The voltage Vum is set to Viim = 2VT for the limiting 
curve which mimics a bipolar differential pair, and 0.2 V for the limiter that fits the MOS 
DC transfer characteristic. Note that the limiting voltage of a bipolar is fixed to 2Vr, but 
that VT MOS can be varied, because the W / L ratio of a MOS transistor offers an additional 
degree of freedom compared to the bipolar transistor. In this example VTMOS is made 
equal to 0.2 V, which is a good setting for high gain amplifiers. In general, for high speed, 
VTMOS = V8s - VTH is made larger than 0.2 V, to have a high transconductance at a high 
output current level [92]. 
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D 

Quadrature signal generation implementation examples 

MANY modern transceiver architectures require a signal source that provides l/Q 
output signals. These l/Q signals can be generated in many ways. Nine methods 

are listed in Table D.1 with their qualitative properties. Advantages are marked+, and 
disadvantages are marked-. In the third column of Table D.1, one or more references 
are given that describe the implementation example in more detail. 

Implementation example Properties Ref. 

Even-stage LC oscillator + excellent £(/m) , + low power, + [168, 
low harmonic content, + l/Q correct 169, 
by construction, - relatively large chip 205, 
area, - limited tuning range. 206, 

208, 
209] 

Even-stage ring qscillator + large tuning range, + compact chip [219, 
area, + I/Q correct by construction - 225] 
poor £(fm), - large power consump-
ti on. 

Oscillator at f osc and RC-CR network + simple circuit, + good £(/m) in [157] 
combination with LC oscillator, - Jim-
iters required, - undistorted waveform 
needed, - bandwidth limited if LC os-
cillator is used. 

continued on next page 
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252 APPENDIX D. 1/Q SIGNAL GENERATION IMPLEMENTATIONS 

Implementation example Properties Ref. 

Oscillator at f osc and poly-phase filter +good £(fm) in combination with LC [158] 
oscillator,- high noise floor, - high in-
sertion loss, - bandwidth limited. 

Oscillator at 2 (or 4) X f osc with di- +good£(!,,,) in combination with LC [159, 
vider oscillator, - In case of division by 2, 160] 

50 % duty cycle of oscillator required, 
- oscillator must constructed at 2 or 4 
x f osc resulting in more power dissi-
pa ti on. 

Double PLL loop: ring oscillator at + good £(fm), + wide-band, - high [38] 
f osc locked to LC oscillator complexity, - high power dissipation. 

Four-stage oscillator at 1 / 2 · f osc with +oscillator required at half the desired [213] 
mixers or addition of phases frequency, + wide-band if a ring os-

cillator is used, - large chip area if 
a (four-stage) LC oscillator is used, -
poor £(fm) if a ring oscillator is used. 

One of above techniques with calibra- properties of one of above methods, + [161-
tion technique added improved amplitude and phase match- 163] 

ing, +can have improved bandwidth, -
high complexity, - high power dissipa-
tion (depending on technique). 

Digital implementation, for example + accurate, + wide-band, - ND- [164] 
utilizing lookup table and reference converter needed if signals are needed 
clock in analog domain - low frequency. 

Table D. l : Nme ways to generate quadrature signals at a frequency f osc · 

E 

The frequency of a switching N-stage ring oscillator 

D EPENDING on the frequency of operation and the degree of nonlinearity in a ring 
oscillator, this oscillator can work in linear or nonlinear mode. In this appendix the 

oscillation frequency of an N-stage ring oscillator (N 2'. 3) is derived for a ring oscillator 
operating in strongly nonlinear mode. 

Consider the behavioral in Figure E. l in which the transconductors are implemented 
with the ideal limiting characteristic described by (C. l) on p. 247, and assume that the out
put voltage of the ring oscillator is such that the transconductors are completely switch-

Stage 1 Stage2 Stage N 

Figure E.1 A nonlinear N-stage ring oscillator behavioral model. 
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Figure E.2 The output voltage and output current waveform of a 3-stage ring 
oscillator (modeled by Figure E. l), when the transconductors are 
fully switching. 

ing. The latter assumption implies that Vaut is much larger than Vlim• the voltage where 
the transconductors start limiting. Since the transconductors in Figure E.1 are completely 
switching, current ioui. is either lum, or -l1;m (see (C.1) on p. 247). 

The waveforms of v0 u11 and i0111 of the ring oscillator model (for N = 3) are shown in 
Figure E.2. On the left Y-axis is v01111 is set out. Output voltage of the ring oscillator is 
indicated and written as a fraction A of the maximum output voltage lumR. The X-axis 
represents the time. One half of the signal period is (t1 +tz)'t" in which 't" =RC. The phase 
condition for oscillation dictates that t1 + t2 must be equal to Ntz . By making use of the 
well-known transient response of circuits containing one reactive element1, the following 
set of equations allows us to solve the unknown variables of interest, A and t2, 

ti= -In(-A+ 1), 

1 
t2=-ln(A+l), 

ti +t2 = Ntz . 

(E.1) 

The set of equations (E.l) can be solved numerically, and the results are shown in Table 
E.1 for N = 3 .. . 8. For a large number of stages, the voltage on the parallel RC cir~uit 
in each ring oscillator stage practically reaches its end value, and A practically becomes 
unity. 

Given the values for t2 from Table E. l, the large signal oscillation frequency of an 
N-stage ring oscillator can be calculated with (see (5.18) on p. 91), 

2n: 
WNring,large-signal = 2N ' 

't"delay 
(E.2) 

1j(t) =ft;,,,+ (Jo - ft;m)e(-r / r), where is ii;,,, the steady-state final value, Jo the initial value and r the 
circuit time constant [165]. 

N A t2 l"l'Nring.large-signal 

WNring 

3 0.618 0.481 1.26 
4 0.839 0.609 1.29 
5 0.927 0.656 1.32 
6 0.965 0.675 1.34 
7 0.983 0.684 1.36 
8 0.991 0.689 1.38 
... . .. . .. . .. 
00 1 In(2) ::::::1.44 

Table E.1 The rounded numerical solutions for A, r2 and 

WNring ,large-signaJ/ WNring for N = 3 ... 8, and their limiting 
values for N -+ oo. 
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wher~ 't"delay = t2 · 't". For large N, t2 approximately becomes equal to ln(2), and (E.2) can 
be wntten as 

2n: 
WNring ,large-signal :=:::: 2NRCJn(

2
) · (E.3) 

The thi~d column in Table E. l lists the oscillation frequency given by (E.2) divided by the 
small-signal os~illatio~ frequ~ncy (tan( n: / N) /RC), showing that the nonlinear operation 
of the N-stage nng oscillator mcreases the frequency of this type of oscillators. 
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F 

Bipolar and MOS small-signal calculation model 

B IPOLAR and MOS transistors are complex devices and especially at high frequen
cies accurate models are of prime importance for "first-time-right" oscillator design. 

A number of models were already mentioned in Table 3.1 on p. 60. These models, with pa
rameter counts ranging from 50 to over 300, are not very inviting for back-of-the-envelope 
calculations. Since these calculations provide considerable design insight and a feeling 
for the dominant parameters in a design, simplified models are normally used for this pur
pose [82, 83, 92, 127]. In this appendix a generic small-signal transistor model is presented 
and its corresponding bipolar and MOS parameters, suitable for first order calculations. 
Furthermore, equations are given for the main parameters and technology FOMs such as 
fT andfMAX· 

F.1 Generic transistor model 

A simple generic transistor model is shown in Figure F.1 . The simplified small-signal 
models of the bipolar and MOS transistor are almost identical and represented by this 
model. All components are present in both technologies, except for R;11 • This resistance, 
which models the base current for bipolar transistors, must be set to infinite for MOS 
technology. The generic parameters of the small-signal model and their bipolar and MOS 
interpretation are listed in Table F.1. The small-signal model and Table F. l show that once 
calculations are performed using the bipolar parameters, results can easily be extended 
to a MOS implementation. Simply by replacing the parameters of the second column 
of Table F. l with parameters of the third column. It should be stressed once more that 
the model in Figure F.1 is a simplified model, to be used only for first order estimates. 
For example, the emitter resistance, collector resistance, output resistance and distributed 
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258 APPENDIX F. BIPOLAR AND MOS AC CALCULATION MODEL 

T1 

T2 

9mVintT C --s__ sub 

T4 

T3 

Figure F.1 First-order generic transistor small-signal model. 

Generic parameter Bipolar parameter MOS parameter 

Tl Base (b) Gate (g) 
T2 Emitter (e) Source (s) 
T3 Collector (c) Drain (d) 
T4 Substrate (s) Bulk (b) 
Rexr Rbase Rgate 

C;n Cn C8s 

R;11 Rn 00 

c1b Cµ Cgc1 

gm gmbipo gmMOS 

Csub Cjs Cc1b 

Table F.1 Parameters of the generic transistor model and their bipolar and 
MOS interpretation. 

nature of the base in bipolar transistors are not modeled. For MOS transistors, the model 
neglects, among other effects, the bulk network, source, drain and output resistance and 
channel resistance (non-quasi static effects) [248). 

F.2 Bipolar and MOS parameter values 

Most parameters in Table F.1 are simply numbers that characterize particular aspects of 
a specific bipolar or MOS device in an IC technology. Others, like the transconductance, 
can be expressed in a useful formula for first order calculations. Most common expres
sions, technology FOMs, and underlying variables for bipolar and MOS transistors are 
tabulated in Table F.2 and F.3, respectively. 

F.2. BIPOLAR AND MOS PARAMETER VALUES 259 

.. 

Bipolar Value Description 
parameter 

gmbipo 
.k_ 

small-signal transconductance Vr 
Cn 'T:F g mbipo + Cje input capacitance 
Rn _fu_ 

Kmbipo 

fT Km bi po 
transition frequency 2n(Crr+Cµ) 

fMAX V fr 
8nRbaseCµ max. oscillation frequency 

'T:F forward transit time 
Cje emitter junction capacitance 
f3o common-emitter current gain 
le collector current 
Vr thermal voltage 

Table F.2 Small-signal bipolar parameter values and technology FOMs 
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MOS param- Value Description 

eter 

8mMoS 
µnCox !f- (Vgs - Vr H) small-signal transconductance (sat-

uration, long-channel) 

.)2µ11Cox!f-Id idem 

µnCoxwE . small-signal transconductance (sat-
8mMoS 2 cnt 

uration, short-channel) 

fr 
8mMos 

2n:( Cgs+Cgd) 
transition frequency 

fMAX 
fr max. oscillation frequency 

8n:Rga1eCgd 

w channel width 

L effective channel length 

µll (NMOS) mobility 

Cox oxide capacitance per unit area 

Id drain current 

VrH threshold voltage 

Ecrit 
critical field strength 

Table F.3 Small-signal MOS parameter values and technology FOMs 

G 

Performance overview of LC oscillator designs 

0 PEN literature provides an abundance of interesting integrated LC oscillators rang
ing from low performance to the state of the art. A number of LC oscillator de

signs and their key performance parameters are gathered and listed below in Table G.l 
(Single-phase) and Table G.2 (l/Q). Blank positions indicate that a particular performance 
figure for this oscillator was not reported. Some tabulated performance figures are self
explanatory, except perhaps for the following: 

0 TR, tuning range in percentage. 

O Poc, Power dissipation of LC oscillator core (without buffers). 

0 Voe, Supply voltage of LC oscillator core. 

O Qp, unloaded quality factor of total LC resonator, or only of the inductor(s) if the 
varactor quality factor is not reported. 

0 L'.(2MHz), L'.(fm) extrapolated to fm = 2MHz. 

Q Tech., stands for technology: B (bipolar), BC (BiCMOS), C (CMOS), SG (SiGe 
Bipolar) or S (Silicon-on-Anything). The number indicates the fr in case of B, 
BC, SG or S technology (e.g. B30 means a bipolar technology with a 30 GHz fr). 
For CMOS technology the minimum channel length is given (e.g. C018 means a 
0.18µm process). 
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262 APPENDIX G. OVERVIEW OF LC OSCILLATOR DESIGNS 

Ref. fosc TR £(fm) fm Poe Voe Qp L'.(2MHz) Tech. 
GHz % dBc/Hz MHz mW v dBc/Hz 

[192] 3.6 0.7 -106 2 1 3.6 13.4 -106 S9 
[179] 6 15 -116 1 22 3 7.5 -122 SG45 

[181] 4 9 -106 1 12 3 3 -112 co.s1 

[200] 1.55 13 -102 0.1 21.6 2.7 7.6 -128 BIS 
[180] 4.7 4.3 -llO 1 10.8 2.7 2.4 -116 C035 
[202] 2 7.5 -136 4.7 32.4 2.7 3.3 -128.6 B25 
[197] 9.8 3 -115 1 11.6 2.7 3 -12 l C035 

[195]2 6.29 16.8 -98.4 1 18 1.5 4 -104.4 C035 
[190] 1.5 10 -105 0.1 28 3.6 5 -131 BCll 

[187]3 1.8 11.4 -88 0.1 70 5 5 -114 BClO 
[193] 1.5 4.7 -129 0.6 38 1.9 7.1 -139 BC35 

[183]4 1.8 4.5 -85 0.01 24 3 -131 C07 
[186] 1.8 6.7 -100 0.5 7.6 3.3 -112 C06 
[185] 2.4 -92 0.1 54 3.6 9.3 -118 BC12 
[203] 1.8 14 -116 0.6 6 1.5 4.8 -126.4 C07 

[199] 5 1.84 26 -101 0.1 25.5 3 2.9 -127 C06 
[198] 1.8 -125.7 0.6 48 3 7.5 -136.2 C025 

[167] 2.03 26 -117 0.6 10 2.5 -127.5 C0356 

[210] 1:.9 13.2 -100 0.1 12.5 2.5 -126 C025 

[191]7 1.4 17 -107 0.1 3 3 -133 cos 
[178] 11 5 -106 1 24 3 5 -112 SG45 
[189] 1.3 28 -119 0.6 12 2 3 -129.5 C035 

[l 72]8 2 30 -86 0.1 30 2 -112 BC12 

[188]9 2 38 -128.5 0.6 12.2 2.7 -139 BC25 

[207] 1° 1.8 15.6 -130 2 13.5 2.7 -130 cos 
[201] 2 11 -125.1 0.6 34.2 1.8 11 -135.6 C065 

[171] 11 1 15 -148.5 3 9.1 2.5 10 -145 c12 
[196] 17 8.6 -108 1 10.5 1.4 -114 C025 

continued on next page 

1 Bi CMOS (fr = 12 GHz) but only CMOS is used. 
21/Q LC oscillator but the two outputs are summed. 
3 Uses two LC tuned circuits with different resonance frequencies. 
4Utilizes bond-wires and an enhanced LC tank. 
5Switched tuning; different oscillators or capacitors are switched. 
6BiCMOS but only CMOS is used. 
7Uses tapped bond-wire inductances. 
8The varactor is an (active) variable-impedance converter. Bond-wire inductors. 
9Two-band oscillator (one band-switch). Bond-wire inductors. 

IOMOS varactors, and bond-wire inductors. 
11 Tail current noise is filtered. It also uses a switched binary weighted capacitor bank. 
12BiCMOS process but only CMOS is used, minimum channel length not specified. 

Ref. fosc TR £(fm) fm Poe Voe Qp L'.(2MHz) 
GHz % dBc/Hz MHz mW v dBc/Hz 

[194] 1.8 28 -127.5 0.6 32.4 1.8 8.7 -138 
[175] 3.6 19.4 -145 3 24 3 5 -141.5 
[182] 2.5 40 -128 3 18 3.3 17 -124.5 
[176] 13 2.12 30.5 -138.2 3 10 2.5 6 -135 
[184] 0.83 21.6 -I 00.4 0.1 0.4 5 10.4 -126.4 
[173] 14 0.310 30 -87 0.01 14 3.5 -133 

Table G. J. Single-phase LC osc11lator designs and their key parameters. 

Ref. fosc TR £(fm) fm Poe Voe Qp L'.(2MHz) 
GHz % dBc/Hz MHz mW v dBc/Hz 

[168] 0.9 17 -85 0.1 30 3 5 -111 
[205] 10 12.4 -106 1 45 1.5 JO -112 
[211]15 2.6 8.9 -110 5 13 2.5 -102 
[206] 1.9 6.3 -123 0.6 43.2 2.7 6.5 -133.4 
[169] 1 10 -126 0.6 13 2.5 -136.5 
[174] 1.57 24 -130.5 0.6 30 2 20 -141 
[212] 13 37 -112.3 JO 39 3.3 -98 
[204] 5 6.4 -113 2 21.2 2.7 4 -113 
[177] 1.8 15.6 -143 3 20 2.5 8 -139.5 
[170] 1.8 18 -140 3 50 2 6 -136.5 

Table G.2. I/Q (two-stage) LC osc11lator designs and their key parameters. 

13Differential Colpitts oscillator with switching current source. 
14Extemal coils, integrated PMOS varactors. 
15

Common-source nodes used as single-phase 5.2 GHz output. 
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C025 
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C035 
S9 
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Tech. 

Cl 
C025 

C035 
B40 
C06 
C025 
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C035 
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H 

Performance overview of ring oscillator designs 

RING oscillators are often used in optical transceiver front-ends and are less common 
in portable wireless applications, since they require much more dissipation given 

a certain £(fm) specification. A number of ring oscillator designs and their key perfor
mance parameters are gathered and listed below in Table H. l. Blank positions indicate 
that a particular performance figure for this oscillator was not reported. The abbrevia
tions of the tabulated performance figures are explained in Appendix G. Compared to 
the columns in Appendix G, there is one change: Qp has been replaced by the number 
of stages N . All even-stage oscillators are l/Q oscillators. In addition to the technologies 
listed in Appendix G, abbreviations G (GaAs) and I (lnp) are also used. 

Ref. fosc TR .C(fm) fm Poe Voe N L'. (2MHz) Tech. 
GHz % dBc/Hz MHz mW v dBc/Hz 

[225] 1.55 80 -106 2 100 5 2 -106 BCll 
[219] 10 17 -94.3 2 75 2.7 2 -94.3 BC30 
[217] 10 -97 1 250 5 3 -103 153 
[215] 8 87.5 -100 10 850 5 2 -86 825 

continued on next page 
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Ref. fosc TR .C(fm) fm Poe Voe N .C(2MHz) 

GHz % dBc/Hz MHz mW v dBc/Hz 

[227] 1 6 28.3 4 

[224] 2 17.5 -75 I 1.3 3 22 -81 

[216]3 10 -114 10 3.3 2 -100 

[222] 8 18.8 -96 2 76 2.7 2 -96 

[218] 2.2 -94 1 11.8 5 3 -100 

[214] 5.43 25 -98.5 l 80 2.5 4 -114.5 

[220] 0.9 68 -105.5 0.6 15.5 2.5 2 -116 

[226] 1.63 88 -95 10 78 5 4 -81 

[221] 0.9 50 -1174 0.6 30 3 4 -127.5 

[223] 2.5 32 -90 5 10 3.3 2 -82 

[228] 1.25 61.5 100 3.3 85 

Table H. I: Rmg osc11lator designs and their key parameters. 

1 Two mixers are used for frequency doubling. 
2Stages are not identical. Inductive peaking used. 
3Tuning is accomplished with delay interpolation. 
4Power spectrum plot indicates ~ -95 dBc/Hz at I 00 kHz. 
5 Sub-feedback loops used to achieve high speed operation. 

Tech. 

G22 
BC18 

SG45 
BC30 
cos 
C025 
C05 
C08 

C06 
C04 

C035 
Q and £(! m) of linear LC oscillators 

NOISE shaping of white noise in oscillators gives rise to oscillator sidebands with a 
1/ f 2 slope (-6 dB per octave). For linear' oscillators, this phase noise generating 

mechanism is the only one present2. As shown in Section 3.4. l on p. 54, noise shaping 
calculations can be derived at a system level. Using the theory outlined in that section, 
the quality factor and C(fm) of single-phase and multi-phase LC oscillators is derived 
in this appendix (Section 1.2). Although the theory of Section 3.4.1 can be applied to 
single-phase oscillators, it is instructive to show that C(f m) can be derived directly from 
a behavioral model (as long as the model is not too complex). In the following section 
LLcUm) of a single-phase oscillator is calculated. 

1.1 Single-phase LC oscillators 

The linear single-phase LC oscillator model discussed in Chapter 6 is repeated for con
venience, and shown in Figure 1.1. To derive C(f m) of this oscillator, we have to find an 
expression for noise output current i,2, . As defined in (4.3) on p. 67, division of r,1 by 

out out 

the carrier signal (in this case a current) will give us an expression for LLC(J,11 ). 

Note that for the parallel circuit of Rp, Lp and Cp we can write (seep. 22) 

(1.1) 

1 The assumption here is that an AGC control is present that stabilizes the oscillation amplitude in the linear 
region of the devices in the oscillator. If the AGC is relatively slow, the oscillator can be considered a Linear 
Time Invariant (LTI) system for a large number of cycles. 

2That is, in absence of noise on modulation inputs such as the tuning input of an oscillator. 
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i 
nout 

I V out 
>--~)----0---< J--·n--¢ 

Figure 1.1 Linear behavioral model of a single-stage LC oscillator. 

with 

(I.2) 

(1.3) 

In terms of impedance Zp, we can write the following for the closed-loop gain Hc1(jw) 
of Figure I. l, 

(1.4) 

Substitution of (I.1) in (1.4) yields, 

(l.5) 

Assuming we are only interested in the behavior of the oscillator near the oscillation 
frequency lose= Wosc/(2n) at an offset frequency Al, a good approximation of V can be 
derived. If \Al\ « lose• v simplifies to (2Al) /lose· Substitution of the gain condition 
of oscillation, gmRp = 1, and v = (2Al) /lose in (I.5) leads to a simplified expression for 

Hc1 (j(fose + "11) ), 
(I.6) 

The output noise current Pis the result of noise current i?,, amplified by the squared 
nout 

closed-loop gain. Therefore, i~0111 can be calculated with 

(l.7) 

1.2. MULTI-PHASE LC OSCILLATORS 269 

stage 1 stage N 

Figure 1.2 Linear behavioral model of an N-stage LC oscillator. 

In accordance with the definition of £(fm) in (4.3), the phase noise to carrier ratio of 
a linear single-phase LC oscillator can be written as 

1 1 
(
F )2 ~ Jose 111 

LLcUm) = 2 · 4Q2 -f, -.2-_ , 
P m 1earner 

(l.8) 

in which l m ( = /'J.f) is the offset frequency from the carrier and i~arrier the squared rms 
carrier current. Note the factor 1/2 in (I.8). In accordance with the convention adopted 
in this thesis (see p. 68), £(fm) only takes into account the phase noise at the oscillator 

output, whereas i?, is responsible for both phase and amplitude noise [21]. 

1.2 Multi-phase LC oscillators 

The quality factor and £(fm) of an N-stage LC oscillator can be calculated using the 
oscillator model shown in Figure 1.2. This model was introduced and discussed in Chapter 
6. Application of the system level theory discussed in Section 3.4.1, and in particular 
application of (3.6)3 on p. 55 leads to the following expression for £(f m) of a multi-phase 
oscillator with N-stages 

( ) 1 1 (lose ) 
2 

N · i?, 
LNLC J,11 = 2. 4 Q2 -f, . --2-.- , 

NLC m 1earrzer 

where i~arrier is the squared rms carrier current and QNLC is defined as (seep. 57) 

N. Wosc 
2 

(\H(jw)\N-I . d\~~w)\) 
2 

+ ( d arg~Jjw))) 
2

, 

~~~~~~~~~~~-

3With Y},,, replaced by i~out and~ substituted for X;~. 

(l.9) 

(I.IO) 
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in which H(jw) is the transfer function of one stage of the N-stage LC oscillator in Figure 
1.2. Note the extra factor 1 /2 in (1.9), which was explained in the previous section, and 
the factor N in the numerator, resulting from the presence of N noise sources. 

In order to derive QN££ as a function of N and the model parameters of one LC stage, 
IH(jw)I and the derivatives of IH(jw)I and arg(H(jw)) need to be calculated. In Fig
ure 1.2, several feedback loops can be identified. The main feedback is the connection 
between the stages by the transconductances gmc· In addition, a local feedback loop is 
present in each stage, implemented by transconductance gm1• Transconductance gm1 ef
fectively implements a negative resistance in parallel with Rp. If gm1 is equal to 1 / Rp, 
the "electronic quality factor" of each parallel LCR circuit in Figure 1.2 is infinity (the 
power dissipated in the resistor is completely supplied by gm1 ). In order for QNL,e to be a 
measure of energy preservation in a multi-phase LC oscillator, and model the phase noise 
dependency on the quality factor accurately, gm1 must be set to zero (removing the internal 
energy source in each stage). 

With transconductance gm1 set to zero, the absolute value of the transfer function of 
one stage of the model in Figure 1.2 becomes 

IH(jw)I = gmcRP ' J1 + v2Q~ 
(l.11) 

with v and Qp defined in (1.2) and (1.3), respectively. The argument, arg(H(jw)), then is 

arg(H(jw)) = -arctan(vQµ) + 8 , (l.12) 

with 8 the phase shift of the phase shifter in a stage. The derivatives of (1.11) and (1.12) 
are 

d lH(jw)I gmcRPQ;(w4 -wic) 
dw = w(w2w2 + Q2 (w2 - w2 )2) x LC p OSCLC 

1 

J1 + Q~ (-2 + ( w/ OJLC) 2 + ( wLC/ w) 2 ) ' 

(I.13) 

and 
d arg(H (jw)) Qp WLc( w2 + wfc) 

dw = w2 w2 + Q2 (w2 _ w2 )2' 
LC p LC 

(1.14) 

with wLC = 1 I vc;;r:;,. 
Substitution of the amplitude condition for oscillation gmc = 1 / (cos( </>res)Rp), Wosc = 

WNLC (see (5.11) on p. 88), (I.11), (1.13) and (1.14) in (I.10), followed by computer assisted 
simplification, yields the following expression (continued on the next page) for QNLC as 
a function of the resonator phase shift </>res • 

N cos( </>res) (tan( </>res)+ J 4 Qp 2 
+tan( </>res )

2
) j ( 4 Qp 2 +tan( </>res)

2
) 

4VlQ/ 
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x 
(1.15) 

which by good approximation is equal to, 

QNLC(</>res);::::: N · Qp ·cos(<f>res). (I.16) 

Equation (1.16) has an error less than 1 % of (1.15) for a resonator phase shift,;. ranging 
f oo 700 o 0 . . '!'res 
rom to . At 80 and 89 the error 1s 3.8% and 70% respectively. Note that for zero 

resonator phase shift, the approximation and the exact QNLC reduce to the maximum of 
QNLC. which is NQP. 

In conclusion, £Um) of a linear N-stage LC oscillator is approximately equal to 

2 -
LNLC(fm);::::: ~. l (lose) . N · i~ 

2 4N2 Qp2 cos2(</>res) Im i2 . 
earner 

(I.17) 
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J 

Q and £(! m) of linear ring oscillators 

RING oscillators, can work in linear mode and, theoretically, generate pure sine waves 
(see Chapter 5). Under the same conditions1 as were mentioned for LC oscillators 

in Appendix I, the phase noise2 of in linear ring oscillator models can be described by 
the theory presented in Section 3.4.1 on p. 54. Application of this theory leads to the 
formulation of the quality factor and £(f,") of N-stage ring oscillators in Section J.2 of 
this appendix. The expression for the closed-loop gain in two-integrator oscillators is 
transparent enough to derive C(fm), without making use of the system level approach 
presented in Section 3.4.1, as will be shown in the next section. 

J.1 The two-integrator oscillator 

Consider the behavioral model of the two-integrator oscillator that is shown in Figure J. l, 
and will be used to calculate C(fm) of two-integrators. If transconductance gma is made 
equal to 1 / R, gma exactly compensates the losses modeled by R, and a true two-integrator 
oscillator is obtained. 

The oscillation frequency of the two-integrator oscillator was derived in Chapter 5 and 
is 

gm, 
Wiwo-int = c· 

The absolute value of closed-loop gain of the two-integrator comes to 

2 

IHc1(Jw)I = 2 !m(~C)2. 
~~~~~~~~~~~~~ gm, 

1 An AGC is present, and the oscillator can be considered to be an LTI system. 
2That is, the I/ j 2 part of the phase noise sidebands. 
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i 
v out v out nout 

\ flf I Q 

9mt 

R in • R CT in 

l 
-= -= -= -= -= -= 

-1 

Figure J.1 Linear behavioral model of the two-integrator oscillator. 

For phase-noise-to-carrier ratio calculations, the transfer function close to the carrier Wosc 
is of interest. Therefore w in (J.2) is replaced with Wosc +Aw, 

2 

IHc1(Wosc +Aw)I = 82 _ (w C)2 _ :;' Awe2- (AwC)2 · 
m1 osc osc 

(J.3) 

Since Wosc is equal to Wrwo - int = gmif C, (J.3) simplifies to 

2 

IHc1(Wosc +Aw)I = 2 A ~ (A C)2 · - Wosc W - W 
(J.4) 

Provided that (AwC)2 « 2WoscAwC2, (J.4) can be approximated by 

(J.5) 

To define the quality factor of a two-integrator oscillator, (J.5) is rewritten as 

2 

I ( )I gm, -Wosc 
Hc1 Wosc +Aw = 2 2 ,-.? A • 

Wosct.,- LlW 
(J.6) 

With Qiwo-int defined as w'/J
5
cC2 / g~11 , the squared output noise current density i~0111 of the 

two-integrator oscillator becomes 

- 1 (w )2 -~ - 2 ·2- osc ·2 tnour(Wosc+Aw)- IHc1I ·2·111 - Q2 . Aw · 2·tw 
4 two-mt 

(J.7) 

The factor two in front of ~ stems from the two identical noise sources in the oscilla
tor model. When the oscillation frequency (given by (J. l)) is substituted in Qtwo-inr. it 
becomes evident that the quality factor of a two-integrator oscillator is equal to unity. 
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-1 

Vout 1 Vout 2 VoutN 

c 

Stage 1 Stage2 Stage N 

Figure J.2 Linear behavioral model of an N-stage ring oscillator. 

. Division ~f (J.7) by the squared rms carrier current i~arrier yields £(fm) of the two
mtegrator osc11lator 

{, (f, ) 1 1 (lose ) 2 
2 · ~ two-mt m = 2 · 

4 2 - · -.
2
--, 

Qtwo-mt f m lcarrier 
(J.8) 

wher~ Im= Aw/(2n). An extra factor l/~is included in (J.8) since Ltwo-imUm) only 
ta~es mto account the phase noise, whereas i~ is responsible for both phase and amplitude 
noise. 

J.2 N-stage ring oscillators 

Consider the N-stage ring oscillator model presented in Figure J.2. The oscillation fre
quency of this model is defined for N 2: 3. For an N-stage ring oscillator the absolute 
value of the transfer function / H (jw) / of one stage, is equal to 

IH(Jw)l=A= gmR 
vfl+(wCR)2 ' 

(J.9) 

and the argument arg(H(jw)) of a single stage is 

arg(H(jw)) = <f! = -arctan(wCR). (J.10) 

To derive an expression for the quality factor of an N-stage ring oscillator, dA/ dw and 
d<f! / dw need to be calculated (see the quality factor definition (3 .12) on p. 57), 

dA -a2 

dw lw=Wosc = (1 + a2) Wosc' (J.11) 

d<f! -a 1 
dw /w=Wosc = (1 + a2) Wosc ' (J.12) 
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with a equal to 
(J.13) 

Substitution of (J.9), (J.11), (J.12) and (J.13) in the quality factor definition of (3.12) 
leads, after simplification, to the quality factor of an N-stage ring oscillator 

1 . (n) 
QNring = lN sm N · (J.14) 

When N goes to infinity, QNring reaches its maximum: n /2. It is interesting _to note t~at 
an effective quality factor for a switching ring oscillator, derived ~y ~odehng the n~g 
oscillator with a delay line, was also found to be n/2 [166]. Apphcat10n of (3.6), with 
the same considerations as were made in Section 1.2 (p. 269), gives the expression for 

LNring Um) 

(f. )2 N ~ 1 1 DSC 
0 

ln 

LNring (fm) = l · 4 Q2 . -J. · ~-
Nrmg m earner 

(J.15) 
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Summary 

0 SCILLATORS are key building blocks in integrated transceivers. Given the wide 
range of applications of wired and wireless transceivers, oscillator specifications 

differ greatly for each transceiver. The challenge for the oscillator designer is to find 
the right oscillator topology and to dimension it in a limited time, so that the oscillator 
design meets the requirements imposed by the transceiver in which it is embedded. This 
thesis describes the research, the analysis and the application of existing and new design 
insights, design methods and design tools, which shorten the design time for a wide range 
of integrated high-frequency oscillators and improve their performance cost ratio. 

After a compact literature overview and a description of the application of oscilla
tors in integrated transceivers, basic oscillator theory is reviewed, extended and illus
trated by means of simulations and examples. A classification of oscillators is proposed, 
based on their implementation principle. Oscillators commonly used in transceivers have 
a prominent place in this classification. These include: single-phase LC oscillators, multi
phase LC oscillators, and ring oscillators. Analysis and design of these oscillators form 
the core of this thesis. The design process of analog circuits, specifically oscillators, 
is investigated, and a structured design approach is proposed that is based on figures 
of merit (FOM). Starting point of the oscillator design trajectory is a well-defined and 
well-determined set of specifications. Therefore, a chapter is dedicated to oscillator spec
ifications, clarified by calculation examples. Next, elementary and practical properties 
of the mentioned oscillator types are investigated and analyzed. Some highlights of these 
investigations are closed-form expressions for the phase noise oflinear models of all men
tioned oscillator types, insight into how N-stage LC oscillators must be coupled for op
timum phase-noise performance, and three integrated oscillator designs, which illustrate 
the discussion of oscillator properties. 

Based on the in-depth analysis of oscillator properties, a number of FOMs are defined 
in this thesis. These "design FOMs" show how FOMs can aid the oscillator designer to 
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make important design decisions, such as rapid topology selection in an early stage of 
the design process. In addition, several FOMs for benchmarking of oscillators, referred 
as "benchmark FOMs", are defined and illustrated by comparing a number of realized 
oscillator designs. 

Simulation is an important aspect of high-frequency oscillator design. Especially a 
fast phase-noise assessment is of interest to the oscillator designer. An novel phase-noise 
simulation tool is therefore described, based on standard AC-noise analysis. It can be used 
to obtain a quick estimate of the phase-noise performance of an oscillator, as well as for 
verification of linear phase-noise theories. Four state-of-the-art (at the time of publication) 
integrated oscillator designs -two LC oscillator and two ring oscillators- ranging from 
200 MHz to 11.5 GHz complete this thesis. Especially the new circuit topology of a 
two-stage 9 .8-11.5 GHz ring oscillator with active collector inductances, is a highlight. 

Over two hundred carefully selected conference papers, articles, books and theses, 
referenced throughout the thesis, provide an excellent overview of most interesting liter
ature on oscillator design. Realized and measured LC and ring oscillators have each been 
given separate bibliographies. For both types of oscillators, tables with most important 
performance parameters, such as frequency, tuning range, C(f,11 ), power dissipation and 
technology, are presented in Appendices G and H. 

Samenvatting 

0 SCILLATOREN zijn belangrijke bouwblokken van gelntegreerde zenders en ont
vangers. Omdat de toepassingen van zenders/ontvangers met een vaste verbinding 

en draadloze zenders/ontvangers een groot gebied beslaan, varieert de specificatie van 
een oscillator die voor een bepaald systeem gemaakt moet warden sterk. De uitdaging 
voor de oscillatorontwerper is het vinden van de meest geschikte oscillatortopologie en 
deze te dimensioneren in een beperkte tijd, zodanig dat aan de randvoorwaarden, die de 
zender/ontvanger oplegt aan de oscillator, voldaan is. Dit proefschrift beschrijft het onder
zoek naar, de analyse van, en het toepassen van bestaande en nieuwe ontwerpinzichten, 
ontwerpmethoden en ontwerpgereedschappen, die de ontwerptijd van een groot aantal 
verschillende typen hoogfrequente oscillatoren verkorten en de prestatie/prijs verhouding 
van deze oscillatoren vergroten. 

Na een compact Jiteratuuroverzicht en een beschrijving van de toepassing van oscilla
toren in zenders/ontvangers is de basisoscillatortheorie beschreven, uitgebreid en geillus
treerd met voorbeelden. Een classificatie van oscillatoren is voorgesteld gebaseerd op het 
implementatieprincipe van de oscillator. In deze classificatie nemen de oscillatortypen 
die veelal in zenders/ontvangers gebruikt warden een prominente rol in. Deze typen 
zijn: enkel-fase LC-oscillatoren, multi-fase LC-oscillatoren en ringoscillatoren. Deana
lyse en het ontwerp van deze oscillatoren vormt de kern van dit proefschrift. Het ont
werp van analoge circuits in het algemeen en oscillatoren in het bijzonder is onderzocht 
en een gestructureerde ontwerpbenadering is voorgesteld gebaseerd op kwaliteitsfuncties 
(FOMs). Omdat het startpunt van het oscillatorontwerptraject een goed gedefinieerde en 
vastgestelde set van specificaties is, is aan dit onderwerp een hoofdstuk gewijd. Vervol
gens warden de elementaire en praktische eigenschappen van de genoemde typen oscil
latoren onderzocht en geanalyseerd. Een aantal belangrijke bevindingen en bijdragen van 
dit onderzoek zijn: gesloten uitdrukkingen voor de faseruis van alle genoemde oscilla
tortypen, gebruik makend van lineaire modellen, het inzicht hoe multi-fase-oscillatoren 
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gekoppeld dienen te worden voor minimale faseruis en drie ge"integreerde oscillatoront
werpen die de discussie van oscillatoreigenschappen illustreren. 

Een aantal FOMs is gedefinieerd in dit proefschrift, gebaseerd op de uitgebreide ana
lyse van oscillatoreigenschappen. Deze zogeheten "ontwerp-FOMs" laten zien hoe FOMs 
de oscillatorontwerper helpen om belangrijke ontwerpbeslissingen zoals topologieselec
tie snel en in een vroeg stadium van het ontwerpproces te maken. Ook zijn er enkele 
"benchmark-FOMs" gedefinieerd en toegepast voor het vergelijken van een aantal gere
aliseerde oscillatorontwerpen. 

Simulatie is een belangrijk aspect van het ontwerp van hoogfrequente oscillatoren. In 
het bijzonder is een snelle simulatie van de faseruis van belang voor de oscillatorontwer
per. Een nieuwe faseruis-simulatiemethode is beschreven, welke gebruik maakt van de 
AC-ruisanalyse die aanwezig is in veel standaard circuitsimulatoren. De simulatiemetho
de kan enerzijds gebruikt worden voor een goede schatting van de faseruis van een oscil
lator, maar ook voor de verificatie van lineaire faseruistheorieen. Vier "state-of-the-art" 
(ten tijde van publicatie) ge"integreerde oscillatorontwerpen, twee LC- en twee ringoscil
latoren, met frequenties tussen de 200 MHz en 11.5 GHz completeren dit proefschrift. 
Een van de vier voorbeelden betreft een 9. 8-11.5 GHz ringoscillator, met een nieu we 
circuittopologie die actieve collectorinductanties heeft. 

Meer dan tweehonderd zorgvuldig geselecteerde conferentieartikelen, tijdschriftarti
kelen, boeken en proefschriften zijn als refererentie in dit proefschift gebruikt en bieden 
een uitstekend overzicht betreffende de meest interessante literatuur op het gebied van os
cillatorontwerp. Gerealiseerde en gemeten LC- en ringoscillatoren hebben elk een eigen 
referentielijst. De belangrijkste prestatie-eigenschappen van deze oscillatoren zoals fre
quentie, afstemgebied, £(/m), dissipatie en technologie zijn beschreven in de Appendices 
GenH. 

-
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l. Niet-lineariteit reduceert faseruis in oscillatoren. 
(Dit proefschrift.) 

2. Kwaliteitsfuncties (FOMs) zijn een effectief middel om 
de kwaliteit van een ontwerp te meten. 
(Dit proefschrift.) 

3. Gebaseerd op de FOMs van oscillatorontwerpen, zijn er 
veel slechte oscillatorontwerpen gepubliceerd. 
(Dit proefschrift.) 

4. Voor een optimale ruis-draaggolfverhouding van een mul
tifase LC-oscillator, opgebouwd uit identieke gekoppelde 
enkelfase LC-oscillatorsecties, moet de koppelmethode 
de fasedraaiing van de LC-resonator in elke sectie mini
maliseren. 
(Dit proefschrift). 

5. Het beschikbaar stellen van laptops door een universiteit 
aan studenten, levert geen wezenlijke bijdrage aan goed 
onderwijs; we! een bijdrage aan RSI en veel frustratie. 

6. Te veel samenwerking leidt tot "cosmetic engineering". 

7. Te weinig samenwerking leidt tot een kokervisie. 

8. De beste barriere om iets te leren, is denken dat je het al 
weet. 

9. Het is efficient niet altijd even consistent te zijn. 

10. Alles is relatief, zo ook deze Stelling. 

11 . Somrnige eikels in een ( organisatie-)boom, tarten in hoge 
mate de zwaartekracht. (Vrije interpretatie van "The Pe
ter principle: In a hierarchy every employee tends to rise 
to his level of incompetence.") 

12. Het streven naar perfectie duurt eeuwig en is onhandig. 
Op driekwart van het theoretisch haalbare resultaat stop
pen is veel effectiever. 

13. Echte rijkdom is snappen wat echt geluk brengt en wat 
najagen van de wind is . (Vrije interpretatie van Prediker, 
Oude Testament.) 




