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Summary

Ka-band integrated focal plane arrays
for two-way satellite communication

Focal plane arrays (FPA) offer various features, like high gain and electronic beam

steering, which makes them the ideal concept for future low-cost ground-based termi-

nals for commercial two-way satellite communication. In this way, it is possible to

track multiple satellites simultaneously and to perform automatic alignment during the

installation of the terminal. The focal-field distribution of a reflector antenna can be

recovered or reconstructed using a properly excited antenna array in the focal plane.

By using active array elements of which the phase and amplitude of the elements can

be adjusted, electronic beam scanning and beam nulling can be employed. One of the

attractive applications is two-way satellite communication for TV and internet access

(VSAT), operating at 20 GHz (downlink) and 30 GHz (uplink). This application puts

strict requirements on different features of the antenna system:

• Accurate and efficient modelling of the FPA.

• Pattern synthesis (beam scanning and beam nulling).

• Purity of circular polarization.

• Isolation between transmitter and receiver.

• Integration of electronics.

As the starting point of any complex antenna design, the first step is to find fundamen-

tal limitations based on a simplified analytical model. We have developed an analytical

model using the physical principles developed in optical radio astronomy systems. This

analytical model was used to investigate the fundamental limitations of our system.

13



14 Summary

Next, a more detailed electromagnetic numerical model and associated design-flow was

developed for the design and optimization of the complete antenna system, including

reflector and illuminating array of microstrip radiators. In numerical modelling, the

major challenge is to find a trade-off between complexity and electrical size of the

problem. A hybrid approach is presented in this thesis in which we split the problem

into several sub-domains. For each sub-domain the most optimal numerical technique

is then applied.

The integration of the printed antenna element and RF front-end is investigated.

It is shown that LO-phase shifting together with double heterodyne up-conversion

is the optimal choice for the RF architecture of the front-end. Due to the superior

performance of the phase over-sampling vector modulator (POVM) as compared to

wide-band true time delays the first prototype of the integrated antenna is designed

using POVM as the phase shifter. The practical issues of the antenna packaging

with respect to high-frequency transitions, impedance matching and chip-antenna

interconnections are discussed. Experimental results prove the feasibility of integration

of electronics and antenna at 30 GHz.

The challenge of providing pure circular polarization is addressed from receiver and

transmitter prospective, respectively. A novel calibration technique for generating pure

circularly-polarized patterns is proposed. The problem of beam squinting in offset

reflector antennas is solved by using a novel focal-plane array concept that consists of

sequentially-rotated linearly-polarized antenna elements. A prototype consisting of a

75 cm offset dish illuminated by a feed array of sequentially-rotated aperture-coupled

microstrip antennas (ACMA) was developed and tested. Experimental results clearly

demonstrate the removal of the beam-squint and resulted in an Axial Ratio (AR) below

1 dB within the 1 dB beam width of the main beam. From the satellite transmitter

prospective, a wide-band, wide-angle CP polarizer is designed in order to generate a

high quality circular polarized pattern for multi-beam antenna application.

The continuing increase in usage of wireless equipment sets a severe demand on the

discrimination of the desired signal in the operating band from out-of-band interfering

signals. For example, proper operation of the full-duplex communication system requires

a high isolation between the transmitter and receiver. A feasible solution is to combine

the band pass filter and radiating element, resulting in a so called Filtenna. We have

developed a Filtenna operating at 20/30 GHz consisting of an ACMA radiator which

is integrated with a coupled-line bandpass filter to increase the isolation between the

transmit and receive channels. It is shown that the presence of slots in the ground

plane can significantly increase the coupling between the coupled lines. The proposed

technique allows for the design of tightly coupled lines without the necessity of using

very narrow gaps. The integrated module can be made small enough to fit within an

array unit cell for satellite communication applications.



Chapter one

Introduction

1.1 Background

Traditionally, parabolic reflectors (most widely known as satellite dishes), are used

in satellite systems. Since they offer high gain, high bandwidth, and relatively low

production costs they have been an attractive choice for various applications such as,

positioning, tracking, communication and remote sensing during the last fifty years. In

the past two decades, the constant increasing demand for high capacity and enhanced

performance led to numerous advancements in the satellite communication market. For

example, the trend in the wireless communication market is to move towards broadband

multimedia applications. The need for more reconfigurable systems is also an important

aspect in many recent applications. So in a future scenario, a low-cost standard satellite

terminal can be used for simultaneous receive (direct broadcast satellites) and transmit

data (internet), while it is prone to harsh weather conditions. In addition, future systems

should be able to track multiple satellites simultaneously using electronic beamsteering.

It is evident that all these new applications require a new antenna/frontend concept

which can establish a multi-task and reconfigurable solution for future needs. The new

technology replaces the traditional horn-fed parabolic reflector antennas with focal-plane

arrays (FPA) which enables beam steering, multi-beam operation and beam-nulling. In

this way, a low-cost high-performance reconfigurable antenna system can be constructed.

The phased-array feed can be integrated with passive and active RF circuitry. A con-

ceptual drawing of the FPA concept is shown in Fig. 1.1.

1



2 1 Introduction

Figure 1.1: Focal plane array (FPA) concept using a phased-array feed to illuminate a
reflector antenna, [1].

1.2 State of the art

There has been a great interest in developing multi-beam antennas using the focal plane

array concept from different research groups in different countries [2], [3], [4], [5], [6] , [7].

Although many researchers had already studied possibilities and fundamental limita-

tions for the focal plane array, the technological issues appeared to be a major limitation

for realizing this concept in several applications.

In recent years, new theoretical and technological advancements in the antenna field

have been made. In addition, recently successful prototypes have been realized in the

domain of radio astronomy. In this section we will give a short system-level overview of

trends and state-of-the-art in various applications that could benefit from using FPAs.

A more detailed state-of-the-art overview of various topics will be provided in the other

chapters of this thesis.

1.2.1 Radio astronomy

The international radio astronomy community is currently working on a major break-

through by developing the Square Kilometer Array (SKA): a radio telescope which is

hundred times bigger and better than any current radio telescope. A major advantage

of SKA is the significant larger field of view (the region of the sky that can be imaged

in a single observation) as compared to exsisting radio telescopes, see Fig. 1.2. In this

regard, different techniques can be applied to increase the field of view. An attractive

solution is implemented recently by ASTRON [8] to place a receiver array in the focal

plane of each reflector antenna. Fig. 1.2 shows a photo of the FPA which is used as

the receiver in the SKA dishes. The primary aim for the FPA solution is to sample the
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aperture field distribution using a discrete number of elements in the focal plane. One

may notice that by using proper excitation coefficients in the focal plane, a multi-beam

antenna systems can be obtained. In fact, the signals from the different elements are

combined to generate a high-quality image. In addition, although it is necessary to use

a cryogenic environment for functional feed array, but due to the enhanced performance

of the dense focal plane array it is feasible to remove the crygenic environment. In this

way, the FPA can be a cost effective solution as compared to standard horn feeds.

Authors in [9] propose a fully integrated W-band 2×2 focal plane array with on-chip an-

tenna for radio astronomy application. The FPA incorporates four Dick-type receivers

implemented in a standard 0.18um SiGe BiCMOS technology. The inherent advan-

tage of the proposed concept is reducing the scanning time and enabling the video rate

real-time imaging.

Figure 1.2: Pictorial representation of increasing field of view using FPA [10], [11].

1.2.2 Earth observation

Recent advances in phased-array antenna technologies and low-cost active electronic

components open up new possibilities for designing Earth observation instruments, in

particular those used for radiometric measurements. Nowadays, two design concepts of

microwave radiometries are in use: pushbroom and whisk-broom scanners [12]. Push-

broom scanners have an important advantage over whisk-broom scanner in providing

larger field-of-view with higher sensitivity, owing to the fact that these systems can

look at a particular area of the ocean for a longer time with multiple simultaneous

beams. The drawback of pushbroom designs based on conventional focal plane arrays

(FPAs) of horns in one-horn-per-beam configuration [13] or clusters with simplistic

beamforming [14] is the varying sensitivity. This variation occurs due to the difference

between the scanned beams (as these are formed by different horns/clusters) and their

large separation on the ocean surface, as the result of the large separation between

the horns. This drawback may be significantly reduced by employing dense FPAs,
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i.e. phased-array feeds consisting of many electrically small antenna elements, with

advanced beamforming [15]. A comprehensive study on dense focal plane arrays for

satellite radiometries is explained in [16],[17].

1.2.3 Satellite communication (downlink)

Multi-beam antennas are also a very attractive solution for downlink (satellite-to-

ground) applications. Considering the rapid increase in the demand for high-speed

internet and high quality TV broadcasting, the need for bandwidth is also increased ac-

cordingly. From the system point of view, the main advantage of multi-beam antennas

(MBAs) is that a frequency reuse scheme for the communication to the ground can be

used. That is, each generated spot beam (footprint) on the ground can be allocated to a

different frequency band instead of allocating the entire spectrum to a single contoured

beam. A conceptual drawing of the concept is shown in Fig. 1.3.

Examples of commercial satellites employing frequency reuse MBAs include INTELSAT

IV-A (1975), INTELSAT V (1981), INTELSAT VI (1989), NASAs ACTS satellite, and

ITALSAT [18]. A comprehensive theoretical study on multi-beam antennas for satellite

communication is done in [19] .

A

B

C

D

A

B

C

A

D

D

Figure 1.3: Conceptual drawing of frequency re-use for satellite communication (down-
link).
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1.3 VSAT ground-based terminals

A reflector antenna with a phased-array feed (FPA) offers improved performance

for satellite communication uplink applications such as very small aperture terminal

(VSAT). In VSAT two-way satellite communication can be realised by using the Ka-

band for the down-link (17.3 to 22 GHz) and the Ka-band for the up-link (27 to 31 GHz).

An FPA combines the capability for electronic beam steering with the low-cost large

signal collecting area of the reflector. Nowadays all the ground-based transmission and

reception systems use standard fixed-beam feeds, which are located at the focal point of

a parabolic reflector and collects the signal after it is focused by the dish. The collected

signal is amplified, downconverted and transmitted to a modem or receiver through a

coaxial cable. The complete unit is commonly referred to as a low noise block (LNB).

For the transmitting scenario (up-link), an input signal is upconverted and amplified to

a high power level and then, radiated by the feed to produce a focused beam directed

towards the satellite transponder. Since both radio astronomy and satellite commu-

nication involve detection of weak signals, recently many researchers have studied the

possibilities to apply the available technology from radio astronomy to enhance the

performance for direct broadcast satellites (DBS) [20], [21]. Authors in [22] propose

an integrated 8-element Ku-band chip beamformer for low-cost commercial phased ar-

rays. A general description of integrated arrays with analogue beamformers is explained

in [23]. One may notice that, while the current satellite market is focused on the Ku-

band, it has led to a congested microwave frequency spectrum, i.e. below 18 GHz. From

the system point of view, future applications require high-data-rate communication in

Gb/s by operating at higher frequencies. Therefore, the Ka-band (TX: 29.4-30 GHz,

RX:18.8-22 GHz) is used in VSAT in order to obtain a larger frequency bandwidth. In

order for the intended application to be successful, antenna systems have to be devel-

oped that can compete on the highly cost-driven satellite-terminal market. Hence, from

the technology prospective standard low-cost fabrication processes are preferred. For

this reason, future terminals for the satellite market should utilize mainstream IC (Bi-

CMOS) semiconductor technology. Furthermore, higher level of integration is feasible

using BiCMOS technology. Fig. 1.4 shows an example of a Ku-band receiver (LNB) for

down-link only, using a BiCMOS IC from NXP semiconductors [24].
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Figure 1.4: Example of RF front-end for satellite terminals (receive only), operating in
the Ku-band [24].

1.4 Requirements and design challenges

The requirements that we will use in this thesis are based on the VSAT application and

have been defined within the framework of the European project ”RF2THz” [25]. Table

1.1 summarizes the key requirements which are relevant for the antenna part of the

system. Fig. 1.5 shows the functional block diagram of the RF part of the phased-array

feed. In transmit it includes a power amplifier (PA), phase-shifter and variable gain

amplifier (VGA). In receive, it includes a band-pass filter, low-noise amplifier (LNA),

phase-shifter and VGA. Although the focus of this thesis is on the antenna related

parts, the integration of the phased-array feed and the electronics is also addressed in

this thesis. The main design challenges which are investigated in this thesis are:

• Dual frequency planar feed array in the focal plane.

• Highly integrated design of the front-end.

• High isolation between transmitter and receiver.

• High quality circular polarization pattern.
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Table 1.1: VSAT requirements used in the RF2THz project [25]

Parameter Value
Frequency Rx:[18.8,20.2 GHz]..[21.4,22 GHz]

Tx:[29.4,30 GHz]
Multi-satellite reception Elevation [±5 degrees]

Azimuth [±2 degrees]
output frequency IF [950-2150] MHz

Relative cross polarization < 22 dB
Polarization Right Handed Circular Polarization (RHCP)

Left Handed Circular Polarization (LHCP)
Gain According to ETSI EN 301459 V1.2.1 [26]
EIRP 54 dBw

G
T

≥ 13.6 dB/K

Array

Duplexer

Filter LNA

Phase 

shifter

VGA

PA

Phase 

shifter

VGA

Duplexer

Filter LNA
VGA

PA

Phase 

shifter

VGA

E
le

m
e
n
t1

E
le

m
e
n
tN

Phase 

shifter

Figure 1.5: Phased array feed functional block diagram.
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1.5 Objectives, research approach and outline

The objective of this project is to investigate and demonstrate highly integrated focal

plane arrays for the VSAT application. The demonstrator is implemented in mainstream

semiconductor technology (BiCMOS) and PCB technology. The general outline of the

thesis is shown in Fig. 1.6.

First, a brief review of different analytical and asymptotic methods for reflector antennas

is given. Then, based on the presented techniques and related trade-offs, an hybrid

approach is proposed for the FPA modelling. An antenna parameter study is performed

in chapter 3 in order to find the optimum configuration of the FPA for the VSAT

application. Chapter 4 establishes a mathematical framework for focal plane array

pattern synthesis. The presented pattern synthesis approach is used in subsequent

chapters. The investigation of the optimum antenna element for the dual-frequency

phased array feed is explained in chapter 5. A 2×2 sub-array is proposed as the building

block of the larger array which not only satisfies the specification of the project, but

also solves the problem of surface wave propagation at Ka-band. Chapter 6 gives an

insight into the measurement setup and required mechanical structure for adjusting

the feed in the focal plane, where also the measurement results for verification of the

hybrid modeling approach is given. The subsequent chapters discuss the most important

features of the FPAs for VSAT. Chapter 7 describes the detailed design of the integrated

antenna at 30 GHz including a discussion on technology-related issues. Chapter 8 deals

with the problem of isolation between transmitter and receiver. A novel hybrid approach

based on passive and active circuitry is proposed to provide the required isolation. The

problem of circularly-polarized arrays for ground terminals and space applications is

addressed in chapter 9 and 10, respectively. While the former discusses the removal of

beam squinting at Ka-band, the problem of generating circularly-polarized patterns for

wide-band wide-angle applications is addressed in chapter 10.
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Chapter 2:

Electromagnetic theory and antenna modeling

Chapter 3:

FPA parameter study

Chapter 4:

pattern synthesis

Chapter5:

Shared aperture dual frequency feed array 

Chapter 6:

Measurement results

Chapter 7:

Integration with electronics

Chapter 9:

Circularly-polarized FPA

Chapter 8:

Isolation techniques

chapter10:

Circularly Polarized

 Surfaces

Chapter11:

Summary and conclusion

Figure 1.6: Outline of the thesis.
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1.6 Original contribution of the thesis

The work that is presented in this thesis contains the following original contributions:

• A simplified hybrid model is developed to model large focal plane arrays in chapter

2. Considering the complexity of the FPA modeling, the proposed model, uses

different techniques for each of the computational regions, based on the physical

properties of the problem in each region.

• Quantification of the antenna and feed parameters for VSAT in chapter 3. Based

on the developed uniform modeling technique, an optimum configuration of the

FPA is obtained.

• A 2× 2 dual-frequency shared-aperture planar array is developed as the building

block for VSAT in chapter 5. The proposed structure solves the problem with

circular polarization and surface wave propagation.

• An experimental set-up is developed for the accurate characterization of electri-

cally large reflector antennas. The proposed set-up benefits from an accurate

adjustment structure which is required for FPA measurements in chapter 6.

• A first demonstrator for the integrated phased-array feed for VSAT is fabricated

and measured. It includes a high-resolution vector modulator IC, realized in

BiCMOS.

• An hybrid isolation technique based on the filtenna concept and co-designed with

an LNA/filter chip is proposed in chapter 8.

• A problem of beam squinting in offset reflectors with circularly-polarized feeds is

solved by using a phased-array feed and applying a calibration technique ( chapter

9).

• A wideband, wide-angle CP polarizer is designed using the concept of WAIM

(wide angle impedance matching) in combination with an optimized meander-line

CP polarizer.



Chapter two

Electromagnetic antenna modelling

2.1 Introduction

Research on reflector antennas, reflect array antennas and phased array antennas, in

the Ka-band [27], [28], [29] has received lots of attention during the last few decades.

Reflector antennas are very common in many areas, such as satellite communication and

radar. The main advantage of the reflector antenna is that it can achieve a very high

gain with considerably low manufacturing cost. Phased-array antennas are capable of

electronic beam steering by changing the amplitude and phase distribution. However

phased-array antennas are very expensive and power-demanding. The high gain of

the reflector antenna and electronically beam steering capability of phased-arrays can

be combined in the concept of the focal plane array (FPA)( see Fig. 2.1 ). As the

starting point for any complex antenna design, it is desired to model the electromagnetic

performance of the system. Modelling an FPA system, while considering the complexity

of the feed and electrical size of the reflector antenna, appears to be a major challenge.

On one hand, computing the secondary radiation pattern of a reflector antenna is a

complicated and time consuming process [30]. On the other hand, obtaining an accurate

result for the phased-array feed in front of the reflector requires a very dense meshing.

Due to the fact that dense meshing is achieved at the cost of more computation time, the

complete design of the FPA system needs practical trade-offs based on the geometry

of the feed and available computational power. In addition, knowledge on the focal

plane distribution gives insight into the optimum geometry of the feed-array. The most

straightforward, as well as the most time-consuming method, for far-field calculations

of the radiation pattern is to compute the radiation integral for the aperture antenna

directly. Several approaches have been proposed for efficient numerical evaluation of

the double radiation integrals. The earliest approach was proposed by Ludwig in which

11
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the double integral can be evaluated explicitly in closed forms [31]. As an alternative

solution, one can expand the radiation integral into a series such as the Jacobi-Bessel

method [27]. In this chapter, a simple analytical model for the FPA size estimation and

element density is discussed. Next, a general and more accurate approach is proposed

based on physical optics for far-field and focal plane calculation. As a final solution,

a hybrid approach based on commercial software is presented. The advantage of this

hybrid approach is that it can be controlled by a MATLAB script, thus it can be used

for fast and accurate modelling and optimization of the focal plane array in subsequent

chapters.

Figure 2.1: Focal plane array (FPA), general concept.

2.2 Antenna parameters

2.2.1 Directivity, gain, efficiency

In this section we will introduce the relevant antenna parameters that describe the radi-

ation patterns of antenna. In order to define the directional properties of an antenna, an

isotropic antenna can be used as the reference. An isotropic antenna is the hypothetical

source with uniform radiation in all directions. Therefore, the radiation intensity of an

isotropic source (U0) is defined as:

U0 =
Piso
4π

, (2.1)
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where Piso is the isotropic radiated power throughout space. For non isotropic sources,

the radiation intensity is not constant throughout space. The average radiation intensity

Uave which is equal to the radiation intensity of isotropic sources with the same radiated

power P is defined as:

x

y

z

r

Er

E

E

Figure 2.2: Definition of spherical coordinates.

Uave =
1

4π

∫∫
Ur(θ, ϕ)dΩ =

Prad
4π

, (2.2)

where dΩ is the element of solid angle in a spherical coordinate system as shown in

Fig. 2.2 and Ur is the radiation intensity of the non-isotropic antenna. Thus, in order

to formulate the directional characteristic of the antenna, one can define the directivity

(D0) as the ratio of radiation intensity in a certain direction to the average radiation

intensity:

D0(θ, ϕ) =
Ur(θ, ϕ)

Uave
=

4πUr(θ, ϕ)

Prad
. (2.3)

Eq. 2.3 simply gives the directivity of the antenna when no antenna losses are included

in the system. In practice, a more relevant definition is the radiated power in a certain

direction with respect to the total input power. For this, the efficiency of the antenna

can be considered in Eq. 2.3 [32]. The resulting antenna gain (G) is now defined by:

G(θ, ϕ) = ηant
Ur(θ, ϕ)

Uave
= ηantD0(θ, ϕ), (2.4)
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where ηant indicates the antenna efficiency. For a reflector antenna, the maximum

directivity relates to the physical aperture of reflector, Ap.

G = ηantD0 = ηant
4π

λ2
0

Ap, (2.5)

where λ0 is the wavelength in the free space and ηant can be expressed as a product of

sub-efficiencies [33];

ηant = ηradηtaperηphaseηspillηpolηblockηmismatch, (2.6)

where

ηrad = radiation efficiency

ηtaper = taper efficiency

ηspill = spill-over efficiency

ηpol = polarization efficiency

ηblock = blockage efficiency

ηmismatch = mismatch efficiency

ηphase = phase efficiency

Firstly, spill-over efficiency represents the portion of the power that is intercepted by

the reflector (the portion of the power within the subtended angle of the reflector θ0)

relative to the total power radiated by the feed. The mathematical formulation is given

by [34]:

ηspill =

∫
ΩR

Pf (θf , ϕf )dΩ∫
4π

Pf (θf , ϕf )dΩ
, (2.7)

where Pf (θf , ϕf ) indicates total power (co- and cross- polarization) radiated from the

feed in the coordinate system defined at the focal point (rf ,θf ,ϕf ) and ΩR is the part

of the space which is limited by subtended angle of the reflector. Taper efficiency deals

with the part of the power which illuminates the aperture. That is, the taper efficiency

represents the uniformity of the field distribution on the aperture. It can be formulated

as [34];

ηtaper =
1

A

|
∫
A

~EA(x, y)dA |2∫
A

| ~EA(x, y) |2 dA
, (2.8)

where A is the aperture size of the reflector and ~EA(x, y) is the electric field distribution

on the aperture plane of the reflector. Polarization efficiency represents the polarization

purity of the radiated field. Blockage efficiency is important when the feed is located in

the aperture plane. This effect can be reduced by using an offset feed. A more detailed

overview on antenna efficiency is presented in chapter 3.
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2.2.2 Polarization

Within the antenna community, commonly accepted definition of co and cross polariza-

tion is presented by Ludwig [31]. It should be noted that in the principal planes, the

co and cross polarization coincides with θ and ϕ components of the antenna far-field.

In general, the relation between co and cross polarization and spherical coordinates is

explained in [31].

There are some special cases of signal polarization which are important for communica-

tion applications. Firstly, if the electric field vector moves back and forth along a line

it is said to be linearly polarized, so, the polarization ellipse in Fig. 2.3 converts to a

vector along the x or y direction. A radiated field from an aperture coupled microstrip

antenna in chapter 5 is an example of a linearly polarized antenna. Secondly, if the

electric field vector remains constant in magnitude but rotates around a circular path,

it is circularly polarized. The polarization ellipse in this case converts to a circle. A

2 × 2 sub-array presented in chapter 5 radiates a circularly polarized signal. Thirdly,

the general case, if the magnitude of the electric field vector does not remain constant

but rotates along an elliptical path, it is elliptically polarized.

Eφ

Figure 2.3: General polarization ellipse.

An important parameter for circularly polarized antennas is axial ratio. Axial ratio is

an indication of quality of circular polarization and it can be expressed as [34]:

AR =
A

B
. (2.9)

The ellipse can also be characterized by its maximum and minimum field values Emax
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and Emin:

AR =
Emax
Emin

=
| Eco | + | Ecx |
| Eco | − | Ecx |

, (2.10)

Eco = Eθ + jEϕ, (2.11)

Ecx = Eθ − jEϕ, (2.12)

where Eθ and Eϕ are horizontal and vertical field components, respectively (in principle

planes). For a perfectly linearly polarized antenna, the axial ratio is infinite. For a

perfectly circularly polarized antenna, the axial ratio is AR = 1.

2.2.3 G/T, receiver figure of merit

The standard definitions of antenna gain are explained in section 2.2.1 and the standard

IEEE definition of noise temperature assumes separate antenna and receiving electron-

ics. It should be noted that for active antennas separating electronics and antennas if

it is not impossible, it is very difficult. Even if there is a convenient port for separate

measurement of antenna and receiver, the major challenges are still to consider the mis-

match losses and noise contributions due to the unmatched source load of the receiver.

Thus, in order to evaluate the system performance of an integrated antenna another

figure of merit parameter should be introduced. The general architecture of a complete

antenna-receiver front end is shown in Fig. 2.4. In this system, the total noise power

has contribution from the antenna pattern, antenna environment, adjacent elements,

the loss in transmission lines and from the receiver components. The output gain to

noise ratio is (considering the reference plane between mismatch efficiency block and

radiation efficiency block and also assuming antenna and receiver operating in same

physical temperature):

G

T
=

Dηrad
ηradTenv + Tamb(1− ηrad) + Tamb(Frec − 1)

, (2.13)

where D is the antenna directivity, T is the noise temperature of the system, ηrad is the

antenna radiation efficiency, Tenv is the environment temperature, Tamb is the ambient

temperature and Frec is the noise figure of the receiver.

Antenna
Tamb Frec, Noise figure

Tenv, Environment temperature

rad mismatch

refrence plane

Figure 2.4: An receiving antenna connected to a receiver.
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2.3 Approximate design guides for FPA antennas

The starting point for the design of any complex antenna system, is to use design

guides or performance estimations based on physical principles. These limit the range

of possibilities before a more detailed design of the complete system is done. Such

rules can be based on an approximated model of a simplified system. Examples of such

design rules for phased array antennas or single feed reflectors can be found in [35]

and [36]. The design rules of FPAs, can also be found in literature [2], [37], but they

are not directly applicable to a FPA design for VSAT applications. A typical approach

in FPA design for radio frequencies is to implement what has already been done in

the THz regime to microwave frequencies. An example of this approach is to make an

initial version of the FPA design using a quasi-optical approach [38]. In order to reduce

the cost and complexity of the system, proper estimation of the FPA size and element

density of the FPA is necessary. The optimum number of elements not only determines

the size of the FPA, but in low noise systems (radio astronomy) or highly integrated

systems (satellite communication) determines the number of channels and receivers.

One should note that an optimum design of the FPA includes different trade-offs in

terms of maximum aperture efficiency, size and number of elements.

2.3.1 FPA Size Modelling

Considering the geometry of Fig. 2.5, we can estimate the electric field distribution on

the focal plane using a simple analytical model. It should be noted that the following

assumptions have been considered for the simplified model :

• The FPA shape is assumed to be circular.

• A large F/D and small scan angles are assumed.

• Spill-over efficiency is assumed to be 1.

• Decoupling efficiency is assumed to be 1.

• The model assumes the uniform plane wave distribution on the reflector antenna.
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Figure 2.5: Schematic view of the reflector.

For a uniform circular aperture of radius ρ′ the far-field pattern can be estimated by

Bessel function of the first kind of zeroth order. Using the relation between Bessel

function first kind zeroth order and Bessel function first kind first order, it can be

shown that the electric and magnetic fields take the form:

2J1(ub)

ub

, (2.14)

where J1 is the Bessel function of the first kind of first order and ub is

ub = kρ′sinθ0. (2.15)

θ0 is the subtended angle of the reflector, k is the wavenumber and ρ′ is the distance

from center of the focal plane. Then, one can use the poynting vector (see chapter 3) to

find the power distribution on the focal plane. The encircled power in truncated region

to the total power can be expressed as :

Penc =

a∫
0

(
2J1(ub)

ub

)2

2πρ′dρ′

∞∫
0

(
2J1(ub)

ub

)2

2πρ′dρ′
=

1

2
[1− J2

0 (ka sin θ0)− J2
1 (ka sin θ0)], (2.16)

where J0 is the Bessel function of the first kind of zeroth order. One can solve Eq. 2.16

numerically to find the value of a for certain value of encircled power. It should be
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noted that Eq. 2.16 is not valid for reflector antennas with F
D

less than 1. In this case

the complete formulation is explained in [39]. Fig. 2.6 shows the so called Airy pattern

of the symmetric parabolic reflector with F
D

= 2 at 30 GHz. Considering −3 dB and

−1 dB captured power, the required radius of the FPA is 1.12λ and 1.85λ respectively.
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Figure 2.6: (a) 2D illustration of Airy pattern of a symmetric parabolic reflector,
F
D

= 2, f=30 GHz (b) Normalized aperture field versus aperture radius for Airy pattern
in the principal plane ϕ = 0 at 30 GHz.

In order to extend the formulation in Eq. 2.16 for off-axis beams, the displacement of the

focal point due to the scanning needs to be calculated. The focal point displacement can

be estimated using the beam deviation factor (BDF). The BDF describes the relation

between the scan angle and the displacement of the feed and it is defined as :

BDF =
θs
θf
, (2.17)

where all the related parameters are defined in Fig. 2.5. A semi-empirical formula for

the BDF of a symmetric parabolic reflector antenna is given by [40]:

BDF =
(4F/D)2 + 0.36

(4F/D)2 + 1
. (2.18)

Now, the displacement of the feed is expressed according to :

df = F tan θf . (2.19)
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Then, by centering the Airy pattern on the focal point displacement, the FPA size

required to collect a certain fraction of the power can be calculated:

RFPA = df +RAiry, (2.20)

where RAiry is the required radius of the Airy pattern according to the solution of

Eq. 2.16.

2.3.2 FPA Element density

A simple design rule to find a proper element spacing is to use the Nyquest sampling

theorem. The element spacing in the focal plane (∆x) can be estimated by [38] :

∆x

λ
=

1

1 + sinθ0

. (2.21)

From Eq. 2.21 it can be understood that for large F
D

the acceptable spacing is close

to 1λ, but for small F
D

the spacing must be closer to λ/2. It is worth to mention

that although Nyquest sampling ensures that all information is recovered, it does not

guaranty the maximum signal to noise ratio. Therefore additional requirements should

be considered. In general, the overall performance of the FPA is affected by the total

aperture efficiency and total system noise temperature. One should note that there are

several trade-offs involved in the element spacing. The element spacing should be close

enough to be able to illuminate the dish uniformly with minimum spill-over loss. As

the separation between elements decrease the mutual coupling increases and the overall

efficiency, deteriorates. This has been shown in work of [2]. The optimum element

spacing is found to be around 0.4 λ and 0.5 λ. The problem of full array sampling can

also be expressed in terms of the required bandwidth of the antenna. The maximum

frequency of operation is limited by the element spacing which should avoid grating

lobes and too coarse sampling. The typical value is between 0.6 λ and 0.9 λ, depending

on the reflector F/D [41]. The minimum frequency of operation is often limited by

mutual coupling between elements. A study on the optimum number of elements for

efficient dense array of hard waveguides can be found in [2].
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2.4 Asymptotic methods for reflector antenna

2.4.1 Far-field calculation

Figure 2.7: Offset antenna configuration for physical optics approach.

Considering the offset reflector antenna geometry in Fig. 2.7, the radiated field from the

source induces magnetic fields on the surface of reflector [42]. This results in a surface

current which radiates to the far-field of the antenna. By evaluating the contributions

from all parts of the reflector to any far-field observation point, we apply the so-called

Physical Optics (PO) technique which gives the total radiated field. In other words,

the surface of the reflector acts as the radiating current source with current distribution

given by ~J = 2n̂ × ~H. The disadvantage of the PO-method is that one must compute

the far-field at each observation point and each point requires an evaluation of a double

integration on the surface of the reflector. Due to the time-consuming integration step,

several methods have been proposed in literature to improve the efficiency of these

approaches [43], [44].

The mathematical details of the PO approach is given in this section. Fig. 2.7 shows

the configuration of an arbitrary feed in front of the reflector antenna. We will assume

that we have analytical source (cosn θ), as the feed without any back radiation. The

incident electric and magnetic far-field of the source can be expressed as:
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~Ei(~rs) = [U(θs, ϕs)θ̂s + V (θs, ϕs)ϕ̂s]
e−jkrs

4π rs
, (2.22)

~Hi(~rs) =
1

η
[−V (θs, ϕs)θ̂s + U(θs, ϕs)ϕ̂s]

e−jkrs

4π rs
, (2.23)

where θs and ϕs are spherical coordinates in the coordinate system which is located at

the source point and and η = 120 π. U and V are the pattern functions and are defined

as:

{
U(θs, ϕs) = cos(ϕs) cosq(θs),

V (θs, ϕs) = − sin(ϕs) cosq(θs).
(2.24)

Transformation from the feed coordinate system to the antenna (focal point) coordinate

system can be done according to the Eulerion transformation which depends on the

geometry of the reflector antenna (eg. offset or symmetric parabolic) [44]. For radiating

current sources, the well known radiation integral is calculated by:

~E = jkη
e−jkr

4πr

{
Tθθ̂ + Tϕϕ̂

}
, (2.25)

~T (θ, ϕ) =

∫
Σ

~J(~r′)ejk
~r′.r̂dΣ = Tθθ̂ + Tϕϕ̂, (2.26)

where k = 2π/λ. θ and ϕ are the spherical coordinates with respect to the center

of the projected aperture of the reflector. It is worth mentioning that although the

integration is performed on the projected aperture, the surface current is evaluated on

the reflector surface, and therefore the result will be more accurate as compared to the

geometrical optics method which involves integrating of the electric fields scattered by

the reflector onto the projected planar aperture [45]. The radiation integral can be

calculated accurately near the axial axis. The surface current density can be described

by:

~J(~r′) =

{
2(n̂× ~Hi(~r

′)) illuminated surface

0 shaded surface (behind the reflector)
. (2.27)
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Integration in Eq. 2.26 is performed on the reflector surface Σ. One can use the Jacobian

transformation to transform that into an integration over the projected circular aperture

plane (σ in Fig. 2.7). Considering the surface Σ which is described in (x, y, z) and

(ρ, ϕ, z) coordinate system as:

z = f(x, y) = f̃(ρ′, ϕ′). (2.28)

Its unit normal n̂ is given by

n̂ = ~N/N, (2.29)

where

~N =

[
−∂f
∂x
x̂− ∂f

∂y
ŷ + ẑ

]
, (2.30)

and

N =

√(
∂f

∂x

)2

+

(
∂f

∂y

)2

+ 1. (2.31)

To transform the integral to an integral over the aperture field, the surface Jacobian

transformation is used. Using Eq. 2.28 Jacobian can be expressed as [44]:

JΣ =

√√√√1 +

(
∂f̃

∂ρ′

)2

+ (ρ−2)

(
∂f̃

∂ϕ′

)2

. (2.32)

It can be shown that Eq. 2.31 and Eq. 2.32 are identical. Thus, based on the above

equations the following identity is held:

~Jprj(ρ
′, ϕ′) = ~J(~r′)JΣ = 2 ~N × ~Hs(

~r′), (2.33)

where ~Jprj is the projection of the current on the reflector surface over the projected

aperture. After some manipulation ~T is found to be :

~T (θ, ϕ) =

a∫
0

2π∫
0

~Jprj(ρ
′, ϕ′)

[
ejkr

′ cos θ′ cos θ
]{

ejkρ
′ sin θ cos(ϕ′−ϕ)

}
ρ′dρ′dϕ′. (2.34)

One can use the following transformation to find the spherical far-field components of
~T :

(
Tθ
Tϕ

)
=

(
cos θ cosϕ cos θ sinϕ − sin θ
− sinϕ cos θ 0

)TxTy
Tz

 , (2.35)
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where (Tx, Ty, Tz) are the integral components of Eq. 2.34 in cartesian coordinates.

Fig 2.8 shows an example of the calculated radiation pattern using the approach de-

scribed in this section. The configuration consists of a symmetric parabolic reflector

with D = 0.7m, F/D=0.4 fed by a aperture coupled microstrip at 30 GHz.

In order to improve the efficiency of the double integration, several methods have been

proposed in literature. After manipulation of Eq.2.34, one can find an exact two dimen-

sional Fourier transform (FT) relation, between aperture field distribution and far-field

radiation pattern [43]. There is however a basic limitation for the FT evaluation due to

the finite curvature of the reflector antenna which is addressed in [46]. Samiee in [44]

rearranged Eq.2.34 in a manner that it can be approximated by a few terms of the

Jacobi-Bessel series.
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Figure 2.8: Normalized radiation pattern of symmetric parabolic reflector antenna with
q=1 fo1 11.7 dB edge tapering, D = 0.7m, F

D
=0.4 fed by a aperture coupled microstrip

at 30 GHz, analytical model (double integration method) versus FEKO result(PO/GTD
solver). (a) Normalized radiation pattern in E plane. (b) Normalized radiation pattern
in H plane (The effect of back radiation will cause a larger differences for wide-angel
aradiation).

2.4.2 Focal region fields

The conventional approach in reflector antenna analyses is to compute the secondary

radiation pattern of the antenna, for example by using the approach of section 2.4.

Different parameters of the reflector antenna, such as F/D, offset height, reflector shape

and excitation of the array can be optimized to meet the requirements on the far-field ra-
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diation pattern. In other words, for a reflector antenna in transmit mode, the secondary

radiation pattern of each array element can be calculated. Then, the superposition of

all the radiation patterns are subjected to optimization.

From the reciprocity theorem, one can use this result also for the antenna in receive

mode. For the receiving situation, an incident plane wave is collected by the reflector

and concentrated into the focal region. Assuming a full-sampling array in the focal re-

gion, maximum scattered power should be captured by the feed array. Calculating focal

region fields gives an insight into the different features of the optimum feed array. Before

designing the FPA, general properties of the feed such as, FPA size, element density,

number of channels and optimum excitation can be approximated from the focal field

distribution (under the assumption of uniform plane wave incidence). In this section

a general computational method for the focal region fields calculation, based on the

Physical Optics (PO) approach is presented. The PO approach is generally applicable

to every kind of reflector configuration. Eq. 2.36 describes an incident plane wave on
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Figure 2.9: schematic view of the reflector.

the surface of the reflector antenna from an arbitrary (θ, ϕ) direction, see Fig. 2.9.

~H inc(x′, y′, z′) = H inc
0 (x̂′ cos θ′in cosϕ′in + ŷ′ cos θ′in sinϕ′in − ẑ′ sin θ′in), (2.36)

where H inc
0 is the amplitude of the incident magnetic field which can be considered to

be equal to 1 (uniform wave distribution). The wavenumber of the impinging magnetic
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field on any point on the reflector can be expressed as (spherical coordinate system) :

~k = kxx̂
′ + kyŷ

′ + kz ẑ
′ = k0 sin θ′in cosϕ′inx̂

′ + k0 sin θ′in sinϕ′inŷ
′ + k0 cos θ′inẑ

′.
(2.37)

Now, one can use Eq. 2.35 (inverse transformation) to transform the cartesian coordi-

nates to spherical coordinates. Then, any arbitrary point on the reflector (coordinates

of the equivalent PO currents) can also be converted to spherical coordinates as:

x′ = r′(θ′) sin θ′ cosϕ′, (2.38a)

y′ = r′(θ′) sin θ′ sinϕ′, (2.38b)

z′ = r′(θ′) cos θ′. (2.38c)

The normal vector n̂ of the parabolic reflector is defined as:

n̂ = − cos

(
θ′

2

)
r̂′ + sin

(
θ′

2

)
θ̂′. (2.39)

The induced physical optics surface current on the reflector is

~J = 2n̂× ~H inc. (2.40)

So, the problem can be translated as finding a radiation pattern of the defined current

source at any arbitrary point. One can use the well-known field integral in order to find

the electric field on the focal plane.

~E(~R) = −jkη
4π

(I − R̂R̂)

∫∫
Σ

~J(θ′, ϕ′)
e−jk|

~R|

|~R|
ds′, (2.41)

where I represents the unit dyadic function and the element surface ds′ is given by:

ds′ =
4F 2 sin θ′dθ′dϕ′

cos(θ′/2)(1 + cos θ′)2
. (2.42)

R̂ in Eq. 2.41 is the unit vector along the direction from any source point (on the

reflector surface) to any field observation point (on the focal plane),

R̂ =
~R

|~R|
, (2.43)

~R = (x0 − x
′
)x̂+ (y0 − y

′
)ŷ + (z0 − z

′
)ẑ, (2.44)

where (x
′
, y

′
, z

′
) represents any point on the reflector and (x0, y0, z0) defines any obser-

vation point on the aperture plane. It is worth to notice that although for an offset

reflector antenna the focal plane is located on a tilted plane, the same mathematical

formulation can be applied.



2.5 The Finite-Difference Time-Domain Method 27

2.5 The Finite-Difference Time-Domain Method

The finite-difference time-domain (FDTD) method is one of the most used numerical

methods for solving electromagnetic problems. FDTD is the powerful method to find

a frequency response in microwave problems. One can perform an FDTD simulation

and then use Fourier transformation to obtain the solution in the frequency domain. A

major advantage of the FDTD for engineering applications is the fact that for scattering

problems, the Fourier transformation can be performed in parallel with the time domain

simulation, so even a single FDTD run can produce the frequency domain results. In

this method, the changes in the electric fields in time are calculated versus the changes

in the magnetic field across the space. Maxwell’s equations in a source-free region give

the following equations, Ampere’s law:

ε
∂Ex
∂t

=
∂Hz

∂y
− ∂Hy

∂z
. (2.45a)

ε
∂Ey
∂t

=
∂Hx

∂z
− ∂Hz

∂x
. (2.45b)

ε
∂Ez
∂t

=
∂Hy

∂x
− ∂Hx

∂y
, (2.45c)

where E is electric field strength and H is the magnetic field strength. In parallel, it also

examines the changes in the magnetic fields in time versus the corresponding changes

for the electric fields in space. Faraday’s law:

µ
∂Hx

∂t
=
∂Ey
∂z
− ∂Ez

∂y
. (2.46a)

µ
∂Hy

∂t
=
∂Ez
∂x
− ∂Ex

∂z
. (2.46b)

µ
∂Hz

∂t
=
∂Ex
∂y
− ∂Ey

∂x
, (2.46c)

First, the structure should be meshed in three space dimensions, then, proper time

step should be chosen for incremental stepping through individual moments in time.

Finally the systems of equations in Eq. 2.45 and Eq. 2.46 must be solved at each time

step to create a model of electromagnetic behaviour of the object. For this, the entire

computation domain is subdivided into rectangular cells, known as Yee-cells [47]. The

basic idea behind Yee-cell is to put the different E- and H- components at different

positions on the grid. It should be noted that if a variable is located on the integer grid,

its first derivative is best evaluated on the half grid and vise versa. In fact, according to

the Yee scheme, the electric field components are computed at ”integer” time steps and

the magnetic fields at ”half-integer” time-steps. The electric field components are placed

at the midpoints of corresponding edges and the magnetic field components are placed
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at the centers of the faces of the cubes, see Fig. 2.10. In this manner, discretization

of Maxwell equations can be done when |p,q,r refer to x,y and z coordinates and |n
refer to the time coordinate such that f |np,q,r≡ f(p∆x, q∆y, r∆z, n∆t). Thus, with Yee

arrangement for the field components, the finite difference approximation of Maxwell’s

equations (Eq. 2.45 to Eq. 2.46) can be written as;

ε
Ex |n+1

p+ 1
2
,q,r
−Ex |np+ 1

2
,q,r

∆t
= (2.47)

Hz |
n+ 1

2

p+ 1
2
,q+ 1

2
,r
−Hz |

n+ 1
2

p+ 1
2
,q− 1

2
,r

∆y
−
Hy |

n+ 1
2

p+ 1
2
,q,r+ 1

2

−Hy |
n+ 1

2

p+ 1
2
,q,r− 1

2

∆z
. (2.48)

ε
Ey |n+1

p,q+ 1
2
,r
−Ey |np,q+ 1

2
,r

∆t
= (2.49)

Hx |
n+ 1

2

p,q+ 1
2
,r+ 1

2

−Hx |
n+ 1

2

p,q+ 1
2
,r− 1

2

∆z
−
Hz |

n+ 1
2

p+ 1
2
,q+ 1

2
,r
−Hz |

n+ 1
2

p− 1
2
,q+ 1

2
,r

∆x
. (2.50)

ε
Ez |n+1

p,q,r+ 1
2

−Ez |np,q,r+ 1
2

∆t
= (2.51)

Hy |
n+ 1

2

p+ 1
2
,q,r+ 1

2

−Hy |
n+ 1

2

p− 1
2
,q,r+ 1

2

∆x
−
Hx |

n+ 1
2

p− 1
2
,q,r+ 1

2

−Hx |
n+ 1

2

p,q− 1
2
,r+ 1

2

∆y
. (2.52)

Similar approach can be applied to discretize Eq. 2.46. For the problems which have

boundaries that are not aligned with a cartesian grid, FDTD invoke to the ”Stair

case approximation”. The error due to the stair case approximation can be found in

literature [48]. Due to the simple coding and high efficiency, FDTD is suitable for EM

problems which involves propagation of electromagnetic waves and geometries where

the characteristic lengths are comparable to the wavelength. Due to the required high

resolution meshing, FDTD is best suited for electrically small objects.



2.6 Finite integration technique, FIT 29

r

r+1

r+1/2

q q+1q+1/2

p+1/2

p+1

p

Figure 2.10: Sketch of a Yee-cell with its electromagnetic field arrangement.

Empire XCcel is based on FDTD technique and used in this thesis to solve small-scale

EM problems [49]. It uses elaborate coding to yield more accurate results for curved

structures. It also utilizes special algorithms for modelling thin conducting sheets which

increase the accuracy and efficiency of the software.

2.6 Finite integration technique, FIT

CST microwave studio (CST MWS) [50] is based on the finite integration technique.

Finite Integration Technique (FIT) is a consistent discertization scheme for maxwell’s

equations in their integral form (this is different from FDTD which applies to the differ-

ential form of Maxwell equation). Using integral equations involving voltages and fluxes,

instead of field components (such as used in FDTD) has important algorithmic and nu-

merical consequences [51]. We can find a one to one relation between the continuous

form of the maxwell equations and the discrete matrix form of the FIT equations.

Cẽ = − d

dt
˜̃b⇒ ∇× E = −∂B

∂t
, (2.53)

C̃h̃ =
d

dt
˜̃d+ ˜̃j ⇒ ∇× E =

∂D
∂t

+ ~J , (2.54)

S˜̃b = 0 ⇒ ∇.B = 0, (2.55)

S̃ ˜̃d = q ⇒ ∇.D = ρe, (2.56)
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where ρe is the electrical charge density and ẽ and h̃ denote the electric and magnetic

voltages along the edges of staggered grids, see Fig. 2.11. The symbols ˜̃d, ˜̃b and ˜̃j are

the electric, magnetic and current density fluxes across the faces of the cubes. The

topological matrices C,C̃,S and S̃ represent the discrete equivalents of the curl and

divergence operators, with the tilde indicating the dual grid. The inherent advantages

is the fact that any second-order equation, such as helmholtz equation can be derived in

discrete form in a convenient way. The FIT can be applied to different frequencies from

DC to THz. It can be shown that on cartesian grids, the time-domain FIT is identical to

the classical FDTD. A theoretical link between FDTD and FIT can be found in [52]. In

this thesis we will use FIT technique for solving small-scale EM problems. Main purpose

is to be able to check the obtained FDTD results using another numerical technique.

(a) (b)

Figure 2.11: (a) Allocation of six magnetic facet fluxes for FIT matrix implementation
(b) Cell and dual cell for FIT integration (staggered grid or dual grid).

2.7 Hybrid approach

In this chapter we have introduced the PO method and the FDTD/FIT method for

solving large-scale and small-scale electromagnetic problems. In literature many ap-

proaches have been introduced for calculating the far-field radiation pattern of reflector

antennas. [45] gives a comprehensive study on the comparison between geometrical op-

tics (GO) and physical optics (PO) methods for far-field calculation. It is shown that

the GO method gives an inaccurate result in terms of side-lobe level and null loca-

tions especially for angular regions far away from the main beam. In fact, in order

to accurately calculate the wide angle radiation pattern of an offset reflector antenna,

we need to find the angle ranges where the results obtained with different methods
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are valid. On the other hand, PO estimates the surface currents on the reflector. By

evaluating the contributions from all parts of the reflector, one can calculate the total

field at any observation point. PO is generally used for the main beam and the first

few side-lobes. In addition, since it includes time consuming numerical integrals, we do

not consider it to be a computationally efficient approach in its current form. Several

techniques have been proposed in order to improve the accuracy and efficiency of the

PO [28], [44]. The method, called asymptotic physical optics (APO) which was first

proposed by Rusch [53] is used for wide angle radiation pattern calculation. An alter-

native approach to calculate the wide angle pattern is to switch to geometrical theory

of diffraction (GTD) [54]. GTD has been extensively used for calculating the scattered

field from the electrically large objects. GTD extends the GO theory to calculate the

diffracted fields at the diffraction points using Sommerfield integrals. It should be noted

that the GTD approach is not valid for the shadow far-field region of a parabolid reflec-

tor antenna. In order to be able to compute the shadow region far-fields, Kouyoumajan

and Pathak [55] proposed the Uniform Theory of Diffraction (UTD). Fig. 2.12 shows

different angular regions of a standard parabolic reflector antenna and table 2.1 shows

various techniques which are generally used for each specific regions. In order to select

the best modelling approach for our FPA, we need to make a trade-off between accuracy

versus memory and speed of computations. The feed array is a very complex structure

and requires an accurate numerical method with dense meshing. The reflector is elec-

trically very large, so numerical techniques such as FDTD can not be used. This is

illustrated in Fig. 2.13. In summary, high accuracy comes at the cost of computational

time and available power. An alternative solution is to use the hybrid approach to

solve electrically large and complex structures. As a matter of fact, instead of having

one computational domain, the whole model is divided into different sub-domains and

different numerical techniques will be implemented in each domain. Therefore, the com-

plexity and electrical size of the problem in each domain should be taken into account.

An example of a hybrid solution for millimeter-wave antennaa is proposed in [56]. The

proposed approach assumes that the horn antenna is located in the far-field zone of the

offset reflector. Then, the feed horn is simulated separately using the method of mo-

ments technique. The calculated far-field is imported into FEKO software [57], in front

of the reflector dish. This approach allows for an efficient calculation of the secondary

radiation pattern. The presented approach can be extended to be used for focal plane

array analyses.

The major advantage of this hybrid approach is the fact that multiple iterations of im-

porting/exporting steps can be done using the programming feature of EDITFEKO [57].

Therefore, it is possible to model a large array of printed microstrip antennas in front

of the reflector. In addition, it is possible to control the result of each step exter-

nally using MATLAB. In general, considering the presented graph in Fig. 2.12 and due

to the complexity of the array feed commercial EM solvers such as EMPIRE or CST
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MWS, can be used to calculate the far-field patterns of the feed array. Next, the cal-

culated result is exported to EDITFEKO in order to compute the secondary radiation

pattern. In summary, combining the modelling power of FDTD solvers such as CST

MWS/EMPIRE XCcel and FEKO with post processing power of MATLAB can make

a powerful and accurate electromagnetic tool. The presented algorithm is based on

the hybrid FDTD/PO-UTD simulation in which the computational efficiency can be

increased by importing and exporting far-fields from one model into another. Fig. 2.14

shows a flow-chart for the presented modeling approach that will be used in this thesis

for the design of FPAs.

Forward region
Rear-axial region

0

Figure 2.12: Angular regions of far-field radiation [30].
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Table 2.1: Angle regions and techniques.

Regions Angular Techniques

Forward region θ0 ' π PO
Illuminated region α < θ0 =< π UTD or CAPO

Shadow region θ0 =< α UTD or CAPO
Rear-axial region θ0 ' 0 EEC

Complexity of structure

E
le

c
tr

ic
a
l 
s
iz

e

FDTD

MOM

GO/GTD

Figure 2.13: Electrical size versus complexity for EM problems .
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Empire- EM Calculation

Export calculated fields 

into text file 

Matlab reads the text 

file and run the feko

FEKO-EM calculation

Export the result

Matlab runs the post-

processing 

(optimization) 

Export the coefficients

Figure 2.14: Flow chart presentation for the proposed hybrid approach that will be
used in this thesis for FPA design and optimization.

2.8 Summary and conclusion

In this chapter, several electromagnetic modelling approaches for the FPA design have

been presented. Based on the analogy between quasi-optics techniques and the radio

frequency regime, the optimal FPA size and element spacing can be estimated using

approximate models (under the assumption of uniform plane wave incidence). A similar

approach can be used to calculate the focal region fields for an incident plane wave from

an arbitrary direction. Focal region fields are calculated for impinging plane wave from

arbitrary direction. A numerical approach based on the PO/UTD is presented in order

to calculate the far-fields of a paraboloid reflector antenna. The PO technique can

predict the main beam and first few side-lobes accurately. More advanced methods

should be used for wide-angle radiation pattern calculation. Owing to the fact that

the main trade off in EM computational problems is between computational time and

available hardware, a hybrid FDTD/PO-UTD solution based on commercial solvers

is proposed. Advantage of the proposed approach is the fact that it can be used for

simulating an arbitrary large FPAs in an efficient and accurate way. In addition, by
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combining modeling power of Empire/FEKO and post processing power of MATLAB

a powerful EM modeling tool is developed for FPA array synthesis.
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Chapter three

FPA parameter study

3.1 Introduction

After developing the electromagnetic antenna model presented in Chapter 2, it is neces-

sary to do an initial parameter study for the FPA system in order to find the optimum

configuration of the array and related parameters of the reflector. In fact, among the

large number of studies which have been done for reflector antennas, a few studies have

focused on finding the optimum parameters of FPAs [37]. The presented simulation

results give an estimation of the reflector parameters such as F
D

, H (offset height) and

also array characteristics such as size and number of elements. In section 3.2, a ba-

sic analysis is done based on the focal region fields calculation. The physical optics

method developed in chapter 2, is used to calculate the electric and magnetic field dis-

tribution on the focal plane. Having knowledge of the field distribution on the focal

plane provides insight into the different parameters of the array feed for the FPA. For

example, the optimum size for the array can be calculated by having an estimation of

the available power in the focal plane. In section 3.3, an efficiency investigation will be

presented to find an optimum number of elements of the FPA. The estimated size of the

aperture in section 3.3 is sampled with different number of antenna elements in order

to produce an efficient adjustable aperture (Amplitude and phase of each element can

be controlled using electronic circuitry). The produced aperture of discreet elements

has an efficiency which is comparable to conventional rectangular or circular apertures

(e.g. horn antennas).

37
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3.2 Parametric study of the reflector antenna

The primary aim for this section is to use the presented numerical models to understand

the relationship between focal field distribution and required FPA size, dish geometry

and feasible scanning range of the system. For that purpose, the PO/GTD based com-

mercial software FEKO is used to calculate the electric and magnetic fields accurately.

The required knowledge for understanding the behaviour of the FPA system is obtained

by post-processing the numerical results of the commercial software.

3.2.1 Focal plane field distribution

Focal plane 

Far-field

F

H

D

Near-field

A
p
e
rtu

re
 p

la
n

e

Figure 3.1: Schematic representation of the FPA considering the different radiation
regions.

A classical approach for FPA analysis is to study the far-field pattern of the reflector

antenna for a given planar array. For example, the individual far-field patterns can be

calculated for each antenna element. Then, the total radiation pattern of the FPA is

the superposition of the individual radiation patterns.

Alternatively, one may think in the direction of the reciprocity theorem and use an

incident plane wave to calculate the field distribution on the focal plane. Such an

analysis is especially important for hybrid configurations such as FPA systems. A

schematic representation of the various field regions is shown in Fig. 3.1. As the starting

point, the electric and magnetic field distribution in front of the offset reflector antenna

for different angles of incident is calculated. The results for bore-sight and 4 degrees

angle of incidence are shown in Fig. 3.2. In this study a 75 cm offset reflector antenna
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at 20 GHz is considered as a test case ,with F
Dp

is 0.3 , offset height is H = 4 cm and

Dp is the diameter of the parental parabolic. It is observed that, in case of scanning,

the field is distributed over a larger area.

(a)

(b)

Figure 3.2: Computed focal plane field distributions for the offset reflector with D=
75cm, F/Dp = 0.3, H = 4cm at 20 GHz, (a) on-axis incident plane wave and (b) 4
degrees off-axis incident plane wave.

The focal field of an off-axis incoming plane wave is degraded due to the distortions of

the phase and amplitude distributions, which contribute differently, depending on the

varous distance from the focal plane to the aperture plane. The deformation of the focal

plane fields are more obvious if we plot the contour plots for different scanning angles in

different planes. Fig. 3.3 shows the contour plots for 0 to 8 degrees scanning in the E-,

H- and D-planes as the diagonal (D-) plane at 20 GHz. The deformations for off-axis
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beam in the E- and H- planes are different due to the varous curvature of the reflector

antenna for the corresponding symmetry planes. Fig. 3.3 shows the necessity of using an

array feed in front of the reflector. In order to capture a large portion of the scattered

power, the required size for the elements in the focal plane exceeds a typical size of a

horn antenna, so a feed array improves the performance of the complete system. It can

be concluded that as the scan angle increases, the pattern becomes more asymmetrical

with higher level of sidelobes.
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Figure 3.3: Contour plots of the focal plane fields for an offset reflector with D= 75cm,
F/Dp = 0.3, H = 4cm, at 20 GHz for 0 to 8 degrees of scanning in E, H and diagonal
plane with one degree of scanning as the step size and 0.3 dB step size in contour plots.

3.2.2 Optimal focal distance

One important factor for a reconfigurable FPA design is to have knowledge on the power

distribution on the focal plane. The Poynting vector (S) is an indication of the absorbed

power in each point of the focal plane. The integrated power on the focal region is equal

to the power which is available to the feed array. It must be noted that in order to

have an accurate field calculation, in particular in regions with high illuminations, a

large number of samples is required on the focal plane. Thus, it has been found that
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the density of samples should be set larger than 7 samples per wavelength [58]. The

Poynting vector (~S) is calculated from the electric and magnetic field at each point on

the focal plane:

~S =
1

2
~E × ~H∗. (3.1)

According to the Poynting theorem, a complex power flow out of the closed surface Sa
can be expressed as:

P = Re

∮
s

~S. ~ds. (3.2)

By referring to Fig. 3.4, one can assume the truncated aperture in the focal plane as

the closed surface with surface normal in the z direction. Then the power captured by

the hypothetical array in the focal plane is given by:

Figure 3.4: Conceptual drawing for calculating the absorbed power on the focal plane.
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P = Re

∮
s

Szds, (3.3)

where Sz is the component of the Poynting vector in the ẑ direction. Thus, integration

over the truncated aperture gives an estimation of the captured power at the feed.

This calculation can be repeated for different scan angles in order to find the power

distributions for on-axis and off-axis cases.

The proposed power calculation approach is used to study the behaviour of the reflector

antenna for different design parameters. Fig. 3.5 shows the fractional captured power

versus required aperture radius for different F
D

ratios when the incident angle is set for

maximum scanning (5 degrees). It must be noted that optimum design is aimed for

small size and high illumination efficiency. Fig. 3.5 indicates that F
DP

= 0.3 yields a

small FPA for ±5 degrees scanning case.

3.2.3 FPA size estimation

The approach of chapter 2 can be used to estimate an approximation of the required

FPA size. An approximation is determined by calculating the required size which gives

50 percent nominal level of illumination efficiency (captured power). The proposed

concept is illustrated in Fig. 3.6 where two circles indicate the areas which are required

to capture 50% and 79% nominal illumination efficiencies, respectively.

.
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Figure 3.5: Fractional aborbed power versus required aperture radius in the focal plane
for E-plane, ±5 degree scanning case (various F

Dp
ratios), offset reflector with D= 75cm,

F/Dp = 0.3, H = 4cm, at 20 GHz.
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Figure 3.6: Focal field distribution areas which include 50% (3 dB power circle) and
79% (1 dB power circle) of the scattered power for 4 degrees of scanning and 0.3 dB
step size in contour plots, offset reflector with D= 75cm, F/Dp = 0.3, H = 4cm, at 20
GHz.
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Another interesting observation is the required radius versus scan angle in order to

capture 50 percent of the scattered power at the focal plane. Fig. 3.7 shows the required

aperture radius for different scan angles considering our assumption of 50% efficiency

and F
DP

= 0.3. It can be concluded that the diameter of the required aperture is around

10 cm for ±5 degrees of scanning in elevation plane.
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Figure 3.7: Required aperture radius of the FPA versus beam scanning angles for 50%
illumination efficiency, for the offset reflector with D= 75cm, F/Dp = 0.3, H = 4cm, at
20 GHz for 50% illumination efficiency.

3.2.4 Feed geometry and positioning

Information about the field distribution in the vicinity of the focal plane is of particular

importance for field matching and optimal array positioning, specially for off-axis beams.

Fig. 3.8 shows the contour plots when the feed moves towards the reflector from 0 to 5

λ at 20 GHz. The results indicate that by moving the feed array toward the reflector,

the size of the rings increases and the amplitude of the field distribution becomes more

extended. As a consequence, in order to capture a higher percentage of the power it is

necessary to use a larger feed for off-axis beams. The axial displacement of the feed can

be useful for radar applications, when a large number of active elements are required

to provide a maximum Equivalent Isotropically Radiated Power (EIRP). In general, a
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small displacement of the feed array is considered as one of the design parameters of

the FPA system ( see chapter 5, section 4).
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Figure 3.8: Contour plots of the focal plane fields when the feed aperture plane moves
towards the reflector, 0.3 dB step size in contour plots, offset reflector with D= 75cm,
F/Dp = 0.3, H = 4cm, at 20 GHz.

One also may recognize the Petzval surface [59] when the focal plane for the on-axis beam

moves toward the reflector. The Petzval surface of a paraboloidal reflector is derived

by Ruze [60] to be a curve tangent to the focal plane at the focus (see Fig. 3.10), [59],

and described by the equation:

(xs
λ

)2

= 2
F

λ

zs
λ
, (3.4)

where the cartesian coordinate system is located at the focal point (xs, ys, zs). It should

be mentioned that for off-axis beams the focal plane should be bent in order to capture a

higher portion of the available power. Thus, the ideal geometry for the feed array follows

the parabolized shape of the curve in Eq. 3.4. In other words, although the planar feed

is the most simple geometry in terms of manufacturing, it is not the optimum choice

for focal plane arrays.



46 3 FPA parameter study

−5 −4 −3 −2 −1 0 1 2 3 4 5
0

5

10

15

20

25

30

35

40

θ (degrees)

G
ai

n 
(d

B
)

 

 
α=38
α=48
α=58

Figure 3.9: FPA gain patterns for different positions of the feed, offset reflector with
D= 75cm, F/Dp = 0.3, H = 4cm, at 20 GHz for different values of α according to the
geometry in Fig. 3.10.

Fig. 3.9 shows the gain of the FPA for several targeting angles (tilting angle) of the

feed array. The parameter study indicates that the optimum gain is obtained when the

center of the main beam is targeting the center of projection of the aperture plane on

the reflector, see Fig. 3.10.
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Figure 3.10: Petzval surface and pictorial representation of the required feed tilting.

3.3 Efficiency investigation

Based on the obtained knowledge from the dish properties and estimated aperture size,

the question on the number of required elements should be addressed. The problem can

be re-stated as follows: Considering the estimated size of the aperture in the previous

section and fixed element size, what is the minimum required number of elements for

synthesizing the focal plane information. In order to answer this question, we should try

to find the optimum trade-off between the minimum number of elements and maximum

aperture efficiency of the FPA system. In this regard, various sub-efficiencies of the

system [34] should be determined. Then, based on the calculated size of the aperture

in section 3.2.3 the area of the aperture is sampled with different number of elements.

The primary aim of the sampling is to reconstruct the focal plane information using a

discrete number of antenna elements.
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3.3.1 FPA efficiency

s21

S11 S22

(illumination of the reflector)

mismatch and radiation efficiency

Aperture efficiency

Figure 3.11: Pictorial representation of the FPA, considering the illumination of the
reflector and mutual coupling between antenna elements for the feed system.

The overall performance of a complex antenna system such as our FPA is categorized

by two factors. The first factor is related to the quality of the reflector antenna il-

lumination. The ideal illumination has an uniform amplitude and phase distribution

over the area which is defined by the subtended angle of the reflector, θ0, see Fig. 3.11.

The second factor is determined by the efficiencies which are related to the design of

the feed system, such as mismatch and backward radiation of the antenna elements.

In order to quantify the overall performance of the FPA, one must consider the effi-

ciency of the FPA system. In accordance with Eq. 1.5 of chapter 2, the effective area

of the FPA system can be written as the product of the physical aperture of the an-

tenna and antenna efficiency (Aeff = Apηant). The later has two main contributions.

Firstly, the aperture efficiency which includes losses due to the illumination of the re-

flector. Secondly, the coupling efficiency which accounts for different types of ohmic

losses in the feed array and mis match between elements [33]. Fig. 3.12 summarizes

the various sub-efficiencies of the antenna system. As it was mentioned earlier, the

aperture efficiency deals with the illumination of the reflector. In general, the aperture
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efficiency is the product of several sub-efficiencies characterizing the different losses of

the reflector, such as spill-over efficiency, illumination efficiency, blockage efficiency and

polarization efficiency (ηap = ηspillηillηblockηpol). For example, the illumination efficiency

is the product of phase and taper efficiency and it represents the uniformity of am-

plitude and phase on the reflector. The spill-over efficiency represents the fraction of

the power which is intercepted and collimated by the reflector surface. On the other

hand, the coupling efficiency characterizes the loss due to the conductive or dielectric

material in the feed (radiation efficiency). The other contribution to the coupling ef-

ficiency is due to mismatch between antenna elements and connected active elements,

ηcoupling = ηradiationηmismatch. In order to find the fundamental limitations related to ef-

ficiencies for the FPA system, our initial study will be limited to illumination efficiency

and spill-over efficiency. For simplicity, the phase efficiency is considered to be 1. So,

one can assume the following expression for the aperture efficiency :

ηap = ηspillηTaper. (3.5)

Antenna efficiency

Aperture efficiency
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Radiation

 efficiency

Mismatch

 efficiency

Spill over

eff
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Blockage
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Figure 3.12: Pictorial diagram of sub-efficiencies for reflector antenna.
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3.3.2 Analytical model for aperture field of the feed

Beam1 Beam2 Beam N

surface current distribution

Far-field 

Figure 3.13: Far-field array calculation, aperture-field to far-field transformation ap-
proach.

A standard approach to analyze an FPA system is to calculate the far-field pattern of

each antenna element, then use the superposition principle for the individual elements

to construct the total far-field pattern of the reflector. For many applications of reflector

antennas, the radiation pattern of the feed array elements can be approximately modeled

by the cosine function (cos θ)n0 . However, for the dense arrays the proposed simplified

model does not provide accurate results. In practical problems, such as dense focal

plane arrays in astronomy applications or highly integrated feed arrays for satellite

communication, full-wave simulations such as CST, HFSS or EMPIRE are used to

compute the far-field radiation pattern of embedded elements. Although the commercial

softwares are capable of taking into account the mutual coupling effect, the major

disadvantage is the heavy computational burden that they require. Fig. 3.13 shows an

approximated way for calculating the far-field of the feed array from a computational

point of view. One can transform the aperture field distribution into the surface current

distribution and then use the well known [42] closed-form integral equation to calculate

the far-field radiation pattern. In this regard, the proposed technique allows to skip

the computationally intensive calculation of the large number of individual far-field

patterns.
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A simple model of the aperture field distribution for focal plane arrays is defined in [61]

| EA(rf ) |= En
0 cosn(πrf/2rmax), (3.6)

where 0 ≤ rf ≤ rmax, rmax is the radius of the hypothetical feed aperture and En
0 is

the normalization constant. Since the proposed model relates the field distribution to

the size of the array, the direct advantage of this technique is the fact that it gives

an insight into the illumination efficiency of the system. The proposed basic model

has two designed parameters, rmax and n. So, by having knowledge on the aperture

field distribution, we can determine the far-field and corresponding efficiency for a given

array size (under the assumption that the array size does not exceed the main beam). It

should be noted that higher efficiencies are feasible by including the first few side-lobes.

First, in order to validate the analytical model, it is required to compare the far-field

of a practical feed with the far-field of the aperture model. A planar array consisting

of 11× 11 Aperture Coupled Microstrip Antenna (ACMA) elements (4λ aperture size)

is located on the focal plane of the offset reflector with D = 75 cm, F/Dp ratio equals

to 0.3 and H = 4cm. The total far-field pattern is calculated by superimposing all

the radiation patterns after optimizing the coefficients for on-axis direction. For the

theoretical aperture field, as it is illustrated in Fig. 3.13, one can transform the aperture

field data into equivalent current sources. Then, the far-field radiation pattern can be

determined using the radiation integral formulation. It must be noted that in this

specific example n is chosen equal to 4 and the radius of the aperture is rmax = 2λ at

20 GHz. Fig. 3.14 shows the calculated far-field pattern for the practical feed versus

the far-field of the analytical model in E (ϕ = 0) and H (ϕ = 90) plane. Considering

the simplicity of the model, we see a fair agreement between the practical feed pattern

and the simple analytical model. In this next section, we will use the simple feed

model for the investigation of basic limitations on the aperture efficiency of FPAs (For

simplification phase, polarization and blockage efficiencies are assumed to be 1).
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Figure 3.14: offset reflector with D= 75cm, F/Dp = 0.3, H = 4cm, at 20 GHz, (a)
A super-imposed far-field pattern for practical feed (11 × 11 ACMA elements) versus
analytical model in E plane (b) Far-field pattern for practical feed (11 × 11 ACMA
elements) versus analytical model in H plane. Analytical model use n = 4 and rmax =
2λas design parameters. It should be noted that different parameters could be chosen
different size of the array.
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3.3.3 FPA efficiency with analytical feed model

As it mentioned earlier, the inherent advantage of a simplified analytical model is the

fact that it can be used for basic efficiency investigation without increasing the compu-

tational burden of the problem at hand (It should be noted that the mutual coupling

and spill-over is not considered). So, having knowledge about the far-field radiation pat-

tern of the feed array using the proposed approach in Fig. 3.13, different sub-efficiencies

of the reflector antenna can be calculated for arbitrary curvature of the reflector and

different design parameters, such as, rmax and n (For simplification phase, polarization

and blockage efficiencies are assumed to be 1). The general parameter study gives an

insight into the illumination efficiency of the FPA system. Fig. 3.15 shows the predicted

aperture efficiency for different aperture sizes and F/Dp ratios. One can notice that the

aperture efficiency is a function of F/Dp, but the maximum aperture efficiency which

can be obtained is less than 65% (If the size of the FPA aperture does not exceed the

area of the main-lobe of the focal field). This maximum value represents the trade-

off between maximum taper efficiency and spill-over efficiency (It should also be noted

that due to the truncated area of the focal field, the spill-over term in this approach

represents part of the spill-over efficiency).
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Figure 3.15: Offset reflector with D= 75cm,H = 4cm, at 20 GHz, coefficients are
computed based on the explanation in chapter 4. For simplification phase, polarization
and blockage efficiencies are assumed to be 1 (a) Aperture efficiency of arbitrary F/D
reflector versus different radius of aperture for n=8 (b) Aperture efficiency of arbitrary
F/D reflector versus different radius of aperture for n=4.
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Table 3.1: Sub efficiencies for practical feed array.

Array element spacing ηTaper ηspill ηphase ηtotal

8× 8 0.8λ 81 63 68 35
9× 9 0.66λ 75 68 88 45

10× 10 0.6λ 76 70 91 49
12× 12 0.46λ 73 75 90 50
17× 17 0.33λ 74 75 90 51

Next we will investigate the effect of array sampling on the realized efficiency. As the

test case, we will investigate a system with a physical aperture array of 5λ× 5λ in the

focal plane of an offset reflector with D = 75cm at 20 GHz, F/Dp = 0.3, H = 4cm

which is sampled with different number of elements. Then, using the optimization

algorithm in chapter 4 the optimum coefficients are calculated for on-axis radiation.

Sub efficiencies for arrays with different element spacing are calculated. The result is

shown in Table 3.1. It should be noted that all the calculated sub-efficiencies depend

on the excitation of the array. In general, the array excitations can be optimized for

different criteria such as, desired mask, high efficiency and polarization purity.

The following observations can be made from the simulation results of the obtained

aperture efficiency in Table. 3.1 and Figure. 3.15:

• In general, the aperture efficiency increases if the number of samples on the focal

plane increases (mutual efficiency is not taken into account).

• By increasing the number of samples, the phase efficiency increases. Minimizing

the phase distortion on the reflector leads to the maximizing the directivity.

• Considering the simplified model and simulations it should be noted that the real-

ized efficiency will be less than the calculated value for the considered size of the

feed aperture. The radiation efficiency and coupling efficiency should be included

in the complete model. The total error for element spacings less than 0.5λ will be

higher due to the dominated effect of the reduced coupling efficiency for dense ar-

rays. The complete study on different sufficiencies (including coupling efficiencies)

for dense focal plane arrays for radio astronomy application is explained in [3].

• The aperture efficiency for a practical feed is close to the maximum calculated

aperture efficiency of the analytical model. The analytical model assumes a 100%

phase efficiency which causes 15% higher total efficiency in comparison to a prac-

tical feed.

• In practical cases, the final trade-off should be made by considering the required

space for integration of electronics. That is, a spacing much smaller than 0.5λ will

be difficult to realize in practice.
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Table 3.2: Optimized FPA parameters.

Characteristic Value/description

Aperture size 10× 2 cm2, section 3.2.3
F/Dp 0.3 section 3.2.2

Orientation of the feed 38 degrees, section 3.2.4
(phase center of the feed targeting

center of the circular aperture plane)
Shape of the feed Curved like structure, section 3.2.4
Element spacing 0.5− 0.6λ , section 3.3.3

Since the simulated results for a practical array feed are comparable with realized ef-

ficiencies of conventional horn-fed reflector antennas [62], it can be concluded that the

FPA can be used without loss of performance (It should be noted that the effect of the

impedance mis-match is not considered in this investigation). The FPA benefits from

limited scanning capability and a re-configurable aperture as compared to a conven-

tional feed horn. A summary of the optimized FPA parameters for VSAT application

is summarized in Table. 3.2

3.4 Summary and conclusion

In this chapter, based on the formulation of chapter 2, a parametric study for the

FPA system is done. Focal region fields (under certain assumptions) are calculated for

impinging uniform plane waves from arbitrary directions. A general simplified approach

for the estimation of the FPA (under certain assumptions) size and dish properties

such as F
D

, is proposed considering the electric field distribution on the focal plane.

Considering the estimated size of the array, the focal plane area is sampled with different

number of elements. It should be noted that the size of the array does not succeed the

main beam. The efficiency study shows that a sufficient element spacing lies between

0.5λ and 0.6λ. It is shown that the aperture field on the focal plane can be sampled using

discrete number of printed elements with sufficient aperture efficiency (Comparable to

existing horn feeds).



Chapter four

Pattern synthesis

4.1 Introduction

Modern satellite communication demands an antenna with pattern reconfiguring capa-

bility in order to satisfy the mask patterns which have been imposed by traffic require-

ments. An example of such an antenna is the array-fed reflector antenna, indicated by

FPA in this thesis. In order to meet the desired beam pattern (mask) of the applica-

tion, we need to develop a synthesis procedure to optimize the radiation characteristics.

The majority of the numerical methods described in the literature for antenna pattern

synthesis are based on classical optimization algorithms. In this procedure, the aim

is to reduce the error between a prescribed far-field pattern and calculated pattern by

invoking an optimization algorithm such as the gradient search algorithm (GSA) [63],

genetic algorithm (GA) [64] and particle swarm optimization [65]. In order to solve the

synthesis problem, it is necessary to study the mathematical background and basic con-

cepts of global and local optimization. In addition, it is of great importance to study the

physical aspects of the problem at hand to select the most efficient algorithm. In this

chapter, we will first look into the problem formulation for reflector antenna synthesis.

based on this, three different techniques are presented for efficient pattern synthesis of

FPAs. Numerical results based on the proposed approaches are presented.

4.2 Problem formulation

As stated in the introduction, the synthesis problem deals with the reflector antenna fed

by a planar array with controlled amplitude and phase of each the elements. Considering

all the geometrical information is given, the problem can be stated as: Given the fixed

reflector geometry with diameter D and the type and location of the primary feeds, find

57
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the set of amplitude and phase excitations such that the secondary radiation pattern of

the hybrid system fulfills the design specification. In order to address the aforementioned

X Y

A

(a)

Feed Array

D

C1

C2

C3

X Space Y Space

(b)

Figure 4.1: (a) Mathematical problem (b) Conceptual FPA system representation for
the mathematical problem.

problem, a standard mathematical framework should be established. In this regard, we

can define two functional spaces, X and Y . The schematic representation for the logical

relation of these two spaces are shown in Fig. 4.1, where X represents a set of unknown

primary excitation coefficients and Y represents the set of corresponding radiating fields.

System A has set X as an input and set Y as the corresponding output. Mathematically,

we can model the antenna system of Fig. 4.1 as below:

A|X ∈ X → Y ∈ Y, (4.1)

where the space X includes all the unknown state parameters, say X, defining the prop-

erties of the radiating system, such as the amplitude and phase of the array elements.
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The space Y represents the set in which all the system outputs, such as radiation pat-

tern, say Y , are defined. A is the operator which projects set X onto the set Y . However

in any practical problem, design specifications define a constraint on the input of the

system. That is, X belongs to the subset of the space X, say Xc of X. Accordingly,

design requirements on the output domain (such as upper mask and lower mask for the

radiation pattern) define constraints on space Y . It requires that Y belongs to a subset

of Y , say Yc. Therefore, the goal of the design procedure is to find an intersection point

between two subsets (projection of Xc into the Y domain and Yc, see Fig. 4.2). It can

be expressed as :

A(Xc) ∩ Yc, (4.2)

where A(Xc) is the image of Xc through the operator A. Now, the problem can be

stated as finding a point X̂ ∈ Xc which satisfies

d2(A(X̂), Yc) =
Y ∈Yc
inf ‖ A(X̂)− Y ‖2, (4.3)

where ‖ . ‖ is a properly chosen norm defined in space Y and
Y ∈Yc
inf ‖ A(X̂) − Y ‖2

denotes the squared distance of the element A(X̂) from Yc [66]. It is worth to note

that, A(Xc) ∩ Yc can be a void set, so in general the global minimum of Eq. 4.3, which

represents a point in a subset Xc with minimum distance of its image from points in

Yc, can be considered as the solution of the problem.

X
Xc

Y

A

Figure 4.2: Schematic representation of excitation space, radiation space and feasible
solution.

By referring to Fig. 4.1, the goal of the synthesis problem is to find a vector C of the

excitation coefficients of the planar array that provide a far-field pattern which meets
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the required design specification. In Fig. 4.2, X, represents the space which includes

all the possible excitation coefficients, accordingly Y represents the space of all feasible

radiation patterns. The antenna input-output relation which projects the excitation

space into the antenna far-field space is defined as:

A | (C)→ (| ~Eco|), (4.4)

where C is the excitation coefficients and | ~Eco| is the antenna radiated field. Considering

the mathematical framework presented in Eq. 4.2, a common approach to reflector

antenna pattern synthesis is to find a solution for the minimization problem of Eq. 4.3.

In the following section two techniques for antenna pattern synthesis are presented.

4.3 Pattern synthesis techniques

4.3.1 LCMV optimization

For radio astronomy applications a common choice for pattern optimization is linearly

constrained minimum variance (LCMV). An LCMV beamformer is implemented in

such a manner that minimizes the power received by the antenna due to noise subject

to linear constraints. The complete discussion on LCMV pattern optimization can be

found in [67], [68].

4.3.2 Projection method (PM)

Based on the theoretical background explained in appendix A, simulations are performed

to optimize the pattern. From several simulations for different targeting angles it can

be concluded that although the main beam is, in general, in agreement with the desired

mask, the final result does not provide a satisfying match between optimized pattern

and desired pattern. It must be noted that the main problem with the Least square

optimization is the definition of the desired mask. The proposed technique gives the

best exact match between optimized pattern and desired mask in M sample points, but

in practice the desired pattern is defined based on the maximum side-lobe level and

minimum main-lobe level. Thus, the final optimized result does not necessarily provide

the optimum pattern in terms of the side-lobe level and main beam requirements. From

the above, it can be concluded that the least square optimization technique can be used

for shaped beam synthesis where the requirements are defined on the co and cross polar

components of the far-fields. A typical example of this application is the contour beam

design for satellite communication (down-link). Numerical examples of the contour

beam design for TV satellite broadcasting are mentioned in [69].
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4.3.3 Genetic algorithm method (GA)

An alternative approach to solve Eq. 4.3 is to use a classical optimization algorithm.

As it is mentioned earlier, the global minimum of Eq. 4.3 can be considered as the

feasible solution for antenna pattern synthesis. Synthesis of the array pattern using

conventional optimization techniques has been investigated for many years. Successful

implementations of different algorithms such as, genetic algorithm (GA), particle swarm

optimization and gradient search algorithm have been reported in literature [63], [64]

and [65].

Genetic algorithm optimizer

The genetic algorithm (GA) involves the use of optimization search strategies, inspired

by the natural theory of evolution. That is, in this approach a set of trial solutions

(initial population) is chosen and considering the hierarchy inspired by the natural

theory of evolution, different generations evolve towards the optimal solutions. The

used terminology of the GA optimizer is described in below :
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1 1 10 0 01 1 0 01

1 1 11 0 01 1 0 01

mutation

1 1 0 0 0 0 01 1 1 1 1 1 1 1 1 1 10 0 0 0

0 0 01 1 11 1 10 0 01 1 0 01 1 1 1 10

Parent1 Parent2

Child1
Child2

Figure 4.3: Pictorial example of crossover and mutation for GA approach, (top)
Crossover (bottom) mutation .

• Populations and chromosome: As the starting point, a set of trial solutions, so

called, ’population’ is chosen. Each trail solution is called individual and it is

coded in binary form. Then, the binary string or ’chromosome’ can be evaluated

using the objective function. In this manner, a fitness value is assigned to the each

individual which gives the basic criteria to evaluate the quality of each generation.

• Parents: Selection process and moving towards the optimal solution is occurred in

several steps. First a pair of the individuals (parents) are selected from the pop-

ulation in a probabilistic manner by their relative fitness values. Although, there

are various schemes to choose the individuals, the general idea is that individuals

with the highest fitness values have the greatest chance of being selected.

• Children: In order to move towards the optimal solution, a pair of children are

generated from a selected pair of parents by the application of simple stochastic

operators. The principle operators are cross over and mutation. A pictorial rep-

resentation of the cross over principle is shown in Fig. 4.3. The mutation changes

the genetic structure of the population randomly. It must be noted that the mu-
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tation is much less important than cross over. An example of mutation is depicted

in Fig. 4.3.

• Generation: Considering the above steps for selection and reproduction, a new

generation is generated and replaces the original generation. The essence of the

GA approach is the fact that the highly-fit individuals based on the defined ob-

jective function produce more copies of themselves in subsequent generations. So,

the final population moves towards the optimal solution.

A comprehensive study on the application of GA for EM applications is explained

in [70]. The inherent advantage of a GA optimizer is that, it can efficiently be used to

search and locate the global infimum in multi-modal functions (function with several

local minima). On the other hand, due to the nature of the optimization technique, it

is a computationally expensive approach in particular for arrays with large number of

elements. In general, the following points should be considered for defining an optimum

objective function:

• The objective function is the link between the input parameters of GA and the

physical problem, thus, the objective function should be defined based on the

physical properties of problem.

• The objective function should reflect the ”desirability” of each solution, so, the

return function can be weighted accordingly.

• The objective function can be multiplied by heaviside function in order to opti-

mized the specific regions of the problem.

Considering the problem at hand, the required gain mask is defined in terms of the

maximum side-lobe level and minimum level of the main beam within the 3dB beam

width. In this regard, a fitness function that should be minimized to satisfy the desired

gain mask is defined by:

fitness =
M∑
k=0

(SLLd(k)− SLL0(k))2H(s) +
M∑
k=0

(MLLd(k)−MLL0(k))2 + ξ

(
E(null)

Emax

)
.

(4.5)

SLLd and SLL0 are the desired and obtained value of sidelobe levels, respectively and

MLLd and MLL0 are the desired and obtained main-lobe level, respectively. E(null)

is the value of the calculated superimposed pattern at the desired null position, Emax
is the maximum value of the secondary pattern of the FPA and ξ is a proper weighting

coefficient. H(s) is the Heaviside step function defined as:
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H(s) =

{
1 when (s) ≥ 0

0 when (s) < 0
. (4.6)

s = SLLd − SLL0. (4.7)

The simulated results for a 10 × 10 array of aperture coupled microstrip antennas in

front of the reflector optimized with GA is shown in Fig. 4.4. It is observed that,

there is a good agreement between optimized result and desired mask. Fig. 4.5 shows

the fitness function versus the number of generation in the corresponding simulation.

One can notice that the results start to converge after 450 generations. Although the

computation time in comparison with PM for the same hardware increased to 155

seconds, the final results satisfy all design requirements. From the above, it can be

concluded that the GA optimization technique is more suitable for pencil beam shaping

problems.
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Figure 4.4: Result for 10 × 10 linearly polarized array of aperture coupled microstrip
antennas in front of the symmetric reflector antenna with F/Dp = 0.3, H=4 cm and
Da = 0.75 cm at 20 GHz using GA algorithm (a) boresight direction (b) 1 degree
scanning.
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Figure 4.5: (top) fitness value versus number of generation for GA evolutionary algo-
rithm. (bottom) Average distance versus number of generation for GA evolutionary
algorithm.

4.3.4 Intersection approach

The optimization approach that is introduced in section.1.3.2 assumes that design re-

quirements are defined on far-field patterns, but in practical systems due to the cost

issues or system design of the FPA, certain limitations are imposed on each of the

channels. These limitations are often expressed in terms of the dynamic range for the

excitation coefficients. A comprehensive optimization technique should be able to cope

with this problem. The main idea for this section is to modify the GA approach to

involve not only the requirements on the far-field patterns, but also the limitation on

the dynamic range of the excitation coefficients. The intersection approach is a simple

algorithm for computing a point in the intersection of the some convex sets, using a

sequence of projections onto the sets. The method can be useful when we have some

efficient method, such as an analytical formula, for carrying out the projections. As it

is shown in Fig. 4.6, it is necessary to find the intersection region between A(Xc) and

Yc. Considering A(Xc) as the subset that includes all the patterns which are subject to

the required constraints on the excitations and Yc as the subset which includes all the

patterns that satisfy the desired synthesis result, the solution must be a pattern that is

in both sets. The iterative process of Fig. 4.6 can be mathematically expressed as,
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Figure 4.6: Schematic diagram for intersection approach.

[C]n+1 = A−1PMAPc[Cn], (4.8)

where PM and Pc are the projection operators applied to the pattern space and coeffi-

cient space, respectively. A is the projection operator that transforms the coefficients

to the their pattern counterparts, and A−1 indicates the inverse of A. The expression

in Eq. 4.8 can be explained as follows: One begins with a random set of excitation

coefficients Cn as the starting point. Projecting this set into the subspace Xc (using

projection operator PC ) and applying the A operator leads to the pattern that best ap-

proximates the excitations Cn. Then, the resulting pattern projects onto the subspace

Yc using the projection mask PM . Finally, applying the inverse operator (A−1) leads to

the next set of excitation coefficients.

So, it is necessary to define the required projection operator PM and Pc mathematically.

A common approach to define the expression for projection into the coefficient space is

to define a mask based on the constraints on the dynamic range.

Amin ≤| cn |≤ Amax.
φmin ≤ arg(cn) ≤ φmax,

(4.9)

where Amin and Amax are the minimum and maximum value for the magnitude of the

excitation coefficients and ϕmin and ϕmax are the minimum and maximum value for

phase of the excitation coefficients. The corresponding projection for the magnitude of

the coefficients can be defined as:
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Pc(cn) =


Amax

cn
|cn| , |cn| > Amax

cn, Amin < |cn| < Amax

Amin
cn
|cn| , |cn| < Amin

The requirements on the mask can be stated mathematically as:

M ≡
{
ML

co ≤| Eco(θ, ϕ) |≤MU
co

}
. (4.10)

where the mask is defined by a upper and lower bounding function which is denoted

by MU
co, M

L
co for the co-polar component. The mask projection operator (PM) can be

defined as:

PM(Eco(θ, ϕ)) =


MU

Eco(θ,ϕ)
|Eco(θ,ϕ)| , | Eco(θ, ϕ) |> MU

Eco(θ, ϕ) , | Eco(θ, ϕ) |∈ [ML,MU ]

ML
Eco(θ,ϕ)
|Eco(θ,ϕ)| , | Eco(θ, ϕ) |≤ML

(4.11)

Fig. 4.7 shows the numerical results for a 10 × 10 array in front of the offset reflector

reflector antenna (Da=75λ at 20 GHz, F/Dp = 0.3, H = 4 cm). The coefficients are

optimized using the Intersection approach. In order to have an accurate estimation

of the pattern in each iteration the GA optimization algorithm is used as projection

operator (A). Fig. 4.7(a) shows the result for the boresight direction with an amplitude

dynamic range of 20 dB. Fig. 4.7(b) illustrates the result for 1 degree scanning and 20

dB dynamic range. The phase and amplitude dynamic range is chosen as follows:

0.03 ≤| cn |≤ 0.3.
−90 ≤ arg(cn) ≤ 90.

(4.12)

It is clear from the numerical results that the overall performance of the system is

affected by introducing the constrains on the dynamic range of the system. Changing

the amplitude dynamic range affect the side-lobe level and phase dynamic range mainly

affects the gain in the 3dB beamwidth also cross polarization. Due to the fact that GA

is used as the projection operator for each iteration, the computational time increases

significantly in this approach. The proposed technique will be used in chapter 7 in

order to investigate the effect of different transmitter architectures on the performance

of the FPA. Considering the various techniques presented in this chapter, Table. 6.2

summarizes the overall performance of each method.
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Table 4.1: Different optimization techniques for antenna pattern synthesis.

Method Side lobe Null Computational Dynamic range
Method level control generation time control

PM × × 2 s ×
GA X X 155 s ×

Intersection X X 750 s X

4.4 Summary and conclusion

In this chapter, a mathematical background for the optimization problem is explained.

It is shown that a general practical problem of pattern synthesis of FPAs can be ex-

pressed by a mathematical formulation, then the problem is converted to find an infi-

mum of the set which is defined according to the physical constraints of the practical

problem. In this regard, three different algorithms are described in order to find the

infimum efficiently. The first approach is to find a best match between the calculated

pattern and desired pattern in terms of the least square errors. It is concluded that the

projection matrix method is best suited for shaped-beam pattern synthesis. The second

technique is based on the global optimizer (GA) which is inspired from evolutionary

properties of the nature. A main advantage of GA is the fact that, it allows for more

flexibility on defining the fitness function. The third technique is based on iterative

projections of the solution onto the upper and lower bounds of the masks which are

defined based on the constraints on the radiation field domains and input parameters

domain. It is concluded that the intersection approach in parallel with GA can be used

as the optimum technique for FPA pattern synthesis.
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Figure 4.7: Result for 10× 10 planar array of the linearly polarized aperture coupled
microstrip antennas in front of the offset reflector antenna with F/Dp = 0.3, H=4 cm
and Da = 0.75 cm at 20 GHz using intersection approach with 20 dB dynamic range of
amplitude and 180 degrees of phase dynamic range (a) boresight direction (b) 1 degree
scanning.



Chapter five

Shared aperture-coupled microstrip
antenna

5.1 Introduction

The use of planar antenna as a feeds for the reflector antenna is of great interest for

satellite communications, since it allows for co-design and integration with the electronic

RF circuits. As a typical example, one can refer to the VSAT application which needs

full-duplex communication in limited physical available space (estimated aperture size

was derived in chapter 3). Due to the strict requirements of the VSAT application,

such as scanning range and limited available space it would benefit from a concept of

a printed shared aperture antenna, where the same aperture can be used for 20 GHz

(receive) and 30 GHz (transmit). From the system requirements of chapter 1, we can

obtain the following set of requirements for the feed array:

• The antenna element should operate simultaneously at transmit (30 GHz) and

receive band (20 GHz).

• The antenna should have a sufficient bandwidth to cover the 10% fractional band-

width at Ka band.

• In the final design, the antenna should be integrated with electronics. This im-

poses certain limitations on the antenna design. As an example, requirements on

crosstalk and manufacturing have to be considered.

• One of the important aspects of the VSAT application, is circular polarization.

In order to avoid the cumbersome step of alignment for transmitter and receiver,

71
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circular polarization is preferred to be used in satellite communication.

• Due to the requirements on scanning range (up to ± 5 degrees), the antenna

topology should support array integration.

In this section a novel antenna concept is presented which can meet the required spec-

ifications. A detailed design of a shared aperture ACMA radiator is presented which

operates at 20 and 30 GHz, simultaneously. The proposed concept is used in the fol-

lowing chapters to design a circularly-polarized FPA with high isolation between the

transmitter and receiver. The problem of surface wave propagation and polarization

diversity are also addressed in this chapter. First, we look in more detail in the relation

between the theoretical feed pattern and reflector illumination.

5.2 Element feed for FPA application

In multi-beam reflector antennas the feed consists of an array of identical feeds with

specific geometry such as, triangular, rectangular or circular shape. One may assume

that the feed elements completely fill the aperture. Thus, there is a direct relation

between the size of the elements and spacing between the elements. So, smaller spacing

may result in smaller elements. Considering the spacing ’d’ between elements, one can

find a realizable embedded element pattern that can be achieved with respect to the size

of the elements. In other words, we can find an upper limit for the beamwidth of the

embedded element pattern. It is understood that the radiation pattern of practical feeds

for satellite communication can be approximated by cosine functions [71], see Fig. 5.1.

The linearly polarized far-field pattern is described by :

~E(~r) =
e−jkr

4πr
(θ̂U1 − ϕ̂U2). (5.1)

U1 = (cos θ)q1 cosϕ. (5.2)

U2 = −(cos θ)q2 sinϕ. (5.3)

For simplicity, one can assume q1=q2=q. Considering that U1 and U2 are the radiation

patterns in the E- and H-plane, respectively, the directivity can be expressed as:

D =
4π(U2

1 + U2
2 ) |θ=0∫ 2π

0

dϕ

∫ π
2

0

(U2
1 + U2

2 ) sin θdθ

. (5.4)
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After some manipulation we have:

D = 2(2q + 1). (5.5)

It is also well known [72] that for open-ended rectangular and circular waveguides, the

directivity can be expressed by:

D ≈ 10.5

(
πd2

4λ2

)
, for circular waveguide (5.6)

D ≈ 10.2

(
d2

λ2

)
, for rectangular waveguide (5.7)

where d is the element size and λ is the wavelength in free space. Considering Eq. 5.5

and Eq. 5.6 we have :

q = 2.21

(
d

λ

)2

− 0.5. for rectangular waveguide (5.8)

q = 2.07

(
d

λ

)2

− 0.5. for circular waveguide (5.9)

Since, Eq. 5.8 and 5.9 assume perfect matching condition and maximum directivity for

a given aperture size, the calculated q is the upper bound for the radiation pattern. Fig.

5.2 shows the realizable q versus d
λ
. As it is shown in Fig. 5.2 the embedded element

patterns are directly related to the spacing between the elements. The trade-off should

be made between element spacing (size of the elements) and embedded patterns. The

larger the spacing, the narrower beam can be generated to improve the illumination on

the surface of the reflector. In general, the wider the patterns, the closer they need to

be spaced to illuminate the reflector efficiently [71]. The solid horizontal line in Fig. 5.2

shows an indication of the approximate beamwidth for the calculated spacing in chapter

3. The next section, explains the design of a practical dual frequency element for our

FPA application in more detail.
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5.3 Shared-aperture dual-frequency element

Multi-band antennas have various applications in communication systems such as mi-

crowave remote sensing radars or transceivers. A typical VSAT antenna requires dual-

frequency operation with limited scanning range. In addition, reduced mass and size

are required. Generally, the challenges involved in dual frequency antenna systems can

be summarized as:

• The presence of grating lobes should be taken into account carefully for scanning

arrays. In order to avoid grating lobes, an upper limit should be considered for the

element spacing. The lower limit on element spacing is imposed by the available

space for integration or cost optimization. The typical range for the element

spacing is between 0.5λ and 0.8λ

• Since the operating frequencies of full duplex systems are separated widely, the

required element spacing for each band is different, therefore, an interleaved array

is the optimum solution in order to avoid grating lobes.

• The designer should consider the required bandwidth for each frequency band and

optimum feeding network based on polarization and isolation requirements.

• A low weight and small size system is preferred for commercial applications which

require mass production.

Since the size of the radiating aperture is directly related to the frequency of operation,

the dual-frequency radiating aperture will not be uniformly filled. Considering the

above mentioned challenges, a feasible solution towards dual band, dual polarization

(DBDP) antenna array is explained in [73]. The essence of the design is to use the

interleaved printed slots and microstrip patches in order to avoid grating lobes at the

higher frequency band. This means that the low frequency slots are placed in between

the high frequency elements. Although this design shows relatively good result, it suffers

from spurious radiation and degraded isolation due to the large required slots. In order

to cope with these problems, Shafai in [74] describes a design of a L/X dual-band dual-

polarized array for SAR applications. A schematic representation of this dual-frequency

dual-polarized antenna is shown in Fig. 5.3.

Different techniques are proposed in literature in order to enhance the performance of

the DBDP antennas [75], [76]. In general, the main issue with interleaved array design

is high cross polarization and low aperture efficiency. A new concept for frequency re-

configurable systems can be found in [77], [78]. The main application for the proposed

concept is radar systems in which it utilizes the same antenna aperture for different fre-

quencies. The advantage of switchable antenna systems as compared to dual-frequency

antennas is the fact that only one of the bands of the reconfigurable antenna remains
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Figure 5.3: Schematic representation of dual band dual polarized array, blue lines
indicates the low frequency patches, high frequency patches (in black ) are interleaved
between low frequency radiators.

active at each time, thus, it does not require a diplexer or bulky filtering components.

Another approach towards the design of a DBDP antenna is to share a physical aperture

to be used for the low and high frequency band simultaneously. A recent example of

this technique is presented in [79]. As it is shown in Fig. 5.4 two microstrip-fed slot

ring antennas with different radius are printed on a multi-layer substrate. The proposed

antenna is based on a printed annular slot [80] which is grounded with via holes. The

inherent advantage of this concept is the fact that the antenna is free of surface wave

modes, as it is an open aperture on a metallic plane and the vias cage reduces the ra-

diation of parallel plate modes. On the other hand, the small features of the dual-band

antenna and large number of required layers are disadvantages of this concept.

An elegant way to design a compact dual-band antenna is to reuse the physical aperture

of standard aperture coupled microstrip antennas for transmit and receive purposes. In

this proposed concept [81], the idea is to modify the aperture coupled microstrip an-

tenna (ACMA) which has a length approximately λ/2 at the lower frequency band and

a width approximately λ/2 at the higher frequency band, where λ is the effective wave-

length of the substrate on which the patch is printed. In order to design a dual-band

phased array antenna, the Tx and Rx antennas can be combined in this way. Consid-

ering the requirements of the feed array, the ACMA radiator can achieve up to 15%

fractional bandwidth with some modification [82]. An advantage of the ACMA radiator

is the high isolation between feeding side and radiator side. In fact, a standard printed

antenna such as ACMA allows for a low-cost manufacturing process. It is also easy

to realize the integration of antenna and electronics. With respect to the polarization,

it is well known that [83], circular polarization can be generated from linear polarized
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Figure 5.4: Schematic representation of the ring slot resonator presented in [79].

printed antennas using sequential rotation. Finally, high isolation between transmitter

and receiver can be achieved using ACMA radiators. A shared aperture coupled mi-

crostrip antenna can be integrated with a pass band filter (filtenna) to cope with the

isolation problem. The theory and detailed design of dual frequency ACMA radiators

is presented in the following section.

5.3.1 Theory and design

The antenna design is based on the concept of aperture-coupled microstrip antennas

(ACMA) [84], which use the shared-aperture concept to cover two different frequencies

at Ka band. As it is shown in Fig. 5.5 the cavity model can be used to explain the

radiation mechanism of the patch antenna. The microstrip antenna is modeled by a

dielectric-loaded cavity with two electric walls on top and bottom and four magnetic

walls at the sides. The four sidewalls represent the four narrow radiating apertures, thus,

the problem can be restated as finding the radiation pattern of equivalent magnetic and

electric currents of four narrow apertures. By refering to Fig. 5.5, the length of the

patch is approximately λ/2, where λ is the the effective wavelength of the substrate on

which the patch is printed. The fields at two edges which are separated by a length L

have opposite polarizations. Therefore, these two slots form a two-element array with

same magnitude and phase (see Fig. 5.6). The components of the field add in phase

and give a maximum radiation. The other two slots are separated by the width W .

The generated current densities are shown in Fig. 5.6. Due to the distribution of the
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electric field for the dominant mode of the cavity (TM010) the fields radiated by these

two slots cancel out each other.

W

L

h

(a)

W

(b)

Figure 5.5: (a) Electric field distribution for the fundamental mode for the patch
antenna (b) Equivalent current densities on rectangular microstrip patch.

In summary, the slots which are separated by the length of the patch are radiating and

the length of the patch determines the resonance frequency. One may extend this con-

cept to a dual-frequency shared-aperture antenna by exciting each side of the antenna

separately. In general, the rectangular microstrip patch can be designed to have the

length L around λ/2 at the lower frequency band and width W approximately λ/2 at

the higher frequency. A shared aperture reduces size, weight and cost. We applied this

concept to extend a standard ACMA radiator to a dual-frequency antenna operating at

20 and 30 GHz simultaneously, see Fig. 5.7. All antenna related design parameters are

summarized in Table 10.6. Fig. 5.8 shows the measured versus simulated results for a

dual frequency ACMA element. It must be noted that the measurements are performed

using an indoor far-field facility in manual mode. Thus, the sharp edges in the radiation

patterns can be explained by the limited number of measurement samples.

Two possible array configurations for our concept which are realized by interleaving dual

band (Tx/Rx) elements with single band elements (Tx) are shown in Fig. 9.2.2 [85].

In the rectangular grid configuration, the element spacing between low frequency ele-

ments (0.8λl) is larger than the spacing for high frequency elements (0.5λh). Different

spacing for two operating frequencies causes different ranges of scanning. More uniform

behaviour can be obtained using the proposed configuration in Fig. 9.2.2(b). In this

configuration, an interleaved arrangement is considered but with the principal planes

displaced at an angle of 45o. Equal distances for two operating frequencies is possible
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using this configuration.
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Figure 5.6: (a) Current densities on radiating slots of patch antenna (b) Current
densities on non-radiating slots of patch antenna [42].
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Table 5.1: Optimized parameters of the ACMA element operating at 20 and 30 GHz.

Parameter Description Value[mm]

Lp Length of the patch 3
Wp Width of the patch 1.7
Lsl Length of the slot(low-band) 3.15
Wsl Width of the slot(low-band) 0.34
Lsh Length of the slot(high-band) 2.42
Wsh Width of the slot(high-band) 0.25
Xh, Yh Center position of the slot (high band) 1.14, 1.1
Xl, Yl Center position of the slot (low band) 2.8,0.87
stubl Length of the microstrip slot (low band) 0.78
stubh Length of the microstrip slot (high band) 0.33
h1 Height of layer 1 0.254
h2 Height of layer 2 1.524
εr Dielectric constant of layer 1 and layer 2 3.55

Lstub, l/h 

h1

h2

Microstrip

Line

Slot

Patch

LP

Wsl

Wsh

Lsh

Xh

Yh

Yl

Xl

εr

εr

Top view

Side view

Lsl WP

Figure 5.7: Top and side view of the ACMA
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(a) Radiation pattern of dual frequency
shared aperture ACMA element at 20 GHz
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(b) Radiation pattern of dual frequency
shared aperture ACMA element at 30 GHz
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Figure 5.8: Simulation and measurement results for dual frequency element geometry
proposed in Fig. 5.7.

d20

d30

(a)

d20
d30

(b)

Figure 5.9: (a) Rectangular grid configuration for dual band array (b) Diagonal grid
configuration for dual band array [85].
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5.4 Circular polarization and polarization diversity

Due to the requirements of the VSAT application, circularly polarized elements need to

be used in the focal plane array. The proposed concept in section 5.3 can be extended

to generate a circularly polarized pattern with high quality axial ratio. The original

concept of generating a circularly-polarized pattern from linearly polarized elements

is proposed by [83]. Fig. 5.10 shows the 2 × 2 sub array which can be considered

as the building block for large circularly polarized arrays. The proposed concept can

generate a left handed circular polarization (LHCP) at low frequency band (receive

mode) and right handed circular polarization (RHCP) at high frequency band (transmit

mode). In order to prove the concept, a low-frequency prototype is manufactured and

measured. Main design parameters are defined in Fig. 5.10. A photograph of 4/6 GHz

prototype including the 2× 2 sub-array and corresponding feeding network is shown in

Fig. 5.11. The low-band and high-band signals are each connected to a feed network

consisting of delay lines and three 2:1 Wilkinson power combiners. Fig. 5.12 shows the

measured and simulated (ADS Momentum) results for the low- and high-band mode of

operation. It is clear that there is a quite good agreement between measurements and

simulations. The gain of each individual antenna element is around 5 dB (excluding the

losses in beamforming network). One may notice that the measured value of the cross-

polarization is larger than simulated value for the high-band measurements results. In

particular, there are clear peaks around θ = ±20. The cross polar peaks are more clear

in Axial Ratio (AR) plot, see Fig. 5.12(b). Although, AR is quite low (AR< 1 dB)

for broadside direction, visible peaks can be seen around θ = ±20 degrees due to the

surface wave diffraction at the edges of the PCB at the high-frequency band [86]. The

problem of surface wave propagation is addressed in section 5.5. An inherent advantage

of this concept is high isolation between lower and upper band due to the orthogonal

polarization of transmitter and receiver (polarization diversity). In this manner, one

can achieve dual-frequency, circularly polarized elements with high isolation between

transmitter and receiver. The measured isolation between the low and high-band ports

of the individual antenna ports is larger than 26 dB.
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Figure 5.10: (a) Functional diagram of the shared-aperture 2x2 subarray and the corre-
sponding low-band and high-band RF beamforming networks. (b) Top view of circularly
polarized unit cell, X=150 mm, Y=150mm, d=35mm, Lp=17.5mm, Wp = 10.2mm

Figure 5.11: Photograph of the prototype including the 2 × 2 array. The low-band
(fl ) and high-band ( fh) feed network is located on the backside of the ground plane.
Ground plane size is 150× 150 mm .
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Figure 5.12: Simulation and measurement results for sequentially rotated sub-array.
Dimensions can be found in Fig. 5.10. The 2 × 2 array operates at 4 and 6 GHz
simultaneously.

For phased-array applications, the main disadvantage of the proposed concept as com-

pared to a conventional 2 × 2 array is the gain dropping issue. The effective aperture

of the sequentially rotated linearly-polarized array is smaller than a traditional array

with CP elements, see Fig. 5.13(a). Therefore, the calculated gain for the proposed

concept is 3 dB less than the gain of an array of CP elements with the same size of the

physical aperture. This effect is shown in Fig. 5.13(b). Although this can be considered

as a major drawback for phased array systems, for the FPA application the gain of

the system is determined by the illumination of the reflector. That is, a more uniform

illumination can be provided by using a denser array in the focal plane. So, the gain

degradation can be compensated by decreasing the element spacing in the focal plane.
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Figure 5.13: (a) 2x2 sequentially rotated configuration versus traditional 2x2 CP array
(b) Gain comparison for 2x2 array of linearly polarized sequentially rotated in front
of the reflector elements versus traditional circular polarized elements in front of the
reflector, D= 75λ at 20 GHz, F/D = 0.3, H = 0.04 m.

5.5 Surface wave cancellation

One of the main challenges in the design of ACMAs is to find an optimum trade-off

between maximum antenna efficiency and maximum bandwidth. On one hand, a thin

layer of dielectric is required in the feeding side to improve the coupling to the slot

and reduce the spurious radiation from the open-ended microstrip line. One also may
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choose a thick substrate for the antenna side to increase the bandwidth. On the other

hand, choosing a thick layer of dielectric for the antenna, increases the possibility of

surface wave excitations. With respect to antenna arrays, surface waves can be coupled

to the adjacent elements and increase the mutual coupling effect. Surface waves are

TM and TE modes of the substrate. These modes are characterized by having a real

propagation constant above the cut-off frequency. The lowest order TM mode has no

cut-off frequency. The cut-off frequency of the first higher-order mode is given by:

f =
c

4h1

√
εr − 1

, (5.10)

where c is the velocity of the light in free space and h1 is the substrate thickness (h1

in Fig. 5.7). As it is shown in section 5.4, the surface waves not only deteriorate the

radiation pattern of microstrip arrays with a finite ground plane, but also the axial ratio

of the circularly-polarized array will be affected. Therefore, it is of great importance

to suppress the spurious waves in circularly polarized microstrip arrays with a finite

ground plane in order to have a low AR within the 3-dB beamwidth. It has already

been shown that electromagnetic band gaps (EBGs) can be used to eliminate or decrease

the surface waves [87], [88]. The disadvantage of individually enclosed elements is the

required large spacing which limits the scanning capability. One feasible solution to

improve the scanning range is to employ the EBG at sub-array level. One of the

simplest metal structures that can be used to suppress the surface waves is a metal-

grating as introduced in [86]. The performance of the metal grating structure can be

best analysed by studying the behaviour of the reflection phase of the periodic unit cell

(infinite structure), see Fig. 5.14. This will be further investigated in the next section.

5.6 Reflection phase characteristics of EBG

An important feature of EBG structures is the reflection phase. In contrary with Per-

fect Electric Conductor (PEC) surfaces or Perfect Magnetic Conductor (PMC) surfaces

which have 180 and 0 degree phase shift respectively, the reflection phase of EBG sur-

faces varies from 0 to 180 degrees. This unique feature of the EBG surfaces can be

used to identify the stop band of the artificial surfaces. The major advantage of this

approach is that it is computationally more efficient to calculate the reflection phase

than the dispersion diagram of the EBG. For this purpose, a simple model is made

in the commercial software CST MWS based on the FIT technique [50]. A basic idea

for characterizing the reflection phase is to define an incident plane wave towards the

unitcell (or finite size structure) at an arbitrary angle and determine the phase of the

reflected plane wave, as shown in Fig. 5.14. The phases of the incident and reflected

waves can then be compared to determine their relative phase difference. As it is sug-

gested in [89], the frequency region where the EBG surface has a reflection phase in the
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range of 90o ± 45o is close to the stop-band frequency range. It should be noted that

although as it is investigated in [89], it is observed that the reflection phase in the range

of 90o± 45o and the stop-band regions are close to each other, it is not guaranteed that

there is an overlap between these two regions. The exact relation between reflection

phase and surface wave band-gap is explained in [90].

Eθ

Eϕ

Eθ

Eϕ

Angle of 

incidence

Figure 5.14: Schematic representation of the plane wave incident for finite size periodic
structure

5.6.1 Low frequency demonstrator

In order to determine the effectiveness of an EBG structure, we have modified our 6 GHz

prototype (see Fig. 5.15(a)) to include an EBG structure that minimizes surface-mode

propagation. In this regard, an optimized geometry of the metal grating is proposed

in Fig. 5.15(a). The different parameters of the proposed geometry (see Fig. 5.15(a)

and Fig. 5.7 ) are optimized for the center frequency of 6 GHz. Based on the technique

presented in the previous section, computed reflection phase is shown in Fig. 5.15(b).

It is clear that the stop band region can be identified using the reflection phase dia-

gram. Next, in order to verify the effectiveness of metal gratings, the mutual coupling

between two horizontally-polarized ACMAs printed on a grounded dielectric slab with

and without metal grating structure is compared. Simulations are performed using CST

MWS. Fig. 5.16 shows the coupling coefficient S21 between both antennas for the op-

timized metal grating structure, with only three metal strips between both antennas.

The antenna and metal grating is designed according to the dimensions described in

Fig. 5.15(a). The center-to-center distance between both antennas is 98 mm. For com-
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parison, the coupling without metal gratings is also shown, see Fig. 5.16. It is clear that

the metal gratings reduce the propagation of the TM0 mode. The coupling is reduced

by more than 4 dB in the frequency band of interest (S11 < -10 dB for 5.7 < f <

6.2 GHz). The measured and simulated AR, with and without the metal gratings, are

shown in Fig. 5.17. It is clear that the metal grating increase the SW suppression in

the sub-array. The AR is reduced significantly and is below 1.75 dB within the entire

beam width of the 2× 2 sub-array.



5.6 Reflection phase characteristics of EBG 89

(a)

4 4.5 5 5.5 6 6.5 7

−150

−100

−50

0

Frequency  GHz

R
ef

le
ct

io
n 

P
ha

se
 [d

eg
re

e]

(b)

Figure 5.15: (a) Schematic layout and a picture of the prototype with two metal grating
rings to verify the effectiveness of metal gratings to reduce the effect of the finite ground
plane on the axial ratio of a 2 × 2 array of ACMA antennas. Dimensions are: lg=14
mm, l = 17 mm, l0=10 mm, lp=17.5mm, Wp=10.2 mm, Lsh=4.2 mm, Wsh = 6.7 mm
and d = 35 mm. The slot size is 9.3×1.5 mm2, εr =3.55 and h2 = 3.048 mm, h1 = 0.81
mm. (b) Simulated reflection phased of the metal grating structure.
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Figure 5.16: Mutual coupling S21 between two aperture-coupled microstrip antennas.
Results are shown for the cases without and with metal gratings with parameters: lg =
14 mm, l = 17 mm. Other parameters are εr = 3.55, h2 = 3.048 mm, h1 = 0.81 mm
and f = 6 GHz.
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Figure 5.17: Measured and calculated AR of the circularly-polarized prototype of
Fig. 5.15(a) with and without metal gratings, f = 6 GHz, ϕ = 0o plane, θ step size
measurements 1o. The ground-plane size is 150× 150 mm2 in all cases.
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5.6.2 High frequency design

Considering Eq. 5.10, one also may notice that since the edge diffraction problem can

be observed in both frequency bands, the problem is more stressed at Ka band. For this

purpose, the basic idea is to use the dual frequency EBG structure with multi stop-band

regions. Yang in [89] proposed a slotted patch design as a compact multi-band EBG

structure for wireless applications. Mushroom-like structures are also commonly used in

large planar antenna arrays in order to generate multi stop-band regions in a compact

area [91].

Fig. 5.18(a) shows a schematic layout of a novel dual-band EBG structure for Ka-band

applications. The dimensions are optimized to generate stop-bands, centered at 20 and

30 GHz. The reflection phase diagram for the periodic unit cell is shown in Fig. 5.19(a)

and (b). The major advantage of the proposed design is the asymmetric property of

the reflection phase behaviour of the geometry. That is, owing to the fact that the

geometry has different symmetry planes in x or y planes, two different stop-bands occur

for different directions of wave propagation. Thus, the unit cell is optimized to suppress

the surface wave propagation at both transmit and receive bands for the dual-frequency

shared aperture element, see Fig. 5.18(b). In order to verify the effectiveness of the

double stop-band EBG structure, the mutual coupling between two adjacent antennas

with and without EBG are simulated using the FDTD solver of Empire XCcel. The

results are shown in Fig. 5.19(c) and (d). It is clear that there is significant surface

wave suppression (larger than 5 dB) at the center frequency within the operational

bandwidth in transmit and receive band.
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Figure 5.18: (a) Schematic layout of a novel dual-band structure with correspond-
ing dimensions (b) Pictorial representation of the mutual coupling reduction for dual
frequency antenna using asymmetric EBG structure.
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(a) Reflection phase behaviour of proposed
EBG unit cell in Fig. 5.18(a) for TE wave,
the dashed region indicates the stop band
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(b) Reflection phase behaviour of proposed
EBG unit cell in Fig. 5.18(a) for TM wave,
the dashed region indicates the stop band

15 20 25
−40

−35

−30

−25

−20

−15

−10

Frequency [GHz]

co
up

lin
g 

[d
B

]

 

 

non−EBG
3−raw EBG

(c) Mutual coupling reduction for proposed
EBG unit cell in Fig. 5.18(a) at receive band
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(d) Mutual coupling reduction for proposed
EBG unit cell in Fig. 5.18(a) at transmit
band

Figure 5.19: Reflection phase behaviour of the proposed EBG unit cell in Fig. 5.18(a)
and Mutual coupling reduction for two adjacent antennas described in Fig. 5.18(b).

5.7 Summary and conclusion

In this chapter, an optimum choice for the focal plane array element for the VSAT

application is investigated. A Ka-band dual-frequency shared-aperture printed antenna

is developed. The proposed concept can be used in a sequentially-rotated configuration

to generate a circularly polarized beam. The proposed concept generates a right-hand

circularly polarized (RHCP) beam at 30 GHz (transmit mode) and left-hand circularly

polarized (LHCP) beam at 20 GHz (receive mode). Finally, in order to cope with

the problem of surface wave propagation in the substrate, a metal grating structure is

used to suppress the fundamental TM0 mode in a 2 × 2 subarray. A low frequency
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circularly polarized prototype at 6 GHz is manufactured and measured. The results

proves the effectiveness of SW suppression using metal strips without vias. A novel

design for a dual stop-band EBG structure at Ka-band is proposed. The effectiveness

of the design is verified by investigation of the mutual coupling reduction between two

adjacent dual-frequency ACMA radiators.



Chapter six

Measurement and verification

6.1 Introduction

The characterisation of antennas and RF structures at mm-wave frequencies is a chal-

lenging problem. As the frequency increases, the size of individual antenna elements

decreases and it becomes more difficult to measure. When it is required to measure

electrically large antennas, the distance from the antenna under test to the reference

antenna appears to be a major limitation. It is well known that for distances larger

than 2D2/λ the maximum phase error of the incident field for the reference antenna

is less than 22 degrees with respect to an ideal plane wave. In this regard, the reflec-

tor antenna is considered to be an electrically large structure which requires a large

indoor test facility for accurate far-field measurements. A common approach for in-

door characterization of large antennas is to measure the near field data, then use a

post-processing techniques to obtain the far-field data.

In this chapter, measurement results of several FPA prototypes are presented. The

measured data are post-processed and compared with simulation results of the antenna

modelling as described in chapter 2. In section 6.1, an insight is given into the FPA array

prototypes and mechanical support structure. Next, the indoor near-field measurement

setup and the output of the data formats are explained in more detail. The simulation

results for linearly-polarized arrays and circularly-polarized arrays and in particular,

the comparison between simulated and measured data are explained in section 6.4.

95
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6.2 Prototype development and support structure

As it was mentioned earlier, high frequency antenna characterization is a delicate pro-

cedure. Not only the size of the RF-structures at mm-waves decreases, but also, the

measurement tools and test equipments are more expensive and fragile. Thus, a com-

mon practice for mm-wave measurements is to first develop a reliable test structure by

considering the potential mechanical and electrical challenges for the device under test.

From a measurement point of view, the FPA consists of a complex feed structure in

front of an electrically large paraboloid reflector. The primary aim of this section is to

develop an accurate and reliable test setup which can be used for mm-wave antenna

measurements. In this regard, considering the electrical properties of the device under

test, an stable mechanical support structure is designed. A general overview of all the

manufactured and measured prototypes is given in this section. It must be noted that

the related challenges for electrically large reflector antenna will be addressed in the

next section.

6.2.1 Mechanical support structure

As it is shown in chapter 4, an important aspect for an optimal design of an FPA is to

find the radiation pattern for different locations of the phased-array feed (PAF). Thus,

for FPA measurements, an additional effort should be made to adjust the feed in the

focal plane region with high accuracy to measure the on-axis and off-axis beams. In

general, in order to establish a reliable positioner for various FPA measurements with

different purposes, the following items shall be considered carefully:

• As it is illustrated in Fig. 6.1 the antenna feed-line is located at the backside of

the PCB. Since, the feed array does not include the beam-forming network and

connectors are soldered individually on the bottom layer, the back of the PCB

should be accessible for connection to the cables.

• Due to the size of the antenna and additional weight of the high frequency ca-

bles, the mechanical structure should provide a stable structure for long term

measurements. Several supporting dielectric rods are needed for this purpose.

• The mechanical support structure should not influence the measurement results.

Special care should be taken for choosing suitable materials and for designing the

support rods.
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patch layer

prepreg

Ground layer

feed layer

Figure 6.1: Cross section of the different layers of the aperture coupled microstrip
antenna (ACMA).

Considering the these assumptions, a special three-axis parallel link manipulator con-

struction was developed using dielectric rods in order to adjust the position of the feed

array, see Fig 6.2. The dielectric rods are made of teflon (ε = 2.2) in order to reduce

disturbing effects of the struts. As it is shown in Fig. 6.3, the position of the feed, which

is defined in a cartesian coordinate system (x, y, z) centered at the focal point, can be

manipulated by changing the length of the dielectric rods (L1, L2, L3). In this manner,

the position of the feed can be adjusted with an error well below 1 mm. It also should

be noted that high frequency SMP connectors are used [92] to feed the ACMA elements

from the backside.

Figure 6.2: photo of the antenna under test placed in the mechanical support structure
(front side and back side).
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(a)

(b)

Figure 6.3: (a) Graphical view of the support structure including coordinate system
for mathematical transformation (b) photo of the manufactured structure.



6.2 Prototype development and support structure 99

6.2.2 Prototype development

In order to verify the performance of the simulation model, several prototypes have been

manufactured and measured. The antenna elements are shared aperture dual-frequency

aperture-coupled microstrip antennas (ACMA) based on the guidelines of chapter 5.

Several prototypes including linearly polarized and circularly polarized arrays are de-

veloped and measured. As an example, Fig. 6.4(a) shows the photo of the manufactured

prototypes of a 7 × 1 and 4 × 4 linearly-polarized feed array. In order to avoid grat-

ing lobes, the spacing between antenna elements is 0.5λ at 20 GHz. An example of

a circularly-polarized antenna array arranged in a sequentially rotated configuration is

shown in Fig. 6.4(b). Next to passive phased-array feeds, in order to investigate the

performance of integrated antenna and electronics, several active antenna prototypes

are developed, see Fig. 6.5. The primary aim of measuring active arrays, is to inves-

tigate the performance of antenna and electronics together and have an estimation of

the introduced errors. Fig. 6.5(a) shows the integrated vector modulator with ACMA

antenna element designed at 30 GHz for linear and circular polarization. The corre-

sponding results are discussed in chapter 7. A next step is an integrated antenna with

50 dB isolation between transmitter and receiver and is shown in Fig. 6.5(b) and further

discussed in chapter 8. Table 6.1 gives the general overview of all the manufactured

prototypes and corresponding chapter in this thesis where the results will be discussed.

λ/2

(a)

(b)

Figure 6.4: (a) 7× 1 and 4× 4 linear array of ACMA elements (b) Circularly polarized
array in sequentially rotation configuration.



100 6 Measurement and verification

Table 6.1: Prototype manufacturing and presentation of results.

Array Application Results

7× 1 linear polarized array Scanning feasibility Chapter 6
7× 4 circularly polarized array Scanning feasibility Chapter 6

polarization putity
4× 4 linear polarized array Scanning feasibility Chapter 6
Integrated vector modulator Amplitude and phase adjustment Chapter 7

On-chip filter and LNA Isolation feasibility Chapter 8

(a)

(b)

Figure 6.5: (a) Linearly- and circularly-polarized integrated antenna (b) integrated
active 2× 2 sub-array using sequential rotation.
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6.3 Measurement setup

Besides the challenging design of the adjustable feed positioner discussed in the previous

section, the large electrical size of the reflector antenna introduces some limitations for

the measurement facility. It is understood from the antenna principles that the defini-

tion of the far-field region depends on the physical size and operational frequency. This

brings a challenging requirement for large electrical antennas for mm-wave antenna mea-

surements in terms of the dimensions of the test range facility. The required dimensions

of the test facility can be reduced by performing the measurements in the near-field

(NF) region using a near-field scanner and then using analytical methods to transform

the measured near-field data to the far-field (FF) radiation characteristics [93], [94]. In

general, although the proposed measurement method provides a controlled environment

in all weather conditions, it requires more complex and expensive systems, more exten-

sive calibration procedures, more sophisticated computer software and the patterns are

not obtained in real time.

6.3.1 Background

The implementation of the NF/FF transformation technique begins with the acquisition

of the magnitude and phase of the tangential electric field radiated by the Antenna

Under Test (AUT) at regular intervals over a well-defined surface in the near field.

Considering a convenient data acquisition, three widely used scanner systems are based

on the planar, cylindrical and spherical coordinate systems, see Fig. 6.6. One must note

that, although the spherical scanner increases the computational time and difficulty of

data transformation from near-field to far-field, it provides the most complete prediction

of the far-field data. Fig. 6.7 shows the general schematic view of a NF/FF scanner

using of a spherical positioner. Since we have used a spherical near-field scanner for all

our antenna measurements, more details on the spherical scanner will be provided in

the following section.
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Figure 6.6: Three near-field scanning surfaces that permit convenient data acquisition
(planar, cylindrical and spherical) [42].
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Figure 6.7: Schematic representation of the near-field measurement setup.

6.3.2 Spherical positioner

By referring to Fig. 6.7 the primary aim of the spherical positioner is to record the

received signal from the AUT through its motion in spherical coordinates, while keep-

ing the probe stationary or vice versa. Generally, two orthogonal rotational axis are

required in order to provide the relative motion of the AUT with respect to the source

antenna. There are various ways to implement the spherical scanning using standard

positioners. Three very common positioner types based on the different definitions of

spherical coordinate systems are summarized in Table. 6.2.

By choosing two moveable axis and keeping one axis in fixed position, different coordi-

nate systems for the data can be obtained. Fig. 6.8 shows the corresponding acquired

far-field data in each case. Each coordinate system has two angles and one pole. Angle-I

is measured relative to the pole axis (θ angle in standard spherical coordinate system).
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Table 6.2: Relation of two defined angles for each coordinate system.

System Pole Angle-I Angle-II
θ − ϕ Z-axis θ ϕ
Az/El Y-axis Elevation Azimuth
El/Az X-axis Azimuth Elevation

A complete circle of Angle-I will go through the pole. In fact, the pole is the intersection

point for all the complete circles of angle-I. The other angle (angle-II) moves around

the pole (ϕ angle in standard spherical coordinate). The size of the circle for angle-II

is a function of angle-I. The next section explains the far-field data transformation for

the spherical positioner.

x
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z
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x

z
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y
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( , )
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Az-over-El
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El-over-Az

Figure 6.8: Three common spherical coordinate system used in NF/FF antenna mea-
surements.

6.3.3 Far-field transformation and data mapping

The next step for near-field measurement is to transform the collected near-field data

to the far-field data using a proper mathematical formulation. For planar scanners one

can use the Fourier Transform (Spectral techniques) to determine the far-field data [95].

In general, modal expansion technique [42] is used to find the far-field information

for planar, cylindrical and spherical scanners. It must be noted that since for the

spherical scanner the mathematical transformation cannot be a accomplished using

Fourier transformation, it is required to use numerical integration and matrix operations.

Thus, it is computationally more expensive to use the spherical scanner. Considering

different coordinate systems introduced in previous section, it is useful to define the

mathematical transformation between different coordinate systems. These formulations

are essential when the results of different measurements need to be compared or when
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the orientation of the AUT is changed. The transformation equations between Az/El

and the (θ, φ)-coordinate system is given by:

sin θ cosϕ = cos(El) sin(Az). (6.1)

sin θ sinϕ = sin(El). (6.2)

cosϕ = cos(El) cos(Az). (6.3)

In the principle planes the following relations hold for the various components of the

electric field:

Ehorizontal (Az, 0) = Eθ (θ, 0) . (6.4)

Evertical (Az, 0) = Eϕ (θ, 0) . (6.5)

Ehorizontal (0, El) = Eϕ

(
θ,
π

2

)
. (6.6)

Evertical (0, El) = Eθ

(
θ,
π

2

)
. (6.7)

Az/EL

Positioner
PC

Probe
Switch
x

y

z

Figure 6.9: Schematic representation of the spherical near-field measurement setup.
The data-acquisition and post-processing is done using the NSI system [96]
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Figure 6.10: Photo of the measurement setup.

6.3.4 Sampling data

For all our antenna experiments we have used the spherical measurement set-up illus-

trated in Fig. 6.9. A photograph of our complete antenna system in the actual near-field

scanner facility is shown in Fig. 6.10. The near-field data is measured on a cartesian

coordinate system. The far-field data can be computed from near-field data on the carte-

sian coordinate system or mapped to a Azimuth/Elevation coordinate system. An RF

switch box was used to sample the signals from the individual array elements. The RF

switch box is controlled by the measurement PC. In the set-up of Fig. 6.10, the phased-

array feed is located in the focal plane of an offset reflector antenna with F/Dp = 0.3, a

diameter of the projected aperture Da = 75 cm and offset height H = 4 cm. The mea-

surement set-up uses a fixed probe (open-ended waveguide radiator) for transmitting

the source signal, which is provided by a network analyser. The Antenna Under Test

(AUT) samples the data in near-field region. The near-field sampling domain consists

of 361 points in the θ domain and 361 points in the ϕ domain. The near-field data

is converted to the far-field domain using mathematical transformation. The spherical
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coordinate system (θ, ϕ) can be mapped to the Azimuth/Elevation coordinate system

using the formulation of section 6.3.3. The post-processing software use cubic interpo-

lation to estimate the far-field in all the space. As it was mentioned earlier the major

disadvantage of the near-field setup is the fact that the measurement is not performed

in real time. The required time for each measurement is approximately 3 hours. Within

this time-frame the AUT needs to be stable.

6.4 Model verification

6.4.1 Linearly-polarized FPA

Using the measurement setup of Fig. 6.9, a linear array consisting of 7 × 1 aperture-

coupled microstrip antennas (see Fig 6.4(a)) is measured in front of the offset reflec-

tor antenna, f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4 cm. Fig. 6.11 shows

the measured individual radiation patterns for all the array elements. Note that all

non-active array elements have been terminated with a 50 Ohm load during the mea-

surements. Fig. 6.12 shows the comparison between simulation and measurement when

super-imposing all the individual element patterns. It is clear that there is a good agree-

ment between simulation and measurement. This confirms the accuracy of our hybrid

model which we presented in chapter 2.
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Figure 6.11: Measurement results for individual embedded element patterns of a 7× 1
passive array, in front of the offset reflector, f = 20 GHz, F/Dp = 0.3, Da = 75 cm,
H = 4 cm.
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Figure 6.12: Measurement versus simulation when using superposition of the individual
embedded element patterns of the 7 × 1 passive array in front of the offset reflector,
f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4 cm.

Fig. 6.13 shows the measured and simulated E-plane and H-plane patterns for the centre

element of the 7 × 1 linear array in front of the offset reflector with Da= 75 cm at 20

GHz, F/Dp = 0.3, H = 4 cm. Corresponding results for the cross polarization pattern

are shown in Fig. 6.13(c) and Fig. 6.13(d). Similarly, Fig. 6.14 shows the results for an

off-axis element of the linear array (first element in the left for the 7 × 1 array shown

in Fig. 6.4). Considering the 3 dB beamwidth and first few sidelobes there is a good

agreement between simulations and measurements.
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(a) center element, co-polar E plane
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(b) center element, co-polar H plane
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(c) center element, cross-polar E plane
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(d) center element, cross-polar H plane

Figure 6.13: Measurements versus simulations for the center element pattern of the
7 × 1 passive array in front of the offset reflector, f = 20 GHz, F/Dp = 0.3, Da = 75
cm, H = 4 cm.
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(a) co-polar E plane
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(b) co-polar H plane
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(c) cross-polar E plane
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(d) cross-polar H plane

Figure 6.14: Measurements versus simulations for the off-axis element pattern of the
7× 1 passive array in front of the offset reflector (first element in the left for the 7× 1
array shown in Fig. 6.4), f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4 cm.

In order to verify the performance of our FPA prototype further, one may calculate the

optimized pattern for different scanning directions using the simulated and measured

element patterns. The measured data is used in an optimization algorithm to point the

pattern to the desired direction. A genetic algorithm is used to optimize the patterns.

The 1D and 2D measured far-field patterns are shown in Fig. 6.15. One may notice that

for 2 degrees of scanning the sidelobe level is higher. Lower sidelobes can be obtained

when a larger PAF is used. It is worth to note that for the measured element patterns,

due to the inter-element coupling, each of the element patterns is different. In the

simulated data, we did not include this effect. The measured embedded or measured

impedance can be used to extract the mutual coupling matrix for the array feed. The

procedure for calculating mutual coupling of focal plane arrays is explained in [19].
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(b) 2D far-field pattern for bore-sight
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(c) Measured pattern for 2 degrees scan-
ning
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(d) 2D far-field pattern for 2 degrees scan-
ning

Figure 6.15: 1D Radiation pattern and 2D radiation pattern of the 7 × 1 array of
aperture coupled microstrip antennas, D = 75 cm at 20 GHz, F/Dp = 0.3, h = 0.04 m.

As the measurement of the FPA is very complex, it is necessary to evaluate the accuracy

of the measurement setup. In addition, since the near-field measurement is a time-

consuming process( the average time for each single measurement is around 3 hours.),

measurements need to be performed in a stable environment. Hence, it is necessary to

evaluate the performance of the system with repetitive measurements. In this regard,

the center element of the 7× 1 array is measured in three random time slots. Fig. 6.16

shows the measurement results for the radiation pattern in the E-plane. It is clear that

there is good agreement between different repetitions of the same measurement.
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Figure 6.16: Measurement reproducibility for different near-field measurements at 20
GHz.

Another interesting point is to investigate the effect of the dielectric rods on the measure-

ment results. Fig. 6.17(a) shows the amplitude and phase distribution of the near-field

data. It is clear that although the supporting dielectric rods are designed for minimum

electrical effect on the measurement results, they are still visible in the measured holo-

grams. The major effect of visible dielectric rods is an increased side-lobe level in the

far-field radiation pattern.
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Figure 6.17: (a) Amplitude distribution of near-field for illuminated reflector at 20 GHz
(b) Phase distribution of near-field for illuminated reflector at 20 GHz.

Applying the reciprocity theorem and taking the observation angle θ to be the same

as the scanning angle θs, we can extract the focal field distribution from the far field

distribution. Fig. 6.18 shows the field distribution for z = 0 (focal plane) and z = 75

mm (axially displaced focal plane). It is obvious that the field is distributed over a larger

area when the feed is moved towards the reflector. This is in line with our predictions of

chapter 3. The displacement of the array towards the reflector is an important factor for

specific applications such as radar which requires maximum EIRP in transmit mode.

In addition, having a larger number of elements increases the degree of freedom for

optimizing the entire radiation pattern of the FPA towards a specific mask or use-case.
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Figure 6.18: Measured far-field distribution (a) z = 0, Focal plane (b) z = 75 mm,
axially displaced plane, f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4 cm.



114 6 Measurement and verification

6.4.2 Circularly polarized array

Figure 6.19: photo of the circularly polarized array, f = 20 GHz, F/Dp = 0.3, Da = 75
cm, H = 4 cm.

A small sequentially-rotated prototype is manufactured and measured in order to gen-

erate a circularly polarized beam. This prototype was used to validate the simulation

model and measurement concept in case of circular polarization. More details on the

design of this circularly-polarized will be discussed in chapter 9. Fig. 6.19 shows the

manufactured prototype with λ0/2 spacing between the individual elements at 20 GHz.

In the measurement set-up a switch matrix and coaxial cables with slightly different

lengthes are used which introduces phase errors between the elements of the sub array.

Thus, it is necessary to calibrate the spatial phases of the individual elements. Consid-

ering the center of the sub array located in the focal plane, an additional phase should

be added to the measured phase of the elements in order to correct for the spatial phase

difference between them (the elements 1 and 3 and elements 2 and 4 in Fig. 6.20 should

be out of phase). Fig. 6.21 shows the un-calibrated phase between elements 1 and 3

and also element 2 and 4 of Fig. 6.20.

In order to measure the polarization properties of our FPA system, one can use a

linearly-polarized probe. By measuring both the complex horizontal- and vertical-

polarized patterns, we can construct the left-hand-circular-polarization (LHCP) and

right-hand-circular-polarization (RHCP) patterns, see also chapter 9. The radiation

pattern and axial ratio of the center sub-array of the manufactured prototype are shown

in Fig. 6.22. The Genetic algorithm is used to optimize the quality of the axial ratio

within the operational bandwidth.
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Figure 6.20: Schematic representation of spatial phase difference between the sub-array
elements for the sequential rotation configuration.
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Figure 6.21: (a) Measured phase of the elements 1 and 3 shown in Fig. 6.20 (b)
Measured phase of the elements 1 and 3 shown in Fig. 6.20.

6.5 Summary and conclusion

In this chapter, an experimental prototyping setup is introduced to characterize the

behaviour of the FPA. A special three-axis parallel link manipulator construction was

developed and used in a near-field facility in order to validate the performance of the

FPA. The manipulator can be adjusted in the x, y and z direction in order to study

on-focus and off-focus radiation patterns. Several phased-array feed have been manufac-

tured and measured. The proposed measurement setup has been employed to validate

the FPA simulation model. A 7×1 linearly-polarized array located in the focal plane of

a standard VSAT reflector is measured. The measured data is post-processed using the

optimization algorithm which is developed in chapter 4 for different pointing directions.

It is shown that there is a good agreement between simulation and measurements. A
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circularly polarized 2× 2 subarray of ACMA elements is also measured in front of the

reflector. The radiation pattern of individual elements are measured using a linearly-

polarized reference antenna. A good agreement between the simulated and measured

axial ratio was obtained.
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Figure 6.22: (a) Measured secondary pattern of the center 2x2 sub array of Fig. 6.19
(b) Axial ratio of the secondary pattern using the center 2 × 2 sub array of Fig. 6.19,
f = 20 GHz, F/D = 0.3, Da = 75 cm, H = 4 cm, LHCP, ϕ = 900.
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Chapter seven

Integration with electronics

7.1 Introduction

In previous chapters it is shown that beam scanning and beam nulling for focal plane

arrays is obtained by exciting the individual array elements in the focal plane with

proper complex coefficients. In addition, the problem of uniform distribution (mainly

for off-axis beams) on the surface of the reflector can be addressed by weighting the

feed array properly. As a result, it is required to realize the beamformimg network by

integration of antenna and active electronics. In fact, it is an important issue to integrate

the antenna and RF components in a single module, in order to achieve an optimum

in-package low-cost solution for the VSAT application. In this chapter, we will address

the integration of the transmitter electronics with the antenna elements, operating at

30 GHz. A standard PCB technology is used to create a platform that supports the

integration of IC, printed antenna and all required passive and DC circuitry. A major

issue for high frequency antenna integration appears to be minimizing the insertion loss

due to the mismatch between different kinds of transmission lines. Another potential

source of error for integrated antennas is the limited number of points in the complex

plane (amplitude and phase) that can be generated by the electronic circuitry.

In section 7.2, an overview of different phased array architecture and an optimal choice

for the FPA architecture are presented. Next, in order to have an estimation of the errors

which are introduced by the electronic system, two concepts have been investigated (1)

Phase Oversampling Vector Modulator (POVM) and (2) True Time Delay (TTD). Then,

design challenges related to RF interconnections are studied. Finally, measurement

results of manufactured integrated prototype are presented.
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7.2 Conventional phased array architectures

Since the fundamental limitation in mm-wave and integrated antennas is often the power

amplifier(PA), using a phased-array is an attractive choice to distribute the power more

effectively in space to reduce the burden for each power amplifier. In addition, phased

arrays provide a more directional and electronically steerable beam. The inherent ad-

vantage of having an advanced beamformer is that it can also be considered as a spatial

filter which rejects strong interference signals. Thus, by properly weighting each an-

tenna element, advanced beamforming with lower requirements on output power and

high interference rejection can be introduced. In order to find an optimal architecture

for our FPA application, one might consider the traditional topologies for phased array

phase shifting. The required phase shift between the elements can be realized by one

of the following concepts:

• RF phase-shifting

• LO phase-shifting

• Digital phase-shifting

The main idea for this section is to investigate possible architectures of the beamforming

network and find an optimum choice for our FPA application.

7.2.1 RF phase-shifting

Fig. 7.1 shows an illustration of the RF phase-shifting architecture. In this topology, the

phase shifting is done in the RF path for each channel. The IF signal is up-converted

to the RF domain, then the RF signal is passed to each array element to apply the

proper phase shifting. The major advantage of this architecture is the compact size

which is a result of using only a single local oscillator in the up-convertor part. In fact,

the up-convertor part of this topology can be shared between different beamforming

networks. It is also important to notice that in the receiving scenario, since the signal

combining is done in the RF domain, the interference signal can be rejected strongly in

the RF domain, thus the receiver chain is isolated from the in-band interference. The

main challenge for RF phase-shifting is to implement the high-frequency phase shifter

in standard technology such as silicon. That is, passive phase shifters tend to be lossy

while the problem with active phase shifters is the relatively large required dynamic

range (interference signal could be strong before RF combiner). On the other hand,

in order to have individual amplitude control, it is common to add a Variable Gain

Amplifier(VGA) before the RF phase shifter.
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Figure 7.1: Architecture of RF phase-shifting.

7.2.2 LO phase-shifting

Another widespread topology for phased-array architectures is shown in Fig. 7.2. In

this architecture, the phase shifters are implemented in the LO path. In contrast with

RF phase shifting, each individual element requires a local oscillator which results into

a larger area. Since the phase shifters are implemented in the LO path, the strict

requirements on dynamic range or noise figure are not considered in this topology. One

should also note that in the receiving scenario, since the strong interference signal is

canceled after combining, the LO should have sufficient dynamic range in order to

tolerate the interference signal.
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Figure 7.2: Architecture of LO phase shifting.

7.2.3 Digital phase shifter

In digital phased-array architectures, which is depicted in Fig. 7.3, each individual el-

ement has a LO and Analog to Digital Converter (ADC). The digital data after the

ADC are combined and processed using the Digital processing Unit (DSP), where the

spatial filtering is performed. Although digital phased arrays offer high flexibility, high

accuracy and robust design in comparison with conventional solutions the spatial filter-

ing is performed after LO, VGA and ADC. Therefore all the RF circuitry before ADC

require a relatively high dynamic range. One also should note that the RF path will

be implemented multiple times in this topology, thus the inherent disadvantage is the

large required area and also high power dissipation.
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Figure 7.3: Architecture of digital phase shifting.

7.2.4 Optimum architecture for FPA

The optimum architecture for our FPA system should consider the following guidelines:

• Each antenna element needs to have an adjustable amplitude and phase. It is

necessary to implement a VGA and phase shifter in each channel.

• Considering the high operational frequency at Ka band, the RF components need

to have sufficient linearity. The phase shifting can be done in the LO-path in

order to reduce the influence of the phase shifter on the linearity of the system.

• The power distribution design should be taken into account carefully. The final

design should be optimized for minimum power dissipation.

• Due to the strict requirements on noise figure and EIRP for the VSAT application

(see chapter 1), the front-end should be designed for minimum losses. It is of great

importance to co-design RF/antenna part. Furthermore, the RF matching and

insertion loss for each channel should be considered carefully.

• The optimum choice should be made for the integration technology. While, cur-

rent Ka-band VSAT uplink products are dominated by GaAs technologies, the

required moderate power of each channel can be implemented in SiGe BiCMOS

technology [97]. BiCMOS technology offers higher level of integration and cheaper

production cost.
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From an architectural point of view, the digital phase shifting usually is considered as

a power hungry architecture [98]. Therefore in most cases it is more attractive to move

towards analog design such as RF phase shifting or LO phase shifting. Although, RF

phase shifting offer the best overall performance in terms of the cost (size) and low

power dissipation, they reduce the linearity of the system. It should be noted that

for high performance modulation schemes such as QAM the linearity of the system

is a crucial parameter. On the other hand, based on the discussion in section 7.2.2,

the phase shifting at LO has less influence on the linearity of the system and power

dissipation. Fig. 7.4 shows the proposed architecture for the FPA transmitter/receiver.

The proposed architecture benefits from LO phase shifting and double heterodyne up-

conversion. After the first up-conversion with an I/Q modulator the IF signal is passed

to each array element for the second up-conversion up to 30 GHz RF signal with phase

shifting.
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Figure 7.4: Proposed architecture for the FPA feed.

By referring to Fig. 7.4 the major problem appears to be the design of the optimum

architecture based on the general trade-offs in overall performance of the system. In par-

ticular, the architecture of the phase shifter should be chosen based on the performance

of the integrated system. As an typical example, in practical problems, due to the cost

issues or system design of the FPA, certain limitations are imposed on power distribu-

tion for different channels. These limitations are often expressed in terms of dynamic

range for excitation coefficients. So to find the optimum receiver architecture, a trade
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off should be made between simplicity, cost and performance of the system. Fig. 7.5

shows two architectures for realizing the required phase shift. In order to investigate

the performance of the integrated system a quick approach is to measure the antenna

and phase shifter separately, then combine the measured results offline. Although, using

this approach the fundamental limitation of the system can be found, but the accurate

performance of the system should be measured in fully integrated system. In general,

the interconnection of the antenna and IC can introduce a major loss into the system.

Time Delay

Amplifier

PA

VGA

LOPVM

3-bit 2-bit

(a) (b)

Figure 7.5: (a) Conceptual representation of integrated antenna with Time Delay, (b)
Conceptual representation of integrated antenna with vector modulator.

True time delay

In conventional approaches, switched delay lines [99] or varactor-loaded transmission

lines are used to generate the time delay in integrated circuits. A main disadvantage

of such a solution is the large required chip area which is a major drawback for highly

integrated systems. A new wideband True Time Delay (TTD) is introduced in [100].

In a conventional approach, the TTD circuit implementation is considered as a kind

of low pass filter (LPF). They are either based on RC-LPF, or based on LC-LPF. The

problem is that their phase response can only approximate the TTD up to a limited

frequency. For example the delay of the former one, decreases when the frequency

increases (compression behaviour), but the delay of the LC-LPF increases by frequency

(expansion behaviour). In the proposed design in [100] a flat delay response over a wide

frequency range is achieved by cascading both LPF types in a proper way (the expansion

and compression behavior will cancel each other). It is shown that it produces a flat

delay response over 20-40GHz with only 6.6% delay variation. The fully integrated Ka

band TTD generates 12ps continuous changing delay time which is equivalent to 84

degrees electrical phase shift. In order to check if this TTD could be used in our FPA
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concept, we used the measured TDD data to construct the far-field pattern of the FPA

system using the optimization technique of chapter 4. The final result of this post-

processing can be considered as an indication of the overall performance of the system.

Fig. 7.6 shows the resulting antenna radiation pattern using this integrated TTD. It is

clear that the limited range of the time delay decrease the antenna gain of the system.

Additional simulation indicate that the dynamic range of the TTD should be extended

to a minimum range of −π/2 and π/2.
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Figure 7.6: Performance of the FPA antenna system using true time delays with
different dynamic ranges, f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4 cm.
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Phase over sampling vector modulator
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Figure 7.7: Performance of the FPA antenna system using phase over sampling vector
modulator with different resolutions, f = 20 GHz, F/Dp = 0.3, Da = 75 cm, H = 4
cm.

In order to check the performance of the POVM test chip, we have used the measured

element patterns of the 7 × 1 linearly-polarized array in front of our VSAT prototype

(see chapter 6). The measured embedded radiation patterns are optimized using a

Genetic Algorithm. One can make a look-up table of the measured complex data of the

POVM test chip, then for each ideal calculated point, the closest measured point in the

look-up table can be found. The result for the integrated system is shown in Fig 7.7.

The perfect match between pattern with ideal coefficients and integrated system with

POVM beamforming network confirms the excellent performance of this type of phase

shifter for our FPA application.

7.3 Chip outline

As it is shown in 7.2.4 an optimal approach to make an advanced beam forming network

is to use the Phase Oversampling Vector Modulator (POVM) [101].
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Fig. 7.8(a) shows the block diagram of the phased-array transmitter IC with LO phase

shifting. The required phase shifting is employed using the concept of a phase shifting

vector modulator which is explained in [102] and [101]. The switches can be set to

three states: +1 (0o phase shift), -1 (1800 phase shift), and 0 (switched off with zero

amplitude). A frequency divider followed by a poly-phase filter is designed to generate

multi-phase LO signals at 20GHz, which are then used to drive four upconversion mixers.

From different combinations of up-conversion mixers, different complex gains with 81

points can be achieved, see Fig 7.8(b). The complex gain can be expressed as:

GIC =
3∑

m=0

bm e
jmπ

4 , (7.1)

in which bm = +1, -1 or 0 for m = 0, 1, 2 and 3 (assuming 4 antennas).
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Figure 7.8: (a) Architecture of phase shifter vector modulator (b) complex constellation
diagram [102].

A first generation test chip operating in the 30 GHz transmit band is implemented in a

0.25m SiGe:C BiCMOS process. The NPN device features a 210GHz cut-off frequency

and a current gain of 2000. The die photo of the fabricated up-converter is shown in

Fig. 7.9. The area of the core circuits excluding pads is 300 um × 450 um. The power

supply is 3.3V, except for MOS control circuits which operate at 2.5V. The entire system

dissipates 393mW maximum (four paths switched on) and 350mW minimum (four paths

switched off) DC power. Note that the design and realization of the test chip was done

in the framework of the European project RF2THz. The work in this thesis has focussed

on the specification and integration of the test-chips for use in a FPA system. More
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information on the circuit design of the test chips can be found in [102] and [103].

40 GHz

10 GHz

30 GHz

(a) (b)

Figure 7.9: (a) Block diagram of the phase shifter vector modulator. (b) Die photo of
the phase shifter vector modulator.

The generated points in the complex plane offer about 10 degrees phase resolution and

2 bit amplitude resolution. Complex coefficients can be used to provide the individual

array elements of our FPA with the proper amplitude and phase in order to scan the

main beam in the desired direction and to construct an optimal radiation pattern.

As a next step, a second-generation test chip was developed with a higher accuracy

and higher level of integration. A 30/35 GHz dual-band transmiter (TX) is proposed

in [103]. In this improved version a 5-bit amplitude and phase resolution is achieved. In

fact, each channel consists of a LO phase over-sampling vector modulator (LO-POVM),

a wideband power amplifier (PA) and a variable gain amplifier (VGA). The front-end

transmits > +15dBm saturation output power and > +22dBm OIP3. In order to

support high QAM modulation, higher level of OIP3 is provided. The chip architecture

and complex constellation diagram is shown in Fig. 7.10. In order to reduce the required

application space on a PCB, a serial interface is used in this new version. The primary

aim of the serial interface is to reduce the number of DC control lines.
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(a)

(b)

Figure 7.10: (a) Architecture of phase shifter vector modulator (b) complex constella-
tion diagram at 30 GHz.

7.4 Chip and antenna integration: general considera-
tions

In order to investigate the difficulties which are associated with the integration of

aperture-coupled microstrip antennas and the phase shifting vector modulator, a proto-
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type was realized and tested. First step in the integration design is to have RF connec-

tions which are optimised for low loss and minimum reflection. The main considerations

for the integrated package design are summarized as:

• RF performance: the most important aspect of any package design is to mini-

mize the losses. For that purpose, it is desired to take special care of changes

of impedances in different sections. The width and pitch for each section should

be chosen carefully. The accuracy of the PCB manufacturing process is also an

important factor, since the high-frequency design requires very small features.

• Mechanical performances: Another important aspect is stability and rigidity of

the design. It is directly related to requirements on heating and pressure which is

applicable to the specific application. It should be noted that for the purpose of

testing and required FPA experiments, one may consider an extra precaution for

weights of RF cables.

• Material choice: The dielectric of the package should be chosen in a manner that it

optimizes the antenna/RF performance. It is desired to choose a thin dielectric in

order to increase the coupling between microstrip line and slot in the ground plane.

It also implies that using a material with low permittivity dielectric constant is

preferred to increase the radiation efficiency. In addition, the design should be

compliant with state-of-the-art PCB manufacturing accuracies (> 35 um).

• Interconnection choice: It is a common choice for high-frequency integration to

connect the antenna feed to the RF output of the chip by using wirebonding,

but the problem is that the performance of wirebonding degrades rapidly at high-

frequencies. It is well known that large wirebonds introduce considerable induc-

tance to the transmission line [104]. Another choice is to use flip chip technology.

Fig. 7.11 shows the schematic view of flip-chip versus wire bonding. In flip-chip

technology, the metallic pads on the IC are connected to the corresponding pads

on the PCB using an arrays of balls. One may notice that the flip chip intercon-

nection is achieved by standard wirebonding technology and with an additional

step of removing the wires. Since flip chip does not require long wiring between

chip and antenna it provides a better connection which has a lower and more

predictable parasitic inductance. On the other hand, the limitation of flip-chip

technology refers to the cost and available technology.
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Figure 7.11: Schematic diagram for (a) flip-chip mounting (b) wire-bonding.

7.5 High frequency RF interconnect

Traditionally printed planar transmission lines are used at low frequency applications.

Although, they are also attractive choices for mm-wave applications, there are numerous

potential risks in their high frequency applications [105], [106]. It has been shown

that when working at these high frequencies they can be a source of mode coupling,

surface wave or excitation of higher order modes. In mm-wave applications, there are

larger number of factors that should be taken into account in order to improve the

performance of an integrated system. For example, not only power is dissipated along

the transmission line, part of the power radiates into space through the discontinuities

of the lines. The presence of substrate modes can be determined from the calculation of

the critical frequency [105]. In general, the effect of the substrate modes can be reduced

by controlling the height of the substrate and the value of dielectric constant. In order

to investigate the performance of hybrid interconnection for printed planar transmission

lines, the design of a few types of transmission lines at mm-waves is discussed in more

detail in this section. Then, an optimized design for the hybrid interconnection from

IC to the RF connector is presented.

7.5.1 Microstrip line

Microstrip lines are the most common used printed transmission lines. The major

benefits of micristrip lines are low manufacturing cost and standard fabrication process.

On the other hand, due to the strong coupling effects to the substrate modes and
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potential radiation from the discontinuities, special care should be taken into account at

mm-wave frequencies. The lowest order transverse magnetic (TM) surface wave mode,

TM0 that can couple to the quasi-TEM microstrip mode (see chapter 5) is calculated

[106] as :

fc =
c

4h
√
εr − 1

. (7.2)

Eq. 7.2 implies that in order to reduce the excitation of surface waves, one should reduce

the height of the substrate and employ a low dielectric constant material.

Another parasitic effect of the microstrip lines which causes power leakage into space

is radiation from discontinuities. An approximate formula for radiated power is given

in [107] :

Pr = 60(k0h)2F (εreff ), (7.3)

where k0 is the free space wave number, h is the substrate height and F (εreff ) is a

function which depends on the geometry of discontinuity [107]. One may choose a

proper material or optimize the design specifically at sharp edges in order to reduce the

undesired radiation.

7.5.2 Coplanar waveguide

In order to avoid via holes, it is preferred to use coplanar waveguide (CPW) rather than

microstrip lines. In addition, CPWs are considerably less sensitive to the tolerances of

the dielectric thickness as compared to the microstrip lines. The comparison between

the performance of coplanar waveguides and microstrip lines is given in [108]. It should

be noted that CPWs may show potential risks as well. Mode coupling and parasitic

radiation are the major challenges for CPWs at mm wave applications.

7.5.3 Wirebonding interconnect

Bondwires are probably the most widely used interconnection techniques between ICs

and PCBs.

The low-pass frequency characteristic of bondwires appears to be a major challenge for

mm wave applications. It is well known that [104], long bondwires show an inductive

effect at high frequencies. In order to achieve an acceptable performance at mm-waves,

several compensation techniques are proposed in literature [109], [110]. Before any effort

is put in modifying the design, it is common to create an open cavity in which the chip

is placed. This reduces the length of the bondwires as shown in Fig. 7.11. With respect
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to the frequency behaviour of bondwires, it should be noted that in addition to the

inductive effect of long wires, the radiation loss also can dominate at very high frequen-

cies [111]. A few typical approaches for high-frequency compensation are summarized

below:

Compensation using filter techniques

It is understood that the frequency behaviour of bondwires are similar to low-pass

filters. This can be used to design high-quality interconnections between the chip and

IC. A standard bondwire is modeled as a single inductor with some parasitic effects (one

stage filter) which pass the low frequency signals. It is possible to increase the cut-off

frequency of this filter by adding more stages to the bondwires. Budka in [109] proposed

a five-stage low pass filter for applications up to 80 GHz. Fig 7.12 shows the equivalent

circuit of the filter and its implementation using bondwires and added vias and pads.

The disadvantages of the proposed approach are the sensitivity to manufacturing errors

and the required additional space at the chip side.

L1 L1L2

C1 C1
50 ohm

pad

50 ohm

padL1 L1

Via Via

Via Via

L2

Figure 7.12: (a) Equivalent circuit of proposed 5 stage filter (b) schematic diagram of
wirebonding.

Compensation using additional bondwires

The high-frequency challenge for bondwires can also be understood as the impedance

matching problem between the 50 ohm impedance of planar transmission lines and the

complex impedance of the bondwire as interconnection. In order to avoid or reduce the

inductive part of the impedance several techniques are presented in literature. In [112]

the behaviour of multiple bondwires for mm-wave applications is characterized. It is

shown that the mutual coupling effect limits this technique. [110] proposed a practical

approach to reduce an inductive effect of bondwires by adding a special arrangement

of bondwires and shaping the ground plane on the PCB. Fig. 7.13 shows the schematic

diagram of the proposed approach. This technique gives an acceptable performance for

applications up to 100 GHz.
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Figure 7.13: Top view of proposed arrangement for high-frequency compensation of
bondwires at mm waves, multiple wiring and shaped ground plane.

7.5.4 Co-design of chip interconnect and antenna

bondwires to DC control lines

bondwires to 30 GHz Antenna

bondwires to 40 GHz LOBondwire to 10 GHz IF

Figure 7.14: Simulation view for RF and DC bondwires.

Fig. 7.14 illustrates the configuration of the integrated aperture-coupled microstrip an-

tenna with 30 GHz phase shifting upconvertor IC. One may notice three different RF

connections in this package:

• 10 GHz IF signal from connector to the chip.

• 40 GHz LO signal externally provided by a signal generator.

• 30 GHz up-converted signal which feeds the printed antenna.
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10 GHz bondwire

10 GHz connector

Defected ground plane 

for matching

40 GHz connector 

40 GHz bondwire

DC lines to bottom layer

Figure 7.15: Simulation design for different transmission lines.
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Figure 7.16: Simulated frequency response for (a) IF (10 GHz) bondwires (b) LO (40
GHz) bondwires .

Considering the geometry in Fig. 7.15, a practical tradeoff can be made in order to

optimize the overall system performance. Fig. 7.16(a) shows the reflection and trans-

mission for the IF signal. As it is expected, the 10 GHz signal transmits efficiently

through the CPWs and smooth transition to the microstrip line. Fig. 7.16(b) shows the

transmission of the 40 GHz from bondwire line to the connector. The geometry of the

planar line is optimized for minimum reflection at 40 GHz. One should notice that the

LO signal is provided externally by a signal generator. Fig. 7.17 shows the reflection

coefficient of the integrated antenna which is excited at the output pad on the IC. In
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order to compensate the undesired inductive effect of long wires, the integrated antenna

including interconnection wires were subject to optimization. Hence, the geometry of

the feeding network for the aperture-coupled microstrip antenna can be modified to

compensate the complex part of the input impedance. Two different scenarios are given

in Fig. 7.18 to add extra susceptance to the design.
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Figure 7.17: Simulated frequency response for compensated integrated antenna (a) 20
GHz (b) 30 GHz .

Figure 7.18: Schematic view for different compensation techniques in antenna co-
design.

It is also possible to create a capacitive effect by adding extra ground bond wires in

proximity of the signal wire if it is allowed by the available space on the pad. The

major advantage of co-designing the antenna and IC together is that it does not need
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Figure 7.19: Integration of transmit IC and antenna. The radiating patch is printed on
the back-side of the substrate (see chapter 5 for antenna dimensions).

any extra effort in the manufacturing process.

7.6 Measurement and results

In order to verify the performance of the antenna and chip together, an integrated

version of the BiCMOS transmitter chip and antenna was designed and measured (chip

version I). Transition from chip to antenna is done using standard bondwire technology.

The key challenge in this design is to transit the IF and LO signal to the chip. We have

optimized the overall structure in terms of insertion loss and matching using an FDTD

solver [49]. The optimized transition has an insertion loss of 0.6 dB and 3 dB for the

10 GHz and 40 GHz signal, respectively.
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Figure 7.20: (a) Schematic representation of measurement setup (b) Photo of the
measurement setup and antenna under test.

Since the first version of the chip uses a differential output, a transmission line adaptor

is used as an interface between IC and ACMA radiator. All antenna-related design

parameters are explained in chapter 5. Fig. 7.20(a) shows the schematic representation

of the measurement setup for the integrated antenna measurement. Fig. 7.20(b) shows

a photograph of the antenna under test and measurement setup. A 10 GHz signal is

generated at port one of the network analyzer. The resulting 30 GHz signal of the DUT

is received through the reference antenna and down converted to 10 GHz with a mixer

and measured at port two of the network analyzer. Red dots in Fig. 7.6 represents the

measured data for the integrated module. Relative amplitude measurements were done

for several states of the transmit IC, confirming the expected complex gain constellation

of Fig. 7.6. The main advantage of the integrated antenna with IC is the fact that the

radiation characteristics of the antenna array can be optimised by applying different

amplitudes and phases to the individual antenna elements. This allows a high flexibility
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Figure 7.21: Ideal and measured complex gain constellations of the IC (white and black
dots) and measured data for the integrated version combining IC and antenna (red dots)
.

in the generation of the array pattern. For example, it enables the suppression of

sudden interferences or the generation of multiple beams for multi satellite use-cases.

Furthermore, the amplitude and phase of each element can be adjusted properly in order

to increase the quality of the axial ratio for the circular polarization signal, by using the

calibration technique that was presented in [113]. For this purpose, the measurement

setup of Fig. 7.22(a) is used. A basic prototype with two sequentially rotated radiating

elements and two ICs which can generate an adjustable circularly polarized beam is

manufactured and measured, see Fig. 7.22. The amplitude of the received signal is

measured using a spectrum analyzer. Fig. 7.23 shows the axial ratio of the output

signal by adjusting the amplitude and phase of each element. Fig. 7.23 shows the

measured axial ratio versus different states of the ICs. It was found that the quality of

the axial ratio can be optimized using the control lines of the IC.
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Figure 7.22: (a) Photo of the measurement setup and antenna under test. (b)
Schematic representation of measurement setup, see chapter 5 for antenna related in-
formation.

7.7 Summary and conclusion

In this chapter several aspects for integration of the antenna with the active beamformer

ICs are discussed. Two different techniques for Ka band phase shifting are presented.
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Figure 7.23: Changes in axial ratio versus different states of the integrated chip at 30
GHz.

The overall performance of the integrated system is considered in these two different

cases: first, an integrated true time delay is used with antenna array to illuminate the

dish. The phase dynamic range of the wideband TTD is 84 degrees. It is shown that

the phase dynamic range of the FPA is degraded by using this limited phase range.

The required phase dynamic range for optimal performance is around 180 degrees. In

the second scenario, an oversampling phase vector modulator is integrated with the

antenna. This POVM is capable of generating 640 points in the complex plane. It is

shown that the POVM IC can be used for our beamforming network in order to gen-

erate close-to-ideal complex coefficients for the individual array elements of the FPA.

Then the problem of high-frequency transmission and interconnection is addressed. It

is found that in order to avoid undesired parasitic effects at mm-wave applications, not

only special care should be taken for chip to antenna integration, the IF/LO transmis-

sions from chip to connector should also be optimised for low power leakage and low

reflection. In respect with wire-bonding interconnection, several practical techniques

for efficient transmission from available literature are presented, then a novel co-design

technique for integration of the ACMA radiator and IC is presented. The proposed

method is based on adding an extra capacitive effect to the complex impedance of the

bondwire. In this manner, it is possible to make a proper impedance match between the

chip side and planar transmission line. Finally, an integrated prototype with ACMA

radiator is manufactured and measured. The measurement results prove the feasibility

of integration of electronics and antenna at 30 GHz.



Chapter eight

An Integrated Hybrid Filtering
Solution with 50 dB Isolation for VSAT

Duplex Operation

This chapter was used as the basis of a paper which will be submitted to

Microwave theory and technique (MTT IEEE): A.Zamanifekri, Chuang

Lu, Visser, H.J, Philip Sanders, Peter Baltus and A.B. Smolders, ”An

Integrated Hybrid Filtering Antenna (Filtenna) with 50 dB Isolation for

VSAT Duplex Operation”

8.1 Active impedance matching for highly integrated ar-
rays

In realizing low noise receiver design, a key parameter is to apply the active instead of

passive antenna reflection coefficients. For a conventional single chain antenna receiver,

consisting of only one antenna element and one LNA, the noise matching between

antenna and LNA will lead to the lowest receiver noise temperature. However for array

systems higher sensitivity can be reached by noise matching the LNA to the active scan

impedance of the corresponding array element. Maaskant and Woestenburg considered

active impedance matching for a dipole array [114]. Ivashina et al [115] analyzed the

noise performance of small dipole arrays as a function of element separation distance

with the active impedance noise matching criterion. It should be noted that, although

in this chapter , the active impedance matching is not considered due to the limited

available time of the project, but the relevance and importance of the concept is believed

143
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Duplex Operation

to be clear for highly integrated array design.

8.2 Abstract

This chapter presents a hybrid filtenna concept using both active and passive circuits

to achieve a high level of isolation between the transmit and receive channel of a ground

terminal for two-way satellite communication (VSAT). The circularly-polarized filtenna

can be used as a building block for a phased-array feed in a focal-plane array (FPA)

system. A 20 GHz low noise amplifier (LNA) with notch filtering from 27.5 GHz to 31

GHz in a 0.25 m SiGe:C BiCMOS technology is developed to achieve high attenuation

around 30 GHz without deteriorating the system noise figure significantly. The on-chip

filter achieves around 30 dB attenuation at 30 GHz with only 0.4 dB noise degradation.

The isolation is further improved by using a novel dual-frequency filtenna concept,

based on defected ground structures (DGS). In this way, a compact design is achieved.

A prototype is developed that achieves an isolation of 50 dB at 30 GHz.

8.3 Introduction

The concept of FPAs, [116], [117], is very interesting for two-way satellite communi-

cations, since it combines low-cost with high-performance and electronic beamsteering

within a limited scan range. Fig. 8.1 illustrates a system for very small aperture termi-

nals (VSAT) [118]. FPAs combine a low-cost large aperture of a reflector with electronic

beam-steering capabilities of phased arrays. One of the main problems in a full-duplex

system is the required isolation between the transmit (Tx) and receive (Rx) channels.

In VSAT, the receive channel operates from 18 − 22 GHz and the transmit channel in

the 29.4−30 GHz band. As compared to traditional feed-horns, the isolation problem is

more severe for phased-array feeds, since the required isolation should be applied at the

level of individual array elements, typically with a grid size in the order of λ/2 × λ/2.

Therefore, a cost-effective integrated solution is needed that takes full benefit of the fil-

tering capabilities of printed antennas and on-chip filters. This solution should be based

on mainstream PCB and (Bi-)CMOS semiconductor technologies. Traditionally, high

quality filters and duplexers (e.g. waveguide filters) are used to suppress out-of-band

interference at the input of receiver [119], [120]. These filters, however, are expensive

and bulky and can therefore not be used in phased-array feeds for low-cost applications.

Another alternative in full-duplex systems is to use an analogue cancellation technique,

as an alternative to a filter approach [121]. That is, in transceiver systems the transmit-

ter data is locally known. One can use this available knowledge and generate a replica

of the interference signal at the input of the receiver. By using proper complex coeffi-

cients, it is feasible to cancel out the strong interference signal. However, this approach
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Figure 8.1: Focal plane array representation as a full duplex system for VSAT appli-
cation.

suffers from high insertion loss and, a as a result, a poor noise figure. A comprehensive

study on analogue cancelation is given in [122]. In order to achieve a compact solution,

we propose to use a circularly-polarized shared-aperture phased-array concept that can

be used for Tx at 30 GHz and Rx at 20 GHz, simultaneously. A high isolation between

Tx and Rx is achieved by integrating the bandpass filter with the antenna, resulting in

a so-called filtenna concept. Addition isolation is provided by combining the filtenna

with a low-noise amplifier (LNA) that includes on-chip filtering. The proposed hybrid

solution provides 50 dB isolation between transmitter and receiver at 30 GHz. The

obtained value is comparable to the state-of-art waveguide solution.

This chapter starts by providing a general overview of the system requirements for

VSAT. Next, in section 8.5, on-chip distributed notch filtering within the LNA in

BiCMOS is investigated. A novel technique for implementation of the compact dual-

frequency shared-aperture filtenna using a DGS structure is introduced in section 8.6.

Both concepts are combined and integrated into a single module. The measurement

results of this integrated prototype are covered in section 8.8.
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Figure 8.2: Schematic representation of the coupling from Tx to Rx in a VSAT ground
terminal.

8.4 Challenge of full-duplex operation in VSAT applica-
tion

A schematic representation of the noise contributions and interfering signals in a VSAT

ground terminal is shown in Fig. 8.2. The antenna is assumed to have a radiation

efficiency ηrad and the mismatch between antenna and lossy transmission line is rep-

resented with Γ. The equivalent noise temperature of the system has three different

contributions: noise power from the antenna due to the background noise and internal

noise, noise from the lossy transmission lines and noise due to the coupling from adja-

cent elements. In order to decrease the equivalent noise temperature of the system, we

need to reduce the internal noise and also remove the coupling effect from the adjacent

elements. Existing systems benefit from using waveguide-based Diplexers/OMTs to re-

duce the coupling effects. For example, the cut-off frequency of the Tx feed waveguide

is chosen well above the receive band. Since waveguides cannot be used in low-cost

and compact phased-array feeds, we need to find a strategy that fits with TEM-based

printed transmission line concepts. As a first step in the design process, we need to de-

fine the Tx/Rx isolation requirements for the VSAT system. The strong output signal

of the power amplifier (PA) in Tx might saturate the LNA due to the limited isolation.

In addition to this out-of-band interfering signal (from a Rx perspective), the output

Tx noise density at 20 GHz can also deteriorate the noise level of the LNA. Thus, it

is necessary to have a high isolation in the path between transmitter and receiver both

in-band (20 GHz) and out-of-band (30 GHz).
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Table 8.1: Noise measurements for commercial amplifiers. These measurements were
done by Philip Sanders from Newtec as part of the RF2THz project.

Parameter TGA4509 TGA4539 TGA6432
[123] [124] [125]

Psaturation 31 31 34
Total noise -157 -155 -170

power density dBm/Hz dBm/Hz dBm/Hz
Corresponding 14e3 23e3 620

noise temperature K K K

8.4.1 Transmit noise at the output of the LNA (in-band)

In order to find an estimation of the required isolation at 20 GHz, several commercially

available power amplifiers have been characterized. The measurement setup is shown

in Fig. 8.3.

Figure 8.3: Schematic representation of the measurement setup for measuring the output
noise density of the PA at the input of the LNA.

A waveguide isolator is added to the transmission path in order to avoid any noise floor

variation due to the mismatch of the source. The output noise density of the PA is

measured at the output of the LNA for several commercially available amplifiers. The

corresponding results are described in Table. 8.1

To proceed, it is necessary to introduce a parameter for evaluating the overall perfor-

mance of the complete system. From the system point of view for the downlink, G
T

is

an important factor, since it links the satellite transmit power in space to the carrier to

noise ratio (C/N) available at the ground terminal (expressed in dB) [126]:

C

N
= EIRP − Lp +

G

T
−KBB, (8.1)

where Lp represents the total propagation loss, EIRP is the effective isotropic radiated

power, G is the antenna gain, T is the total noise temperature of the system, KB is the
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Boltzmann constant and B is the bandwidth. One can consider the G
T

as the system

figure of merit which can be formulated as (see chapter 2):

G

T
=

Dηrad
ηradTenv + Tamb(1− ηrad) + Tamb(Frec − 1)

, (8.2)
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Figure 8.4: Antenna gain versus noise figure. The black line indicates the minimum
required FPA gain.

where D is the antenna directivity, T is the noise temperature of the system, ηrad is the

antenna radiation efficiency, Tenv is the environment temperature, Tamb is the ambient

temperature and Frec is the noise figure of the receiver. Fig. 8.4 shows the required

antenna gain versus noise figure for several values of G
T

. It is clear that there is an

inverse relation between G
T

values and noise figure of the system. Considering 0.05 dB

and 0.1 dB as the nominal values for degradation of the antenna system performance,

Table. 8.2 shows the requirements on isolation in the Rx band. Based on the parameters

in Table 8.2, the following relation should be held;

TPA(dB)− β � T∆G
T

(dB), (8.3)

where β is the required in-band isolation in dB, TPA is the in-band output noise from

Tx at the input of the LNA and T∆G
T

is the extra noise power introduced for a certain

value of the G
T

degradation. Thus, the requirements on isolation in the Rx band can be

defined according to the accepted value for a G
T

. In this chapter we will allow for 0.05

dB G
T

degradation, resulting in a 41 dB isolation requirements for in-band noise.



8.5 On-chip Filtering 149

Table 8.2: Rx band Isolation.

Degradation of G/T dB 0.05 0.1
Antenna temp K 50 50

Low Noise Block (LNB) temp K 101 101
(LNB) NF dB 1.8 1.8

System temp with PA noise K 153 155
Noise degradation temp (T∆G

T
) K 1.75 3.34

Noise temp PA output (TPA) K 23e3 23e3
Isolation (β) dB 41 38

8.4.2 Transmit signal in the the input of the LNA (out-of-band)

Direct coupling of the 30 GHz Tx signal towards Rx can cause non-linear effects in the

LNA. In order to derive isolation requirement, we will use the following assumptions:

• 1 dB compression point of the silicon-based devices (OP1dB) are in the range of 5

to 10 dBm.

• The LNA has 3 stages. Considering the out-of-band signals, it results into 15 dB

total gain (G30GHz).

• In order to minimize the degradation of the Rx noise figure due to the interfering

signal, all the silicon-based devices levels should be 5dB below the 1dB compres-

sion point(∆ = 5dB).

• Typical transmit power for the PA (Pout(PA)) is 33 dBm.

In order to keep the response of the LNA in the linear range, the following relation

should be held:

Pout(PA) − α < OP1dB −G30GHz −∆, (8.4)

where α is the required out-of-band isolation at 30 GHz in dB. Since the level of ac-

ceptable power (OP1dB − G30GHz − ∆) at the input of the receiver is −15 dBm, one

needs a minimum isolation of 48 dB. Considering the presented result for in-band and

out-of-band interference attenuation, Table 8.3 summarizes the filter requirements for

VSAT.

8.5 On-chip Filtering

The work in this section was done by C. Lu as part of the joint activities

within the RF2THz project
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Table 8.3: VSAT specification on noise and isolation.

Parameter Transmit Receive
Bandwidth (BW) 29.4-30 GHz 18.5-22 GHz

Isolation (α)48 dB (β)41 dB
Noise Figure (NF) - 1.8 dB

Although off-chip filters using low-loss materials can be used to solve the isolation

problem in full duplex systems, on-chip filters can also be integrated with the rest of

the front end with reduced system size and cost. In fact, on-chip filters suffer from high

insertion loss which increases the noise figure of the system. A higher level of integration

is feasible by implementing lumped elements notch filters at the input and inter stages

of the low noise amplifier (LNA). An advantage of this approach in comparison with a

standard LNA is the possible tradeoff between filtering and noise figure. The schematic

diagram of the two-stage 20 GHz LNA is shown in Fig. 8.5. In order to avoid pre-

saturation of the transistor, initial filtering is done at the input of the LNA. Due to

the fact that initial filtering can be part of the input matching, the noise figure of the

system is reduced.

Q1

Q2 Q3

Q1: 0.3µm 4µm 5
Q2: 0.3µm 14µm 5
Q3: 0.3µm 12µm 7

Lf1=169 pH

Cf1=165 fF

Lf2=560 pH Cf2=49 fF

Lc1=210 pH

Cc1=130 fF
Lf4=50 pH

Cf4=620 fF
Cf3=100 fF

Lf3=290 pH

Lc2=630 pH

Le1=65 pH

Le2=60 pH

Cc2=600 fF

Lb1=30 pH

Figure 8.5: Schematics of the two-stage 20 GHz LNAs (a) with 30 GHz notch filters.

The input transistor is biased at the optimum current density for the minimum NF

(Jopt = 2.3mA/µm2). The transistor size is scaled to have the optimal noise resistance

(Ropt) to 50Ω, and the degeneration inductor (Le1) increases the input resistance (Rin)

to 50Ω . A series inductance at the input can then achieve a simultaneous noise and
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power matching. This simplifies the input matching with less loss. To implement the

input filter with minimum impact to the NF, a parallel LC (Lf1 and Cf1) lumped filter

is added in series at the input which resonates at fres = 30 GHz. It can have a notch

below −10 dB from 27.5 GHz to 31 GHz, meanwhile acts as a series inductance around

20 GHz. The second filter is implemented right before the cascode transistor (Q1). A

high Q resonance is selected due to the small impedance seen into the common base

transistor Q2. Between the first and second stage, further notch filtering is done by a

shunt series LC (Lf3 and Cf3) and a series parallel LC filter (Lf4 and Cf4). The LNAs

are fabricated in a 0.25µm SiGe:C BiCMOS technology. The chip micrograph is shown

in Fig. 8.6. The comparison between gain of the LNA with on-chip filtering and the

gain of the non-filter LNA is shown in Fig. 8.7. As it is shown in Fig. 8.8 the measured

minimum NF of the filtering LNA is about 1.9 dB, while it is 1.8 dB for the non-filtering

version. At 22 GHz, the filtering LNAs NF raises up to about 2.3 dB, which is 0.4 dB

higher than the non-filtering version.

Figure 8.6: Die photo of the LNAs with (left) and without (right) filtering.
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Figure 8.8: Simulated and measured NF of the LNAs with and without filtering.
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8.6 Filtenna

Since the on-chip filter can only provide 30 dB, additional isolation is required to meet

the requirement of Table 8.3. We propose an integrated concept which integrates a

dual-frequency shared-aperture microstrip antenna and bandpass filter with a defected

ground structure into a single module which can be made small enough to fit within an

unit cell of a phased array [117]. Fig. 8.9 shows the schematic diagram of the proposed

coupled-line band-pass filter integrated with the antenna. Z0e and Z0o represent the

even- and odd-mode line impedance of each section. In this concept, the last stage of the

filter is replaced by the equivalent circuit of the radiating element. The radiating ele-

ment which we have used is a dual-band aperture-coupled microstrip antenna (ACMA),

see [116]. A shared aperture reduces size, weight and cost. As a starting point in our

design process, a Chebyshev bandpass 3-pole filter is used for the filter design. Next,

the last stage of the filter is replaced by the ACMA radiator. The primary aim of the

proposed shared aperture Filtenna, is to find a cheap and compact solution that can be

used in a phased-array feed. In the next section we will describe an effective technique

to increase the coupling between the parallel lines of each stage of the filter. From this

basic design we have optimized the overall structure in terms of isolation and matching

using an FDTD solver [49].

Figure 8.9: Geometry of suggested feed .
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8.7 Defected ground structure

Ws

Figure 8.10: A quarter wave microstrip line above a slotted ground plane.

Defected Ground Structures (DGS) use slots in the ground plane of a microstrip-based

structure to improve the performance. Due to the high impedance properties of the

microstrip line with ground plane, compact size low pass and band pass filters can be

realized using DGS. Various configurations of DGS have been proposed in literature

([127], [128], [129], [130], [131]), for example to achieve a larger stop band or deeper

rejection. Here we propose a new application for the DGS within a Filtenna in order to

achieve a compact design.

Numerical results

A simple model of two transmission lines of 50Ω which are placed side by side and an

magnetic/electric coupling of the corresponding two-port network is explained in [132].

The analytical value for magnetic and electrical coupling can be expressed as:

K = 10 log |I2

I1

|2, (8.5)

where, I1 and I2 are magnetic or electrical currents in line 1 and in line 2, respectively.

Based on the basic formulation for the coupling between two lines, our next step is to

investigate more practical cases such as a quarter wave microstrip line above a slotted

ground plane (see Fig. 8.10). Electric and magnetic coupling coefficients defined in

Eq. 8.5 are calculated for various lengths and widths of the slot in the ground plane.

Simulations for a slotted coupled microstrip line are performed by CST microwave
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studio, FIT solver, [50] for various lengths and widths of the slot in the ground plane.

The frequency of operation is chosen as 20 GHz. The substrate of choice is Rogers3003

(εr = 3). The thickness of the substrate is 0.254 mm and spacing between the lines is

0.1 mm. Fig. 8.11 shows the results for different values of the length and width of the

slot. It is clear that the coupling changes significantly due to the changes in length and

width of the slot.
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Figure 8.11: Coupling between two parallel printed lines with centered slot in the
ground. εr = 3, s (spacing) is 0.1 mm at 20 GHz.

Based on the observed increased coupling, we performed an overall optimization of our

filtenna design to find the optimal shape and position of the slot in the ground plane.

The primary aim of the optimization is to find the optimal geometry of the slot in the

ground plane to maximize the coupling between lines. The resulting frequency response

of the optimal shape of the slots as compared to a coupler/filtenna section without

slot is shown in Fig. 8.12. Fig. 8.13 shows the optimized configuration of the dual-

frequency filtenna structure. All the related parameters are explained in Table. 10.6.

Fig. 8.14 shows the measurement and simulation results for the manufactured DGS

filtenna module. The measured value is close to the required isolation requirements

from Table. 8.3 This is about 17 dB better as compared to a separate ACMA radiator.

It can be noticed that the isolation at 30 GHz is about 38 dB. The main advantage

of the proposed concept refers to the fact that it can be realized using standard PCB

technology and the dimensions of the full size dual-frequency filtenna is only 8×10 mm2
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Table 8.4: Optimized parameters of the ACMA element for the geometry proposed in
Fig. 8.13.

Parameter Description value (mm)
SH1 Spacing between 0.1

lines at low frequency
LSH Length of the low 1.68

frequency slot
WSH Width of the low frequency slot 0.13
SL1 Spacing between coupled 0.1

lines at high frequency
SL2 Spacing between coupled 0.1

lines at high frequency
LSL1 Length of the 1.63

high frequency slot
WSL1 Width of the high 0.63

frequency slot
LSL2 Length of the 1.5

high frequency slot
WSL2 Width of the 0.5

high frequency slot

which fits the requirements for FPA applications.
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Figure 8.12: Frequency response of the optimal shape of the slot (a) coupling (b)
reflection .
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Figure 8.13: Final layout of the dual band filtenna using DGS.
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Figure 8.14: (a) Measured and simulated S11 results for filtenna (b) Measured and
simulated isolation results of the filtenna.
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8.8 Hybrid solution

As an optimal solution, we have combined the on-chip filtering LNA with the dual-

frequency filtenna into a highly integrated module. The filtering LNA die is integrated

on the antenna substrate using wire-bonding techniques. In order to minimize the

length of the bondwires, a cavity is made into the PCB in which the die is placed. The

thickness of the die is almost the same as the substrate thickness (0.254 mm). The total

structure of the antenna and bond-wire interconnections are optimized for minimum

reflection in the operational frequency band. In order to protect the fragile bondwire

interconnections (25um diameter) globetop (εr = 3) is used on top of the die. A 2× 2

sub-array that provides circular polarization for both the Tx and Rx band using the

sequential rotation technique [81] is fabricated and tested. The primary aim of the 2×2

sub-array configuration is to investigate the performance of the possible combinations

of the on-chip and passive filtering structure. Fig. 8.8 shows an overview of the different

measurement scenarios. A two-port vector network analyser was used to measure the

coupling between the Tx and Rx port of the filtenna, see Fig. 8.16(a). Fig. 8.16 shows a

photo of the measurement setup in the anechoic chamber. The measurement result for

the hybrid configuration (on-chip filter+filtenna) as compared to non-filtering structure

is shown in Fig. 8.17. It is clear from the measurement result that, more than 30

dB extra isolation is obtained close to the center frequency. As a results, the overall

isolation for the hybrid solution is better than 50 dB at 30 GHz. This implies that 40

to 50 dB isolation is achieved from 29.2 to 30.3 GHz. The final results can be optimized

further in order to fit into the required range according to the specifications in Table. 8.3.

It must be noted that the performance of the proposed structure deteriorates for off-

center frequencies. The additional simulations of the integrated sub-array show that

some back radiation from the antenna elements occurs at 30 GHz. This limits the

achieved isolation somewhat. The back radiation effect could be minimized by further

optimizing the integrated board. Furthermore, some undesired effect from the globtop

on top of the die is expected. Simulation results for the filtering LNA performance in

different environments (change in εr) shows a slight shift in the operational frequency

of the embeded filter. In addition, the non-ideal wirebond interconnect between the die

and PCB can be considered as an additional potential radiation source. Since flip-chip

interconnections have lower and more predictable parasitic inductances [133], the overall

performance of the system can be improved by replacing the bondwires with flip-chip

interconnections.
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side of the prototype, consisting of a 2× 2 array of sequentially-rotated filtenn as with
embedded filtering LNA.

(a) (b)

Figure 8.16: Photograph of antenna measurement setup.
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8.9 Discussion and Conclusion

This chapter presents a novel hybrid solution based on the co-design of the antenna

with active and passive filtering circuits in order to provide the required high isolation

between Tx and Rx in full duplex phased-array feeds for ground terminals of two-way

satellite communication systems. The in-band (20 GHz) and out-of-band (30 GHz)

isolation requirement is obtained by performing several noise density measurements us-

ing commercially available amplifiers. The isolation requirement can only be met by

distributed filtering and co-design of the antenna and LNA front-end. A 20 GHz BiC-

MOS LNA with distributed filtering at different stages is designed and manufactured.

The filtering LNA achieves an attenuation of more than 30 dB from 27.5 GHz to 31

GHz with a 0.1 dB to 0.4 dB degradation on the NF. A compact dual-band filtenna is

proposed that achieves an isolation of more than 37 dB at 30 GHz. The filtenna uses

the DGS concept to enhance the coupling between coupled lines. As a final step, an

integrated hybrid structure consisting of a dual-frequency filtenna integrated with an on-

chip filtering LNA is constructed and optimized. A 2× 2 circularly-polarized sub-array

operating at 20 GHz and 30 GHz simultaneously, was manufactured and measured. It

uses cavity-based wire-bonding to connect the active dies to the PCB. Measurements

show around 50 dB isolation at 30 GHz. Although the achieved attenuation meets

the VSAT requirement, the bandwidth of the hybrid structure is decreased somewhat

as compared to the expected isolation from the individual filtering sections. Possible

causes of the deteriorated isolation include back radiation from the slots in the ground

plane and reflections from the bondwire interconnect. The latter could be improved by

using flip-chip technology.
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Chapter nine

Circularly-Polarized Focal Plane Array

Terminals for satellite communication typically require circular polarization. One of

the benefits of circular polarization is that an alignment is not required between the

transmitting and receiving antennas or the alignment between the celestial radio source

and the radio telescope. A drawback of circular polarization is that more hardware is

needed and that the quality of circular polarization in a phased-array depends on the

scan angle of the beam. Also, since the axial ratio calibration process requires ampli-

fiers, the linearity and signal to noise ratio is compromised. Circularly-polarized waves

are built up from two linearly polarized waves, of equal amplitude, in phase quadrature

and with their direction of polarization rotated 90 degrees with respect to each other.

If the rotation is clockwise looking in the direction of propagation, it is called right-

hand-circular (RHCP); if counterclockwise: left-hand circular (LHCP). An elegant way

to create circular polarization with linearly-polarized elements in an array environment

is by using the sequential rotation technique as introduced by [83]. However, this tech-

nique has mostly been used for non-scanning arrays. In this chapter, we will adapt

this technique so that we can also use it in an effective way for beam steering arrays in

array-fed reflector antenna systems.

First, a mathematical framework for generating circular polarization from linearly-

polarized antennas is established. For phased-array applications, a calibration technique

based on solving a set of the linear equations is introduced. Next, it is shown that the

idea can be extended to more complicated configurations such as focal plane arrays for

VSAT. The resulting multi-objective optimization problem should be solved in order to

achieve high quality circular polarization for FPAs. Finally, the beam squinting problem

is addressed. A solution for FPAs is proposed to remove the beam squinting effect.

163
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9.1 Circular polarization formulation

The electromagnetic field can always be decomposed into two orthogonal components

locally. For elliptical or circular polarization, the axial ratio can be calculated from the

ratio of left-handed êLH and right-handed êRH circular polarization. The left-handed

and right-handed components are orthogonal êLH ⊥ êRH . A perfect circularly polarized

field is made of two orthogonal components of equal amplitude and 90◦ out of phase.

If one of the components Eϕ(Eθ) in the right-handed direction is 90◦ leading, Eθ(Eϕ)

must be 90◦ lagging in the left-handed direction. Considering the array configuration

in Fig. 9.1 the field direction is given by:

êco = êRH = (êθ + jêϕ) . (9.1)

êcross = êLH = (êθ − jêϕ) . (9.2)

The co- and cross-polarization components of the field are given by:

Eco =
−→
E tot

ff · êco. (9.3)

Ecx =
−→
E tot

ff · êcross, (9.4)

where
−→
E tot

ff represents the total electric field in the principal plane (ϕ = 0). If we

consider the 2 × 2 subarray of Fig. 9.1, the far field is a weighted superposition of the

field generated by the individual array elements, resulting in:

−→
E tot

ff = Etot
θ,ff θ̂ + Etot

ϕ,ff ϕ̂. (9.5)

Etot
θ,ff (θ) = c1E

1,co
θ (θ) + c3E

3,co
θ (θ) + c2E

2,cx
θ (θ) + c4E

4,cx
θ (θ). (9.6)

Etot
ϕ,ff (θ) = c1E

1,cx
ϕ (θ) + c3E

3,cx
ϕ (θ) + c2E

2,co
ϕ (θ) + c4E

4,co
ϕ (θ), (9.7)

where E1,co
θ is the co-polarized component due to element 1 and E2,cx

θ is the cross-

polarized component due to element 2. A similar explanation holds for the other fields

components. ci (i = 1, 2, 3, 4) is the complex excitation coefficient of each element which

includes the spatial phase difference between elements. The axial ratio (AR) is the ratio

of the two orthogonal components ELH (Ecx) and ERH (Eco). The AR is now calculated

with Eq.2.9. Because the components have equal magnitude, the ideal axial ratio of

circular polarization is 0 dB.
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Figure 9.1: Schematic representation of a 2×2 array in sequential rotation configuration.

9.2 Calibration technique for phased arrays

9.2.1 Phased array formulation

The calibration technique that we will use here to optimize the array performance, has

been presented in [113]. The main idea is to find the proper amplitude and phase for

each antenna to obtain excellent circular polarization (0 dB axial ratio) in off bore

sight directions. In other words, calibrating the axial ratio is finding the solution of

AR =
∣∣∣ |Eco|+|Ecx||Eco|−|Ecx|

∣∣∣ = 1.

Considering the fact that the phase and amplitude of horizontal elements are tuned by

c1 and vertical elements by c2, the proper coefficient can be calculated by solving the

following set of linear equations (see Fig. 9.1):(
E1,co
θ − E3,co

θ E2,cx
θ − E4,cx

θ

E1,cx
ϕ − E3,cx

ϕ E2,co
ϕ − E4,cx

ϕ

)(
c1

c2

)
=

(
1
j

)
. (9.8)

It should be noted that since the sequential rotation is applied, c3 = −c1 and c4 = −c2.

The optimal phase and amplitude for each of the array elements have been determined

by solving a set of linear equations (9.8) for the recorded element patterns. Note that

the calculated phase excludes the additional phase required for beam steering.
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9.2.2 Measurements and results

In this section we will illustrate the effectiveness of the calibration concept based on

measurements that we have performed on a phased-array feed for radio-astronomy.

Fig. 9.2(a) shows a picture of the phased array feed which is formed by a 10 × 10

array of Vivaldi antennas in egg- crate structure [134]. The array of Vivaldi antennas

is grouped into arrays of 2 × 2 with sequential rotation. The phase shift between the

elements is done in a 0o, 90o, 0o, 90o fashion. The distance between the elements in

x and y direction is λ0/2 @ 7.14 GHz. Embedded element patterns of the array have

been measured using the near field facility at ASTRON, see chapter 6. The near field

scanner will acquire the data over the plane, then the far field is computed from the

near field and azimuth over elevation data is mapped to spherical coordinates.
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(a)

(b)

Figure 9.2: (a) The egg crate structure phased array of vivaldi antenna. (b) The
ASTRON array configuration

Fig. 9.2(b) shows the 8 elements that are actually measured and the 16 elements illus-

trated by the dashed lines are symmetrical to the measured elements to form the 3× 3

egg-crate array of 24 elements. So, only a subset of the complete egg-crate of Fig. 9.2(a)

was used to verify the axial-ratio calibration concept. The calculated coefficients are

applied to all angles [−60◦ 60◦]. The final results for ideal phase-shifters and variable

gain amplifiers and with 4-bit quantization of the phase and amplitude are shown in
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Figure 9.3: The calibration of 10 × 10 Vivaldi array shown in 9.2(a) by using ideal
phase shifters and variable gain amplifiers (”calibrated”) and by using 4-bit shifters
and amplifiers (ϕ = 0 plane at 7.14 GHz).

Fig. 9.3. From this figure, we can observe that the axial ratio with quantization is

mainly improved in the region θ < −30◦ and in the region θ > 30◦. If θ is within

the region [−30◦ 30◦], 4-bit quantization is too coarse. In this case, a 6-bit accuracy is

required.

9.3 Calibration technique for focal plane arrays

9.3.1 Focal plane array formulation

A similar concept can be applied to array-fed reflector antennas to achieve a circularly-

polarised FPA with beam steering performances. It should be noted that in case of focal

plane arrays the problem of array calibration is more elaborated. Due to additional

requirements on beam scanning and beam pattern optimization, the problem of solving

a set of linear equations for the calibration coefficients changes to a multi-objective

optimization problem. Considering the same sub-array configuration as Fig. 9.1, an

objective function with the following terms can be defined in the principle plane (ϕ = 0):
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Figure 9.4: (a) Feed array with individual element adjustment (b) Feed array with 2×2
sub-array as the unit cell.

c1E
1,co
θ (θ) + c3E

3,co
θ (θ) + c2E

2,cx
θ (θ) + c4E

4,cx
θ (θ)− 1 = 0 (9.9)

c1E
1,cx
ϕ (θ) + c3E

3,cx
ϕ (θ) + c2E

2,co
ϕ (θ) + c4E

4,co
ϕ (θ)− j = 0 (9.10)

c1E
1,co
abs (θ) + c2E

2,co
abs (θ) + c3E

3,co
abs (θ) + c4E

4,co
abs (θ)− Ed(θ) = 0 (9.11)

Where Ed represents the desired electric field according to the defined mask. One may

notice that, in contrary with phased arrays, each individual antenna element has an

adjustable amplitude and phase. It gives more flexibility to the antenna designer to

optimize the pattern and purity of circular polarization. The inherent advantage of

the applied optimization technique is the feasibility of including the phase associated

with beam steering in the complex excitation of the elements. In this manner, one

can define a more elaborated fitness function to include amplitude and phase of each

antenna element for axial ratio calculation as compared to a 2 × 2 sub-array as the

building block of a larger array, see Fig. 9.4.

Considering the definition of the fitness function, each item of Eq. 9.9 to Eq. 9.11 can be

weighted accordingly in order to generate the most optimal circularly-polarized scanning

beam. The next section gives a practical example of a sequentially-rotated feed in front

of the reflector.

9.3.2 Sequentially-rotated focal plane array

Fig. 9.5 shows the FPA concept based on the shared-aperture concept introduced in [81].

The configuration also allows for dual-band operation, e.g. 20 GHz and 30 GHz. The
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radiating element is a shared-aperture dual-frequency aperture-coupled microstrip an-

tenna (ACMA) described in chapter 5. The phase and amplitude of each port of the

antenna elements can be adjusted by multi objective optimization, allowing for optimiz-

ing the phase and amplitude distribution along the reflector surface. Beam scanning,

beam nulling and high quality circular polarization can be achieved. One should define

the fitness function to optimize the secondary pattern based on the desired mask and

low axial ratio according to Eq. 9.9 to Eq. 9.11. As an example, we will investigate

the resulting secondary pattern of a FPA using a phased-array feed with 7× 4 ACMA

antennas arranged in sequentially rotated 2× 2 sub-arrays which is placed in the focal

plane of an offset reflector antenna with F/Dp = 0.3, a diameter of the projected aper-

ture Da = 75 cm and offset height H = 4 cm. The antenna system operates at a center

frequency of 20 GHz. The element spacing within the sub array is λ0/2 at 20 GHz (see

Fig. 9.5).

Figure 9.5: Circularly-polarized scanning array with individual element control.

The hybrid model introduced in chapter 2 was used to determine the secondary radiation

pattern of the FPA and to optimize the individual complex excitation coefficients of the

feed array. The results for bore-sight and 1 degree scanning are shown in Fig. 9.6. It is

clear that the quality of circular polarization is very good within the 3dB beam width.
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(a) Simulated radiation pattern (bore-sight)
for 7x4 sequentially rotated elements with
adjustable amplitude and phase for each
element.(ϕ=90 degree in front of the offset
reflector, D= 75cm at 20 GHz, F/Dp = 0.3,
H = 0.04 m.
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(b) Simulated axial ratio (bore-sight) for
7x4 sequentially rotated elements with ad-
justable amplitude and phase for each
element.(ϕ=90 degree in front of the offset
reflector, D= 75cm at 20 GHz, F/Dp = 0.3,
H = 0.04 m.
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(c) Simulated radiation pattern (1 degree
scanning) for 7x4 sequentially rotated ele-
ments with adjustable amplitude and phase
for each element.(ϕ=90 degree in front of
the offset reflector, D= 75cm at 20 GHz,
F/Dp = 0.3, H = 0.04 m.

−5 0 5
0

2

4

6

8

10

Theta [deg]

A
xi

al
 R

at
io

 [d
B

]

(d) Simulated axial ratio (1 degree scan-
ning) for 7x4 sequentially rotated elements
with adjustable amplitude and phase for
each element.(ϕ=90 degree in front of the
offset reflector, D= 75cm at 20 GHz,
F/Dp = 0.3, H = 0.04 m.

Figure 9.6: (a) Optimized radiation pattern for bore-sight beam. (b) Optimized axial
ratio within the 3 dB beamwidth for boresight beam. (c) Optimized radiation pattern
for 1 degree of scanning. (d) Optimized axial ratio within the 3 dB beamwidth for 1
degree of scanning.

9.4 Beam Squinting problem

This section was published as a paper in the Antennas and Wireless

Propagation Letters(IEEE AWPL).
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9.4.1 abstract

The problem of beam squinting in circularly-polarized offset reflector antennas is solved

by using a novel focal-plane array concept that consists of sequentially-rotated linearly-

polarized elements. This concept can be used to facilitate beam-steering in full-duplex

communication with satellite internet (VSAT) operating in the Ka-band. A prototype

consisting of a 75 cm offset dish illuminated by a 2 × 2 array of sequentially- rotated

aperture-coupled microstrip antennas was developed and tested at 20 GHz. Experimen-

tal results clearly demonstrate the removal of the beam-squint and resulted in an Axial

Ratio (AR) below 1 dB within the 1 dB beamwidth of the main beam.

9.4.2 Introduction

Focal plane arrays (FPA) offer various features, like high gain and electronic beam

steering, which makes them the ideal concept for future low-cost ground-based termi-

nals for commercial satellite communication. In this way, it is possible to track multiple

satellites simultaneously and to perform automatic alignment during installation of the

terminal. It is well known [36],[27] that the phase and amplitude of the elements on the

focal plane can be adjusted in order to scan the main beam or make a null in desired

direction. Two-way satellite communication for TV and internet access (VSAT) [118]

uses circular polarization and operates in the Ka-band at 30 GHz for the up-link (trans-

mit) and 20 GHz for the down-link (receive). Offset reflector antennas are commonly

used as ground terminals. One of the parameters that can affect the performance of the

offset reflector antenna is beam squinting of the circularly-polarized beam [135],[136].

Beam squinting is caused by the depolarization effect in offset parabolic reflector an-

tennas which are illuminated by a circularly-polarized feed. Beam squinting shifts the

main beam in opposite directions for RHCP polarization (Transmit mode) and LHCP

polarization (Receive mode). This effect is described in section II. Beam squinting de-

grades the link budget due to the mis-alignment of the main beam and it deteriorates

the effectiveness of beam nulling for interference rejection. In particular in the VSAT

application, we have to fulfill the strict requirements on the quality of circular polar-

ization: the cross polarization level should be below -24 dB within the 1 dB contour

of the main beam. This corresponds to a maximum axial ratio (AR) of 1 dB within

the 1 dB beam width. As we will show in section II, a typical VSAT reflector configu-

ration can result in a beam squint of 0.20 between transmit and receive beams, which

corresponds to about 20 % of the 1-dB beam width. This seriously reduces the angular
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tolerance that is available for mis-alignment and other error sources. This will become

even more problematic when smaller F/D ratios are used. Recently, a new circularly

polarized shared-aperture concept and a calibration system are proposed [81], [113]

which generate right-hand circular polarization (RHCP) for transmission and left-hand

circular polarization (LHCP) for reception. In this paper, we will present a novel exten-

sion of this concept in a focal plane array in order to compensate for beam squinting.

In the following sections, we will first review the beam squinting problem in circularly-

polarized offset reflector antennas. Next, our concept to compensate for beam squinting

is introduced. Based on this, a full-scale VSAT prototype is developed operating at 20

GHz. Experimental results from the prototype are compared with simulations.

9.4.3 Beam squinting removal

Beam squinting occurs in offset paraboloid reflector antennas illuminated by a circularly

polarized feed system [135],[136]. Fig. 9.7 shows the schematic view of an offset parabolic

antenna (plane perpendicular to the principle offset plane and top view of the offset

reflector). It consists of an offset parabolic reflector antenna with offset height H,

focal distance F , feed tilt angle θ0 and a diameter of the projected aperture Da. It

is shown by [136] that the co- and cross-polarized field components of the tilted feed

horn, which refer to the coordinate system located at the focal point of the reflector,

is translated to the coordinate system of the parabolic reflector. The resulting co-

polar component of the secondary pattern remains unaffected, whereas the cross-polar

component changes significantly. Due to the symmetry of the configuration this will

result in a maximum beam squinting in the plane perpendicular to the principle offset

plane. A linear phase shift caused by depolarization of the reflector is generated across

the reflector aperture [136], [137]. The maximum beam shift θs occurs in the ϕ = 900

plane and can be estimated from [135]:

θs = ∓ sin−1

(
sin θ0

2kF

)
, (9.12)

where k is the wavenumber in free space. All other parameters are provided in Fig. 9.7.

A positive beam shift occurs in case of LHCP and a negative shift with RHCP. In a

practical system in which the beam alignment is done in receive mode (RHCP), the

beam squint in transmit (LHCP) will be (2θs). In VSAT terminals it is preferred to

use a small F/D ratio in order to optimize the overall performance of the system.

Particularly, low weight and compact size are important aspects. From Eq. 9.12 it is

clear that small F/D ratios results in the highest beam shift. For example, for an offset

reflector operating at 20 GHz with F/D = 0.3 and Da = 75 cm this results in a beam

shift of θs = ∓0.10.
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Figure 9.7: (a) Offset parabolic reflector geometry illuminated by a circularly-polarized
feed. (b) Top view of offset reflector antenna. A spherical coordinate system is assumed
(r, θ, ϕ)

In the VSAT application with multiple satellites, the scanning and beam-nulling occurs

mainly in the ϕ = 900 plane. Therefore, beam squinting in this plane is highly unde-

sirable. In order to remove the beam squint, several alternative solutions have been

proposed in literature. In [138] it is advised to select a large F/D ratio and small offset

angle. For our application, this is not a valid option. [137] proposed a method to tilt the

primary feed properly to avoid the beam shift. In [135], a matched primary feed using

higher order modes is used to reduce the cross polarization on the surface of reflector. A

practical implementation of a matched feed design is proposed in [139]. All previously

proposed solutions are not optimal for our use case, since we require a small F/D ratio,

electronic beam steering and beam nulling. Recently, focal plane arrays have been used

in radio astronomy applications in order to increase the instantaneous field of view [140].

It is well known that focal plane arrays can be used to recover the phase distribution

on the surface of the reflector. In this paper we extend this idea to correct for beam

squinting. We propose to use a focal plane array with several degrees of freedom in or-

der to correct for beam squinting and for improving the polarization properties in offset

reflector antennas. The concept is shown in Fig. 9.8 and is based on the shared-aperture

concept introduced in [81]. It consists of 2×2 sub-arrays, which can be seen as the unit

cell of a larger circularly-polarized array. Each sub-array can generate RHCP or LHCP

or a combination of both. The configuration also allows for dual-band operation, e.g. 20

GHz and 30 GHz. The radiating element is a rectangular aperture-coupled microstrip
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antenna (ACMA) of which the length Lp ≈ λ/2 in the 20 GHz band and the width

Wp ≈ λ/2 in the 30 GHz band, where λ is the effective wavelength of the substrate on

which the microstrip patch is printed. The phase and amplitude of each port of the

antenna elements can be adjusted, allowing for optimization of the phase and amplitude

distribution along the reflector surface. The phase shifter and variable gain amplifier

can be integrated into a BiCMOS integrated circuit (IC) as demonstrated in [141]. In

this paper, we will only use the 20 GHz ports. When the array of Fig. 9.8 is used in an

array-fed reflector antenna, the (θ, ϕ) components of the far field can be expressed as:

Etotal
θ =

I∑
i=1

ciE
i
θ,

Etotal
ϕ =

I∑
i=1

ciE
i
ϕ,

(9.13)

where I represents the total number of array elements and where ci is the complex

excitation coefficient of array element i. It is clear that amplitude and phase of each

element can be adjusted in order to achieve a constant phase on the surface of the offset

reflector. Thus, in order to avoid an undesired beam squinting effect, a fitness function

can be defined for the optimization of the coefficients ci to minimize the phase shift on

the surface of the reflector. It should be noted that this optimization can be done in

combination with beam scanning and optimization for purity of circular polarization.

Another advantage of this technique as compared to conventional methods is the fact

that it can be adjusted for dual-frequency or broadband antennas in order to compensate

for the frequency-dependence of the beam squinting (see Eq. 9.12) and for possible

changes in the phase center of the feed.
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Figure 9.8: Feed array configuration built up from 2× 2 sub-arrays of aperture-coupled
microstrip antennas (ACMA) using sequential rotation. The phase and amplitude of
each element can be adjusted. Note that we only use 20 GHz ports in this design.

9.4.4 Prototype design and simulation

In order to explore the performance of the proposed concept a prototype was developed

and experimentally verified. The feed is a phased array consisting of 7 × 4 ACMA

antennas arranged in sequentially rotated 2× 2 sub-arrays which is placed in the focal

plane of an offset reflector antenna with F/D = 0.3, a diameter of the projected aperture

Da = 75 cm and offset height H = 4 cm. The antenna system operates at a center

frequency of 20 GHz. The element spacing within the sub array is λ0/2 at 20 GHz (see

Fig. 9.8). The dimensions of a single dual frequency shared aperture ACMA element

designed for 20 GHz and 30 GHz are provided in Fig. 9.9. Note that in this paper we

will only consider the 20 GHz port (vertical slot in Fig. 9.9). A hybrid simulation model

was developed to determine the secondary radiation pattern of an offset reflector and

to optimize the individual complex excitation coefficients of the feed array. The hybrid

model combines a full-wave time-domain solver for the ACMA elements [49] with a

physical-optics/uniform theory of diffraction (PO/UTD) technique for the large reflector

structure [57]. The optimization of the geometry and of the excitation coefficients is

done with a genetic algorithm and is controlled with a Matlab script [142]. The model

was used to compare the situation of a conventional dual-fed circularly-polarized square



9.4 Beam Squinting problem 177

patch antenna and our focal plane array concept (7 × 4 array). Fig. 9.10 shows the

secondary radiation pattern of the optimized array-fed reflector antenna compared with

the pattern of a conventional CP feed. With a conventional CP feed, the beam squint is

approx. 0.0935 degree, as expected from Eq.9.12. Clearly, the beam squint is removed

with our FPA concept. Note that the secondary radiation pattern of the reflector can

be further optimized for side-lobes, radiation efficiency or desired gain mask. In [137] it

was shown that the beam squinting effect increases when the CP feed is offset from the

focal point of the reflector, which occurs in case of beam scanning. Our focal plane array

concept also corrects the beam squinting error for scanning cases. This is illustrated in

Fig. 9.10, where the radiation pattern is shown in case of scanning using an off-focus

circular polarized feed. The conventional CP feed is displaced 3 cm from the focal point.

The beam squinting effect of 0.1025 degree is removed using our concept with optimized

excitation coefficients.
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Figure 9.9: Dual frequency ACMA element geometry and dimensions optimized for 20
GHz and 30 GHz, Lp=3 mm, Wp=1.7 mm, Lsl=3.15 mm, Wsl=0.34 mm, Lsh=2.42 mm,
Wsh=0.25 mm, Xh=1.14 mm, Yh=1.1 mm, Xl=2.8 mm, Yl=0.87 mm, Lstubl=0.78 mm,
Lstubh=0.33 mm, h1=0.254 mm,h2=1.524 mm, εr=3.55
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Figure 9.10: Removal of beam squinting for the offset reflector antenna with scanning
and non-scanning feed, f = 20 GHz, F/D = 0.3, Da = 75 cm, H = 4 cm, LHCP,
ϕ = 900.

The prototype design of section 9.4.4 was experimentally verified at 20 GHz. A pho-

tograph of the complete antenna system in a near-field scanner facility is shown in

Fig. 9.11.
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(a) (b)

Figure 9.11: (a) Prototype in the near field facility. (b) Array of sequentially-rotated
ACMA antennas in the focal plane of the prototype.

9.4.5 Measurement result

A more detailed photograph of the feed array is provided in Fig. 9.11(b). Only the

center 2×2 sub-array was used in this case. The measurements were done in a spherical

near-field facility according to the measurement set-up of Fig. 9.12. An RF switch box

was used to sample the signals from the individual array elements. In this way, we

have measured the four element patterns from the center 2 × 2 array of Fig. 9.11(b)

providing (Ei
θ, E

i
ϕ), with i = 1, 2, 3, 4. Next we determined the optimal complex

excitation coefficients ci and constructed the total secondary pattern. Phase errors

in the four channels due to relative line-length variations have been calibrated. The

measured secondary radiation pattern and associated axial ratio for LHCP are shown

in Fig. 9.13 and Fig. 9.14, respectively. Clearly, beam squinting is removed and a very

good correlation between experiment and simulation is obtained. The measured axial

ratio is below 1 dB within the 1 dB beam width of the antenna (dashed area in Fig. 9.14).

In this way, our concept complies to the VSAT polarization requirements.
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Figure 9.12: Measurement set-up.
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Figure 9.13: Measured secondary pattern of the center 2x2 sub array of Fig. 9.11, f = 20
GHz, LHCP, ϕ = 900.



9.4 Beam Squinting problem 181

−5 0 5
0

2

4

6

8

10

Theta [deg]

A
x
ia

l 
R

a
ti
o
 [

d
B

]

simulation

measurement

Figure 9.14: Axial ratio of the secondary pattern using the center 2 × 2 sub array of
Fig. 9.11, f = 20 GHz, LHCP, ϕ = 900. The small box indicates the VSAT specification
within the 1 dB contour of the main beam.

9.4.6 Conclusion and summary

Different techniques to generate high-quality circularly-polarized FPAs have been stud-

ied in this chapter. The improvement of the axial ratio by applying online calibration

has been investigated and applied to the case FPAs. It has been shown that excellent

circular polarization purity can be achieved for scanning arrays or FPAs. The proposed

technique, allows for simultaneous optimization of axial ratio, beam nulling and beam

steering. A new approach is presented to remove beam squinting in circularly-polarized

offset reflector antennas. By using a sequentially-rotated feed array with individual

control of the complex excitation coefficients we can compensate the linear phase shift

which is generated by an on-focus or off-focus circularly-polarized feed. The improved

pointing accuracy is validated by measurements with a 75 cm Ka-band offset reflector

illuminated by a 2×2 array of aperture coupled microstrip antennas. A good agreement

with simulation is obtained, resulting in a measured axial ratio below 1 dB within the

1 dB beam width of the main beam of the antenna.
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Chapter ten

Circularly polarized surfaces for
satellite communication

10.1 Introduction

As it was shown in chapter 9, circular polarization is the preferred polarization for

satellite communication as it reduces the effects of the alignments of transmitting and

receiving antenna. The challenge from the prospective of antenna design is to provide a

high quality circular polarized signal at different scanning angles. In addition, generat-

ing high quality circular polarization (CP) signals require complex design. This problem

is more stressed for space applications where the specifications are more strict and there

are also extra limitations imposed by the space environment. For example, power han-

dling should be considered as a limitation of the design. The beam squinting and the

low level of the cross polarization should also be addressed carefully. The goal for this

chapter is to explore the challenges and potentials of different polarizer surfaces with

respect to space application. Several state-of-the-art solutions will be investigated to

generate the CP signal from an impinging linear plane wave. Then a modified concept

will be introduced for wide angle of incidence applications.

10.2 Antenna design concepts for space application

Dual grid reflectors (DGR) for linear polarization have been used for satellite commu-

nication antennas in geostationary orbit. An advantage of using dual grid reflectors for

linear polarization as compared to solid reflectors is the low level of cross polarization

due to the offset configuration. In other words, the resulting cross polarization

due to the offset reflector may be compensated by small displacement of the feed

183
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with respect to the focal point. It is a common practice to combine the dual-grid

reflector antenna with CP surfaces to have a circularly-polarized dual-grid reflector an-

tenna. Fig 10.1 gives a simplified overview of these CP-surface based antenna concepts.

In concept I the planar CP transmission-type polariser is located at some distance in

front of an LP DGR which is illuminated by two LP feed systems. Concept I has

the advantage that the polarizer is passed only once, limiting the cross polarization

contribution and ohmic losses. Furthermore, the variation of the angle of incidence is

small (essentially reduced to the scan angle). This makes also CP polarizer concepts,

that normally vary strongly with the incident angle, interesting and suitable for real

life applications. The major drawback of this concept is the occupied volume and

the polarizer has to be separately deployed for the reflector. The later requirement is a

major disadvantage. However, very attractive for a smaller aperture antenna, where the

CP polarizer can be fixed, e.g. for a Ka-band mission antenna with a 1 m. aperture.

In concept II the planar CP is located in front of the offset reflector (DGR) which

together with CP polarizer are illuminated with two CP feeds. Concept II suits well a

contoured-beam shaped-reflector scenario. It implies a relatively large variation of the

incident angle, and the fact that the radiation is passing the polarizer twice makes cross

polarization and ohmic losses requirements more stringent. By refering to Fig 10.2 the

angle of incidence varies in the range of θ0 − θ∗ − ψtilt ≤ θi ≤ θ0 + θ∗ − ψtilt. The angle

of incidence is large in particular for small F/D ratios - and the reflector offset should

be kept small.

In concept III, CP polarizer is located in front of the two LP feed systems. A LP diplexer

is used between feed systems and CP polarizer in order to guide the horizontally and

vertically polarized waves in proper directions. Concept III employs a solid reflector

and only one surface is available for shaping. For the concept III the angle of incidence

varies in the range 0 ≤ θi ≤ θ∗, so the angle of incidence is comparatively small. The

focus of this chapter is mainly on the design of a CP surface which can be implemented

in concept II.
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LP Feed System CP Feed System

CP polariser
CP polariser

CP polariserLP diplexer

DGR
DGR Solid reflector

Concept I Concept II Concept III

LP Feed

H-pol

LP Feed

V-pol

Figure 10.1: Circularly polarized antenna, different concepts .

concept1

concept2

concept3

0

*

*

tilt

Figure 10.2: General parameter definitions for offset reflector antenna.

10.2.1 Requirements

Recently there have been many researches to produce a full multi-beam coverage using

a reduce number of antenna apertures [143], [144]. One efficient solution is to use

the dual-grid reflector antenna in combination with circularly polarized feed systems.

The proposed concept not only benefits from full multi-beam coverage, but also use
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only two apertures while maintaining the simplicity of a single-feed-per-beam design

approach. For example for the Ku-band scenario two antennas are used to cover two

different missions with completely different coverage regions and seperate beams for

Rx and Tx. The one antenna is dedicated to receive, covering region A with RHCP

and region B with LHCP using the DGR concept. The other antenna is dedicated to

transmit and covers region A with LHCP and region B with RHCP. Fig. 10.3 shows the

schematic representation of the multi-beam antenna using concept II for the Ku-band

system. The two orthogonal CP polarizations pass a polarizer in front of the DGR

with separate surfaces for each polarization and they are transformed in two orthogonal

linear polarizations. The reflected linear radiation passes across the polarizer again,

forming the desired CP radiation. As it is shown in Table 10.1, the CP design presents

substantial challenges, such as :

• For wide band performance, at 11− 17 GHz, the Ku design should cover Tx and

Rx band.

• Wide angle performance [−17o..58o] degrees. Due to the close spacing between

reflector and CP surface, wide angle performance is required to fully cover the

surface of the reflector (ψtilt is relatively small).

• Low insertion loss.( Since both transmission and reflected CP radiation pass the

CP surface, it needs to have a minimum insertion loss).
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Figure 10.3: (a) Ku-band concept II antenna, separate Rx and Tx antennas serving
two separate missions with separate CP. (b) Beam layout of a ”4-color” frequency
(freq1,freq2) and polarization (Pol1,Pol2) re-use scheme.

10.3 Different polarizer concept

Generally a screen polarizer converts a linearly-polarized wave to a circularly-polarized

wave and vice versa. Various polarization converter prototypes have been demonstrated

so far [145], [146], [147]. Polarization transformers are used in many antenna applica-

tions [148], [149], [150], for instance, they can be used to switch the polarization of a

ground station or satellites antenna. Generally they can be categorized in two different

branches:
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• Transmit mode polarizers: these consist of two or more printed line screens (typi-

cally meander-line or strip line screens, separated by dielectric layers), or parallel

plate like structures. The linear/circular polarized incident wave is transformed

in a circular/linear transmitted wave.

• Reflection type polarizers: these change the polarization of the incident wave

after reflection. They normally consist of printed line screens or parallel plate like

structures, integrated with a backing reflector.

Ey

Ex

Tx

Ty

Rx

Ry

CP polarizer

Figure 10.4: Schematic representation of the CP polarizer.

This section reviews the performance of several transmit mode CP polarizers with re-

spect to (i) the bandwidth, (ii) the oblique angle of incidence, and (iii) the insertion

loss in order to identify the most promising concept which satisfies the requirements of

Table. 10.1. For the purpose of preliminary design investigations, the polarizers were

not simulated in their actual shape, but rather as infinite periodic structures. This

simplifies the simulation down to analysing only the unit periodic cell. The preliminary

simulations performed in CST Microwave Studio (MWS ver. 2013) [50]. The axial

ratio insertion loss and cross polarization is calculated using the post-processing tools

of the CST MWS, based on Floquets port excitation. The following formulation is used

for post-processing of the calculated S-parameters of the unit cell, (see Fig. 10.4 and

chapter 2).

AR =
|Tx + jTy|+ |Tx − jTy|
|Tx + jTy| − |Tx − jTy|

. (10.1)

IL =
Tx + jTy

2
. (10.2)

XP =
Tx − jTy

2
, (10.3)
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Table 10.1: CP surface specification at Ku band.

Parameter Value

Frequency band
TX[11.7− 12.7]GHz
RX[17.3− 17.8]GHz

Angle of incidence −17o − 58o

Cross Polarization −27 [dB]
Axial ratio < 0.8 [dB]

Total system loss front/rear front: 1.46 [dB] back:2.45 [dB]
CP polarizer loss per path < 0.8 [dB]

F
D

0.6

where AR, IL, XP stand for axial ratio, insertion loss and cross polarization respectively.

Tx and Ty are the transmitted electric field in X and Y directions. The simulated unit

cell for each design is shown in Fig. 10.5 and the final results is shown in Table. 10.2.

The details of each design can be found in [151]. It is clear that the meander-line

polarizer has superior performances at all levels. Considering the design challenges

in section 10.2.1, it has a wide band performance with low insertion loss. The main

challenge for meander-line polarizer is the angular stability of the structure. To satisfy

the preliminary requirements presented in Table 10.1, it is necessary to modify the

design for better performances at oblique angles of incidence. In order to understand

the performance of meander-line polarizer a theoretical background is given in next

section. Then some possible techniques that can be useful to improve the performances

over (wider) angular ranges are presented.
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Table 10.2: EM performance for different CP polarizer concepts.

Geometry Insertion Bandwidth Angle of Number
loss [dB] [ 1 dB] incidence [degrees] of layers

Meander-line 0.1 50% −20o − 20o 4
Wire-grid 2 10% −20o − 20o 4

Parallel plate 1 10% −15o − 15o 1
Ring 4 10% −25o − 25o 1
Cross 2 10% −15o − 15o 2

(a)
(b)

(c)
(d)

Figure 10.5: (a) Cross polarizer. (b) Wire-grid polarizer. (c) Parallel plate polarizer.
(d) Ring polarizer

10.4 Meander-line polarizer

A plane wave which is tilted 45o with respect to the horizontal axis, impinging the

meander-line. This wave can be decomposed into a vertical component ~Ev, and, a

horizontal component ~Eh. The meander-line polarizer reacts differently to the vertical

and horizontal component. The vertical component sees a transmission line which can

be modeled by a shunt inductance(jXv), while the equivalent circuit for the horizontal

component is a transmission line with a shunt capacitor (jXh). Input impedance for the

vertical component and horizontal component as indicated in Fig. 10.6 are Zi
v = jXv||Z0
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and Zi
h = jXh||Z0, respectively. It should be noted that amplitude and phase for the

vertical and horizontal component can be easily found from the smith chart. The

following conditions should be met in order to achieve a circularly polarized signal. (1)

transmitted amplitude of both components should be equal (Th = Tv) and (2) the phase

difference between two components should be 90o. In order to enhance the performance,

one can use the multi-layer meander-line structure. In general, using a multi-layer

meander-line polarizer is beneficial in terms of bandwidth and angle of incidence. The

disadvantage of having a multi-layer CP surface is the higher insertion loss. Referring

to Fig. 10.7, it is possible to draw the following conclusions from the transmission line

model of the multi-layer meander-line :

Ev

Eh

45o

Ev

Eh

45o

Ev
jXv||Z0 Z0

Eh

jXh||Z0

Z0

Zv
i=jXv||Z0

Zhi=jXh||Z0

Figure 10.6: Smith chart representation for horizontal and vertical components of the
meander-line polarizer.
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jx1 jx2 jx3

d1 d2

d1

d2

sheet1

sheet2

sheet3

spacer1

spacer2

(a)
(b)

Figure 10.7: (a) Schematic representation of the multi-layer meander-line (b) Equiva-
lent circuit of the of the multi-layer meander-line.

• Wide band impedance matching is improved. Increasing the number of layers,

brings the input impedance of the structure closer to the center of the Smith

chart. Considering different layers of meander-line structure and corresponding

changes of impedance in the Smith chart, it is evident that a multi-layer structure

gives more degrees of freedom in terms of impedance matching.

• All the inside layers should have different susceptance than the outside layers, as

a result of symmetry of the structure. Thus, the dimensions of the meander-line

is different for outside and inside layers.

• Dielectric slabs are placed rather than air between the meander-line layers. It

simply changes the electrical length between different layers. In the equivalent

circuit, the distance between layers are modeled by transmission lines. The elec-

trical length of the transmission line is expressed as 2π
λd
d cos θi , where d is the

distance between two layer, θi is the angle of incidence inside the dielectric slab

and λd is the effective wavelength inside the dielectric. As a consequences of Snell’s

law, the angle of incidence is considerably less in dielectric than air.

As shown on the right hand side of Fig. 10.8, the meander-line geometries on the inner

two layers are different from the outer ones. Foam layers (εr =1.12) facilitate the proper

separation of the substrate layers over the entire area. Over a band 11-17 GHz < −20

dB matching and axial ratio < 1dB could be achieved. Subsequently the resulting

configuration was implemented and optimized in a commercial full-wave simulator CST

MWS. The general optimization is done for normal angle of incidence. The optimum

values are shown in Table 10.3. The corresponding results are shown in Fig. 10.9.

The sharp spikes in Fig. 10.9 are due to the excitations of higher order modes in the

structure.



10.4 Meander-line polarizer 193

Parameter Value

εr 2.6
tpl 0.3 mm
εrsp 1.12
tspout 4.96mm
tspin 3.17mm

(a) Dielectric
build up

Parameter Value

w1out 0.17 mm
w2out 0.19 mm
hout 2.54 mm
aout 3 mm
bout 8.37 mm

(b) Optimized
parameter for
meander-line out

Parameter Value

w1in 0.16 mm
w2in 0.7 mm
hin 3.56 mm
ain 3 mm
bin 8.37 mm

(c) Optimized
parameter for
meander-line in

Table 10.3: Meander-line values for the geometry proposed in Fig. 10.8.

εr

εrsp

b

Figure 10.8: Schematic representation of meander-line polarizer.
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Figure 10.9: Simulated axial ratio of the meander-line polarizer geometry shown in
Fig. 10.8. The dimensions are given in Table 10.3 .
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10.5 Compliance to the requirements

Considering the very demanding requirements imposed on the CP surfaces by the initial

system specifications, it is suggested to choose a larger F/D in order to relax the CP

requirements. Based on a preliminary trade off study, the F/D has been increased to

1.5. Furthermore, separate Tx and RX frequency bands could be considered. This

would require CP surfaces operating only in smaller bands: Rx (17.3− 17.8 GHz), Tx

(11.7−12.7 GHz). Assuming these new system specifications, this section presents some

possible techniques that can be useful to improve the performances over wider angular

ranges.

10.5.1 WAIM approach

One of the most challenging design aspects of phased/active arrays is the compensation

of scan losses over large scanning angles. Wide Angle Impedance Matching (WAIM)

techniques have been commonly used for many years [152] and are effective within a

limited bandwidth.

Figure 10.10: Simulation view of the optimized unit-cell.

In this section, we propose the use of a dielectric WAIM structure, consisting of a prop-

erly designed thin dielectric layer, in combination with a meander-line polarizer. The

WAIM technique will help increase the angular stability of the polarizer. The design of

the impedance match layer structure can be performed by adding the dielectric layer in

front of the polarizer and optimizing its permittivity, thickness and distance from the

polarizer. The optimal dielectric material properties and thickness are shown in Ta-

ble 10.4. A schematic picture of the overall structure is shown in Fig. 10.10. Fig. 10.11

shows the simulation results for standard meander-line polarizer versus modified polar-
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izer using WAIM idea. It is clear that the performance improves by adding a thin layer

of dielectric sheet.
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Figure 10.11: (a) Simulated axial ratio of the meander-line polarizer geometry shown in
Fig. 10.10 for 40 degrees angle of incidence (b) Simulated insertion loss of the meander-
line polarizer geometry shown in Fig. 10.10 for 40 degrees angle of incidence.

As it is shown in Fig. 10.12, the proposed structure is asymmetric and the reflected

wave impinges the rear side of the polarizer with constant angle α. In order to validate
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Table 10.4: Optimized parameters of the meander-line and WAIM structure .

Parameter value

Dielectric constant 12
loss tangent 0.001

thickness 0.2 mm
distance 11.8 mm

the performance of this new concept, we need to study the performance of the structure

also when illuminated from the rear side. Fig 10.13 shows the axial ratio for 25 degrees

angle of incidence (rear side of the polarizer). It is clear that the asymmetric proposed

structure satisfies the axial ratio requirement.

CP polarizer

Dielectric sheet

CP feed

DGR

Figure 10.12: Geometry of concept II with proposed polarizer.
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Figure 10.13: Simulated axial ratio of the meander-line polarizer.

10.5.2 Simultaneous optimization for several angle of incidences

Considering the configuration of the offset reflector antenna as illustrated in sec-

tion 10.2.1, one can observe that the required angle of incidence for the CP polarizer

in concept II is clearly asymmetric with respect to perpendicular incidence (broadside),

and more centred around larger angles (higher than 25 degrees). This makes evident

the advantage of optimizing the CP polarizer directly under oblique angles of incidence.

Thus, an advanced optimization technique is applied using CST MWS ver. 2014 which

allows for optimizing the axial ratio for several angle of incidence at the same time. The

results for axial ratio are shown in Fig. 10.14.
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Parameter Value

εr 2.6
tpl 0.3 mm
εrsp 1.12
tspout 4.45mm
tspin 3.17mm

(a) Dielectric
build up

Parameter Value

w1out 0.2 mm
w2out 0.19 mm
hout 2.25 mm
aout 4.45 mm
bout 8.09 mm

(b) Optimized
parameter for
meander-line out

Parameter Value

w1in 0.67 mm
w2in 0.23 mm
hin 3.69 mm
ain 4.45 mm
bin 8.09 mm

(c) Optimized
parameter for
meander-line in

Table 10.5: Optimized meander-line values (oblique angle of incidence).
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Figure 10.14: Simulated axial ratio of the meander-line polarizer for several angles of
incidence, dimensions are explained in Table 10.5.

10.5.3 Ultimate solution

As ultimate solution, the two above mentioned solutions are combined and the CP

polarizer, together with a WAIM sheet, is optimized for oblique angle of incidence. The

results for this configuration, in terms of axial ratio, are shown in Fig. 10.15. One

may notice that, the quality of circular polarization is very good (below 1.4 dB) for

±50 degrees angle of incidence for complete range of transmit band [10.7− 12.7] GHz.

It should be noticed that meander-line polarizer is not a symmetric structure, so the

performance in other plane is worse. This design is optimized for ϕ = 0o plane.
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Table 10.6: Optimized parameters of the meander-line and WAIM structure .

Parameter value

Dielectric constant 12
loss tangent 0.001

thickness 0.18 mm
distance 13.7 mm

Parameter Value

εr 2.6
tpl 0.3 mm
εrsp 1.12
tspout 4.88 mm
tspin 3.17 mm

(a) Dielectric build
up

Parameter Value

w1out 0.16 mm
w2out 0.19 mm
hout 2.17 mm
aout 4.17 mm
bout 8.09 mm

(b) Optimized
parameter for
meander-line out

Parameter Value

w1in 0.21 mm
w2in 0.43 mm
hin 3.9 mm
ain 4.3 mm
bin 8.09 mm

(c) Optimized
parameter for
meander-line in

Table 10.7: Optimized meander-line values.
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Figure 10.15: Simulated axial ratio of the meander-line polariser geometry shown in
Fig. 10.12 and dimensions are given in Table 10.7.
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10.6 Conclusion and summary

A brief review of the performances of different circular polarizer structures was pre-

sented. Although, due to the very challenging requirements defined for space appli-

cation, none of the available initial designs has shown performances that meet these

requirements, but the meander-line CP polarizer has superior performances at all lev-

els. In fact, in terms of satisfying the design challenges which have been introduced in

section 10.2.1 and considering Table. 10.1 one can notice that the meander-line polar-

izer satisfies the wide band performance with low insertion loss, however at large angles

of incidence the axial ratio degrades. Two different techniques are introduced to cope

with the problem. In the first scenario, a thin layer of high permittivity dielectric layer

(WAIM) was added to the structure in order to compensate the phase delay for angle of

incidence higher than 30 degrees. In the second scenario, we have considered the practi-

cal case of the offset antenna configuration. The meander-line polarizer is optimized for

several angle of incidence simultaneously using CST MWS ver.2014. As an ultimate so-

lution, the two above mentioned solutions are combined and the CP polarizer, together

with a WAIM layer, is optimized for several angle of incidence simultaneously. The

results for this configuration, in terms of axial ratio are shown in Fig. 10.15. One may

notice that the quality of circular polarization is very acceptable for the angle for which

the optimization has been performed. Overall an axial ratio below 1.4 dB is obtained

for the complete range of transmit band [10 − 13] GHz for angles up to ±50 degrees.

It can be concluded that the hybrid approach improved the angular stability of the

system. Furthermore, more relaxation of the requirements (below 1.5 dB) could be still

useful for other applications, specifically for ground terminals for VSAT applications.

Since the meander-line polarizer is not a symmetric structure, the performance in other

planes is different. This design was optimized for the ϕ = 0 plane.

Considering the very demanding requirements imposed on the CP surfaces by the ini-

tial system specifications, it is suggested to select a larger F/D in order to relax the

CP requirements. Based on a preliminary trade-off study, the F/D has been increased

to 1.5. Furthermore, separate Tx and Rx frequency bands could be considered. This

would require CP surfaces operating only in smaller bands: Rx (17.3− 17.8) GHz, Tx

(11.7− 12.7) GHz.



Chapter eleven

Conclusions and recommendations

11.1 Conclusions

The primary aim of this thesis is to explore the feasibility of using the focal plane array

concept for satellite communication and in particular for the VSAT application. The

major driver of the project is to find an alternative enhanced solution with electronic

beamforming capabilities as to replace existing horn-fed reflector antennas. Owing to

recent advancements in the field of RF design and fabrication technologies, the possi-

bility of a low-cost and highly integrated phased-array feed was studied. For this, in

the first section of this thesis, a hybrid electromagnetic modelling approach was de-

veloped in chapter 2 to model the electrically large reflector in combination with the

complex phased-array feed reflector antenna. Chapter 3 and 4 uses this hybrid model

to determine the optimum parameters of the reflector and feed. The verification of

the hybrid model using a state-of-the-art measurement setup was presented in chapter

6. The focus of the next section was on the development of an enhanced feed with

electronic scanning and automatic alignment capability. The corresponding simulation

and measurement results were presented in chapter 5, 7, 8, 9. Several prototypes were

manufactured and measured individually in different phases of the project to verify the

proposed concepts and models. From this thesis, it is concluded that planar feed arrays

are a strong candidate for replacement of the traditional horn-fed reflectors for the com-

mercial satellite communication market. For product introduction, an extra effort will

be required to implement highly integrated feed arrays for the competitive cost-driven

satellite communication market. More detailed conclusions and a short summary of the

most significant results of this research are presented in the following sections.

201
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11.1.1 Antenna modelling

As the starting point of the FPA design, an accurate and efficient modeling technique is

utilized to predict the behavior of the complex antenna system consisting of a phased-

array feed and offset reflector. Due to the size and complexity of the system, an optimum

modeling technique considers the physical properties of the problem in each region. It

must be noted that there is no commercial EM tool available that can solve for the EM

fields in such a complex antenna system. Therefore we have developed a hybrid model,

in which asymptotic techniques (e.g. PO) can be combined with full-wave EM solvers.

Fig. 11.1 shows the flowchart of this simplified hybrid modelling concept that was used

in this thesis. The ultimate step for any EM modeling is to verify the modeling out-

comes with measurement results. Chapter 2 of this thesis used the presented flow chart

in Fig. 11.1 to model the FPA where the reflector is illuminated with uniform plane

wave. The electrically large problem of the FPA is split into smaller sub-problems

based on the physical properties of each section. Due to the small features of the

phased-array feed, FDTD was employed (Empire XCcel) to model the microstrip an-

tennas, RF circuitry and high frequency interconnections. These simulations have been

verified by using independent simulations using another full-wave solver (CST MWS).

The offset reflector was modeled using the physical optics technique which can handle

electrically large structures (e.g. FEKO EM). In this way, a hybrid approach based

on the FDTD/GO/GTD was used to model the complete system. A good agreement

between simulations and measurements was obtained, confirming the accuracy of our

hybrid approach.
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Export calculated fields 

into text file 
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Verification by 
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Figure 11.1: Flowchart representation of the proposed algorithm for solving FPA prob-
lem.

11.1.2 Integrated phased-array feed

One of the focus areas of this thesis is the development of a novel and highly-integrated

module for the individual elements of the phased-array feed for simultaneous transmit

and receive. The stringent requirements of the VSAT application, such as isolation

between transmit and receive, polarization purity and phase and amplitude adjustment

have been considered carefully in various chapters. From the system point of view

and considering the trade-offs, such as, linearity and power consumption an optimal

architecture was chosen for the FPA system, using a shared-aperture dual-frequency

circularly-polarized antenna concept. The problem of circular-polarization quality and

surface-wave suppression has been addressed in chapter 5. An optimized dual-frequency

EBG structure is designed to be employed in the sub-array level. The primary aim
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in chapter 7 and 8 was to introduce an integrated antenna module for simultaneous

transmit and receive. A novel hybrid concept was realized that combines the filtering

functionality of a Filtenna and the embedded filtering in the LNA of the receiver.

The complete solution provides an isolation of more than 50 dB and it is packaged

using standard and low-cost PCB technology. It is concluded that wire-bonding is

still feasible for PCB to IC interconnect at Ka-band, but for future improvements it is

recommended to use flip-chip. With respect to the transmitter design, in chapter 7,

the beamforming capabilities using a vector modulator as compared to wide-band true

time delays has been investigated. As a result, it is proposed to use a vector modulator

for our FPA application. An integrated version of the antenna and vector modulator

is manufactured and measured. It is concluded that 5−bit phase resolution and 2−bit

amplitude resolution can reconstruct the focal plane data accurately enough. Since

future products require a high-level of integration, a second version of the Bi-CMOS

vector modulator IC was developed and used within this project.

11.1.3 FPA prototype and measurements

During this project, several active and passive prototypes have been manufactured and

measured. For this purpose, a special three-axis parallel link manipulator is developed

and manufactured to adjust the location of the feed in the focal plane accurately.

Several linearly and circularly-polarized phased-array feeds have been measured in

front of an offset reflector antenna using a spherical near-field scanner facility. A

good agreement between simulation and measurement results has been obtained.

This confirms the accuracy of the proposed hybrid simulation model. It is concluded

that a 2 × 2 subarray with sequentially-rotated aperture-coupled microstrip anten-

nas generating RHCP circular polarization for TX (30 GHz) and LHCP for RX (20

GHz) simultaneously, provides a compact dual-band structure with a good performance.

11.1.4 Circularly-polarized feeds in transmit and receive

Different techniques to obtain circularly-polarized arrays in transmit and receive have

been studied in chapter 9 and chapter 10, respectively. Chapter 9 introduces on-line cali-

bration technique to improve the quality of circular polarization for focal-plane arrays as

the ground-terminal antenna. A new approach is also presented to remove beam squint-

ing in circularly-polarized offset reflector antennas. By using a sequentially-rotated feed

array with individual control of the complex excitation coefficients we can compensate

the linear phase shift which is generated by an on-focus or off-focus circularly polarized

feed.
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The challenge in the transmitter side (satellite-terminal) to provide a high quality

circularly-polarized signal at different scanning angles is addressed in chapter 10. Few

modifications of the initial design of the meander-line polarizer have been made in order

to satisfy the stringent requirements of space application such as wide-angle and wide-

band performances. In order to cope with the high required angular stability, a Wide

Angle Impedance Matching structure (consisting of a properly designed thin dielectric

layer) is located on top of the structure. At the same time the structure optimization

for several angles of incidence has been performed simultaneously. Adding a thin layer

of dielectric and optimizing the full structure for non-normal angle of incidence, results

into an angular stability of ±50 degrees with an axial ratio less than 3.4 dB.

11.2 Recommendations

11.2.1 Antenna modelling

In the context of this project, a hybrid modeling approach was developed in order to

determine the secondary radiation pattern of an FPA system. However, these hybrid

simulations do not take the effect of mutual coupling between adjacent elements into

account in a rigorous way. It must be noted that the effect of mutual coupling is of

great importance for dense focal plane arrays and it might deteriorate the antenna

performances. In this way, the efficiency analysis of chapter 3 can be complemented

with the effect of mutual coupling.

11.2.2 Integrated phased-array feed

With respect to the antenna packaging, an optimal RF architecture and an integrated

module for transmission band is presented in section 7. In general, from the discussion

in chapter 7 and 8 , it can be concluded that the major issue for the FPA design refers

to the RF integration of the relatively large number of elements at high frequency of

operation. An example of such a highly integrated feed system for mobile satellite

communication at Ka-band is given in [153]. In order to deal with the complexity of

the feed several techniques can be considered :

• The RF architecture of the feed array together with the integration level of the

chip should be optimized. Considering the fact that the general trend for satel-

lite communications is to move towards more integrated circuits with less power

consumptions, more parts of the RF circuitry including antenna should be imple-

mented on-chip for next generations of the transmitter/receiver IC.

• From the calculated coefficients in chapter 4, it is evident that the amplitude and
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phase distribution for the individual elements can be simplified by grouping the

elements. The inherent advantage of this simplification is the reduction of the

number of RF channels and corresponding ICs. Thus, finding the optimum trade-

offs between FPA performance and number of RF channels is an interesting future

research activity.

• As it is explained in chapter 5, a circularly-polarized beam can be generated

using 2 × 2 arrays of dual-frequency sequentially-rotated. It is advised to design

a future version of the beamforming IC optimized for this topology. In this way,

the number of RF channels can be reduced by a factor of 4. Fig. 11.2 shows the

conceptual design of the proposed concept.

• The use of flip-chip technology should be investigated as an alternative for wire-

bonding to reduce interconnect losses between IC and antenna

IC

20 mm

2
0
 m

m

1.7 mm

2
.8

5
 m

m

Figure 11.2: Conceptual drawing for proposed concept of circularly polarized sub-array.

11.2.3 FPA system

The numbers of active element in the phased-array feed for a particular beam is limited

in the proposed configuration. Shaping of the reflector could be used to increase the
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number of phased-array elements which are active for a particular beam. In this way,

the realized EIRP, axial ratio and overall beam-forming capabilities could be improved.
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Appendix A

Pattern synthesis technique, matrix
approach

A.1 Projection method (PM)

Fig. A.1 shows a general array of N elements with arbitrary excitations. In general,

the elements have different element patterns and are non-uniformly spaced. The total

radiation pattern can be expressed as :

1 2 N

Figure A.1: Schematic representation of the feed array .

~Etot(θ, ϕ) =
N∑
k=1

ck ~Ek(θ, ϕ), (A.1)

209
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where ~Ek(θ, ϕ) is the radiated field from each feed element and ck is the complex exci-

tation coefficient of array element k. The objective of pattern synthesis is to find a set

of excitation coefficients (ck’s) such that ~Etot(θ, ϕ) is very close to the desired pattern
~Ed(θ, ϕ). For simplicity we will continue with a scaler form of the fields. Considering

M far-field points, one can formulate the pattern synthesis problem as follows:


Ed1

Ed2

.

.

.
EdM

 = c1


E1(θ1, ϕ1)
E1(θ2, ϕ2)

.

.

.
E1(θM , ϕM)

+ ...+ cN


EN(θ1, ϕ1)
EN(θ2, ϕ2)

.

.

.
EN(θM , ϕM),

 = c1[E1] + ...+ cN [EN ]

(A.2)

where [Ed] = [Ed1, Ed2, ..., EdM ] and Edi is the shorthand for Ed(θi, ϕi). One can no-

tice that the [Ed] in the left-hand side of the Eq. A.2 represents a linear combina-

tion of N independent vectors [E1], [E2], ..., [EN ]. The solution for the unknown co-

efficients c1, c2, ..., cN exist, if Ed lies in the space which is spanned by the vectors

[E1], [E2], ..., [EN ]. Unfortunately, in most cases the number of sample points is larger

than the number of array elements (M > N), which causes Ed to be outside of the space

spanned by the En’s, see Fig. A.2. Therefore, the best possible solution which can be

considered here, is obtained when the vector [Ed] is replaced by its projection vector

onto the space spanned by the vectors [E1], [E2], ..., [EN ]. This is pictorially shown in

Fig. A.2 (dashed line). The matrix form of Eq. A.2 can be stated as:

[Ed] =


E1(θ1, ϕ1) . . . . . . EN(θ1, ϕ1)
E1(θ2, ϕ2) . . . . . . EN(θ2, ϕ2)

. . . . . . . .

. . . . . . . .
E1(θM,ϕM) . . . . . . EN(θM,ϕM)




c1

c2

.

.
cN

 = [E]M×N [C]N×1,

(A.3)
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Ed

E1

E2

Figure A.2: spanned vector Ed on the columns of the matrix E.

where [E]M×N is the matrix of N elements which are sampled in M points and [C]N×1

is the matrix of excitation coefficients for N elements. The projection vector which

satisfies Eq. A.3 in the least-square-error sense can be found easily using linear algebra.

The best fit solution occurs if the error vector is orthogonal to the space which is spanned

by the column vectors of the [E]M×N (for simplicity we replace the [E]M×N with E).

[E∗]T {[Ed]− [E][C]} = 0, (A.4)

where the ∗ sign indicates the complex conjugate and T stands for transpose of the

matrix. Then, the inversion operator can be used to obtain the solution of Eq. A.4:

[C] = [[E∗]T [E]]−1[E∗]T [Ed], (A.5)

where [[E∗]T [E]]−1[E∗]T is defined as the projection matrix, because when it operates

on a vector, it gives the projection of the vector on the space which is spanned by the

columns of the matrix [E]. It must be noted that [[E∗]T [E]] is symmetric and it can be

decomposed as:

[E∗]T [E] = [SM ][S∗M ], (A.6)

where [SM ] is the lower triangular matrix. This formulation is referred to as the Chelosky

decomposition [154] and it can be used for an efficient antenna synthesis. That is, the

elements of the lower triangular matrix [SM ] can be stored in the memory instead of the

original values of [E] and thus no extra memory is required. It must be noted that, in

alignment with the proposed mathematical framework, Eq. A.5 gives the best possible

solution for Eq.1.3 in terms of the least square error, while the columns of the matrix

[E] are calculated using the defined operator (A). Due to the matrix implementation of

the proposed technique, the major advantage of Eq. A.5 is the high efficiency and low

required memory.
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